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Preface 



In the 23 years since the publication of the first edition of this book, the field of analog 
integrated circuits has developed and matured. The initial groundwork was laid in bipolar 
technology, followed by a rapid evolution of MOS analog integrated circuits. Further- 
more, BiCMOS technology (incorporating both bipolar and CMOS devices on one chip) 
has emerged as a serious contender to the original technologies, A key issue is that CMOS 
technologies have become dominant in building digital circuits because CMOS digital 
circuits are smaller and dissipate less power than their bipolar counterparts. To reduce 
system cost and power dissipation, analog and digital circuits are now often integrated 
together, providing a strong economic incentive to use CMOS -'Compatible analog circuits. 
As a result, an important question in many applications is whether to use pure CMOS or a 
BiCMOS technology. Although somewhat more expensive to fabricate, BiCMOS allows 
the designer to use both bipolar and MOS devices to their best advantage, and also al- 
lows innovative combinations of the characteristics of both devices. In addition, BiCMOS 
can reduce the design time by allowing direct use of many existing cells in realizing a 
given analog circuit function. On the other hand, the main advantage of pure CMOS is 
that it offers the lowest overall cost. Twenty years ago, CMOS technologies were only fast 
enough to support applications at audio frequencies. However, the continuing reduction of 
the minimum feature size in integrated-circuit (IC) technologies has greatly increased the 
maximum operating frequencies, and CMOS technologies have become fast enough for 
many new applications as a result. For example, the required bandwidth in video appli- 
cations is about 4 MHz, requiring bipolar technologies as recently as 15 years ago. Now, 
however, CMOS can easily accommodate the required bandwidth for video and is even 
being used for radio -frequency applications. 

In this fourth edition, we have combined the consideration of MOS and bipolar cir- 
cuits into a unified treatment that also includes MOS-bipolar connections made possible 
by BiCMOS technology. We have written this edition so that instructors can easily se- 
lect topics related to only CMOS circuits, only bipolar circuits, or a combination of both. 
We believe that it has become increasingly important for the analog circuit designer to 
have a thorough appreciation of the similarities and differences between MOS and bipolar 
devices, and to be able to design with either one where this is appropriate. 

Since the SPICE computer analysis program is now readily available to virtually 
all electrical engineering students and professionals, we have included extensive use of 
SPICE in this edition, particularly as an integral part of many problems. We have used 
computer analysis as it is most commonly employed in the engineering design process- 
both as a more accurate check on hand calculations, and also as a tool to examine complex 
circuit behavior beyond the scope of hand analysis. In the problem sets, we have also in- 
cluded a number of open-ended design problems to expose the reader to real-world situa- 
tions where a whole range of circuit solutions may be found to satisfy a given performance 
specification. 

This book is intended to be useful both as a text for students and as a reference book 
for practicing engineers. For class use, each chapter includes many worked problems; the 
problem sets at the end of each chapter illustrate the practical applications of the material 
in the text. All the authors have had extensive industrial experience in IC design as well 
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as in the teaching of courses on this subject, and this experience is reflected in the choice 
of text material and in the problem sets* 

Although this book is concerned largely with the analysis and design of ICs, a consid- 
erable amount of material is also included on applications. In practice, these two subjects 
are closely linked, and a knowledge of both is essential for designers and users of ICs. 
The latter compose the larger group by far, and we believe that a working knowledge of 
IC design is a great advantage to an 1C user* This is particularly apparent when the user 
must choose from among a number of competing designs to satisfy a particular need* An 
understanding of the 1C structure is then useful in evaluating the relative desirability of the 
different designs under extremes of environment or in the presence of variations in supply 
voltage. In addition, the IC user is in a much better position to interpret a manufacturer's 
data if he or she has a working knowledge of the internal operation of the integrated circuit. 

The contents of this book stem largely from courses on analog integrated circuits given 
at the University of California at the Berkeley and Davis campuses* The courses are un- 
dergraduate electives and first-year graduate courses. The book is structured so that it 
can be used as the basic text for a sequence of such courses. The more advanced mate- 
rial is found at the end of each chapter or in an appendix so that a first course in analog 
integrated circuits can omit this material without loss of continuity* An outline of each 
chapter is given below together with suggestions for material to be covered in such a first 
course. Tt is assumed that the course consists of three hours of lecture per week over a 
15-week semester and that the students have a working knowledge of Laplace transforms 
and frequency-domain circuit analysis* It is also assumed that the students have had an 
introductory course in electronics so that they are familiar with the principles of transistor 
operation and with the functioning of simple analog circuits* Unless otherwise stated, each 
chapter requires three to four lecture hours to cover, 

Chapter 1 contains a summary of bipolar transistor and MOS transistor device physics. 
We suggest spending one week on selected topics from this chapter, the choice of topics 
depending on the background of the students. The material of Chapters 1 and 2 is quite 
important in IC design because there is significant interaction between circuit and device 
design, as will be seen in laler chapters. A thorough understanding of the influence of 
device fabrication on device characteristics is essential* 

Chapter 2 is concerned with the technology of IC fabrication and is largely descriptive. 
One lecture on this material should suffice if the students are assigned to read the chapter. 

Chapter 3 deals with the characteristics of elementary transistor connections, The ma- 
terial on one-transistor amplifiers should be a review for students at the senior and gradu- 
ate levels and can be assigned as reading* The section on two-transistor amplifiers can be 
covered in about three hours, with greatest emphasis on differential pairs. The material on 
device mismatch effects in differential amplifiers can be covered to the extent that time 
allows. 

In Chapter 4, the important topics of current mirrors and active loads are considered. 
These configurations are basic building blocks in modem analog 1C design, and this ma- 
terial should be covered in full, with the exception of the material on band-gap references 
and the material in the appendices. 

Chapter 5 is concerned with output stages and methods of delivering output power to 
a load. Integrated-circuit realizations of Class A. Class B, and Class AB output stages are 
described, as well as methods of output-stage protection. A selection of topics from this 
chapter should be covered. 

Chapter 6 deals with the design of operational amplifiers (op amps)* Illustrative exam- 
ples of dc and ac analysis in both MOS and bipolar op amps are performed in detail, and 
the limitations of the basic op amps are described. The design of op amps with improved 
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characteristics in both MOS and bipolar technologies is considered. This key chapter on 
amplifier design requires at least six hours. 

In Chapter 7, the frequency response of amplifiers is considered. The zero-value time- 
constant technique is introduced for the calculations of the — 3-dB frequency of complex 
circuits. The material of this chapter should be considered in full. 

Chapter 8 describes the analysis of feedback circuits. Two different types of analysis 
are presented: two-port and return-ratio analyses. Either approach should be covered in 
full with the section on voltage regulators assigned as reading. 

Chapter 9 deals with the frequency response and stability of feedback circuits and 
should be covered up to the section on root locus. Time may not permit a detailed discussion 
of root locus, but some introduction to this topic can be given. 

In a 15-week semester, coverage of the above material leaves about two weeks for 
Chapters 10,11, and 12. A selection of topics from these chapters can be chosen as follows. 
Chapter 10 deals with nonlinear analog circuits, and portions of this chapter up to Section 
10.3 could be covered in a first course. Chapter 11 is a comprehensive treatment of noise 
in integrated circuits, and material up to and including Section 1 1 .4 is suitable. Chapter 12 
describes fully differential operational amplifiers and common- mode feedback and may 
be best suited for a second course. 

We are grateful to the following colleagues for their suggestions for and/or eval- 
uation of this edition: R. Jacob Baker, Bernhard E. Boser, A. Paul Brokaw, John N. 
Churchill, David W. Cline, Ozan E. Erdogan, John W Fattaruso, Weinan Gao, Edwin W, 
Greeneich, Alex Gros-Balthazard, Tiinde Gyurics, Ward J. Helms, Timothy H. Hu, Shafiq 
M. Jamal, John P. Keane, Haideh Khorramabadi, Pak-Kim Lau, Thomas W. Matthews, 
Krishnaswamy Nagaraj, Khalil Najafi, Borivoje Nikolic, Robert A. Pease, Lawrence T. 
Pileggi, Edgar Sanchez-Sinencio, Bang-Sup Song, Richard R, Spencer, Eric J. Swanson, 
Andrew Y. J. Szeto, Yannis P. Tsividis, Srikanth Vaidianathan, T. R. Viswanathan, Chomg- 
Kuang Wang, and Dong Wang. We are also grateful to Kenneth C. Dyer for allowing us to 
use on the cover of this book a die photograph of an integrated circuit he designed and to 
Zoe Marlowe for her assistance with word processing. Finally, we would like to thank the 
people at Wiley and Publication Services for their efforts in producing this fourth edition. 

The material in this book has been greatly influenced by our association with Donald 
O. Pederson, and we acknowledge his contributions. 

Berkeley and Davis , CA, 2001 Paul R, Gray 

PaulJ, Hurst 
Stephen H . Lewis 
Robert G. Meyer 
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xviii Symbol Convention 



Symbol Convention 

Unless otherwise stated, the following symbol convention is used in this book. Bias or dc 
quantities, such as transistor collector current lc and collector-emitter voltage Vce » are 
represented by uppercase symbols with uppercase subscripts. Small-signal quantities, 
such as the incremental change in transistor collector current i c , are represented by 
lowercase symbols with lowercase subscripts. Elements such as transconductance g m 
in small-signal equivalent circuits are represented in the same way. Finally, quantities 
such as total collector current I c , which represent the sum of the bias quantity and the 
signal quantity, are represented by an uppercase symbol with a lowercase subscript. 




CHAPTER 



Modelsfor Integrated-Circuit 
Active Devices 



1.1 Introduction 

The analysis and design of integrated circuits depend heavily on the utilization of suitable 
models for integrated-circuit components. This is true in hand analysis, where fairly simple 
models are generally used, and in computer analysis, where more complex models are 
encountered. Since any analysis is only as accurate as the model used, it is essential that 
the circuit designer have a thorough understanding of the origin of the models commonly 
utilized and the degree of approximation involved in each. 

This chapter deals with the derivation of large-signal and small-signal models for 
integrated-circuit devices. The treatment begins with a consideration of the properties of 
pn junctions, which are basic parts of most integratcd-circuit elements. Since this book is 
primarily concerned with circuit analysis and design, no attempt has been made to produce 
a comprehensive treatment of semiconductor physics. The emphasis is on summarizing the 
basic aspects of semi conductor- device behavior and indicating how these can be modeled 
by equivalent circuits. 



1 .2 Depletion Region of a pn Junction 

The properties of reverse-biased pn junctions have an important influence on the charac- 
teristics of many integrated-circuit components. For example, reverse-biased prc junctions 
exist between many integratcd-circuit elements and the underlying substrate, and these 
junctions all contribute voltage-dependent parasitic capacitances. In addition, a number 
of important characteristics of active devices, such as breakdown voltage and output re- 
sistance, depend directly on the properties of the depletion region of a reverse-biased pn 
junction. Finally, the basic operation of the junction field-effect transistor is controlled by 
the width of the depletion region of a pn junction. Because of its importance and applica- 
tion to many different problems, an analysis of the depletion region of a reverse-biased pn 
junction is considered below. The properties of forward-biased pn junctions are treated in 
Section 1.3 when bipolar-transistor operation is described. 

Consider a pn junction under reverse bias as shown in Fig. 1.1. Assume constant 
doping densities of Np atoms/cm 3 in the n-type material and Na atoms/cm 3 in the p- 
type material. (The characteristics of junctions with nonconstant doping densities will be 
described later.) Due to the difference in carrier concentrations in the/?-type and rc-type 
regions, there exists a region at the junction where the mobile holes and electrons have 
been removed, leaving the fixed acceptor and donor ions. Each acceptor atom carries a 
negative charge and each donor atom carries a positive charge, so that the region near the 
junction is one of significant space charge and resulting high electric field. This is called 



1 
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"m: 




Figure 1 . 1 The abrupt junc- 
tion under reverse bias W (a) 
Schematic, ( b ) Charge density, 
(c) Electric field, id) Electro- 
static potential. 



the depletion region or space-charge region. It is assumed that the edges of the depletion 
region are sharply defined as shown in Fig. 1.1, and this is a good approximation in most 
cases. 

For zero applied bias, there exists a voltage i//q across the junction called the built-in 
potential. This potential opposes the diffusion of mobile holes and electrons across the 
junction in equilibrium and has a value 1 



where 



t/fo = Vt In 



n a n d 



( 1 . 1 ) 



Vj = — = 26 mV at 300°K 

the quantity is the intrinsic carrier concentration in a pure sample of the semiconductor 
and m = 1.5 X 10 l0 cnT 3 at 300°K for silicon. 

hi Fig. 1 . 1 the built-in potential is augmented by the applied reverse bias, V R , and the 
total voltage across the junction is + V*). If the depletion region penetrates a distance 
W'l into the p-type region and W 2 into the n-type region, then we require 



= W 2 N d (1.2) 

because the total charge per unit area on either side of the junction must be equal in mag- 
nitude but opposite in sign. 




1 .2 Depletion Region of a pn J unction 3 



Poisson’s equation in one dimension requires that 
d 2y _ _p = (jNa. for 



Wi < x < 0 



(1.3) 



dx 1 e e 

where p is the charge density, q is the electron charge (L6 X 10“ 19 coulomb), and e is the 
permittivity of the silicon (L04 X 10“ 12 farad/cm). The permittivity is often expressed as 

e = Ks€ o (1-4) 

where K$ is the dielectric constant of silicon and e o is the permittivity of free space (8. 86 X 
10 14 F/cm). Integration of (1 .3) gives 

dV qN A 
dx 



X + Ci 



(1.5) 



where C\ is a constant. However, the electric field % is given by 



% = - 



dV 



(qN A 



x + Ci 



dx \ e 7 

Since there is zero electric field outside the depletion region, a boundary condition is 

% = 0 for x - - W\ 
and use of this condition in (1 .6) gives 



(1.6) 



* = ~^(x + W!) = ~ for - Wi < X <0 
€ ax 



(1.7) 



Thus the dipole of charge existing at the junction gives rise to an electric field that varies 
linearly with distance. 

Integration of (1.7) gives 



V= + W X x]+C 2 



(1.8) 



If the zero for potential is arbitrarily taken to be the potential of the neutral p-type region, 
then a second boundary condition is 

V = 0 for x “ ~W\ 

and use of this in (1.8) gives 

W} 



V = + WiX + for - Wi < a: < 0 

At x = 0, we define V = Vj, and then (1.9) gives 



(1.9) 



V, = 



qN A W 2 



If the potential difference from * = 0 to x = W 2 is V 2 , then it follows that 



V 2 = 



qN D Wl 



and thus the total voltage across the junction is 



4‘0 + Vr = V ] +V 2 = 1(N a W\ + N D wl) 



( 1 . 10 ) 



( 1 . 11 ) 



( 1 . 12 ) 
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When the surface potential in the silicon reaches a critical value equal to twice the 
Fermi level a phenomenon known as inversion occurs. 16 The Fermi level is 
defined as 



, kT. 
4 >/ *= — fit 
q 



N* 



( 1 . 135 ) 



where k is Boltzmann's constant. Also, w, is the intrinsic carrier concentration, which is 

n, = jNcN v exp (1.136) 



where E g is the band gap of silicon at T = 0°K, N c is the density of allowed states near 
the edge of the conduction band, and N v is the density of allowed slates near the edge 
of the valence band, respectively. The Fermi level ef> f is usually about 0.3 V. After the 
potential in the silicon reaches 2</>f t further increases in gate voltage produce no further 
changes in the depletion-layer width but instead induce a thin layer of electrons in the 
depletion layer at the surface of the silicon directly under the oxide. Inversion produces 
a continuous n-type region with the source and drain regions and forms the conducting 
channel between source and drain. The conductivity of this channel can be modulated by 
increases or decreases in the gate-source voltage. In the presence of an inversion layer, 
and without substrate bias, the depletion region contains a fixed charge density 

Qw = j 2 qN A e 24 >} (1.137) 

If a substrate bias voltage V SB (positive for channel devices) is applied between the 
source and substrate, the potential required to produce inversion becomes (2 <f>f + 
and the charge density stored in the depletion region in general is 

Qb - JlqN A €{ 2<(> f + V SB ) (1.138J 

The gate-source voltage Vqs required to produce an inversion layer is called the 
threshold voltage V t and can now be calculated. This voltage consists of several com- 
ponents, First, a voltage [2 <f>j + (Q&/CV0] is required to sustain the depletion-layer charge 
Qb > where C ox is the gate oxide capacitance per unit area. Second, a work-function dif- 
ference 4 J ms exists between the gate metal and the silicon. Third, positive charge density 
always exists in the oxide at the silicon interface. This charge is caused by crystal dis- 
continuities at the Si - Si0 2 interface and must be compensated by a gate-source voltage 
contribution of -Q ss fC ox . Thus we have a threshold voltage 



v t = + 2 <t> f + ~ pN- (1.139) 

V' ox ^'VX 

i I ry a j Qbt) Qm . Qb QbO 

t-'CJX t -' ox 

= Vt0 + 7 ( y/24> f + - fify) (1. 140) 

where (1,137) and (1.138) have been used, and V f Q is the threshold voltage with Vsb = 0* 
The parameter y is defined as 



7 = 



— JlqtN A 

C/)Y 



(1-141) 
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1.2.1 Depletion-Region Capacitance 

Since there is a voltage-dependent charge Q associated with the depletion region, we can 
calculate a small-signal capacitance C; as follows: 



dQ _ dQ dW { 
j ~ dV~ R ~ dW,dV R 



(1.16) 



Now 

dQ = AqN A dWi (1.17) 



where A is the cross-sectional area of the junction. Differentiation of (1.14) gives 

r -ll n 



dW\ 

dVx 



e 



7qN A 



1 + 



N_a_ 

N n 



Wo + Vs) 



(1.18) 



Use of (1.17) and (1.18) in (1.16) gives 



Cj=A 



C[€N A N D 



2(N a + N d )\ 



y'V'o + Vr 



(1.19) 



The above equation was derived for the case of reverse bias V& applied to the diode. 
However, it is valid for positive bias voltages as long as the forward current flow is small 
Thus, if Vd represents the bias on the junction (positive for forward bias, negative for 
reverse bias), then (1 .19) can be written as 



Cj = A 



qe N A N D V j2 1 
2(N a + Nd). v ; ^ ~ Vd 



Cja 




(1.20) 

( 1 . 21 ) 



where C^q is the value of C j for V& = 0, 

Equations 1.20 and 1,21 were derived using the assumption of constant doping in 
the p-type and n-type regions. However, many practical diffused junctions more closely 
approach a graded doping profile as shown in Fig. 1.2, In this case a similar calculation 
yields 

Cj = ~^= 0 - 22 ) 

%! l _ Ya 

V *Ao 

Note that both (1.21) and ( 1 .22) predict values of Cj approaching infinity as Vo ap- 
proaches i// 0 . However, the current How in the diode is then appreciable and the equations 
no longer valid. A more exact analysis 2 3 of the behavior of Cj as a function of Vo gives 
the result shown in Fig. 1 .3. For forward bias voltages up to about the values of C } 
predicted by ( 1 .21) arc very dose to the more accurate value. As an approximation, some 
computer programs approximate Cj for V D > ipa/2 by a linear extrapolation of (1-21) or 
( 1 - 22 ). 
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Charge density p 



„ p — ax 

Distance 

Figure 1 .2 Charge density versus dis- 
tance in a graded junction* 



Cj 




Figure 1 .3 Behavior of pn junction depletion-layer capacitance Cj as a function of bias 
voltage V D . 



m EXAMPLE 

If the zero-bias capacitance of a diffused junction is 3 pF and ifo ” 0.5 V, calculate the 
capacitance with 10 V reverse bias. Assume the doping profile can be approximated by an 
abrupt junction* 

From (1.21) 




Cj = 




pF = 0,65 pF 



1.2.2 Junction Breakdown 



From Fig. L lc it can be seen that the maximum electric field in the depletion region occurs 
at the junction, and for an abrupt junction (1.7) yields a value 



^max - 






(1.23) 



€ 
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Substitution of (1.14) in (1.23) gives 



2qN A N D V R 
e (N a + N d ) 



(1.24) 



where has been neglected. Equation 1.24 shows that the maximum held increases as 
the doping density increases and the reverse bias increases. Although useful for indicat- 
ing the functional dependence of on other variables, this equation is strictly valid 
for an ideal plane junction only. Practical junctions tend to have edge effects that cause 
somewhat higher values of due to a concentration of the field at the curved edges 
of the junction. 

Any reverse-biased pn junction has a small reverse current flow due to the presence 
of minority-carrier holes and electrons in the vicinity of the depletion region. These are 
swept across the depletion region by the field and contribute to die leakage current of the 
junction. As the reverse bias on the junction is increased, the maximum field increases and 
the carriers acquire increasing amounts of energy between lattice collisions in the depletion 
region. At a critical field % crit the carriers traversing the depletion region acquire sufficient 
energy to create new hole-electron pairs in collisions with silicon atoms. This is called the 
avalanche process and leads to a sudden increase in the reverse-bias leakage current since 
the newly created carriers are also capable of producing avalanche. The value of % C[ i t is 
about 3 x 10 5 V/cm for junction doping densities in the range of 10 15 to 10 16 atoms/cm 3 , 
but it increases slowly as the doping density increases and reaches about LO 6 V/cm for 
doping densities of 10 18 atoms/cm 3 . 

A typical I-V characteristic for a junction diode is shown in Fig. 1.4, and the effect 
of avalanche breakdown is seen by the large increase in reverse current, which occurs as 
the reverse bias approaches the breakdown voltage BV. This corresponds to the maximum 
field ^ maA approaching ^ cri t- It has been found empirically 4 that if the normal reverse bias 
current of the diode is /# with no avalanche effect, then the actual reverse current near the 
breakdown voltage is 



Ira = 



(1.25) 




v volts 



Figure 1.4 Typical I-V characteristic of a junction diode showing avalanche breakdown. 
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where M is the multiplication factor defined by 

1 d-26) 



In this equation, Vr is the reverse bias on the diode and n has a value between 3 
and 6. 

The operation of a pn junction in the breakdown region is not inherently destruc- 
tive. However, the avalanche current flow must be limited by external resistors in order 
to prevent excessive power dissipation from occurring at the junction and causing dam- 
age to the device. Diodes operated in the avalanche region are widely used as voltage 
references and are called Zener diodes. There is another, related process called Zener 
breakdown , 5 which is different from the avalanche breakdown described above. Zener 
breakdown occurs only in very heavily doped junctions where the electric field becomes 
large enough (even with small reverse-bias voltages) to strip electrons away from the 
valence bonds. This process is called tunneling, and there is no multiplication effect as 
in avalanche breakdown. Although the Zener breakdown mechanism is important only 
for breakdown voltages below about 6 V, all breakdown diodes are commonly referred 
to as Zener diodes. 

The calculations so far have been concerned with the breakdown characteristic of 
plane abrupt junctions. Practical diffused junctions differ in some respects from these 
results and the characteristics of these junctions have been calculated and tabulated for 
use by designers, 5 In particular, edge effects in practical diffused junctions can result 
in breakdown voltages as much as 50 percent below the value calculated for a plane 
junction. 




■ EXAMPLE 



An abrupt plane pn junction has doping densities N A = 5 x 10 15 atoms/cm 3 and N D = 
10 lfi atoms/cm 3 . Calculate the breakdown voltage if l crit = 3 x 10 5 V/cm. 

The breakdown voltage is calculated using % ^ = 38^, in (1.24) to give 



BV 



e (N a + N D ) 2 
2 qN A N D * crit 



1.04 x 10“ 12 X 15 x 10 15 
2 x 1.6 x IQ -19 x 5 X 10 15 x IQ 16 



x 9 x 10 10 V 



88 V 



1.3 Large-Signal Behavior of Bipolar Transistor 

In this section, the large-signal or dc behavior of bipolar transistors is considered. Large- 
signal models are developed for the calculation of total currents and voltages in transistor 
circuits, and such effects as breakdown voltage limitations, which are usually not included 
in models, are also considered. Second-order effects, such as current-gain variation with 
collector current and Early voltage, can be important in many circuits and are treated in 
detail. 

The sign conventions used for bipolar transistor currents and voltages are shown in 
Fig. 1.5. All bias currents for both npn and pnp transistors are assumed positive going 
into the device. 
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Figure 1.5 Bipolar transistor sign 
pnp convention. 



1 .3. 1 Large-Signal Models in the Forward-Active Region 

A typical npn planaT bipolar transistor structure is shown in Fig. 1.6a, where collector, 
base, and emitter are labeled C, B, and E, respectively. The method of fabricating such 
transistor structures is described in Chapter 2, It is shown there that the impurity doping 
density in the base and the emitter of such a transistor is not constant but varies with 
distance from the top surface. However, many of the characteristics of such a device can 
be predicted by analyzing the idealized transistor structure shown in Fig. 1 .6b, In this 
structure the base and emitter doping densities are assumed constant, and this is sometimes 
called a uniform-base transistor. Where possible in the following analyses, the equations 
for the uniform-base analysis are expressed in a form that applies also to nonuniform-base 
transistors. 

A cross sectiun AA ' is taken through the device of Fig. 1 .6 b and carrier concentrations 
along this section are plotted in Fig. 1.6c. Hole concentrations are denoted by p and elec- 
tron concentrations by n with subscripts p or n representing /?-type or retype regions. The 
n-type emitter and collector regions are distinguished by subscripts E and C respectively. 
The carrier concentrations shown in Fig. 1.6c apply to a device in the forward-active re- 
gion. That is, the base-emitter junction is forward biased and the base-collector junction is 
reverse biased. The minority-carrier concentrations in the base at the edges of the depletion 
regions can be calculated from a Boltzmann approximation to the Fermi-Dirac distribution 
function to give 6 

VO) = n po exp ^ (1*27) 

n p {W B ) = n pa exp - 0 (1-28) 

where W B is the width of the base from the base-emitter depletion layer edge to the base- 
collector depletion layer edge and n po is the equilibrium concentration of electrons in the 
base. Note that V B c is negative for an npn transistor in the forward-active region and 
thus n p (W B ) is very small. Low-level injection conditions are assumed in the derivation of 
(1.27) and (1.28). This means that the minority-carrier concentrations are always assumed 
much smaller than the majority-carrier concentration. 

If recombination of holes and electrons in the base is small, it can be shown that 7 
the minority-carrier concentration n p (x) in the base varies linearly with distance. Thus a 
straight line can he drawn joining the concentrations at x = 0 and x = Wb in Fig, 1,6c. 

For charge neutrality in the base, it is necessary that 

N a + n p {x) = p p {x) 



(1.29) 
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Figure 1,6 (a) Cross section of a typical npn planar bipolar transistor structure, (£) Idealized tran- 
sistor structure, (c) Carrier concentrations along the cross section AA ' of the transistor in (b). Uni- 
form doping densities are assumed. (Not to scale.) 

and thus 



Pp(x)~n p (x) = N a (1.30) 

where p p (x) is the hole concentration in the base and N A is the base doping density that 
is assumed constant. Equation 1 30 indicates that the hole and electron concentrations are 
separated by a constant amount and thus Pp(;t) also varies linearly with distance. 

Collector current is produced by minority-carrier electrons in the base diffusing in the 
direction of the concentration gradient and being swept across the collector-base depletion 
region by the field existing there. The diffusion current density due to elections in the 
base is 



Jn 



qO n 



dtip(x) 

dx 



(1-31) 
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where D n is the diffusion constant for electrons. From Fig. 1.6c 

Jn = -qD n ^ (1.32) 

If / c is the collector current and is taken as positive flowing into the collector, it follows 
from (1.32) (hat 

l c = qAD n ^ (1.33) 

vyb 

where A is the cross-sectional area of the emitter. Substitution of (1 .27) into (1 .33) gives 



where 



*c 



£}ADjiTip 0 

W B 



exp 



Vbe 

V T 



= /sex p 



Vbe 

Vt 



Is 



qAD n tipo 



(1.34) 

(1.35) 



(1.36) 



and fs is a constant used to describe the transfer characteristic of the transistor in the 
forward-active region. Equation 1.36 can he expressed in terms of the base doping density 
by noting that s (see Chapter 2) 



ftpo 



n 



2 

i 



Na 



and substitution of (1.37) in (1.36) gives 



qAD n nj _ qAD n nj 
W b N a Q b 



(1-37) 



(1.38) 



where Qb = W$N A is the number of doping atoms in the base per unit area of the 
emitter and rti is the intrinsic carrier concentration in silicon. In this form (1.38) applies 
to both uniform- and nonuniform-base transistors and. D n has been replaced by D n , 
which is an average effective value for the electron diffusion constant in the base. This 
is necessary for nonunifomn-base devices because the diffusion constant is a function 
of impurity concentration. Typical values of Is as given by (1.38) are from 10" 14 to 
10“ 16 A. 

Equation 1.35 gives the collector current as a function of base-emitter voltage. The 
base current Ib is also an important parameter and, at moderate current levels, consists of 
two major components. One of these (Ibi ) represents recombination of holes and electrons 
in the base and is proportional to the minority-carrier charge Q e in the base. From Fig. 
1.6c, the minority-carrier charge in the base is 



and we have 



Qe = \n p (m S qA 

= & = 1 nj,(0)W a qA 

7b 2 T b 



(1.39) 



(1.40) 
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where t* is the minority -carrier lifetime in the base. I B1 represents a flow of majority holes 
from the base lead into the base region. Substitution of (1,27) in (1.40) gives 



1 Tlpo 

*B\ ~ ^ 

2 T b 



W B qA V BE 

exp vr 



(1.41) 



The second major component of base current (usually the dominant one in integrated- 
circuit npn devices) is due to injection of holes from the base into the emitter. This current 
component depends on the gradient of minority-carrier holes in the emitter and is 9 



hi = ^P„e( 0) 



(1*42) 



where D p is the diffusion constant for holes and L p is the diffusion length (assumed small) 
for holes in the emitter, 0) is the concentration of holes in the emitter at the edge of 
the depletion region and is 



VftF 

PnE( 0) - p nEo exp — (1.43) 

If N d is the donor atom concentration in the emitter (assumed constant), then 

PnEo = ^ (1.44) 

The emitter is deliberately doped much more heavily than the base, making N D large and 
PnEo small, so that the base-current component, I B2 , is minimized. 

Substitution of (1.43) and (1.44) in (1.42) gives 



IB2 



_ qAD p nf ^ Vbe 

V r 



L p No 



exp 



The total base current, Ib , is the sum of l B \ and I B2 : 



(1.45) 



Ib — ?b\ + ?B2 



1 n po W B qA qADp rif \ _ V BE 

2 T b L p N d j exp VT 



(1.46) 



Although this equation was derived assuming uniform base and emitter doping, it gives 
the correct functional dependence of I B on device parameters for practical double-diffused 
nonuniform-base devices. Second-order components of I B , which are important at low 
current levels, are considered later. 

Since I c in (1.35) and l B in (L46) are both proportional to exp {V BE fVj) in this anal- 
ysis, the base current can be expressed in terms of collector current as 



'* = i <l47 > 

where is the forward current gain. An expression for can be calculated by substi- 
tuting (1.34) and (1.46) in (1.47) to give 



Pf = 



qAD n ti po 

W B 

1 rtpoWsqA qAD p nj 

2 LpN D 



1 

2 r b D n D„ L p N d 



(1.48) 



where (1.37) has been substituted for n po . Equation 1.48 shows that is maximized 
by minimizing the base width W B and maximizing the ratio of emitter to base doping 
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densities Nn!N A . Typical values of fip for npn transistors in integrated circuits are 50 to 
500, whereas lateral prtp transistors (to be described in Chapter 2) have values 10 to 100, 
Finally, the emitter current is 

h = ~(Jc + h) = _ (*c + ~j^ j = (1-49) 



where 



CLp = 



Pf 

1 + Pr 



(1.50) 



The value of can be expressed in terms of device parameters by substituting (1 .48) 
in (1 .50) to obtain 



1 



1 



a F 



! + 



1 

Jf 



, wl 

1 + 8 



D p W a N a 



'^ Ff ? D n D n Lip N d 



— a?y 



(1 51 ) 



+ 



where 




1 



+ 



n 

2T b D n 



I 

1 

Da Lp Nfj 



(1.51a) 



(1.51b) 



The validity of (1.51) depends on lV|/27^D rt ^ I and (D p fD n )(WBfLp)(NAfNj)) ^ 1, 
and this is always true if jSf is large [see (1,48)]. The term y in (1.51) is called the emitter 
injection efficiency and is equal to the ratio of the electron current (npn transistor) injected 
into the base from the emitter to the total hole and electron current crossing the base-emitter 
junction. Ideally y 1, and this is achieved by making N D IN A large and Wb small. In 
that case very little reverse injection occurs from base to emitter. 

The term ap in (1 .5 1) is called the base transport factor and represents the fraction of 
carriers injected into the base (from the emitter) that reach the collector. Ideally aj — 5 * 1 
and this is achieved by making Wb small. It is evident from the above development that 
fabrication changes that cause a-p and y to approach unity also maximize the value of ftp 
of the transistor. 

The results derived above allow formulation of a large-signal model of the transis- 
tor suitable for bias-circuit calculations with devices in the forward-active region. One 
such circuit is shown in Fig. 1.7 and consists of a base-emitter diode to model (1.46) 
and a controlled collector-current generator to model (1.47). Note that the collector volt- 
age ideally has no influence on the collector current and the collector node acts as a 
high-impedance current source. A simpler version of this equivalent circuit, which is 
often useful, is shown in Fig. Lib, where the input diode has been replaced by a bat- 
tery with a value VsEioap which is usually 0.6 to 0.7 V. This represents the fact that in 
the forward-active region the base-emitter voltage varies very little because of the steep 
slope of the exponential characteristic. In some circuits the temperature coefficient of 
V7r£( un ) is important, and a typical value for this is -2 mV/°C. The equivalent circuits of 
Fig. 1.7 apply for npn transistors. For pnp devices the corresponding equivalent circuits 
are shown in Fig. 1.8. 
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Figure 1.7 Large-signal 
models af npn transistors 
for use in bias calcula- 
tions* (a) Circuit incor- 
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(b) Simplified circuit 
with an input voltage 
source* 



B 

o 

+ 






c 



B 

o 



C 

■o 



\)&Fh 






(T) Pfh 



o 




w 



o 



o 



E 



w 



Figure 1*8 Large-signal 
models of pnp transistors 
corresponding to the 
circuits of Fig. 1.7. 



1.3.2 Effects of Collector Voltage on Large-Signal Characteristics 
in the Forward-Active Region 



In the analysis of the previous section, the collector-base junction was assumed reverse 
biased and ideally had no effect on the collector currents. This is a useful approximation 
for first-order calculations, but is not strictly true in practice. There are occasions where 
the influence of collector voltage on collector current is important, and this will now be 
investigated. 

The collector voltage has a dramatic effect on the collector current in two regions of de- 
vice operation* These are the saturation ( V CE approaches zero) and breakdown (V C e very 
large) regions that will be considered later* For values of collector-emitter voltage V CE be- 
tween these extremes, the collector current increases slowly as Vce increases. The reason 
for this can be seen from Fig, 1 .9, which is a sketch of the minority-carrier concentration 
in the base of the transistor. Consider the effect of changes in V C e on the carrier concen- 
tration for constant V B e- Since V be is constant, the change in V CB equals the change in 
V CE and this causes an increase in the collector-base depletion- layer width as shown. The 
change in the base width of the transistor, A W B , equals the change in the depletion -layer 
width and causes an increase Ale in the collector current. 

From (1.35) and (L38) we have 



h 



Differentiation of (1.52) yields 



qAbnn] 

Qb 



exp 



Vbe 

V T 



die _ qAD n nf I V BE \dQ B 

Wee Ql r P Vr )dV CE 

and substitution of (1,52) in (L53) gives 



die _ _ k dQs 
dVcE Qb dVcE 



(1-52) 



(1.53) 



(1.54) 
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Figure 1 .9 Effect of in- 
creases in Vck on the 
collector depletion re- 
gion and base width nf a 
bipolar transistor. 



For a uniform-base transistor Qb — WbNa, and (1 .54) becomes 



die Ic dW# 

dV c/r Wtf dVcE 



0*55) 



Note that since the base width decreases as Vet increases, dW$fdVcE * n 0 -55) is negative 
and thus dlcJdVcr. is positive. The magnitude oldWsfdVcE can be calculated from (1.18) 
for a uniform-base transistor. This equation predicts that dWg/dVcE is a function of the 
bias value of V C e* but the variation is typically small for a reverse-biased junction and 
dWsfdVct is often assumed constant. The resulting predictions agree adequately with 
experimental results. 

Equation L55 shows that dlcfdVct is proportional to the collector-bias current and 
inversely proportional to the transistor base width. Thus narrow-base transistors show 
a greater dependence of Ic on Vce *n the forward -active region. The dependence of 
dlcIdVcF. 011 h results in typical transistor output characteristics as shown in Fig, MO. 
In accordance with the assumptions made in the foregoing analysis, these characteristics 
are shown for constant values of Vbe ■ However, in most integrated- circuit transistors the 
base current is dependent only on Vbe and not on Vce , and thus constant-base-current 
characteristics can often be used in the following calculation. The reason for this is that 
the base current is usually dominated by the I B 2 component of (L45), which has no de- 
pendence on Vce ■ Extrapolation of the characteristics of Fig. 1.10 back to the Vce axis 
gives an intercept V,\ called the Early voltage, where 

V, - (1-56) 

^V Ci T 

Substitution of ( 1 .55) in (1 .56) gives 

V A = -W B ^- (1.57) 

dw B 

whieh is a constant, independent of I c . Thus all the characteristics extrapolate to the same 
point on the Vce axis- The variation of Ic with Vce 1S called the Early effect, and V& is 
a common model parameter for circuit-analysis computer programs. Typical values of 
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Figure 1 , 10 Bipolar transistor output characteristics showing the Early voltage, V A . 

for integrated-circuit transistors are 15 to 100 V, The inclusion of Early effect in dc bias 
calculations is usually limited to computer analysis because of the complexity introduced 
into the calculation. However, the influence of the Early effect is often dominant in small- 
signal calculations for high-gain circuits and this point will be considered later. 

Finally, the influence of Early effect on the transistor large-signal characteristics in 
the forward-active region can be represented approximately by modifying (135) to 

/r = M 1 + ^) exp ^ (1,58> 

This is a common means of representing the device output characteristics for computer 
simulation. 

1.3.3 Saturation and Inverse-Active Regions 

Saturation is a region of device operation that is usually avoided in analog circuits because 
the transistor gain is very low in this region. Saturation is much more commonly encoun- 
tered in digital circuits, where it provides a well-specified output voltage that represents a 
logic state. 

In saturation, both emitter-base and collector-base junctions are forward biased. Con- 
sequently, the collector-emitter voltage V CE is quile small and is usually in the range 0.05 
to 0,3 V. The carrier concentrations in a saturated npn transistor with uniform base doping 
arc shown in Fig. 1.11. The minority-carrier concentration in the base at the edge of the 
depletion region is again given by (1.28) as 

V nr 

n p (W B ) = n pa exp —— (1.59) 

Vt 

but since V BC is now positive, the value of n p (W B ) is no longer negligible. Consequently, 
changes in V c .f. with V BF held constant (which cause equal changes in V BC ) directly affect 
Since the collector current is proportional to the slope of the minority-carrier con- 
centration in the base |see (1 31)], it is also proportional to [n p (0) - n p {W B ) J from Fig. 1.11. 
Thus changes in n p ( W p ) directly affect the collector current, and the collector node of the 
transistor appears to have a low impedance . As V CE is decreased in saturation with Vbh 
held constant, V BC increases, as does n p (W a) from (1,59), Thus from Fig. 1 .1 1 the collector 
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Figure 1.11 Carrier concentrations in a saturated npn transistor. (Not to scale.) 



current decreases because the slope of the carrier concentration decreases. This gives rise 
to the saturation region of the lc ~ Vce characteristic shown in Fig. 1.12. The slope of 
the I c ~ Vce characteristic in this region is largely determined by the resistance in series 
with the collector lead due to the Unite resistivity of the jz-type collector material. A useful 
model lor the transistor in this region is shown in Fig. 1.13 and consists of a fixed voltage 
source to represent and a fixed voltage source to represent the collector-emitter 

voltage Vc£’(siiL)- A more accurate but more complex model includes a resistor in series 
with the collector. This resistor can have a value ranging from 20 to 500 £1 , depending on 
the device structure. 

An additional aspect of transistor behavior in the saturation region is apparent from 
Fig. 1.11. For a given collector current, there is now a much larger amount of stored charge 
in the base than there is in the forward-active region* Thus the base-current contribution 
represented by ( 1 .4 1 ) will be larger in saturation* In addition, since the collector-base junc- 
tion is now forward biased, there is a new basc-currcnt component due to injection of 
carriers from the base to the collector. These two effects result in a base current 1$ in sat- 
uration, which is larger than in the forward-active region for a given collector current 
Ratio IcMb in saturation is often referred to as the forced fi and is always less than fit . 
As the forced fi is made lower with respect to fip^ the device is said to be more heavily 
saturated , 

The minority-carrier concentration in saturation shown in Fig* 1.11 is a straight line 
joining the two end points, assuming that recombination is small* This can be represented 
as a linear superposition of the two dotted distributions as shown. The justification for this 
is that the terminal currents depend linearly on the concentrations and n p (Wn). This 
picture of device carrier concentrations can be used to derive some general equations de- 
scribing transistor behavior. Each of the distributions in Fig. 1*11 is considered separately 
and the two contributions are combined. The emitter current that would result from n p \ (x) 
above is given by the classical diode equation 

hr — -Ies ^exp - 1 j (1.60) 

where is a constant that is often referred to as the saturation current of the junction (no 
connection with the transistor saturation previously described). Equation 1.60 predicts that 
the junction current is given by I^t — Ies with a reverse-bias voltage applied* However, 
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Figure 1.13 Large-signal models for bipolar transistors in the saturation region, 

in practice (1 .60) is applicable only in the forward-bias region, since second-order effects 
dominate under reverse-bias conditions and typically result in a junction current several 
orders of magnitude larger than I ES - The junction current that flows under reverse-bias 
conditions is often called the leakage current of the junction. 

Reluming to Fig. LI 1, wc can describe the collector current resulting from n P 2 (x) 
alone as 



Icr = ~h:s fexp V ~^~ - 1 



(1.61) 



where l cs is a constant. The total collector current ! c is given by I CR plus the fraction of 
hr lhat reaches lhe collector (allowing for recombination and reverse emitter injection). 
Thus 



(1.62) 
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where a? has been defined previously by (1.51). Similarly, the total emitter current is 
composed of Ief plus the fraction of Icr that reaches the emitter with the transistor acting 
in an inverted mode. Thus 



Ie = -If.s l ex P^F - 1 



+ a s /c.v exp 



V 



BC 






(1.63) 



where is the ratio of emitter to collector current with the transistor operating inverted 
(i,e,, with the collector-base junction forward biased and emitting carriers into the base 
and the cmilteT-base junction reverse biased and collecting carriers). Typical values of a r 
are 0.5 to 0.8. An inverse current gain is also defined 



ftt = t - — ^ — 0-64) 

and has typical values 1 to 5* This is the current gain of the transistor when operated 
inverted and is much lower than j 8f because the device geometry and doping densities 
are designed to maximize /S/, . The inverse-active region of device operation occurs for 
V ce negative in an npn transistor and is shown in Fig. 1.12. In order to display these 
characteristics adequately in the same figure as the forward-active region, the negative 
voltage and current scales have been expanded. The inverse-active mode of operation is 
rarely encountered in analog circuits. 

Equations 1*62 and 1*63 describe npn transistor operation in the saturation region 
when V be and V^c arc both positive, and also in the forward-active and inverse-active 
regions. These equations are the Ebers-Moll equations. In the forward-active region, they 
degenerate into a form similar to that ot ( 1 .35), ( 1 .47). and ( 1 .49) derived earlier. This can 
be shown by putting Vbe positive and Vbc negative in (1.62) and (1,63) to obtain 



h: — ~ 1 j + ?cs 

It = -Its (exp ^ - 1 ) - axles 



(1.65) 

( 1 . 66 ) 



Equation 1 .65 is similar in form to (1,35) except that leakage currents that were previ- 
ously neglected have now been included. This minor difference is significant only at high 
temperatures or very low operating currents. Comparison of (1.65) with (1*35) allows us 
to identify l s = ozeIes, and il can be shown 10 in general that 

vieIes — axles = Is (1-67) 

where this expression represents a reciprocity condition* Use of (1 .67) in (1.62) and (1.63) 
allows the Ebers-Moll equations to be expressed in the general form 

= (1.62a) 

This form is often used for computer representation of transistor large-signal behavior. 

The effect of leakage currents mentioned above can be further illustrated as follows. 
In the forward- active region, from (1 .66) 



hs 



Vbe 



-It ~ a xlcs 



( 1 . 68 ) 
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Substitution of ( l .68) in ( 1 .65) gives 

h = -ai-h: + fco (F69) 

where 

fco = IcsO (h69a) 

anti lco is the collector-base leakage current with the emitter open. Although i C o is given 
theoretically by (1.69a), in practice, surface leakage effects dominate when the collector- 
base junction is reverse biased and I co is typically several orders of magnitude larger 
than the value given by (1.69a). However, (1.69) is still valid if the appropriate measured 
value for l co is used. Typical values of l co are from 10“ 10 to 10 12 A at 25°C, and the 
magnitude doubles about every 8°C As a consequence, these leakage terms can become 
very significant at high temperatures. For example, consider the base current In- From 
Fig. 1.5 this is 



1b - —(Ic + h) 


(1.70) 


If Ie is calculated from (1.69) and substituted in (1.70), the result is 




1 - a F Ico 

Ib ic 

ap ap 


(1.71) 


But from (L50) 




& - , af 

1 — etc 


(1.72) 


and use of (1.72) in (1.71) gives 




j lc ho 

j B a ~ 

pr otc 


(1.73) 



Since the two terms in (1.73) have opposite signs, the effect of l C o is to decrease the 
magnitude oflhe external base current at a given value of collector current. 



■ EXAMPLE 

If fco is 10 10 A al 24° C estimate its value at 120°C 
Assuming that Ico doubles every 8°C, we have 

/^(120°C) = ID 10 X 2 12 

■ =0.4fxA 

1.3.4 Transistor Breakdown Voltages 

In Section L2.2 the mechanism of avalanche breakdown in a pn junction was described. 
Similar clleets occur at the base-emitter and base-collector junctions of a transistor and 
these effects limit the maximum voltages dial can be applied to the device. 

First consider a transistor in the common-base configuration shown in Fig. 1 . 14a and 
supplied with a constant emitter current. Typical I c V C b characteristics for an npn tran- 
sistor in such a connection are shown in Fig. 1.14 b. For I E = 0 the collector-base junction 
breaks down at a voltage BV cbo , which represents collcctor-base breakdown with the 
emitter open. For finite values of I E , the effects of avalanche multiplication are apparent 
lor values of V C n below BVcbo- In the example shown, the effective common-base current 
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Figure 1.14 Common-base 
transistor connection, (a) 
Test circuit, {b) lc ~ Vcn 
characteristics. 



gain ay = IcJIe becomes larger than unity for values of Vcb above about 60 V. Operation 
in this region (but below BVcbo) can, however, be safely undertaken if the device power 
dissipation is not excessive* The considerations of Section 1.2.2 apply to this situation, and 
neglecting leakage currents, we can calculate the collector current in Fig. 1 A4a as 

I c = -otyhM (1.74) 

where M is defined by ( 1 .26) and thus 

k = ~*rk A nr (1.75) 

i j -Li' i.. 

\BVcbo 



One further point to note about the common- base characteristics of Fig. 1.14b is that for 
low values of Vo where avalanche effects are negligible, the curves show very Little of the 
Early effect seen in the common-emitter characteristics. Base widening still occurs in this 
configuration as Vo is increased, but unlike the common-emitter connection, it produces 
little change in lc . This is because It is now fixed instead of Vat or Is, and in Fig. 1.9, 
this means the slope of the minority-carrier concentration at the emitter edge of the base 
is fixed* Thus the collector current remains almost unchanged. 

Now consider the effect of avalanche breakdown on the common-emitter characteris- 
tics of the device. Typical characteristics arc shown in Fig. 1.12, and breakdown occurs at 
a value BVceo s which is sometimes called the sustaining voltage LVceo ■ As in previous 
cases, operation near the breakdown voltage is destructive to the device only if the current 
(and thus the power dissipation) becomes excessive. 

The effects of avalanche breakdown on the common-emitter characteristics are more 
complex than in the common-base configuration. This is because hole-electron pairs arc 
produced by the avalanche process and the holes are swept into the base, where they ef- 
fectively contribute to the base current. In a sense the avalanche current is then amplified 




22 Chapter 1 ■ Models tor Integrated-Circuit Active Devices 



by the transistor. The base current is still given by 



h = -He + Ie) 



Equation 1.74 still holds, and substitution of this in (1.76) gives 



where 



/c 



Map 

1 — Mctr B 



M = 



1 



\BVcbo 



(1-76) 

(1-77) 



(1-78) 



Equation 1 .77 shows that Ic approaches infinity as Ma F approaches unity* That is, the 
effective approaches infinity because of the additional base-current contribution from 
the avalanche process itself* The value of BV C eo can be determined by solving 



Map- = 1 

If we assume that Vcs — Vce> this gives 



a F 

( BVceo 

\BVcbo 



(b79) 

(1.80) 



and this results in 



and thus 



BV 



CEO 



n ! 



BV C 



1 - a F 



:bo 



BVceo — 



BVcbo 




(1.81) 



Equation 1 .8 1 shows that BVceo is less than BV C bo by a substantial factor. However, the 
value of BVcbo* which must be used in (1.81), is the plane junction breakdown of the 
collector-base junction, neglecting any edge effects. This is because it is only collector- 
base avalanche current actually under the emitter that is amplified as described in the pre- 
vious calculation. However, as explained in Section 1.2*2, the measured value of BVcbo 
is usually determined by avalanche in the curved region of the collector, which is remote 
from the active base. Consequently, for typical values of fi F = 100 and n = 4, the value 
of BVceo is about one-half of the measured BV Cft0 and not 30 percent as (1.81) would 
indicate. 

Equation 1 .81 explains the shape of the breakdown characteristics of Fig. 1.12 if the 
dependence of fi F on collector current is included. As V CF is increased from zero with 
Ib = 0, the initial collector current is approximately fi F Ico from (L73); since ico is typ- 
ically several picoamperes, the collector current is very small* As explained in the next 
section, is small at low currents, and thus from (1*81) (he breakdown voltage is high* 
However, as avalanche breakdown begins in the device, the value of ic increases and 
thus increases* From (1*81) this causes a decrease in the breakdown voltage and the 
characteristic bends back as shown in Fig. M2 and exhibits a negative slope. At higher 
collector currents. fi F approaches a constant value and the breakdown curve with = 0 
becomes perpendicular to the Vce The value of Vet in this region of the curve is 
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usually defined to be BV C eo , since this is the maximum voltage the device can sustain. 
The value of fiy to be used to calculate BVceo in (1 >81 ) is thus the peak value of j 3/r. Note 
from (1.81) that high-/3 transistors will thus have low values of BVceo* 

The base-emitter junction of atransistor is also subject to avalanche breakdown. How- 
ever, the doping density in the emitter is made very large to ensure a high value of Pf\Nd 
is made large in (1.45) to reduce /^T Thus the base is the more lightly doped side of 
the junction and determines the breakdown characteristic. This can be contrasted with the 
collcctor-hasc junction, where the collector is the more lightly doped side and results in 
typical values of BVcbo of 20 to 80 V or more. The base is typically an order of magni- 
tude more heavily doped than the collector, and thus the base-emitter breakdown voltage 
is much less than BVcbo and is typically about 6 to 8 V. This is designed BVebo- The 
breakdown voltage for inverse-active operation shown in Fig. 1 . 1 2 is approximately equal 
to this value because the base-emitter junction is reverse biased in this mode of operation. 

The base-emitter breakdown voltage of 6 to 8 V provides a convenient reference volt- 
age in integrated- circuit design, and this is often utilized in the form of a Zener diode. 
However, care must be taken to ensure that all other transistors in a circuit are protected 
against reverse base-emitter voltages sufficient to cause breakdown. This is because, un- 
like collector- base breakdown, base-emitter breakdown is damaging to the device. It can 
cause a large degradation in jBf* depending on the duration of the breakdown “Current flow 
and its magnitude. 1 1 If the device is used purely as a Zener diode, this is of no consequence, 
but if the device is an amplifying transistor, the ftp degradation may be serious. 



■ EXAMPLE 



If the collector doping density in a transistor is 2 x 10 15 atoms/cnr* and is much less than 
the base doping, calculate BVceo for - 100 and n - 4. Assume ^ Gr j t — 3 X 10 5 V/cm. 
The plane breakdown voltage in the collector can be calculated from (1.24) using 

c £ — ■ 

°mas t£, cnt' 



BVcbo — 



2qN A N D 



Since No Na, we have 



BVcbo plane — ^ 

1 2qN D 

From (LSI) 



co 2 



1.04 x 1CT 12 



•'em 



2 x 1.6 x Hr 19 x 2 x 10 15 



x 9 x 10 10 V = 146 V 



BVceo 



146 

t/Too 



V = 46 V 



1,3.5 Dependence of Transistor Current Gain on Operating Conditions 

Although most first-order analyses of integrated circuits make the assumption that is 
constant, this parameter does in fact depend on the operating conditions of the transistor, 
it was shown in Section 1.3,2, for example, that increasing the value of Vce increases Ic 
while producing little change in 1 By and thus the effective of the transistor increases, 
in Section L3.4 it was shown that as Vce approaches the breakdown voltage, BVceo* the 
collector current increases due to avalanche multiplication in the collector. Equation 1.77 
shows that the effective current gain approaches infinity as Vce approaches BVceo- 
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In addition to the effects just described, fir also varies with both temperature and 
transistor collector current. This is illustrated in Fig, L15, which shows typical curves of 
fir versus I c at three different temperatures for an npn integrated circuit transistor. It is 
evident that fir increases as temperature increases, and a typical temperature coefficient 
for fir is +7000 ppm/°C (where ppm signifies parts per million). This temperature de- 
pendence of fir is due to the effect of the extremely high doping density in the emitter, 12 
which causes the emitter injection efficiency y to increase with temperature. 

The variation of fir with collector current, which is apparent in Fig. 1,15, can be 
divided into three regions* Region I is the low-current region, where fip decreases as l c 
decreases. Region 11 is the midcurrent region, where fir is approximately constant* Region 
III is the high-current region, where fir decreases as l c increases. The reasons for this 
behavior of fir with I c can be better appreciated by plotting base current l 3 and collector 
current i c on a log scale as a function of V 3E * This is shown in Fig. LI 6, and because 
of the log scale on the vertical axis, the value of In fir can be obtained directly as the 
distance between the two curves* 

At moderate current levels represented by region II in Figs. 1.15 and LI 6, both f c 
and /j 5 follow the ideal behavior, and 



Ic = Is exp d. 82) 

V T 

J h „ „ V BE . 1 

h = a — c *p TT- (1.83) 

fiFM VT 

where firM is the maximum value of fir and is given by (1 ,48) + 

At low current levels, f c still follows the ideal relationship of (1.82), and the decrease 
in fir is due lo an additional component in 1 B , which is mainly due to recombination of 
carriers in the base-emitter depletion region and is present at any current level. However, 
at higher current levels the base current given by (1.83) dominates, and this additional 
component has little effect. The base current resulting from recombination in the depletion 
region is 5 



hx - hx exp 



V_be 

mV's 



where 



(1.84) 



m — 2 




Figure 1.15 Typical curves of fir 
versus lc for an npn integrated- 
cireuit transistor with 6 pm 2 
emitter area. 
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In 1 




Figure 1.16 Base and 
collector currents of a 
bipolar transistor plotted 
on a Jog scale versus 
Vfit: on a linear scale. 
The distance between 
the curves is a direct 
measure of In fir- 



At very low collector currents* where (1.84) dominates the base current, the current gain 
can be calculated from (1.82) and (1.84) as 



fin. 



jc 

hx 



1,5 VbK 



1 

w 



(1,85) 



Substitution of (1.82) in (1.85) gives 



fih'L ~ 



h 

hx 



■/ \li 

I 



( 1 . 86 ) 



If m — 2, then (1.86) indicates that fir is proportional to Jlc at very low collector currents. 

At high current levels, the base current Iq tends to follow the relationship of (1.83)* 
and the decrease in fir in region III is due mainly to a decrease in Jc below Ihe value 
given by (1.82). (In practice the measured curve of Jr versus Vre in Fig- 1.16 may also 
deviate from a straight line at high currents due to the influence of voltage drop across the 
base resistance.) The decrease in f c is due partly to the effect of high-level injection* and 
at high current levels the collector current approaches 7 

/c “/SH exp ^ (1-87) 

IV T 



The current gain in this region can be calculated from (1.87) and (L83) as 



fib'H 



*SH 

Is 



fif- M exp 



Vbe 

2V t 



(LBS) 



Substitution of (1.87) in (1.88) gives 

I 2 1 

fiftt — 

*S *C. 

Thus fir decreases rapidly at high collector currents. 
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In addition to the effect of high-level injection, the value of at high currents is also 
decreased by the onset of the Kirk effect, 11 which occurs when the minority-carrier con- 
centration in the collector becomes comparable to the donor-atom doping density. The base 
region of the transistor then stretches out into the collector and becomes greatly enlarged. 



1 .4 Small-Signal Models of Bipolar Transistors 



Analog circuits often operate with signal levels that are small compared to the bias currents 
and voltages in the circuit. In these circumstances, incremental or small-signal models can 
be derived that allow calculation of circuit gain- and terminal impedances without the ne- 
cessity of including the bias quantities. A hierarchy of models with increasing complexity 
can be derived, and the more complex ones are generally reserved for computer analysis. 
Part of the designer's skill is knowing which elements of the model can he omilled when 
performing hand calculations on a particular circuit, and this point is taken up again later. 

Consider the bipolar transistor in Fig. LI la with bias voltages V BE and V cc applied 
as shown. These produce a quiescent collector current, l c , and a quiescentbase current, 
and the device is in the forward-active region. A small-signal input voltage v,- is applied in 
series with V BE and produces a small variation in base current i b and a small variation in 
collector current i c . Total values of base and collector currents are l h and i c , respectively, 
and thus i h = (J$ + D and ~ (l c + i c y The carrier concentrations in the base of the 
transistor corresponding to the situation in Fig. \Ma are shown in Fig. 1 Alb. With only 



‘L- A: ,+ 




Carrier concentration 




region w 

Figure 1.17 Effect of a small-signal input voltage applied to a bipolar transistor hi) Circuit 
schematic, ib) Corresponding changes in earner concentrations in the base when the device is in 
the forward -active region. 
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bias voltages applied, the carrier concentrations are given by the solid lines. Application 
of the small-signal voltage v* t causes n p ( 0) at the emitter edge of the base to increase, and 
produces the concentrations shown by the dotted lines. These pictures can now be used to 
derive the various elements in the small-signal equivalent circuit of the bipolar transistor. 

1.4.1 Transconductance 

The transconduc lance is defined as 



di c 

dV BE 



Since 

Mc = 7V^ AVBt 

we can write 

Afc = gm&V BE 

and thus 



h: = gmVi 



The value of g m can be found by substituting (1.35) in (1.89) to give 



gin 



d 

dVsE 



is exp 



Vbe 

Vt 



~exn— - Ic - q!c 
Vt Vj V t kT 



(1.89) 



(1*90) 

(1.91) 



The transconductance thus depends linearly on the bias current 1 E and is 38 mA/V for 
ic = 1 mA at 25°C for any bipolar transistor of either polarity (npn or pnp\ of any size, 
and made of any material (Si, Ge, GaAs). 

To illustrate the limitations on the use of small-signal analysis, the foregoing relation 
will be derived in an alternative way. The total collector current in Fig. 1.17a can be 
calculated using (1,35) as 

T t Vbe + , Vue ,, 

h = h exp — = h exp —rz exp — (1.92) 

Vt Vj Vt 

But the collector bias current is 

/ c =/jexp^p (1.93) 

Vt 

and use of (1.93) in ( 1.92) gives 



Vx 



f r ' i 

Ic = Ic CAP — 



If Vi < V>, the exponential in (1.94) can be expanded in a power series, 

u..: 



Ic = Ic 

Now the incremental collector current is 



* Vj 1 / V 1 / v,- 
1 + — - + - — + - — 
V T 2 \Vr j 6 V V/ 



(1.94) 



(1*95) 



h = f c ~ Ic 



( 1 . 96 ) 
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and substitution ol (1*96) in (1.95) gives 



h: 1 ic 2 1 Ic i 

+ 6 vf V] 



( 1 - 97 ) 



If v ( - « W, (1.97) reduces to (1.90), and. the small-signal analysis is valid. The cri- 
terion for use of small-signal analysis is Lhus v s - = AV^ ^ 26 mV at 25 D C. In practice, 
if A Vbe is less than 10 mV, the small-signal analysis is accurate within about 10 percent. 



1.4.2 Base-Charging Capacitance 

Figure 1.1 7& shows that the change in base-emitter voltage A V B e = v, has caused a 
change A Q e = q e in the minority-carrier charge in the base. By charge-neutrality require- 
ments, there is an equal change A Qh — in the majority-carrier charge in the base. Since 
majority carriers are supplied by the base lead, the application of voltage y ( requires the 
supply of charge qh to the base, and the device has an apparent input capacitance 

c h = q — (1.98) 

Vi 

The value of C b can be related to fundamental device parameters as follows. If f 1 .39) is 
divided by (1,33), we obtain 



Qe = H = 

Ic 2 D„ 



(1.99) 



The quantity tf has the dimension of time and is called the base transit time in the forward 
direction. Since it is the ratio of the charge in transit (£?<,) to the current flow' (j c ), it can 
be identified as the average time per carrier spent in crossing the base. To a first order it 
is independent of operating conditions and has typical values 10 to 500 ps for integrated 
npn transistors and 1 to 40 ns for lateral pnp transistors. Practical values of t f tend to be 
somewhat lower than predicted by (1 .99) for diffused transistors that have nonuniform base 
doping. 14 However, the functional dependence on base width W$ and diffusion constant 
D f{ is as predicted by (1 .99). 

From (1.99) 



AC* 


— 7>-A/(7 


(1.100) 


But since A Q v = A£>/ J; we have 






<1 


= t f M c 


(1. 101 ) 


and this can be written 






<7 h 


= tfL 


(1.102) 


Useo[(l + 102) in (1.98) gives 








ic 

— Tf — 
Vi 


(1.103) 


and substitution of (1.90) in (1.103) gives 






c b * 


= Tfgm 


(IJ 04) 
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$ 


(1.105) 
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Thus the small-signal, base-charging capacitance is proportional to the collector bias 
current. 

In the invcrsc-activc mode of operation, an equation similar to (1.99) relates stored 
charge and current via a time constant tr. This is typically orders of magnitude larger than 
Tp because the device structure and doping are optimized for operation in the forward- 
active region. Since the saturation region is a combination of forward-active and inverse- 
active operation, inclusion of the parameter t* in a SPICE listing will model the large 
charge storage that occurs in saturation. 

1.4.3 Input Resistance 

In the forward-active region, the base current is related to the collector current by ( 1 .47) as 



Small changes in 1b and lc can be related using (1.47): 



and thus 



A) - 



_d_{*c_ 

die \Pf 



(U06) 



(1.107) 



where j3 ( j is the small-signal current gain of the transistor. Note that if is constant, then 
Pf = A). Typical values of A) are close to those of /?/■■, and in subsequent chapters little 
differentiation is made between these quantities. A single value of /3 is often assumed for 
a transistor and then used for both ac and dc calculations. 

Equation 1.107 relates the change in base current ih to the corresponding change in 
collector current and the device has a small-signal input resistance given by 



tv = — 



( 1 . 108 ) 



Substitution of (1 ,107) in (1.108) gives 



and use of ( 1 .90) in { 1 . 1 09) gives 



= -A> 



(1.109) 



( 1 * 1 10 ) 



Thus the small-signal input shunt resistance of a bipolar transistor depends on the current 
gain and is inversely proportional to fc* 



1.4.4 Output Resistance 

In Section 1.3.2 the effect of changes in collector- emitter voltage V C e on the large-signal 
characteristics of the transistor was described. It follows from that treatment that small 
changes AV Cii in V ct produce corresponding changes A I c in I c , where 



Air - C AV C e 
vVcr: 



( 1 - 111 ) 
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Substitution of (l >55) and (1,57) in (1. Ill) gives 



AVcir _ V A _ 

lc r ° 



( 1 - 112 ) 



where V A is the Early voltage and r 0 is the small-signal output resistance of the transistor. 
Since typical values of V A are 50 to 100 V, corresponding values of r a are 50 to 100 kO 
for l c = 1mA. Note that r u is inversely proportional to I Ci and thus r v can be related to 
g m > as are many of the other small-signal parameters. 



1 

fo - 

VSm 

where 



<1.113) 



V 



kT 

Wa 



(1.114) 



If V A = 100 V. then T) = 2.6 X 10" 4 at 25°C. Note that 1 ir n is the slope of the output 
character! s ti c s of Fig . 1.10, 



1 .4.5 Basic Small-Signal Model of the Bipolar Transistor 

Combination of the above small-signal circuit elements yields the small -signal model of 
the bipolar transistor shown in Fig. 1,18. This is valid for both npn and pnp devices in 
the forward-active region and is called the hybrid- ir model. Collector, base, and emitter 
nodes are labeled C, B and E, respectively. The elements in this circuit are present in the 
equivalent circuit of tiny bipolar transistor and are specified by relatively few parameters 
(f3 r Tfv’ 7 rj , I c ). Note that in the evaluation of the small-signal parameters for pnp transistors, 
the magnitude only of t E is used. In the following sections, further elements are added to 
this model to account for parasilics and second-order effects. 



1.4.6 Collector- Base Resistance 



Consider the effect of variations in V CE on the minority charge in the base as illustrated in 
Fig. 1.9. An increase in V C e causes an increase in the collector depletion-layer width and 
consequent reduction of base width. This causes a reduction in the tolal minority-carrier 
charge stored In the base and thus a reduction in base current I B due to a reduction in I B \ 
given by (1 .40), Since an increase A Vce in Vet: causes a decrease A/# in 7^, this effect can 
be modeled by inclusion of a resistor r ^ from collector to base of the model of Fig. 1,18. 
If V B e is assumed held constant, the value of this resistor can be determined as follows. 



_ CE _ &Vc.E ^ 7 c 



(1.115) 
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Figure 1.18 Basic bipolar transistor 
small-signal equivalent circuit. 




1 ,4 Small-Signal Models of Bipolar Transistors 3 I 



Substitution of (1.112) in (1.115) gives 



Me 



°M 



zn 



(1.116) 



If the base current is composed entirely of component then (1 . 107) can be used 
in (1.116) to give 



r* = (1.117) 

This is a lower limit for r M . In practice, I B \ is typically less than 10 percent of I B [compo- 
nent 7/32 from (1.42) dominates] in integrated npn transistors, and since i B \ is very small, 
the change A/ ffl in ! B[ for a given AV CE and A I c is also very small Thus a typical value 
for is greater than I Qfio r o- For lateral pnp transistors, recombination in the base is more 
significant, and r ^ is in the range 2 /3 0 r,, to 5/?o 

1 .4.7 Parasitic Elements in the Small-Signal Model 

The elements of the bipolar transistor small-signal equivalent circuit considered so far may 
be considered basic in the sense that they arise directly from essential processes in the de- 
vice. However, technological limitations m the fabrication of transistors give rise to a 
number of parasitic elements that must be added to the equivalent circuit for most 
integrated-circuit transistors. A cross section of a typical npn transistor in a junction- 
isolated process is shown in Fig. 1.19. The means of fabricating such devices is described 
in Chapter 2. 

As described in Section 1.2, all pn junctions have a voltage-dependent capacitance as- 
sociated with the depletion region. In the cross section of Fig. LI 9, three depletion-region 
capacitances can be identified. The base-emitter junction has a depletion-region capaci- 
tance Cj e and the basc-collcctor and collector-substrate junctions have capacitances 
and Cfs-, respectively* The base-emitter junction closely approximates an abrupt junction 
due to the steep rise of the doping density caused by the heavy doping in the emitter. 
Thus the variation of Cj e with bias voltage is well approximated by (L21). The collector- 
base junction behaves like a graded junction for small bias voltages since the doping den- 
sity is a function of distance near the junction. However, for larger reverse-bias values 
(more than about a volt), the junction depletion region spreads into the collector, which is 




Figure 1.19 lnicgralcd-eircuil npn bipolar transistor structure showing parasitic elements, (Not 
to scale.) 
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uniformly doped, and thus for devices with thick collectors the junction tends to behave 
like an abrupt junction with uniform doping. Many modem high-speed processes, how- 
ever, have very thin collector regions (of the order of one micron), and the collector deple- 
tion region can extend all the way to the buried layer for quite small reverse-bias voltages. 
When this occurs, both the depletion region and the associated capacitance vary quite 
slowly with bias voltage. The collector-base capacitance thus tends to follow (1.22) 
for very small bias voltages and (1.21) for large bias voltages in thick-collector devices. In 
practice, measurements show that the variation of C ^ with bias voltage for most devices 
can be approximated by 

d = C "” yi (1.117a) 

where V is the forward bias on the junction and n is an exponent between about 0,2 and 
0,5. The third parasitic capacitance in a monolithic npn Lransistor is the collector-substrate 
capacitance CR, and for large reverse bias voltages this varies according to the abrupt 
junction equation (1 .21 ) for junction-isolated devices. In the case of oxide-isolated devices, 
however, the deep p diffusions used to isolate the devices are replaced by oxide. The 
sidew all component of C 0 then consists of a fixed oxide capacitance. Equation 1,117a may 
then be used to model C cs * but a value of n less than 0.5 gives the best approximation. In 
general, f 1 . 1 17a) wall be used to model all three parasitic capacitances with subscripts c, 
and s on n and ifa used to differentiate emitter-base, collector-base, and collector-substrate 
capacitances, respectively. Typical zero-bias values of these parasitic capacitances for a 
minimum-size npn transistor in a modem oxide-isolated process are — 10 IT, C ^ — 
10 fR and C r . v q — 20 fR Values for other devices are summarized in Chapter 2. 

As described in Chapter 2, lateral pnp transistors have a parasitic capacitance C* T 
from base to substrate in place of C cs . Note that the substrate is always connected lo the 
most negative voltage supply in the circuit in order lo ensure that all isolation regiuns are 
separated by reverse-biased junctions. Thus the substrate is an ac ground, and all parasitic 
capacitance to the substrate is connected to ground in an equivalent circuit. 

The final elements to be added to the small-signal model of the transistor are resis- 
tive parasitics. These are produced by the finite resistance of the silicon between Ihe lop 
contacts on the transislor and the active base region beneath the emitter. As shown in Fig. 
1.19, there are significant resistances r h and r r in series with the base and collector con- 
tacts, respectively. There is also a resistance r ex of several ohms in series with the emiller 
lead that can become important at high bias currents. (Note that the collector resistance 
r c is actually composed of three parts labeled r c [ f r c2 , and r c i.) Typical values of these 
parameters are r h ^ 50 to 500 il. r ex = 1 to 3 XI, and jy = 20 to 500 fl. The value of 
t'j 7 varies significantly with collector current because of current crowding.*- 5 This occurs 
at high collector currents where the dc base current produces a lateral voltage drop in the 
base that tends to forward bias the base-emitter junction preferentially around the edges of 
the emitter. Thus the transistor action Lends to occur along the emitter per ip hery rather than 
under the emitter itself, and the distance from the base conLact to the active base region is 
reduced. Consequently, the value of r b is reduced, and in a typical npn transistor, n, may 
decrease 50 percent as F c increases from 0.1 mA lo 10 mA. 

The value of these parasitic resistances can be reduced by changes in the device struc- 
ture. For example, a large-area transistor with multiple base and emitter stripes will have 
a smaller value of jy, The value of r r is reduced by inclusion of the low-TCsistanee buried 
n + layer beneath the collector. 
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Figure 1.20 Complete bipolar transistor small-signal equivalent circuit. 



The addition of the resistive and capacitive para.sitics to the basic small-signal circuit 
of Fig. 1 J8 gives the complete small-signal equivalent circuit of Fig. 1.20. The internal 
base node is labeled B' lo distinguish it from the external base contact B. The capaci- 
tance Cjr contains the base-charging capacitance C b and the emitter-base depletion layer 
capacitance Cj c , 

CV = Ci + C,> 0-118) 

Note that the representation of parasitics in Fig. 1 .20 is an approximation in that 
lumped elements have been used. In practice, as suggested by Fig. 1.19, is distributed 
across and C cj is distributed across r c . This lumped representation is adequate for most 
purposes but can introduce errors at very high frequencies. It should also be noted that 
while the parasitic resistances of Fig. 1.20 can be very important at high bias currents 
or for high-frequency operation, they are usually omitted from the equivalent circuit for 
low-frequency calculations, particularly for collector bias currents less than 1 mA. 



■ EXAMPLE 



Derive the complete small-signal equivalent circuit for a bipolar transistor at Ic = 1 mA, 
Van = 3 V. and V C s = 5 V* Device parameters are = 10 fR n e = 0.5. \^ e = 0.9 
V, C fjL o = 10 IF, n c = 0.3, i/r 0t - = 0.5 V, C„ 0 = 20 fF, n s = 0.3, ijs 0j = 0.65 V, = 
100, r F = 10 ps, IV = 20 V, r b = 300 LX r c = 50 ft, = 5 LX ^ = 10 p Q r 0 . 

Since the base-emitter junction is forward biased, the value of C j e is difficult to deter- 
mine for reasons described in Section 1.2.1. Either a value can be determined by computer 
or a reasonable estimation is lo double C^q. Using the latter approach, wc estimate 

C Je = 20 fF 



Using (1 . 117a) gives, for the collector-base capacitance, 

CV o _ 10 



tv = 



1 + 



v, 



CB 






+ 



0.5 



0.3 



5.6 fF 



The collector-substrate capacitance can also be calculated using (l. 1 17a) 

Cvo 20 



CV = 



1 + 



V, 



cs 



\ 0.3 



= 10.5 fF 






1 + 



0.65 
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From (1.91) the transconductance is 

ql c 10" 3 

*" = I r = 26 XhR a/v = 38 ^ 

From (1.104) the base-charging capacitance is. 

Ch = T F g m = 10 x HT 12 X 38 X HT 3 F = 0.38 pF 
The value of C ^ from (1.118) is 

Ci, = 0.38 4- 0.02 pF - 0,4 pF 
The input resistance from (1.110) is 

r 7i — — = 100X 26 n = 2.6 k!l 
R m 

The output resistance from (1 . 1 1 2) is 

20 

r v = ft = 20 kft 

and thus the collector-base resistance is 

r p = 10/V* - 10 X 100 x 20 kft - 20 MO 
■ The equivalent circuit with these parameter values is shown in Fig. 1.21 . 

1.4.8 Specification of Transistor Frequency Response 

The high-frequency gain of the transistor is controlled by the capacitive elements in the 
equivalent circuit of Fig. 1.20. The frequency capability of the transistor is most often spec- 
ified in practice by determining the frequency where the magnitude of the short-circuit, 
common-emitter current gain falls to unity. This is called the transition frequency, f T , and 
is a measure of the maximum useful frequency of the transistor when it is used as an ampli- 
fier. The value of f T can be measured as well as calculated, using the ac circuitof Fig. 1 .22. 
A small-signal current is applied to the base, and the output current i a is measured 
with the collector short-circuited for ac signals. A smalt-signal equivalent circuit can be 
formed for this situation by using the equivalent circuit of Fig. 1 .20 as shown in Fig. 1 .23. 
where r ex and r ^ have been neglected. If r c is assumed small, then r fi and C cs have no 



20 MQ 




Figure 1 .21 Complete small-signal equivalent circuit for a bipolar transistor at I c = 1 mA, 

V C r - 3 V, and V cx = 5 V. Device parameters are C ; , 0 = 10 IF, ^ 0.5, i// {V - 0.9 V, = 

10 tF, n, - 0.3, iftv = 0.5 V, C, 0 = 20 IF, n,. - 0.3, i// 0 , = 0.65 V, ft - 100, t f = 10 ps, 

Va = 20 V, r b = 300 Cl, r c = 50 0, = 5 Cl r r„ = Wfyro. 




Figure 1.23 Small-signal equivalent circuit for the calculation of fr. 



influence, and we have 



■ a 

V> ~ 1 + rAC* + C p ,)s li 
If the current fed forward through is neglected, 

lo “ SmV 1 



(1.119) 



(L120) 



Substitution of (1.119) in (1*120) gives 
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and thus 
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If 1 I o ■ 

1 + ft, -JO) 



( 1 . 121 ) 



using (1.110)* 

Now if ijii(jo)) is written as j 8(ja>) (the high-frequency, small-signal current gain), 

then 



J3(» - 
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1 +0o 



gm 



-jw 



( 1 . 122 ) 



At high frequencies the imaginary part of the denominator of (1*1 22) is dominant, and we 
can write 



0(» 

From (1.123), ]fi(jo))\ = 1 when 



gtti 

JG1 (C.7T + Cp) 



(1.123) 
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Figure 1.24 Magnitude 
of small-signal ac cur- 
rent gain |/3(j'ai)| versus 
frequency for a typical 
bipolar transistor. 



and thus 



1 gm 
2tt Ck + Ca 



(1.125) 



The transistor behavior can be illustrated by plotting \f$(ja *)\ using (1. 122) as shown in 
Fig. 1.24. The frequency wp is defined as the frequency where \ j3(jw)\ is equal to /3 0 / Jl 
(3 dB down from the low-frequency value). From (1 . 1 22) we have 



w = 1 = 

^ j8o C w + fio 



(1.126) 



From Fig. 1.24 it can be seen that o) r can be determined by measuring \fi(j(o)\ at some 
frequency oj x where is falling at 6 dB/octave and using 

(o T = w t |/30 T )| (1.127) 

This is the method used in practice, since deviations from ideal behavior tend to occur as 
\/3(jto)\ approaches unity. Thus \${jo})\ is typically measured at some frequency where 
its magnitude is about 5 or 10, and (1.127) is used to determine w T . 

It is interesting to examine the time constant, tj , associated with <y 7 -. This is de- 
fined as 



r T = — (1.128) 

(Or 

and use of (1.124) in (1.128) gives 

Crr C„ 

r r = — + (1.129) 

£m §m 

Substitution of (1.118) and (1.104) in (1.129) gives 

C* C u C ie C H 

Tr = -+-- + —= t,-+ (1.130) 

gnt £m £m 

Equation 1.130 indicates that t, is dependent on I c (through g m ) and approaches a constant 
value of Tf at high collector bias currents. At low values of / c, the terms involving 
and dominate, and they cause r T to rise and fj to fall as / c is decreased. This behavior 
is illustrated in Fig. J .25, which is a typical plot of fr versus Ic for an integrated-circuit 
npn transistor. The decline in f T at high collector currents is not predicted by this simple 
theory and is due to an increase in caused by high-level injection and Kirk effect at high 
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fr 

GHz 




Figure 1.25 Typical curve of fr ver- 
sus I(_- for an npn intcgratcd-circuit 
/ transistor with 6 g.m~ emitter area in 
a high-speed process. 



currents, These are the same mechanisms that cause a decrease in fir at high currents as 
described in Section 1.3.5. 



EXAMPLE 

A bipolar transistor has a short-circuit, common-emitter current gain at 1 GHz of 8 with 
Ic - 0.25 mA and 9 with lc = 1 niA. Assuming that high-level injection effects are 
negligible, calculate Cj e and rr, assuming both are constant. The measured value of 
is lOfF. 

From the data, values of fr are 

fr] =8X1 =8 GHz at Ic = 0.25 mA 
fri = 9xl =9 GHz at I c - 1 mA 

Corresponding values of tj- are 

tt\ = t = 19.9 ps 
Z7r/n 



Tri = 



277/7-2 



17.7 ps 



Using these data in {1 . 1 30), we have 

19.9 X 10“ 12 = t>- + 104(C^ + C,,) 



at Ic = 0,25 mA, At Ic = 1 mA we have 

17.7 X 10“ 12 = t> -f 26 (C a + C je ) 
Subtraction of (1.132) from (1.131) yields 

CV + Cy, = 28.2fF 

Since was measured as 10 fF ? the value of Cj e is given by 



(1.131) 

(1.132) 
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Substitution in (1.131) gives 



Tf = 17 ps 

This is yn example of how basic device parameters can be determined from high-frequency 
current-gain measurements. Note that the assumption that Cj e is constant is a useful 
approximation in practice because Vse changes by only 36 mV as increases from 
■ 0.25 mA to 1 mA. 



1,5 Large-Signal Behavior of Metal-Oxide-Semiconductor 
Field-Effect Transistors 

Metal -oxide-semiconductor field-effect transistors (MOSFETs) have become dominant in 
the area ot digital integrated circuits because they allow high density and Low power dis- 
sipation. In contrast, bipolar transistors still provide many advantages in stand-alone ana- 
log integrated circuits. For example, the transconductance per unit bias current in bipolar 
transistors is usually much higher than in MOS transistors, So in systems where analog 
techniques are used on some integrated circuits and digital techniques on others, bipolar 
technologies are often preferred lor the analog integrated circuits and MOS technologies 
for the digital. To reduce system cost and increase portability, both increased levels of 
integration and reduced power dissipation are required, forcing the associated analog cir- 
cuits lo use MOS-compatible technologies. One way to achieve these goals is to use a 
processing technology that provides both bipolar and MOS transistors, allowing great de- 
sign flexibility. However, all-MOS processes are less expensive than combined bipolar 
and MOS processes. Therefore, economic considerations drive intcgrated-circuit manu- 
facturers to use all-MOS processes in many practical cases. As a result, the study of the 
characteristics of MOS transistors that affeci analog integrated-circuit design is important. 

1 .5. 1 Transfer Characteristics of MOS Devices 

A cross section of a typical enhancement-mode ^-channel MOS (NMOS) transistor is 
shown in Fig. 1.26. Heavily doped n type source and drain regions are fabricated in a 
/Mypc substrate (often called the body), A thin layer of silicon dioxide is grown over the 



Metal or poly silicon 
gate contract 




Figure 1.26 Typical enhancement-mode NMOS structure. 
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substrate material and a conductive gate material (metal or polycrysiallinc silicon) covers 
the oxide between source and drain. Note that the gate is horizontal in Fig. 1 , 26 , and we 
will use this orientation in all descriptions oi the physical operation of MOS devices. In 
operation, the gate-source voltage modifies the conductance of the region under the gate, 
allowing the gate voltage to control the current flowing between source and drain. This 
control can be used to provide gain in analog circuits and switching characteristics in 
digital circuits. 

The enhancement-mode NMOS device of Fig, 1 .26 shows significant conduction be- 
tween source and drain only when an rc-type channel exists under the gate. This obser- 
vation is the origin of the n-channel designation. The term enhancement mode refers to 
the fact that no conduction occurs for V GS — 0. Thus, the channel must be enhanced to 
cause conduction. MOS devices can also be made by using an rc-type substrate with a 
p-type conducting channel. Such devices are called enhancement- mode p-channel MOS 
(PMOS) transistors. In complementary MOS (CMOS) technology, both device types are 
present. 

The derivation of the transfer characteristics of the enhance merit- mode NMOS device 
of Fig. 1 ,26 begins by noting that with Vqs = 0, the source and drain regions are separated 
by back-to-back p/t junctions. These junctions are formed between the n - type source and 
drain regions and the p-type substrate, resulting in an extremely high resistance (about 
1 0 12 Q) between drain and source when the device is off. 

Now consider the substrate, source, and drain grounded with a positive voltage Vcs 
applied to the gate as shown in Fig, 1.27, The gate and substrate then form the plates of 
a capacitor with the S 1 O 2 as a dielectric. Positive charge accumulates on the gate and 
negative charge in the substrate. Initially, the negative charge in the p-lype substrate 
is manifested by the creation of a depletion region and the exclusion of holes under 
the gate as described in Section 1.2 for a p/T-junction. The depletion region is shown in 
Fig. 1 .27. The results of Section 1,2 can now be applied. Using (1,10), the depletion-layer 
width X under the oxide is 



X = 






(1.133) 



where <t> is the potential in the depletion layer at the oxide-silicon interface, N A is the 
doping density (assumed constant) of thep-type substrate in atoms/cm 1 , and e is the per- 
mittivity of the silicon. The charge per area in this depletion region is 



Q = qN A X = j2qN t \€$ 



(1.134) 



Induced 

n-type channel Si0 2 




Figure 1.27 Idealized NMOS device 
cross section with positive Vos 
applied, showing depletion regions 
and the induced channel. 
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Substitution of (L2) in (1.12) gives 

From (1,13), the penetration of the depletion layer into the p-t ype region is 



(1.13) 



Wi = 



26(^0 + Vr) 



(1.14) 



Similarly 



W 2 = 



2e(^o + Vr) 

,W D (l+^' 



(1.15) 



Equations 1.14 and 1.15 show that the depletion regions extend into the p-type 
and n-type regions in inverse relation to the impurity concentrations and in proportion 
to If either N& or N A is much larger than the other, the depletion region exists 

almost entirely in the lightly doped region. 

EXAMPLE 

An abrupt pn junction in silicon has doping densities Na = 10 15 atoms/cm 3 and No = 
10 16 atoms/cm 3 , Calculate the junction built-in potential, the depletion-layer depths, and 
the maximum field with 10 V reverse bias. 

From (1.1) 

10 15 x ID 16 

^ = 26 In x |^ 0 mV - 638 mV at 300°K 
From (L 14) the depletion- layer depth in the p-type region is 



W\ = 



2 x 1.04 x 10“ 12 x 10.64 
1.6 x 10-' 9 x 10 l; x 1.1 



= 3.5 x 10“ 4 cm 



= 3.5 (where 1 fjim = 1 micrometer = 10 -6 m) 
The depletion- Layer depth in the more heavily doped n-type region is 



W 2 = 



2 X L04 X 10“ 12 X 10.64 
1.6 x 10 !9 X 10 16 X 11 



- 0.35 x 10 4 cm = 0.35 p.m 



Finally, from (1.7) the maximum field that occurs for x = 0 is 



^max = = -1.6 x 10" 

€ 

= -5.4 x 10 4 V/cm 



10 15 x 3.5 x 10" 4 



■ Note the large magnitude of this electric field. 
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and 






(1.142) 



where € ox and t ox are the permittivity and the thickness of the oxide, respectively. A typical 
value of y is 0.5 V i/2 , and C ox = 3.45 fF/|xnr for t ox = 100 angstroms. 

in practice, the value of is usually adjusted in processing by implanting additional 
impurities into the channel region. Extra p-type impurities are implanted in the channel to 
set V,o between 0.5 V and 1 ,5 V for rc-channel enhancement devices. By implanting /?-lype 
impurities in the channel region, a conducting channel can be formed even for V G s = 0. 
forming a depletion device with typical values of V /0 in the range -1 V to -4 V. If Q; 
is the charge density due to the implant, then the threshold voltage given by (1.139) is 
shifted by approximately Q f /C ox . 

The preceding equations can now be used to calculate the large-signal characteris- 
tics of an ^-channel MOSFET. In this analysis* the source is assumed grounded and bias 
voltages V GS , V D s> and Vsb are applied as shown in Fig. 1.28. If V G $ > V f , inversion 
occurs and a conducting channel exists. The channel conductivity is determined by the 
vertical electric held, which is controlled by the value of (V^s - Vt)- If Vns — Q the cur- 
rent h that flows from drain to source is zero because the horizontal electric field is zero. 
Nonzero V& s produces a horizontal electric field and causes current i D to flow. The value 
of the current depends on both the horizontal and the vertical electric fields, explaining the 
term field-effect transistor. Positive voltage Vos causes the reverse bias from the drain to 
the substrate to be larger than from the source to substrate, and thus the widest depletion 
region exists at the drain. For simplicity, however, we assume that the voltage drop along 
the channel itself is small so that the depiction-layer width is constant along the channel. 

The drain current Jo is 



lr> = 



dQ 

dt 



(1.143) 



where dQ is the incremental channel charge at a distance y from the source in an incre- 
mental length dy of the channel, and dt is the time required for this charge to cross length 
dy. The charge dQ is 

dQ = QjWdy (1.144) 

where W is the width of the device perpendicular to the plane of Fig. 1.28 and Qj is the 
induced electron charge per unit area of the channel At a distance y along the channel, the 
voltage with respect to the source is V(y) and the gate-lo-ehannel voltage at that point is 




Figure 1.28 NMOS device with bias 
voltages applied. 
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Vos ~ V(y). We assume this voltage exceeds the threshold voltage V t . Thus the induced 
electron charge per unit area in the channel is 

Qf(y) = C aj [v GS - v(y) - v t ] (1.145) 



Also, 



d v 

dt - (L146) 

Vrf(y) 

where v d is the electron drift velocity at a distance y from the source* Combining (1.144) 
and (1.146) gives 



*d = WQ,(y)v d (y) (U47) 

The drift velocity is determined by the horizontal electric field. When the horizontal elec- 
tric field ^(y) is small, the drift velocity is proportional to the field and 

vAy) = (1.148) 

where the constant of proportionality is the average electron mobility in the channel. In 
practice, the mobility depends on both the temperature and the doping level but is almost 
constant for a wide range of normally used doping levels. Also, /x w is sometimes called 
the surface mobility for electrons because the channel forms at the surface of the silicon. 
Typical values range from about 500 cm 2 /(V-$) to about 700 cm 2 /(V-s), which are much 
less than the mobility of electrons in the bulk of the silicon (about 1400 cm 2 /V-s) because 
surface defects not present in the bulk impede the flow of electrons in MO$ transistors. 17 
The electric field ^(y) is 

«(>’)= ™ (1.149) 

a v 



where dV is the incremental voltage drop along the length of channel dy at a distance y 
from the source. Substituting (1.145), (1.148), and (1.149) into (1.147) gives 

dV 

Id = WC ox [Vcs -V- VAVn-r (1-150) 

dy 



Separating variables and integrating gives 



rL 

Id dy = 
Jo 



' Vps 

WfinC„ x (VGS-V-V t )dV 

0 



Carrying out this integration gives 



(1.151) 



' W 






2 L 



12(Vgs - V t )VDs - V 2 ds\ 



(1.152) 



where 



k' = VnC l>x = ^ (1.153) 

tax 

When V[) S <£: 2(V G $ — V t \ (1.152) predicts that i D is approximately proportional to V7^. 
This result is reasonable because the average horizontal electric field in this case is Vbj/L, 
and the average drift velocity of electrons is proportional to the average field when the 
field is small. Equation 1.152 is important and describes the l-V characteristics of an 
MOS transistor, assuming a continuous induced channel. A typical value of k! for t ox = 
100 angstroms is about 200 jjlA/V 2 for an n-channel device. 
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As Ihc value of Vps is increased, the induced conducting channel narrows at the drain 
end and (1,145) indicates that Qj at the drain end approaches zero as approaches 
(Vox ~ Vr)' That is, the channel is no longer connected to the drain when Vp$ > Vos ' VV 
This phenomenon is called pinch-qff and can be understood by writing a KVL equation 
around the transistor: 





Vds = VnG + Vgs 


(1.154) 


Therefore, when V D5 > V GS 


-v tt 






VpG + > V™ - Vf 


(1.155) 


Rearranging ( 1.1 55) gives 


Vgd < V) 


( 1 . 156 ) 


Equation 1,156 shows that when drain-source voltage is greater than (V G s 


- V t \ the 



gale-drain voltage is less than a threshold, which means that the channel no longer exists at 
the drain. This result is reasonable because we know that the gatc-lo-channel voltage at the 
point where the channel disappears is equal to V t by the definition of Ihc threshold voltage. 
Therefore, at the point where the channel pinches off, the channel voltage is ( V G s ~ Vt)- 
As a result, the average horizontal electric field across the channel in pinch -off does not 
depend on the the drain-source voltage but instead on the voltage across the channel, which 
is (V GlS - Vt ). Therefore, (1.152) is no longer valid if > V G5 - V t . The value of Ip 
in this region is obtained by substituting = Vos ~ Vt in ( 1 -152), giving 



Id = 



k* W 

TT 



(Vcs ~ Vi? 



(1.157) 



Equation 1.157 predicts that the drain current is independent of Vps in the pinch-off 
region. In practice, however, the drain current in the pinch-off region varies slightly as the 
drain voltage is varied. This effect is due to the presence of a depletion region between the 
physical pinch-off point in the channel at the drain end and the drain region itself. If this 
depletion-layer width is then the effective channel length is given by 

L eff = L-X d (L158) 

If L e ff is used in place of L in (1.157), wc obtain a more accurate formula for current in 
the pinch-off region 

Id = ^ff(Vcs ~ V<) 2 0-159) 

1 L e ff 

Because X ( j (and thus L t ff) are functions of the drain-source voltage in the pinch-off region, 
Ip varies with Vps> This effect is called channel-length modulation. Using (1.158) and 
(1.159), wc obtain 



dip 

dV^s 



k! W 

2^4 



{Vos ~ 



d Left 

dVps 



and thus 



dip Ip dXd_ 

dVps Ltft'dVps 



(1.160) 



(1.161) 



This equation is analogous to (1 .55) for bipolar transistors. Following a similar procedure, 
the Early voltage can be defined as 



V A = 



ID 

dlpfdVps 



(1.162) 
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and thus 



<u ® 

For MOS transistors, a commonly used parameter for the characterization of channel- 
length modulation is Lhe reciprocal of the Early voltage, 

A = -f (1.164) 

v A 

As in the bipolar case, the large-signal properties of the transistor can be approximated by 
assuming that A and V A are constants, independent of the bias conditions. Thus we can 
include the effect of channel-length modulation in the l-V characteristics by modifying 
(1.157) to 



i' w » / y, K \ k' w 'i 

In = 2T iVas ~ Vt) 1 + V7 = 2 Y {VaS ~ V ‘ T(l + XVns) (1 ' 165) 

In practical MOS transistors, variation of X d with voltage is complicated by Lhe fact 
that the field distribution in Lhe dTain depletion region is not one-dimensional* As a result, 
the calculation of A from the device structure is quite difficult, lw and developing effective 
values of A from experimental data is usually necessary. The parameter A is inversely 
proportional to the effective channel length and a decreasing function of the doping level 
in the channel. Typical values of A are in the range 0.05 V -1 to 0.005 V _] . 

Plots of i D versus Vjxs with Vos as a parameter are shown in Fig. 1.29 for an NMOS 
transistor. The device operates in the pinch-off region when > (V^ “ V 7 ,). The 
pinch-off region for MOS devices is often called the saturation region. In saturation, 
the output characteristics are almost flat, which shows that the current depends mostly on 
the gate- source voltage and only lo a small extent on the drain-source voltage. On the other 
hand, when < ( W; # v - V f ), lhe device operates in the Ohmic or triode region, where 
the device can be modeled as a nonlinear voltage-controlled resistor connected between 
the drain and source. The resistance of this resistor is nonlinear because the Vp S term 
in (1.152) causes the resistance to depend on V 7 ^-. Since this term is small when Vos is 
small, however, the nonlinearity is also small when V DS is small, and the triode region 
is also sometimes called the linear region. The boundary between the triode and satura- 
tion regions occurs when Vos = (Vcs - V/). On this boundary, both (1.152) and (1.157) 
correctly predict I D , Since Vos - (Vos — V t ) along the boundary between triode and sat- 
uration, ( 1 . 157) shows that lhe boundary is = {k ! I2)( W/L)V^ s . This parabolic function 



f D 




Figuiel.29 NMOS device 
characteristics. 
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of Vos is shown in Fig. 1.29. For depletion n-channel MOS devices, V f is negative, and 
fry is nonzero even for = 0. For PMOS devices, all polarities of voltages and currents 
are reversed. 

The results derived above can be used to form a Large-signal model of the NMOS 
transistor in saturation. The model topology is shown in Fig. 1.30, where Ip is given by 
(1 .152) in the triode region and (LI 57) in saturation, ignoring the effect of channel -length 
modulation. To include the effect of channel-length modulation, (1.159) or (1 .165) should 
be used instead of ( 1 .157) to find the drain current in saturation. 

1.5.2 Comparison of Operating Regions of Bipolar and MOS Transistors 

Notice that the meaning of the word saturation for MOS transistors is quite different than 
for bipolar transistors. Saturation in bipolar transistors refers to the region of operation 
where both junctions are forward biased and the collceior-emiUcr voltage is approximately 
constant or saturated. On the other hand, saturation in MOS transistors refers to the region 
of operation where the channel is attached only to the source but not to tbe drain and the 
current is approximately constant or saturated. To avoid confusion, the term active region 
will he used in this book to describe the flat region of the MOS transistor characteristics, as 
shown in Fig. 1 .29. This wording is selected to form a link between the operation of MOS 
and bipolar transistors. This link is summarized in the table of Fig. 1.31, which reviews 
the operating regions of npn bipolar and A-channel MOS transistors. 

When the emitter junction is forward biased and the collector junction is reverse bi- 
ased, bipolar transistors operate in the forward-active region. They operate in the reverse- 
active region when the collector junction is forward biased and the emitter junction is 
reverse biased. This distinction is important because intcgrated-circuil bipolar transistors 
are typically not symmetrical in practice; that is, the collector operates more efficiently 
as a collector of minority carriers than as an emitter. Similarly, the emitter operates more 
efficiently as an emitter of minority carriers than as a collector. One reason for this asym- 
metry is that the collector region surrounds the emitter region in integrated^circuit bipolar 
transistors, as shown in Fig, 1.19. A consequence of this asymmetry is that the current 
gain in the forward-active region fir is usually much greater than the current gain in the 
reverse-active region /3j?. 




Figure 1 .30 Large-signal model for tbe NMOS 
transistor 
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Figure 1.31 Operating regions of npn bipolar and n-channel MOS transistors. 
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In contrast, the source and drain of MOS transistors are completely interchangeable 
based on the preceding description. (In practice, the symmetry is good but not perfect,) 
Therefore, distinguishing between the forward-active and reverse-active regions of oper- 
ation of an MOS transistor is not necessary. 

Figure 1.3 1 also shows that npn bipolar transistors operate in cutoff when both junc- 
tions arc reversed biased. Similarly, MOS transistors operate in cutoff when the gate is 
biased so that inversion occurs at neither the source nor the drain. Furthermore, npn tran- 
sistors operate in saturation when both junctions are forward biased, and MOS transistors 
operate in the triodc region when the gate is biased so that the channel is connected to 
both the source and the drain. Therefore, this comparison leads us to view the voltage 
required to invert the surface of an MOS transistor as analogous to the voltage required 
to forward bias a pn junction in a bipolar transistor. To display this analogy, we will use 
the circuit symbols in Fig. 1 ,32a to represent MOS transistors. These symbols are inten- 
tionally chosen to appear similar to the symbols of the corresponding bipolar transistors. 
In bipolar-transistor symbols, the arrow at the emitter junction represents the direction of 
current flow when the emitter junction is forward biased. In MOS transistors, the /^junc- 
tions between the source and body and the drain and body are reverse biased for normal 
operation. Therefore, the arrows in Fig. 1.32a do not indicate pn junctions. Instead they 
indicate the direction of current flow when the terminals are biased so that the terminal 
labeled as the drain operates as the drain and the terminal labeled as the source operates 
as the source. In NMOS transistors, the source is the source of electrons; therefore, the 
source operates at a lower voltage than the drain, and the current flows in a direction op- 
posite that of the electrons in the channel. In PMOS transistors, the source is the source 
of holes; therefore, the source operates at a higher voltage than the drain, and the current 
flows in the same direction as the holes in the channel. 

In CMOS technology, one device type is fabricated in the substrate, which is common 
to all devices, invariably connected to a dc power-supply voltage, and usually not shown 
on the circuit diagram. The other device type, however, is fabricated in separate isolation 
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Figure 1.32 («) NMOS and PMOS symbols used in CMOS circuits, (b) NMOS and PMOS sym- 
bols used when the substrate connection is nonstandard, (e) Depiction MOS device symbols. 
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regions called wells, which may or may not be connected together and which may or may 
not be connected to a power-supply voltage. If these isolation regions are connected to 
the appropriate power supply, the symbols of Fig, L32 a will be used, and the substrate 
connection will not be shown. On the other hand, if the individual isolation regions are 
connected elsewhere, the devices will be represented by Ihe symbols of Fig, 1 32h, where 
the substrate is labeled B. Finally, symbols for depletion-mode devices, for which a channel 
forms for V^s = 0, are shown in Fig. 1.32c. 



1 .5.3 Decomposition of Gate-Source Voltage 

The gate-source voltage of a given MOS transistor is usually separated into two parts: the 
threshold, V t , and the voltage over the threshold, - V t > We will refer to this latter part 
of the gate-source voltage as the overdrive. This decomposition is used because these two 
components of the gate-source voltage have different properties. Assuming square-law 
behavior as in (1,157), the overdrive is 



V ov = V CS ~ V, 



2/ 



D 



\ k’( WJL) 



(1.166) 



Since the transconduetance parameter k' is proportional to mobility, and since mobil- 
ity falls with increasing temperature, the overdrive rises with temperature. In contrast, 
the next section shows that the threshold falls with increasing temperature. Furthermore, 
(1.140) shows that the threshold depends on the source-body voltage, but not on the cur- 
rent; (1.166) shows thal the overdrive depends directly on the current, but not on the 
source-body voltage. 



1 ,5.4 Threshold Temperature Dependence 

Assume that the source-body voltage is zero. Substituting (1,138) into (1, 139) gives 



V, = 



J2qN A €(2<f>j-) 






G« 



(1.167) 



Assume that Q u , and C vx an? independent of temperature, 19 Then differentiating 
(1.167) gives 

dV r _ j2qN A e(2)d4>f ^dtpf _ d<j>f 

dT ~ 2 C ax Jfy- ~df l ~df ~ ~dT 



2 + 



Cj 



qN A € 

: V 



(1,168) 



Substituting (1.136) into (1.135) gives 



, kT. 






\2kT ) 






(1.169) 



Assume both N c and N v are independent of temperature. 20 Then differentiating (1.169) 
gives 



d&j 

~df 



kT 

9 



2kT- 



+ - In 



N a exp 



iv 

\2kT 



JN c N r 



(1.170) 
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Substituting (U69) into (1.170) and simplifying gives 



d <t>/ = _ JX ,<h = -1 

dT 2qT T 

Substituting (1.141) and (1.171) into (1.168) gives 



Eo , 

T [2q ^ 



(U71) 



dV t 

~df 



T [lq 



2 + 



r 






(1.172) 



Equation 1.172 shows that the threshold voltage tails with increasing temperature if 
4>f < E g H2q). The slope is usually in the range of -0.5 mV/°C to -4 mV/°C. 21 

EXAMPLE 

Assume T = 300° K, N A = 10 15 cm" 3 , and t gx = 100 A. Find dVJdT. 

From (1 ,135), 



^^ (25 ' 8mV)ln yi^^287 m V 



(1.173) 



Also 



_ 



1 . J 2 eV 



2 q 2q 

Substituting (1*173) and (1.174) into (1,171) gives 
d 4>f _ 



= 0.56 V 



From (1.142), 



dT 



r = 



4 ( 560 - 287 )^^- 0 . 91 ^- 



3.9(8.854 x 10 -14 F/cm) _ fF 



100 X 10“ 8 cm 



pm" 



Also, 



(1174) 



d-175) 



(1.176) 



7 = J_ /(2)(1.6x 10-19 0(1 1.7X8.854 X If)-'* F/cm)(10 ] 5 cm 3 ) 



v /2^7 C ox \ (2)(0.287 V) 

2.4 X 10" 8 F/cm 2 2.4 X 10 16 F/pm 2 

~~ 3.45 x 10 15 F/pm 2 3.45 x 10 15 F/pm 2 



(1.177) 



= 0.07 



Substituting (1.173) - (1.177) into (1.172) gives 

dV > = f'-o.91^V2 + 0.07) = -1.9^7 = -1.9 mV 



dT 



°K 






C 



(1- 178) 



1.5.5 MOS Device Voltage Limitations 

The main voltage limitations in MOS transistors are described next. 22 23 Some of these 
limitations have a strong dependence on the gate length L; others have little dependence 
on L. Also, some ol the voltage limitations are inherently destructive; others cause no 
damage as long as overheating is avoided. 
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Junction Breakdown. For Long channel lengths, the drain-depletion region has link 
effect on the channel, and the /^-versus-V^ curves closely follow the ideal curves of 
Fig, 1.29. For increasing V&S* however, eventually the drain- substrate pn-junction 
breakdown voltage is exceeded, and the drain current increases abruptly by ava- 
lanche breakdown as described in Section 1.2.2. This phenomenon is not inherently 
destructive, 

Punchthrough. If the depletion region around the drain in an MOS transistor touches Ihc 
depletion region around the source before junction breakdown occurs, increasing the drain- 
source voltage increases the drain current by reducing the barrier to electron flow bclween 
the source and drain. This phenomenon is called punchthrough. Since it depends on the 
two depletion regions touching, it also depends on the gate length. Punchthrough is not in- 
herently destructive and causes a more gradual increase in the drain current than is caused 
by avalanche breakdown. Punchthrough normally occurs below' the surface of the silicon 
and is often prevented by an extra ion implantation below the surface to reduce the size of 
the depletion regions. 

Hot Carriers, With sufficient horizontal or vertical electric fields, electrons or holes may 
reach sufficient velocities to be injected into the oxide, where most, of them increase the 
gate current and some of them become trapped. Such carriers are called hot because the 
required velocity for injection into the oxide is usually greater than the random thermal 
velocity. Carriers trapped in the oxide shift the threshold voltage and may cause a tran- 
sistor to remain on when it should turn off or vice versa. In this sense, injection of hot 
carriers into the oxide is a destructive process. This process is mosl likely to be prob- 
lematic in short-channel technologies, where horizontal electric fields arc likely to be 
high, 

Oxide Breakdown. In addition to limitations, MOS devices must also be protected 
against excessive gate voltages. Typical gate oxides break down with an electric field of 
about 6 X 10 6 V/cm to 7 x 10 6 V/cm, 24 2:1 which corresponds to 6 to 7 V applied from 
gale to channel with an oxide thickness of 100 angstroms. Since this process depends on 
the vertical electrical field, it is independent of channel length. However, Ihis process is 
destructive to the transistor, resulting in resistive connections between Ihc gate and the 
channel. Oxide breakdown can be caused by static electricity and can be avoided by us- 
ing pn diodes and resistors to limit the voltage range at sensitive nodes internal to the 
integrated circuit that connect to bonding pads. 



1 .6 Small-Signal Models of MOS Transistors 

As mentioned in Section 1.5, MOS transistors are often used in analog circuits. To simplify 
the calculation of circuit gain and terminal impedances, small-signal models can be used. 
As in the case for bipolar transistors, a hierarchy of models with increasing complexity can 
be derived, and choosing the simplest model required to do a given analysis is important 
in practice. 

Consider the MOS transistor in Fig. 1.33 with bias voltages V GS and V D & applied 
as shown. These bias voltages produce quiesecnL drain current f n . If > V T and 
V DD > (Vqs ~ V,}, the device operates in the saturation or active region. A small-signal 
input voltage v- t is applied in series with Vos and produces a small variation in drain current 
i c! , The total value of the dram currenL is = (In + /,/). 
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Figure l .33 Schematic of an MOS transisior 
with biasing. 



1 . 6.1 Tiansconduclance 

Assuming square-law operation, the transconductance from the gate can be determined 
from (1.165) by differentiating. 

din W 

Hm = ~rr\ = A — (V f ;v — V,)(1 + AVVtf) (1.179) 

OVCtS L 

11 &Vds ^ b (1-179) simplifies lo 

. W I W 

gm = k'- L (V cs - v t ) = ^2k f —l I} (LI 80) 

Unlike the bipolar transistor, the transeonductanec of the MOS transistor is propor- 
tional to the square mot of the bias current and depends on device geometry (oxide thick- 
ness via A' and WiL). Another key difference between bipolar and MOS transistors can 
be seen by calculating the ratio of the transconductance to the current. Using (1. 157) and 
(1-180) for MOS transistors shows that 



gfti 2 _ 2 

Id Vgs ~ V T Vov 
Also, for bipolar transistors, (1.91) shows that 



(h 181) 



gm ^ *_ 

Ic ' kT Vr 



(1.182) 



At room temperature, the thermal voltage V T is about equal lo 26 mV. In contrast, the over- 
drive V ov for MOS transistors in many applications is chosen to be approximately several 
hundred mV so that MOS transistors are fast enough for the given application. (Section 
L6.8 shows that the transition frequency f T of an MOS transistor is proportional to the 
overdrive.) Under these conditions, the transconductance per given current ls much higher 
for bipolar transistors than for MOS transistors. One of the key challenges in MOS analog 
circuit design is designing high-qualily analog circuits with a low transconduetance-to- 
current ratio. 

The transconduetance calculated in (L180) is valid for small-signal analysis. To de- 
termine the limilalion on the use of small-signal analysis, the change in the drain current 
resulting from a change in the gate-source voltage will be derived from a large-signal 
standpoint. The total drain current in Fig. 1 .33 can be calculated using (1,157) as 



, _ A' W ... w . k 1 W 

h ~ 2 - L (V(JS + V, ~ Vl) = 2L 



<V (; , - V,) 2 + 2(Vas ~ V,)v; + if 



(1.183) 
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Substituting (1.157) in (1.183) givey 



k' w r 

h = 2(V C5 - V f )Vi + vJ 



Rearranging (L.184) gives 



id = id r X (VG5 " Vt)Vi f 1 + 2{Vos- V.) 



(1.184) 



(1.185) 



If the magnitude of the small-signal input |vj| is much Less than twice the overdrive defined 
in ( 1 .166), substituting (1.180) into (1.185) gives 



= gmVi 



(LI 86) 



In particular, if |v,-| ~ lAVc^i ^ less than 20 percent of the overdrive, the small-signal 
analysis is accurate within about 10 percent. 

1.6.2 Intrinsic Gate-Source and Gate-Drain Capacitance 

If C ox is the oxide capacitance per unit area from gate to channel, then the total capacitance 
under the gate is C ox WL. This capacitance is intrinsic to the device operation and mod- 
els the gate control of the channel conductance. In the triode region of device operation, 
the channel exists continuously from source to drain, and the gate-channel capacitance is 
usually lumped into two equal parts at the drain and source with 



r _ r Cox W L 

c-^.v 2 



(L 187) 



In the saturation or active region, however, the channel pinches off before reaching the 
drain, and the drain voltage exerts little influence on either the channel or the gate charge. 
As a consequence, the intrinsic portion of is essentially zero in the saturation region. 
To calculate the value of the intrinsic part of C ?iT in the saturation or active region, wc must 
calculate the total charge Q T stored in the channel. This calculation can be carried out by 
substituting f 1 .145) into (1444) and integrating to obtain 



(1.188) 



Qr - WC ax f V GJ - V(y) - V[]dy 

Jo 

Solving (1.150) for dy and substituting into (1.188) gives 

w 2 r 2 li f Vf;: ‘ Vi i 

^ K 'V\r j " \ / 1 / 



Qr = 



D JO 



(Vgs -V- VtYdV 



(1.189) 



where the limit y = L corresponds to V = (V^s - V } ) in the saturation or active region. 
Solution of (1. 1 89) and use of (1. 153) and (1.157) gives 

Qt = \wLC b AVgs ~ V,) (1.190) 



Therefore, ill the saturation or active region, 

r _ JQt_ 
Wes 



\ WLC “ 



c Kd - 0 



(1.192) 
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1.6.3 Input Resistance 

The gate of an MOS transistor is insulated from the channel by the S 1 O 2 dielectric. As 
a result, the low-frequency gate current is essentially zero and the input resistance is 
essentially infinite. This characteristic is important in some circuits such as sample-and- 
hold amplifiers, where the gate of an MOS transistor can be connected to a capacitor 
to sense the voltage on the capacitor without leaking away the charge that causes that 
voltage. In contrast, bipolar transistors have small but nonzero base current and finite 
input resistance looking into the base, complicating the design of bipolar samplc-and- 
hold amplifiers. 

1.6.4 Output Resistance 

In Section 1.5.1, the effect of changes in drain-source voltage on the large-signal char- 
acteristics of the MOS transistor was described. Increasing drain-source voltage in an 
n -channel MOS transistor increases the width of the depletion region around the drain 
and reduces the effective channel length of the device in the saturation or active re- 
gion. This effect is called channel-length modulation and causes the drain current to 
increase when the drain-source voltage is increased. From that treatment, we can calcu- 
late the change in the drain current A Jo arising from changes in the drain-source voltage 
AVjj.s as 



A f D 



dip 



A Vos 



Substitution of (1.161), (1.163), and (1,164) in (1.193) gives 



(1.193) 



AVp.v = Va = = 

A Ip Id A//j 



(1.194) 



where V A is the Early voltage, A is the channel-length modulation parameter. Ip is the 
drain current without channel-length modulation given by (1.157), and r 0 is the small- 
signal output resistance of (he transistor. 



1 .6.5 Basic Small-Signal Model of the MOS Transistor 

Combination of the preceding small-signal circuit elements yields the small-signal model 
of the MOS transistor shown in Fig. 1.34. This model was derived for n-channel transistors 
in the saturation or active region and is called the hybrid.-^ model. Drain, gate, and source 
nodes are labeled D , G , and S, respectively. When the gate-source voltage is increased, 
the model predicts that the incremental current flowing from drain to source increases. 
Since the dc drain current l D also flows from drain to source in an n-channel transistor, 



Go- 




-O D 



Figure 1.34 Basic small-signal model of an MOS transistor in the saturation or active region. 
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increasing the gate-source voltage also increases the total drain current I i} , This result is 
reasonable physically because increasing the gate-source voltage in an ^-channel transistor 
increases the channel conductivity and drain current. 

The model shown in Fig. 1 .34 is also valid forp-channcl devices. Therefore, the model 
again shows that increasing the gate-source voltage increases the incremental current 
flowing from drain to source. Unlike in the /i-channel ease, however, the dc current in 
a ^-channel transistor flows from source to drain because the source acts as the source of 
holes. Therefore, the incremental drain current flows in a direction opposite to the dc drain 
current when the galc-source voltage increases, reducing the total drain current Id - This 
result is reasonable physically because increasing the gate-source voltage in a p-channel 
transistor reduces the channel conductivity and drain current. 

1.6.6 Body Transconductance 

The drain current is a function of both the gate-source and body-source voltages. On the one 
hand, the gate- source voltage controls the vertical electric field, which controls the channel 
conductivity and therefore the drain current. On the other hand, the body-source voltage 
changes the threshold, which changes the drain current when the gate-source voltage is 
fixed. This effect stems from the influence of the substrate acting as a second gate and is 
called the body effect. Note that the body of an MOS transistor is usually connected to a 
constant power-supply voltage, which is a small-signal or ac ground. However, the source 
connection can have a significant ac voltage impressed on it which changes the body- 
source voltage when the body voltage is fixed. Therefore, when the body-source voltage 
is not constant two transeonduclance terms are required to model MOS transistors: one 
associated with the main gate and the other associated with the body or second gate. 

Using (1.165), the Lranseonductance from the body or second gate is 

g»h = = - *' T <y ° s - V()(1 + AV “>^T" {L 195) 

cfV 3S L dV BS 



From (U 140) 



dVt = y 

dVns 2J2 $f + VsB 



(1.196) 



This equation defines a factor x, which is the rate of change of threshold voltage with body 
bias voltage. Substitution of (1.141) in (1 .196) and use of (1.20) gives 



X = 




r 



(1.197) 



where C ;i is the capacitance per unit area of the depletion region under the channel, assum- 
ing a onc-sidcd step junction with a built-in potential o = 2 Substitution of (1.196) 
in (1.195) gives 






yk'jWIL KVGs - V t )(\ + AVps) 

~~2 V 2~<£/- + V$b 



(1.198) 



If AVas ^ 1, we have 



^ mb “ 



yk\W/L) (V GS ~ V r ) 



r~kyv/L)i p 

2 ( 2 <pj + Vsb) 



(1.199) 
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The ratio g m btg m is an important quantity in practice. From (1,179) and (1*198), wc 
find 

Stub 7 

2 J24>f + V S E ~ X ( ' 00) 

The factor x ^ typically in the range 0,1 to 0.3; therefore, the transconductance from the 
main gate is typically a factor of about 3 to 10 times larger than the transconductanee from 
the body or second gate. 

1 .6.7 Parasitic Elements in the Small-Signal Model 

The elements of the small -signal model for MOS transistors described above may be con- 
sidered basic in the sense that they arise directly from essential processes in the device. 
As in the case of bipolar transistors, however, technological limitations in the fabrication 
of the devices give rise to a number of parasitic elements that must be added to the equiva- 
lent circuit for most integrated- circuit transistors. A cross section and tup view of a typical 
fi-channcl MOS transistor are shown in Fig. 1 .35. The means of fabricating such devices 
is described in Chapter 2. 

All pn junctions in the MOS transistor should be reverse biased during normal op- 
eration, and each junction exhibits a voltage-dependent parasitic capacitance associated 
with its depletion region. The source-body and drain-body junction capacitances shown 
in Fig, 1.3 5a are C,/, and Cdh, respectively. If the doping levels in the source, drain, and 
body regions are assumed to be constant, (1 .21) can be used to express these capacitances 
as follows: 



C sb = 



1 + 



M 1 

>Au / 



( 1 . 201 ) 
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Figure 1.35 (a) Cross section and (b) lop view of an rt-ehanncl MOS transistor. 
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Cdh = 



CdbO 



1 + 



Vdb \ 



1/2 



( 1 . 202 ) 



These capacitances are proportional to the source and drain region areas (including side- 
walls). Since the channel is attached to the source in the saturation or active region, C v & 
also includes depletion-region capacitance from the induced channel to the body. A de- 
tailed analysis of the channel-body capacitance is given in Tsividis. 26 

In practice, and given in (1.187) for the triode region of operation and in 
(1.191 ) and (1.192) for the saturation or active region, arc increased due to parasitic oxide 
capacitances arising from gate overlap of the source and drain regions. These overlap 
capacitances C 0 \ are shown in Fig. 1 .35 a, and their values are calculated in Chapter 2. 

Capacitance C s h between gate and body or substrate models parasitic oxide capaci- 
tance between the gate-contact material and the substrate outside the active-device area. 
This capacitance is independent of the gale-body voltage and models coupling from 
polysilicon and metal interconnects to the underlying substrate, as shown by the shaded 
regions in the top view of Fig. 1.3 5b. Parasitic capacitance of this type underlies all 
polysilicon and metal traces on integrated circuits. Such parasitic capacitance should be 
taken into account when simulating and calculating high-frequency circuit and device 
performance. Typical values depend on oxide thicknesses. With a silicon dioxide thick- 
ness of 10Q A, the capacitance is about 3.45 fFper square micron. Fringing capacitance 
becomes important for lines narrower in width than several microns. 

Parasitic resistance in series with the source and drain can be used to model the 
nonzero resistivity of the contacts and diffusion regions. In practice, these resistances are 
often ignored in hand calculations for simplicity but included in compuler simulations. 
These parasitic resistances have an inverse dependence on channel width W, Typical val- 
ues of these resistances are 50 11 to 100 fl for devices wilh IV of about 1 /xm, Similar 
parasitic resistances in series with the gate and body terminals are sometimes included 
hut often ignored because very little current flows in these terminals, especially al low 
frequencies. The small-signal model including capacitive parasilics but ignoring resistive 
parasilics is shown in Fig. 1 .36. 



1 .6.8 MOS Transistor Frequency Response 

As for a bipolar transistor, the frequency capability of an MOS transistor is usually spec- 
ified by finding the transition frequency fy. For an MOS transistor. f r is defined as the 
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Figure 1 .37 Circuits tor calculating the fj of an MOS transistor: (a) ac schematic and 6!?) small- 
signal equivalent. 

frequency where the magnitude of the short-circuit, common-source current gain falls to 
unity. Although the dc gale current of an MOS transistor is essentially zero, the high- 
frequency behavior of the transistor is controlled by the capacitive elements in the small- 
signal model, which cause the gate current to increase as frequency increases. To calculate 
fr> consider the ac circuital' Fig. 1.37a and the small-signal equivalent of Fig, 1.37 b. Since 
v .?/> — Vrfs — 0, g m i„ r i} , C s h* and C d b have no etlcct on the calculation and are ignored. 
The small-signal input current i t is 



0 - s(C KS + C s b + C g d)Vgs 
If the current fed forward through C sd is neglected, 

to — 

Solving (1.203) for and substituting into (1,204) gives 

____ iV?i 

ii s(Cz A + C g b + Cgd) 

To find the frequency response, we set .y - jco. Then 



(1.203) 



(1.204) 



(1.205) 



it j<o(Cj, s + Cgb -f- C^ d ) 

The magnitude of the small -signal current gain is unity when 



Therefore, 



(V — OJf = — — 

c*.* + + Cgd 



4 — ^ _ 0J _ _j_ Km 

2tt" f 2tt C xs + C, b '"Q, 



(1.206) 



(1.207) 



(1.208) 



Assume the intrinsic device capacitance C ?s is much greater than (C^ + C^i). Then sub 
stituting (1.180) and (1,191) into (1.208) gives 



fr = L 5 2vbi V ^ ~ Vi) 



(1.209) 



Comparison of this equation with the intrinsic f r of a bipolar transistor when parasitic 
depletion-layer capacitance is neglected leads to an interesting result. From (1.128) and 
(1. 130) with r F =£> (C /f + C^)fg ni . 



fr = 



2tttf 



(1.210) 
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Substituting from (1.99) for ?>■ and using the Einstein relationship DJix n = kT/q — Vj , 
we find for a bipolar transistor 



fr = 2 , W 

2-rrW 2 



( 1 - 211 ) 



The similarity in form between (1.21 1 ) and (t.209) is striking, in both cases, the intrinsic 
device fr increases as the inverse square of the critical device dimension across which 
carriers are in transit. The voltage V r = 26 mV is fixed for a bipolar transistor, but the 
fr of an MOS transistor can be increased by operating at high values of (V^ — V))« Note 
that the base width W s in a bipolar transistor is a vertical dimension determined by dif- 
fusions or implants and can typically be made much smaller than the channel length L of 
an MOS transistor, which depends on surface geometry and photolithographic processes. 
Thus bipolar transistors generally have higher /) than MOS transistors made with compa- 
rable processing. Finally, (1.209) was derived assuming that the MOS transistor exhibits 
square-law behavior as in (1.157). However, as described in Section 1 .7, submicron MOS 
transistors depart significantly from square-law characteristics, and we find that for such 
devices f T is proportional to L~ ] rather than L~ 2 . 



■ EXAMPLE 

Derive the complete small-signal model for an NMOS transistor wilh Id = 100 jaA, 
Vsb = 1 V, V[ }S = 2 V. Device parameters are 4>f = 0.3 V, W = 10 L = 1 |im, 
y = 0.5 V l/: , k' = 200 julA /V 2 , A = 0.02 V" 1 , t„ x - 100 angstroms, t/r 0 = 0.6 V, 
Cf , ,*o = C df} [) = 10 fF Overlap capacitance from gate to source and gate to drain is 1 fF. 
Assume C g h = 5 fF. 

From (1.166), 



V 0 y - V, 



cs 



V { = 



2h 



= ./. 2X 100 - 0.316 V 



k\WJL) M 200 X 10 
Since > l^y, the transistor operates in the saturation or active region. From (1.180). 



Vk 



g m = 12k 1 yt D - f 2 x 200 x 10 x 100|XA/V - 632 p,A/V 

Y Ld 



From (1.199), 



gmb = 7 



k\W/L)I D 
V 2(20/ + V SJt j 



- 0.5 



200 X 10 X 100 



/ 

V 2 x 1.6 



= 125 p.A/V 



From (1.194), 



1 



1000 



r ft = 



Xi D 0.02 X 100 
Using (1.201) with = 1 V, we find 

10 



C 5b = 



1 + 



1 

06 



1/2 



kn = 500 kft 



IF — 6 fF 



The voltage from drain to body is 

Ydb = Vos + V S b = 3 V 




58 Chapter 1 ■ Models for Integrated-Circuit Active Devices 



and substitution in (L202J gives 

C db = 



10 



f 3 
} + 0.6 



vl/2 



fF^4fF 



From ( 1.142), the oxide capacitance per unit area is 
C = 



3.9 x 8.854 x 10“ ]4 — X 100 cm 



cm 10 6 /j,m * . _ fF 
— — — = 3.45 



100 A x 



10 6 [i.m 



fiin- 



io 10 A 

The intrinsic portion of the gate-source capacitance can be calculated from (L 191 ), giving 

2 
3 



C** - - X 10 X 1 X 3.45 fF - 23 fF 



The addition of overlap capacitance gives 

Cg S - 24 fF 

Finally, since the transistor operates in the saturation or active region, the gate-drain ca- 
pacitance consists of only overlap capacitance and is 

Cjrf = 1 fF 

The complete small-signal equivalent circuit is shown in Fig. 1.38. The f T of the device 
can be calculated from (1 .208) as 



fr = 



gm 

2?r Crrv -f- -I- Cgti 



2'7T 



x 632 x 10 -6 X 



lO 1 ^ 

24 + 5TT 



Hz = 3.4 GHz 



1.7 Short-Channel Effects in MOS Transistors 

The evolution of integratcd-circuit processing techniques has led to continuing reduc- 
tions in both the horizontal and vertical dimensions of the active devices. (The minimum 



1 fF 




Figure 1.38 Complete small-signal equivalent circuit for an NMOS transistor with 1 D - 100 jjlA, 
Vw - 1 v > Vns = 2 V. Device parameters are W = 10 juim, L = 1 p,m, y = 0.5 V m t k y = 
200 |iA /V-, A - 0.02 V" 1 , r f?J = 100 A, fa - 0.6 V. C iK } = C rffc0 = 10 fF, a, t! = 1 fF, and 
= 5 fF. 
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allowed dimensions of passive devices have also decreased.) This trend is driven primarily 
by economics in that reducing dimensions increases the number of devices and circuits that 
can be processed at one time on a given wafer. A second benefit has been that the frequency 
capability of the active devices continues to increase, as intrinsic fy values increase with 
smaller dimensions while parasitic capacitances decrease. 

Vertical dimensions such as the base width of a bipolar transistor in production pro- 
cesses may now be on the order of 0.05 [ini or less, whereas horizontal dimensions such 
as bipolar emitter width or MOS transistor gate length may be significantly less than l 
am. Even with these small dimensions, the large-signal and small-signal models of bipo- 
lar transistors given in previous sections remain valid. However, significant short-channel 
effects become important in MOS transistors at channel lengths of about 1 pan or less and 
require modifications to the MOS models given previously. The primary effect is to mod- 
ify the classical MOS square-law transfer characteristic in the saturation or active region 
to make the device voltage-to-currcnt transfer characteristic more linear. However, even 
in processes with submicron capability, many of Lhc MOS transistors in a given analog cir- 
cuit may be deliberately designed to have channel lengths larger than the minimum and 
may be well approximated by the square-law model. 



1.7. 1 Velocity Saturation from the Horizontal Field 

The most important short-channel effect in MOS transistors stems from velocity satura- 
tion of earners in the channel. 27 When an MOS transistor operates in the triode region, 
the average horizontal electric field along the channel is Vi^/L. When is small and/or 
L is large, the horizontal field is low, and the linear relation between carrier velocity and 
field assumed in (1.148) is valid. At high fields, however, the carrier velocities approach 
the thermal velocities, and subsequently the slope of the carrier velocity decreases with 
increasing field. This effect is illustrated in Fig. 1 .39, which shows typical measured elec- 
tron drift velocity v d versus horizontal electric field strength magnitude % in an NMOS 
surface channel. While the velocity at low field values is proportional to the field, the ve- 
locity at high field values approaches a constant called the scattering-limited velocity v Sf -i . 
A first-order analytical approximation to this curve is 



Vrf = 



i + m £ . 



(1.212) 




Figure 1.39 Typical 
measured electron drift 
velocity v lS versus hori- 
zontal electric field % in 
an MOS surface chan- 
nel {solid plot). Also 
shown (dashed plot) is 
the analytical approxi- 
mation of Eq. 1.212 with 
%, = 1.5 x I0 b V/m 
and p, r( = 0.07 nr/V-s. 



Electric field % (V/m) 




60 Chapter 1 ■ Models for Integrated-Circuit Active Devices 



where % c - 1.5 X 10 f ’ V/m and = 0.07 tn 2 /V-s is the low-field mobility dose to the 
gate. Equation 1.212 is also plotted in Fig. 1 .39. From (1.212), as % -» ® Vd Vj£i( = 
P-n^'c- At the critical field value % c , the carrier velocity is a factor of 2 less than the low- 
iicld formula would predict. In a device with a channel length Z, = 0.5 pin, we need a 
voltage drop of only 0.75 V along the channel to produce an average field equal to 
and this condition is readily achieved in short-channel MOS transistors. Similar results 
are found for PMOS devices. 

Substituting ( 1 ,2 1 2) and (1.149) into (1.147) and rearranging gives 

'°( 1 + i : i )= WQAy) *‘% <'- 213 > 

Note that as % c 33 and velocity saturation becomes negligible, (L213) approaches the 
original equation (U47). Integrating (1.213) along the channel, we obtain 

[ L l J dV\ f Vds 

J 0 h l 1 + %, ) Jv = J 0 dv ( 1214 > 

and thus 
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(1.215) 



In the limit as % c 3C , (L215) is the same as (1.152), which gives the drain current in the 
triode region without velocity saturation. The quantity V DS IL in (1.215) can be interpreted 
as the average horizontal electric field in the channel. If this field is comparable to the 
drain current for a given V D $ is less than the simple expression (1 .152} would predict. 

Equation 1.215 is valid in the triode region. Let represent the maximum value 

°f for which the transistor operates in the triode region, which is equivalent to the 
minimum value of V DS for which the transistor operates in the active region. In the active 
region, the current should be independent of Vjj$ because channel -length modulation is 
not included here. Therefore, V DS (w\) is the value of V DS that sets Hf D /dV DS = 0, From 
(1.215), 
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(1*216) 



where k f = fi n C ox as given by (1.153). To set dI D fdV DS = 0, 



1 + ^t\2{Vgs ~ V t ) - 2 Vds] - 12(Vgs V ™± = 0 (1.217) 



% C L 

Rearranging (1.217) gives 



Yk 

%,L 



% C L 



+ 2V ds - 2(V gs - V,) = 0 



Solving the quadratic equation gives 



^DS(ae0 V DS ~ ± 1 + 



2(Vgs ~ Vt) 

% r L 



(1.218) 



(1*219) 
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Since the drain-source voltage must be greater than zero, 

V Dsm) = Vos = ■* / ( x I + tL220) 

To determine Vnstact} without velocity-saturation effects, let % c x so that the drill 
velocity is proportional to the electric field, and let x = { Vqs ~ V t )i(% i: L). Then a 0, 
and a Taylor series can be used to show that 

2 

V 1 + 2 a = 1 + x — — T * ■ + ( 1.22 1) 

Using (1:221) in (1.220) gives 

Fi)S(acf) = “ Vt) ~~ %g i ? + '-'J (1.222) 

When % v -* (1.222) shows that V DS m\) (Vos ~ Vt\ as expected. 28 This observa- 

tion is confirmed by plotting the ratio of VT^act) to the overdrive V iH . versus % C L in Fig. 
1.40. When % i: -> V^acr) Vo-v = - V t * as predicted by (1.222). On the other 

hand, when % c is small enough that velocity saturation is significant. Fig. 1 .40 shows that 

V rAV(act) T V ov . 

To find the drain current in the active region with velocity saturation, substitute Vnsuct) 
in (1.220) for Vos t 11 (1 -215). After rearranging, the result is 

Id = (1-223) 

Equation L223 is in the same form as (1.157), where velocity saturation is neglected, 

except that is less than ( V GS - V t ) when velocity saturation is significant, as shown 

in Fig. 1.40. Therefore, the current predicted by (1*157) overestimates the current that 
really Hows when the carrier velocity saturates. To examine the limiting case w'hcn the 
velocity is completely saturated, let % c — » 0 + Then (1,212) shows that the drill velocity 
approaches the scattering-limited velocity vj — > v iW ^ = Substituting (1.220) into 

(1.223) gives 

hm I D - tinCo X W{V GS ~ V t )% c = WC 0X (V G s ~ V))v,w (E224) 




Figure 1.40 Ratio of the min- 
imum drain-source voltage re- 
quired for operation in the active 
region lt> the overdrive versus 
the product of the critical field 
and the channel length. When 
— > ► tc, velocity saturation 
is not a factor, and VT.v,. lL -o — * 

Vov - Vgs ■ ■ U- as expected. 
When velocity saturation is sig- 
nificant, VuyifU‘ 1 ) < K/V- 
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In contrast to the square-law behavior predicted by (1.157), (1.224) shows that the drain 
current is a linear function o( the overdrive (Vc; L y - V t ) when the carrier velocity saturates. 
Also, (1 .224) shows that the drain current is independent of the channel length when the 
carrier velocity saturates. In this case, both the charge in the channel and the time required 
for the charge to cross the channel are proportional to L. Since the current is the ratio of 
the charge in the channel to the time required to cross the channel, the current does not 
depend on L as long as the channel length is short enough to produce an electric field that 
is high enough l'or velocity saturation to occur. 29 In contrast, when the carrier velocity is 
proportional to the electric field instead of being saturated, the time required for channel 
charge to cross the channel is proportional to L 2 because increasing L both reduces the 
carrier velocity and mcreascs the distance between the source and the drain. Therefore, 
when velocity saturation is not significant, the drain current is inversely proportional to L, 
as we have come to expect through (1,157). Finally, (1.224) shows that the drain current 
in the active region is proportional to the scattering-limited velocity when 

the velocity is saturated. 

Substituting (1.222) into (1.223) gives 
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where x = (Vcs ~ VtYffirL) as defined for (1.221). If x <£: 1, (1 — jc) = 1/(1 H- x), and 

(Vgs ~ Vt) 2 (1-226) 
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Equation 1,226 is valid without velocity saturation and at its onset, where ( - V { ) 
t r L, The effect of velocity saturation on the current in the active region predicted by 
( 1 .226) can he modeled with the addition ol a resistance in series with the source of an 
ideal square-law device, as shown in Fig. 1 .41. Let V l GS he the gate-source voltage of the 
ideal square-law transistor. From (M57), 



In = 



' Lt ' r|Cul W ( y. . - Y ) 2 
2 L {Vas V,) 



(1.227) 



Eel be the sum of and the voltage drop on R sx * Then 

Vcs = V'as + I d R lSX (1.228) 

This sum models the gate-source voltage of a real MOS transistor with velocity saturation. 
Substituting (1.228) into (1.227) gives 



h - ^ *<V CS - luRsx v t ) 2 
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Figure 1 ,41 Model of velocity saturation in an 
MOSFET by addition of series source resistance to 
an ideal square-law device. 



Jo = 



^^^[(Vas ~ V t ) 2 ~ 2 (Vos ~ VtVoRsx + (IdRsx) 2 ) (1.229) 



2 L 

Rearranging (1.229) while ignoring the ( IdRsx ) 2 terrn gives 

f^nCox W 



Id - 



W \ L 

2[\+tL n C ax jRsx(V G s-Vi) 



(Vgs ~ V<Y 



(1.230) 



Equation 1.230 has The same form as ( 1 .226) if we identity 



W _ 1 

f^tjC 0 x~l~RsX — To 7 
L <c c L 



Rearranging (1.231) gives 



RSX = E 



1 



% c {L tl Cf }X W 



(1.231) 



(1.232) 



Thus the influence of velocity saturation on the large-signal characteristics of an MOS 
transistor can be modeled to first order by a resistor Rsx in series with the source of an ideal 
square-law device. Note that Rsx varies inversely with W, as does the intrinsic physical 
series resistance due to the source and drain contact regions. Typically, R$ x is larger than 
the physical series resistance. For W = 2 |xm, k* = fA n C ox = 200 |llA/V 2 , and % c = 
1.5 x 10* V/m, we find R sx - 1700 fl. 



17.2 Transconductance and Transition Frequency 

The values of all small-signal parameters can change significantly in the presence of short- 
channel effects. 30 One of the most important changes is to the transconductance. Substi- 
tuting (1.220) into (1.223) and calculating SIdI^gs gives 
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(1.233) 



where y ?r f = p, n % c as in Fig. 1.39. To determine g m without velocity saturation, let E c — • 
30 and x = (Vgs ~ V t )fi$ c L). Then substituting (1.221) into (1.233) and rearranging gives 



W 

lim g m = k r T (V GS ~ Vt) 



(1.234) 
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as predicted by (1.180). In this case, the transconductance increases when the overdrive 
increases or the channel length decreases. On the other hand, letting % c 0 to determine 
g m when the velocity is saturated gives 

= wc 0 _ x v, d (1*235) 

Equation 1 .235 shows that further decreases in L or increases in ( Vcs — V t ) do not change 
the transconductance when the velocity is saturated. 

From (1.223) and (1.233), the ratio of the transconductance to the current can be cal- 
culated as 
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(1.236) 



As % t . — 0, the velocity saturates and 

lim ^ 

%■ -0 / 



1 



Vos ~ V t 



(1.237) 



Comparing (1.237) to (1 .181) shows that velocity saturation reduces the transconductance- 
to-current ratio for a given overdrive. 

On the other hand, when. v - (V GS -V f )I(% c L) « 1. substituting (1 .221) into (1.236) 
gives 



giU _ 2 

/ ~~ (Vas ~ V/)0 +^) 

Therefore, as % c =c, x 0, and (1.238) collapses to 



gm 2 

“ / Vcs - VV 



(1.238) 



(1.239) 



as predicted by (1.181)* Equation 1.238 shows that if x < 0.1, the error in using (1.181) 
to calculate the transconductance-to-currcnt ratio is less than about 10 percent. Therefore, 
wc will conclude that velocity-saturation effects are insignificant in hand calculations if 



(Vas - V r ) < 0.1 (£,L) (1.240) 

Figure 1*42 plots the transeonductance-to-current ratio versus the overdrive for three 
cases. The highest and lowest ratios come from (1*239) and (1*237), which correspond to 
asymptotes where velocity saturation is insignificant and dominant, respectively. In prac- 
tice, the transition between these extreme cases is gradual and describcdby (1 .236), which 
is plotted in Fig. 1.42 for an example where = 1.5 X 10 6 V/m and L = 0.5 fim. 

One reason the change in transconductancc caused by velocity saturation is impor- 
tant is because it affects the transition frequency f T . Assuming that C gs » C gh + C^, 
substituting ( 1 ,235) into ( 1 .208) shows that 



= 1 Rm 
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^ V SC 1 

WLC iiy L 



(1.241) 



One key point here is that the transition frequency is independent of the overdrive once 
velocity saturation is reached. In contrast, (1.209) shows that increasing (V i;s - V t ) in- 
creases fr before the velocity saturates. Also, (1.241) shows that the transition frequency 
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Figure 1.42 Transconduetancc- 
to-current ratio versus over- 
drive - V,) where 

velocity saturation is insignif- 
icant -» oc), dominant 

(% (: L = 0), and of gradu- 
ally increasing importance 
(% r L = 0,75 V). 



is inversely proportional to the channel length when the velocity is saturated. In contrast. 
(1 .209) predicts that fy is inversely proportional to the square of the channel length before 
the velocity saturates. As a result, velocity saturation reduces the speed improvement that 
can be achieved through reductions in the minimum channel length. 



1 .7.3 Mobility Degradation from the Vertical Field 

Thus far, we have considered only the effects of the horizontal field due to the V DS along 
the channel when considering velocity saturation. However, a vertical field originating 
from the gate voltage also exists and influences carrier velocity. A physical reason for this 
effect is that increasing the vertical electric field forces the carriers in the channel closer 
to the surface of the silicon, where surface imperfections impede their movement from 
the source to the drain, reducing mobility. 31 The vertical field at any point in the channel 
depends on the gate-channel voltage. Since the gate-channel voltage is not constant from 
the source to the drain, the effect of the vertical field on mobility should be included within 
the integration in (1 .214) in principle. 32 For simplicity, however, this effect is often mod- 
eled after integration by changing the mobility in the previous equations to an effective 
mobility given by 



A*' eft — 



A t,t 

1 + 0(Vcs 



Vt) 



(1.242) 



where fx n is the mobility with zero vertical field, and $ is inversely proportional to the 
oxide thickness. For t ax = 100 A, 6 is typically in the range from 0.1 V -1 to 0.4 V" 1 . 33 
In practice, 0 is determined by a best fit to measured device characteristics. 



1.8 Weak Inversion in MOS Transistors 

The MOSFET analysis of Section 1.5 considered the normal region of operation for which 
a well-defined conducting channel exists under the gate. In this region of strong inversion, 
changes in the gale-sourcc voltage are assumed to cause only changes in the channel charge 
and not in the depletion-region charge. In contrast, for gate-source voltages less than the 
extrapolated threshold voltage V t but high enough to create a depletion region at the surface 
of the silicon, the device operates in weak inversion. In the weak-inversion region, the 
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channel charge is much less than the charge in the depletion region, and the drain current 
arising from the drift of majority carriers is negligible. However, the total drain current in 
weak inversion is larger than that caused by drift because a gradient in minority -carrier 
concentration causes a diffusion current to flow. In weak inversion, an n-channel MOS 
transistor operates as an npn bipolar transistor, where the source acts as the emitter, the 
substrate as the base, and the drain as the collector. 34 



1 .8. 1 Drain Current in Weak Inversion 



To analyze this situation, assume that the source and the body are both grounded. Also 
assume that Yds 0. (If Yds 0, the drain acts as the emitter and the source as the 
collector.) 35 Then increasing the gate-source voltage increases the surface potential 
which tends to reduce the reverse bias across the source-substrate (emitter-base) junction 
and to exponentially increase the concentration of electrons in the p-type substrate at the 
source n p (Q). From ( 1 ,27), 

n p (Q) = n po exp (1.243) 

V T 

where n po is the equilibrium concentration of electrons in the substrate (base). Similarly, 
the concentration of electrons in the substrate at the drain n p (L) is 

n p (L) = n po exp Vns (1.244) 

Vj 

From (L3 1), the drain current due to the diffusion of electrons in the substrate is 



Id 




- MQ> 

L 



( 1 . 245 ) 



where D n is the diffusion constant for electrons, and A is the cross-sectional area in which 
the diffusion current flows. The area A is the product of the transistor width W and the 
thickness X of the region in which I& flows. Substituting ( 1 .243) and ( 1 .244) into ( 1 .245) 
and rearranging gives 



W ( \jt . 

Id -j~- tfX D n fi pi) exp | ^ 



1 - exp - 



Vr 



( 1 . 246 ) 



In weak inversion, the surface potential is approximately a linear function of the gate- 
source voltage. 3 ^ Assume that the charge stored at the oxide-silicon interface is indepen- 
dent of the surface potential. Then, in weak inversion, changes in the surface potential 
At//* are controlled by changes in the gate-source voltage AF G5 through a voltage divider 
between the oxide capacitance C ox and the depletion-region capacitance Cp. Therefore, 

d> ^ s = *121 = 1 = ! / 1 . 247 ) 

dVos Cjs + Cnx tt 1 +A 

in which n = (1 + CjJC ax ) and x = CjJC ox , as defined in ( 1 .197). Separating variables 
in (1.247) and integrating gives 



& = — + *■ 0.248) 

n 

where k\ is a constant. Equation l .248 is valid only when the transistor operates in weak 
inversion. When = V, with = 0, = 2 <f>f by definition of the threshold volt- 

age. For V G $ > V r , the inversion layer holds the surface potential nearly constant and 




1 .8 Weak Inversion in MOS Transistors 67 



(1*248) is not valid* Since (1*248) is valid only when Vas ^ Vt, (1.248) is rewritten as 
follows: 






(1*249) 



where ki = k\ + V t fn. Substituting (1 .249) into (1*246) gives 



Let 
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represent the drain current with V GS = V h WfL = 1, and Vos » Vj * Then 
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( 1,250) 



(L251) 



(1.252) 



Figure 1 .43 plots the drain current versus the drain-source voltage lor three values 
of the overdrive, with W - 20 fim, L = 20 (am, n = 1*5, and I t = 0. 1 |xA. Notice that 
the drain current is almost constant when Vos > 3Vj because the last term in (1.252) 
approaches unity in this case. Therefore, unlike in strong inversion, the minimum drain- 
source voltage required to force the transistor to operate as a current source in weak in- 
version is independent of the overdrive.- 7 Figure 1*43 and Equation 1*252 also show that 
the drain current is not zero when Vcs — Vt* To further illustrate this point* we show 
measured NMOS characteristics plotted on two different scales in Fig* 1 .44. In Fig* 1 *44#, 
we show versus V GS in the active region plotted on linear scales* For this device, 
W = 20 fun, L = 20 jjliti, and short-channel effects arc negligible. (See Problem 1.21 for 
an example of a case in which short-channel effects arc important.) The resulting straight 
line shows that the device characteristic is close to an ideal square law* Plots like the one 111 
Fig. 1 .44# are commonly used to obtain V t by extrapolation (0.7 V in this ease) and also k f 
from the slope of the curve (54 julA/V 2 in this case). Near the threshold voltage, the curve 
deviates from the straight line representing the square law. This region is weak inversion. 
The data are plotted a second time in Fig. l*44fr on log-linear scales* The straight line 
obtained for V C s < Vt fits (1*252) with n = 1.5. For Id < 10' 12 A, the slope decreases 
because leakage currents are significant and do not follow (1.252). 




Figure 1.43 Drain cur- 
rent versus drain -source 
voltage in weak 
inversion. 
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Figure 1,44 (a) Mea- 
sured NMOS transfer 
characteristic in the ac- 
tive region plotted on 
linear scales as Jl iy ver- 
sus V(js> showing the 
square-law 
charac I eristic. 



h (A) 




Figure 1,44 (b) Data from 
Fig. 1 *44*7 plotted on log- 
linear scales showing the ex- 
ponential characteristic in the 
subthreshold region. 



The major use of transistors operating in weak inversion is in very low power applica- 
tions at relatively low signal frequencies. The limitation to low signal frequencies occurs 
because the MOSFET fi becomes very small. This result stems from the fact that the 
small-signal g m calculated from (1.252) becomes proportional to l D and therefore very 
small in weak inversion, as shown next. 



1.8.2 Transconductance and Transition Frequency in Weak Inversion 

Calculating from (1.252) and using (1*247) gives 
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(1*253) 
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The transconductance of an MOS transistor operating in weak inversion is identical to 
that of a corresponding bipolar transistor, as shown in (1.182), except for the factor of 
I In - CoxKCjs + Cox)- This factor stems from a voltage divider between the oxide and 
depletion capacitors in the MOS transistor, which models the indirect control of the gate 
on the surface potential. 

From (1 ,253), the ratio of the transconductancc to the current of an MOS transistor in 
weak inversion is 



gm = _J_ = 1 C ax 
1 nVj VjCjs + Cfix 



(1.254) 



Equation 1.254 predicts that this ratio is independent of the overdrive. In contrast, (1.181) 
predicts that the ratio of transconductance to current is inversely proportional to the over- 
drive. Therefore, as the overdrive approaches zero, (1.181) predicts that this ratio becomes 
infinite. However, (1.181) is valid only when the transistor operates in strong inversion. 
To estimate the overdrive required to operate the transistor in strong inversion, we will 
equate the g m ll ratios calculated in (L. 254) and (1.181). The result is 



V w = V G s - V t = 



(1.255) 



which is about 78 mV at room temperature with n - 1.5. Although this analysis implies 
that the transition from weak to strong inversion occurs abruptly, a nonzero transition width 
occurs in practice. Between weak and strong inversion, the transistor operates in a region 
of moderate inversion, where both diffusion and drift currents arc significant. 38 

Figure 1 .45 plots the transconductance-to-current ratio versus overdrive for an exam- 
ple case with n = 1.5. When the overdrive is negative but high enough to cause depletion 
at the surface, the transistor operates in weak inversion and the transconductance-to- 
current ratio is constant, as predicted by (1 .254). When Vgs — V t = 0, the surface poten- 
tial is 2tp f, which means that the surface concentration of electrons is equal to the bulk 
concentration of holes. This point is usually defined as the upper bound on the region 
of weak inversion. When Vcs ~ ^ > 2 nVj, the transconductance-to-current ratio is 
given by (1.181), assuming that velocity saturation is negligible. If velocity saturation is 
significant (1 .236) should be used instead of (1 . 1 8 1 ) both to predict the transconductance- 
to-current ratio and to predict the overdrive required to operate in strong inversion. For 
0 < — V t <= 2nVj, the transistor operates in moderate inversion. Because simple 

models for moderate inversion arc not known in practice, we will ignore this region in 




Figure 1.45 Transconduetancc- 
to-current ratio versus 
overdrive. 
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the remainder of this book and assume that MOS transistors operate in weak inversion for 
overdrives less than the bound given in (1 .255). 

Equation L208 can be used to find the transition frequency. In weak inversion, C ?J — 
C Si j — 0 because the inversion layer contains little charge. 39 However, C gb can be thought 
of as the scries combination of the oxide and depletion capacitors. Therefore, 



Cg* + C%b + C S d = Cgh = VELj 
Substituting (1.253) and (1.256) into (1.208) gives 
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(1.256) 



(1*257) 



Let I M represent the maximum drain current that flows in the transistor in weak inversion. 
Then 



Im = ~^I { (1.258) 

where I T is given in (L25 1). Multiplying numerator and denominator hi (1.257) by I M and 
using (1.258) gives 



= 1 L ! ‘ 1 ip = ±A_LJ f D_ 

2 77 V T WLCp I M 2 tt V t C h L 2 J M 



From (1.251), 1 { * D n . Using the Einstein relationship D n = /jl„Vt gives 



D n Ip fAn^T In 

T'i • cc - — CC 

l? Im L 2 I m 



(1.259) 



(1.260) 



Equation L260 shows that the transition frequency for an MOS transistor operating in 
weak inversion is inversely proportional to the square of the channel length. This result is 
consistent with (1 .209) for strong inversion without velocity saturation. In contrast, when 
velocity saturation is significant, the transition frequency is inversely proportional to the 
channel length, as predicted by ( 1 .24 1 ), Equation 1 .260 also shows that the transition fre- 
quency in weak inversion is independent of the overdrive, unlike the case in strong inver- 
sion without velocity saturation, but tike the case with velocity saturation. Finally, a more 
detailed analysis shows that the constant of proportionality in (1.260) is approximately 
unity. 39 



■ EXAMPLE 

Calculate the overdrive and the transition frequency for an NMOS transistor with f D - 
I jaA, I t = 0. 1 p.A, and ^ Vt. Device parameters are W = 10 |xm> L — 1 fim. 
n = L5, k ! - 200 p,A/V 2 , and t vx = 100 A . Assume that the temperature is 27°C, 
From (1.166), if the transistor operates in strong inversion. 



V*v = Vus - Vt ^ 



r 2/d _ / 2 x 1 

V k r (W/L) V 200 X 10 



= 32 mV 
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Since the value of the overdrive calculated by (1.166) is less than 2 nVj — 78 mV. the 
overdrive calculated previously is not valid except to indicate that the transistor does not 
operate in strong inversion. From (1.252), the overdrive in weak inversion with V f )$ >> V T 
is 



= »v r ln(^ = (1.5}(26mV)ln ±1) = 0 



From (1.253), 



From (1.247), 



From (1.256), 



_ 1 |xA _ n-A 
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CwtO.SC^) 
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- WL^f 



10 /am 



^ 11.5 fF 



2 3.9 X 8.854 X 10 



-J4 



cm 



X 



100 i x 1C ^ 1 
10 10 ^ 



100 cm 
10 6 [xm 



From (1.208), 



h = 




1 26 |llA/V 
2tt 11.5 fF 



= 360 MHz 



Although 360 MHz may seem to be a high transition frequency at first glance, this result 
should be compared with the result of the example at the end of Section 1.6, where the 
same transistor operating in strong inversion with an overdrive of 3 16 mV had a transition 
■ frequency of 3.4 GHz. 



1 .9 Substrate Current Flow in MOS Transistors 

In Section 1 .3.4, the effects of avalanche breakdown on bipolar transistor characteristics 
were described. As the reverse-bias voltages on the device are increased, carriers travers- 
ing the depletion regions gain sufficient energy to create new electron-hole pairs in lattice 
collisions by a process known as impact ionization. Eventually, at sufficient bias volt- 
ages, the process results in large avalanche currents. For collector-base bias voltages well 
below the breakdown value, a small enhanced current flow may occur across the collector- 
base junction due to this process, with little apparent effect on the device characteristics. 

Impact ionization also occurs in MOS transi stors but has a significantly different effect 
on the device characteristics. This difference is because the channel electrons (for the 
NMOS case) create electron-hole pairs in lattice collisions in the drain depletion region, 
and some of the resulting holes then flow to the substrate, creating a substrate current. 
(The electrons created in the process flow out the drain terminal.) The carriers created by 
impact ionization are therefore not confined within the device as in a bipolar transistor. The 
effect of this phenomenon can be modeled by inclusion of a controlled current generator 
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Figure 1.46 Representation of impact ionization in an 
MOSFET by a drain-substrate current generator. 



Idb from drain to substrate, as shown in Fig. L46 for an NMOS device. The magnitude 
of this substrate current depends on the voltage across the drain depletion region (which 
determines the energy of the ionizing channel electrons) and also on the drain current 
(which is the rate at which the channel electrons enter the depletion region). Empirical 
investigation has shown that the current Idb can be expressed as 



Idb = -£l(Vds “ ^.V(acr))^exp(-- ^ ] ( 1 . 261 ) 

\ VDS-VnS(aa)f 

where K\ and K 2 are process-dependent parameters and VTiy^co is the minimum value 
of V DS for which the transistor operates in the active region, 40 Typical values for NMOS 
devices are /f] = 5 V - 1 and K 2 = 30 V. The effect is generally much less significant in 
PMOS devices because the holes carrying the charge in the channel are much less efficient 
in creating electron-hole pairs than energetic electrons. 

The major impact of this phenomenon on circuit performance is that it creates a par- 
asitic resistance from drain to substrate. Because the common substrate terminal must 
always be connected to the most negative supply voltage in the circuit, the substrate of 
an NMOS device in a /^-substrate process is an ac ground. Therefore, the parasitic resis- 
tance shunts the drain to ac ground and can be a limiting factor in many circuit designs. 
Differentiating (1.261), we find that the drain-substrate small-signal conductance is 



gdb 



vl OB 



iDB 



*2 



“hi — — — 



*12* DB 



(Vos ~ Vl>S( aco)^ 



Wd Vds ~ l Yds ~ ^AS'Oict) 

where (he gate and the source are assumed to be held at fixed potentials. 



(1.262) 



■ EXAMPLE 



Calculate r dh - Ugdb for Vox = 2 V and 4 V, and compare with the device r^. Assume 
I D - 100 jjlA, A = 0.05 V, V DSm > = 0.3 V, = 5 V" 1 s and K 2 = 30 V. 

For = 2 V, we have from (1 .261 ) 



Idb = 5 x 1.7 x 100 X 10 6 x exp 



30 

T7 



= 1.8 X 10" 11 A 



From (1.262), 



30 X L8 X 1CT 11 
g<ih~ -1.9 



X 10- to 



A 

V 



and thus 



r,ib = — = 5.3 X 10 9 il = 5.3 Gil 
gdb 
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This result is negligibly large compared with 

1 1 

r ° ~ A I D ~ 0.05 x 100 x 10 6 



= 200 kO 



However, for V&s —4 V. 

I DB = 5 x 3.7 x 100 x 10“* x exp (7 |7j-5.6 x I0 _7 A 

The substrate leakage current is now about 0.5 percent of the drain current. More impor- 
tant, we find from (1 .262) 



gdb ~ 



30 X 5.6 X 10 ' 
3J* 



= 1.2 x 10" c 



A 

V 



and thus 



r db = — = 8.15 X 10 5 n = 815 kO 

gdb 

This parasitic resistor is now comparable to r ff and can have a dominant effect on high- 
■ output-impedance MOS current mirrors, as described in Chapter 4. 



APPENDIX 

A.1.1 SUMMARY OF ACTIVE-DEVICE PARAMETERS 
(a) npn Bipolar Transistor Parameters 



Quantity Formula 



Large- Signal Forward -Active Operation 



Collector current 



h = 



Is exp 



vv 

v T 



Small-Signal For ward- Active Operation 



Transconductance 
Transconductance-to-current ratio 
Input resistance 

Output resistance 

Collector-base resistance 
Base-charging capacitance 
Base-emitter capacitance 
Emitter-base junction depletion capacitance 

Collector-base junction capacitance 



Km 

8«t 



qk 

kT 

l 



/c 

r i7 



V-t 

ft 

Km 

Va 

Ic 



*c_ 

V r 



1 



r », ^ to Spoi’u 

C-7T + C jl‘ 

Cjt — 2Cj f # 

r - 

^ 7 1 / y<<- 





Quantity 



Formula 



Large-Signal Operation 



Drain current (active region) 
Drain current (triode region) 



Threshold voltage 



Threshold voltage parameter 
Oxide capacitance 



_ fJ-Cn X W 2 

h - Vt) 

U = ^--^-[2(V, S - V.W^-V.f] 



V { ~ \/ 0 + 7 I + Vsh ~ yj'bbf 



y = - J2qcN A 

C- ox 

C„, = — = 3.45 fF/ h m 2 for t, u = 100 A 

if> l 



Small-Signal Operation (Active Region) 



Top-gate transeonductancc 



g m = fJ.C 0X — (y Cl s ~ V/) = 



B ody - e fleet l ran scon duct a nc e 



^ 2 

Transconduciance-to-eurrcnt ratio - — — - 

Vcs ~ 

y 

Body-effect transeonductance %,»/> = — = xg,„ 

2y2 4>f + VsR 

Channel-length modulation parameter A — — — — — - 

Va Leif ClVps 

Output resistance r — — — = ( { ^ lt 1 

A b b \dVnsj 

Effective channel length = L d] , vri 2L^ X ti 

- 12 2V a 

Maximum gain e, >f r fJ = = 

A Vw - V, V 0 -s - V, 

£ 

Source-body depletion capacitance = — — ^ 

(■ + r al ' 



Output resistance 
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(continued) 




Quantity 


Formula 


Small-Signal Operation (Active Region) 


Drain-body depletion capacitance 


/ 1/ ^ 


Catc-sourec capacitance 


C g! = lwLC l>:( 


Transition frequency 


r S/n 

' 2ir(C,, + C H + C s i,) 



PROBLEMS 



1.1(a) Calculate the built-in potential, 
depletion-layer depths, and maximum field in 
a plane-abrupt pn junction in silicon with dop- 
ing densities N A = 8 x 10 t:j atoms/cm 3 and 
N$ = 10 1 atoms/cm 3 . Assume a reverse bias 
of 5 V. 

(b) Repeal fa) for zero external bias and 0.3 V 
forward bias. 

1.2 Calculate the zero-bias junction capaci- 
tance for the example in Problem 1.1, and also cal- 
culate the value at 5 V reverse bias and 0.3 V for- 
ward bias. Assume a junction area of 2 X 10 5 cm 2 . 

1.3 Calculate the breakdown voltage for the 
junction of Problem 1 . 1 if the critical field is % CX ][ = 
4x 10 5 V/cm, 

1.4 If junction curvature causes the maximum 
field at a practical junction to be 1.5 times the theo- 
retical value, calculate the doping density required 
to give a breakdown voltage of 150 V with an abrupt 
/m junction in silicon. Assume that one side of the 
junction is much more heavily doped than the other 
and^cit = 3 x 10 5 V/cm. 

1 .5 If the col lector doping density in a transistor 
is 6 X 10 15 atnms/cm\ and is much less than the 
base doping, find BVcfo for ft - 200 and n = 4. 
Use^cnL = 3x 10 s V/cm. 

1 .6 Repeat Problem 1 .5 for a doping density of 
10 15 atoms/cm 3 and ft - 400. 

1.7(a) Sketch the Jq-Vce characteristics in the 
forward-active region for an npn transistor with 
ft = 100 (measured at low Vcl), Va — 50 V, 
BVcm = 120 V, and a = 4. Use 

Vf,E \ MtX f 

~VZ ) i - Ms ,. lu 



where M is given by (1 .78). Plot 1c from 0 to 10 mA 
and V C l from 0 to 50 V. Use h = 1 P-A, 10 p.A, 
30 julA, and 60 p,A. 

(b) Repeat (a), but sketch V C e from 0 to 10 V. 

1.6 Derive and sketch the complete small- 
signal equivalent circuit for a bipolar transistor 
at I c = 0.2 mA, V CB = 3 V, V C s = 4 V. De- 
vice parameters are Cj M — 20 fF, fto = 10 fF, 
C t i0 = 20 fF, J ft = 100, T/. - 15 ps, 7} = 10 \ 
i'b = 200 ft, r, = 100 ft, r ejr — 4 ft, and 
rn = 5ft>v Assume = 0.55 V for all junc- 
tions* 

1.9 Repeat Problem 1.8 for I c = 1 mA, = 

1 V, and Vcs = 2 V. 

1.10 Sketch the graph of small-signal, 
common-emitter current gain versus frequency 
on log scales from 0*1 MHz lo 1000 MHz for the 
examples of Problems 1,8 and 1.9* Calculate the /, 
of the device in each case. 

1.11 An integrated- circuit npn transistor has 
the following measured characteristics: n, = 
100 ft, r i: = 100 ft, ft - 100, r„ = 50 kft at 
I c — 1 mA, f T — 600 MHz with 1 C = 1 mA and 
Vcb = 10 V, fr = 1 GHz with 1 C = 10 mA and 
Vcs = 10 V, C.p = 0.15 pF with V CB = 10 V, 
and C ts = 1 pF with Vcs = 10 V. Assume ift = 
0*55 V for all junctions, and assume C j t is constant 
in the forward-bias region. Use r ^ - Sftr^. 

(a) Form the complete smalUsignal equivalent 
circuit for this transistor at Ic = 0.1 mA, 1 mA, and 
5 mA with V c & = 2 V and V cs = 15 V. 

(b) Sketch the graph of fj versus Ic for this 
transistor on log scales from 1 p.A to 10 mA with 
V t - H = 2 V. 



Ic = 1 + 
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1.12 A lateral pnp transislor has an effective 
base width of 10 fj.ni (1 pm = 10 -4 cm), 

(a) If the emitter-base depletion capacitance is 
2 pF in the forward-bias region and is constant, cal- 
culate the device ft at ft = -0.5 mA. (Neglect 
Cft) Also, calculate the minority-carrier charge 
stored in the base of the transistor at this current 
level. Data : Dp — 1 3 cm z /s in silicon. 

<b) If the co Hector- base depletion layer width 
changes 0.11 pm per volt of V C y, calculate /■„ for 
this transistor at ft - -0,5 mA. 

M3 li the area of the transistor in Problem 1.11 
is effectively doubled by connecting two transistors 
in parallel, which mode] parameters in the small- 
signal equivalent circuit of the composite transistor 
would differ from those of the original device if the 
total collector current is unchanged? What is the 
relationship between the parameters of the compos- 
ite and original devices? 

1.14 An integrated npn transistor has the fol- 
lowing characteristics: Ty = 0.25 ns, small-signal, 
short-circuit current gain is 9 with ft = 1 mA 
ai f - 50 MHz, V A = 40 V, - 100, r b = 
150 0, r v = \50 fft (ft - 0.6 pR ft, = 2 pF al 
the bias voltage used. Determine all elements in the 
small-signal equivalent circuit at ft = 2 mA and 
sketch the circuit. 

1.15 An NMQS transistor has parameters 
W = 10 pm, L ™ 1 pm, k' = 194 pA/V 2 , A = 

0.024 V- 1 , q,, = mA, 4> f = 0,3 V. V J(I - 0.6 V, 
and Aft = 5 X I0 1 * atoms/emft Ignore velocity 
saturation effects. 

(a) Sketch the Ey-Vos characteristics for Vft 
from 0 to 3 V and = 0.5 V, 1.5 V, and 3 V. 
Assume = 0. 

(b) Sketch Idle ft-Vfty characteristics for 
Vns = 2 V as Vft- varies from 0 tn 2 V with Vft f — 
0, 0.5 V, and I V. 

1.16 Derive and sketch the complete small- 
signal equivalent circuit for the device of Problem 
1.15 with Ifti = 1 V, V/J.S- = 2 V, and V SB = 1 V. 
Use ft = 0.7 V, ft w , - C, m = 20fF,andC ? * - 
5 fF, Overlap capacitance from gate to source and 
gate to drain is 2 fE 
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1.17 Use the device data of Problems 1.15 and 
1,16 to calculate the frequency of unity current gain 
of this transistor with Vfts ^ 3 V. = 0 V, 
V cs = 1 V, 1.5 V, and 2 V.' 

1.18 Examine the effect of velocity saturation 
on MOSFET characteristics by plotting ft Vfts 
curves for lft<? = 1 V, 2 V. and 3 V, and Vft = 
0 to 3 V in the following cases, and by comparing 
Ihc results with and without inclusion of velocity 
saturation effects. Assume V^ B = 0, Vft = 0.6 V, 
k 1 = I94pAAftA = 0, and ft = 1.5xl0 6 V/m. 

(a) W — 100 pm and L = 10 pm, 

(b) W = 10 pm and L — 1 pm. 

(e) W = 5 pm and L — 0.5 pm. 

1.19 Consider an NMOS transistor with W - 
2 pm, L = 0.5 pm, k* = 194 pA/Vft A = 0, 
Vft = 0,6 V, and ft. - 1.5 X 10* V/m, Compare 
the drain current predicted by the model of Fig. 
1,41 to the drain current predicted by direct calcu- 
lation using the equations including velocity satu- 
ration for Vft from 0 to 3 V. Assume = 3 V 
and V$ it - 0. For what range of V C s is the model 
of Fig, 1.41 accurate within 10 percent? 

1.20 Calculate the transconductance of an 
/ 2 -chantiei MOSFET with W = 10 pm, p i; - 
450 em 2 /(V-s), and ft. = 1.5 X I0 fi V/m using 
channel lengths from 10 pm to 0.4 pm. Assume 
that t ox = 7750 and that the device operates in the 
active region with Vft - V s - (>. 1 V, Compare 
the result to a calculation that ignores velocity sat- 
uration. For what range of channel lengths is the 
model without velocity saturation accurate within 
10 percent? 

1.21 Plot v ft versus Vft for an ^-channel 

MOSFET with W = 1 pm, L = 1 pm, k 1 = 
54 pA/V 2 , A - 0, V DS - 5 V, = 0, = 

0,7 V, and ft = 1.5 x 10* V/m. Ignore subthresh- 
old conduction. Compare the plot with Fig. 1 .44 a 
and explain the main difference for large 

1.22 Calculate the transeonductanee of an n- 
channel MOSFET at ft = 10 nA and Vft - J V, 
assuming subthreshold operation and n = 1.5. As- 
suming (Q, + Cu t i + Cft) = 10 fF, calculate the 
corresponding device ft , 



2. H, C, Poon and H. K. Gummcl. "Modeling 
of Emitter CapaciLanccft Prot\ IEEE , Vol. 57, pp, 
21 S 1 -2 1 82, December J 969. 




General References 77 



3. B. R. Chawla and H. K. Gumrneh “Tran- 
sition Region Capacitance of Diffused pn Junc- 
tions/ 1 IEEE Trans , Electron Devices , Vol. ED-18, 
pp. 178-195, March 1971. 

4. S. L. Miller. “Avalanche Breakdown in 
Germanium," Phys. Rev., Vol. 99, p. 1234. 1955. 

5. A. S. Grove. Physics and Technology of 
Semiconductor Devices. Wiley, New York, 1967, 
Ch. 6. 

6. A. S. Grove. Op. cit., Ch. 4. 

7. A. S. Grove. Op. cit., Ch. 7. 

8. P. E. Gray ct al. Op. cit., p. 1 0. 

9. P. E. Gray ct al. Op. cit., p. 1 29. 

10. P E. Gray ct ah Op. cit.. p. 180. 

11. B. A, McDonald, “Avalanche Degradation 
of hf. 7 ;-," IEEE Trans. Electron Devices, Vol. ED- 
17, pp. 871-878, October 1970. 

12. H. DcMan. “The Influence of Heavy Dop- 
ing on the Emitter Efficiency of a Bipolar Transis- 
tor/ 1 IEEE Trans. Electron Devices, Vol. ED- 1 8, pp, 
833-835. October 1971. 

13. R. i. Whittier and D. A. Tremere. “Current 
Gain and Cutoff Frequency Falloff al High Cur- 
rents/ 1 IEEE Trans. Electron Devices, Vol. ED- 16. 
pp, 39-57, January 1969. 

14. J.L. Moll and LM, Ross. “The Dependence 
of Transistor Parameters on the Distribution of Base 
Layer Resistivity,” Proa IRE, Vol, 44, p. 72, 1956, 

15. P. E, Gray el al. Op. cit*. Ch. 8. 

16. R. S. Muller and T. I. Kamins. Device Elec- 
tronics for Integrated Circuits, Second Edition, Wi- 
ley, New York, 1986, p, 386. 

17. Y. P. Tsividis, Operation and Modeling 
of the MOS Transistor. McGraw-Hill, New York, 
1987, p. 141. 

18. D Frohman-Bentchkowsky and A. S. 
Grove. “Conductance of MOS Transistors in Satu- 



GENERAL REFERENCES 

1. Gctrcu, Modelling the Bipolar Transistor. 
Tektronix Inc., 1976. 

P. E. Gray and C L. Searle, Electronic Princi- 
ples. Wiley. New York, 1969. 



ration/’ IEEE Trans. Electron Devices , Vol. ED- 16, 
pp + 108-113, January 1969. 

19. S. M. Sze. Physics of Semiconductor De- 
vices, Second Edition, Wiley, New York. 1981, pp. 
451-452. 

20. R. S. Muller and T, I. Kamins. Op. cit., p, 

17. 

21. Y. P. Tsividis. Op. cit., p. 148. 

22. R. S. Muller and T. 1. Kamins. Op. cit.. pp. 
490 496. 

23. Y, P, Tsividis. Op. cit., pp. 150-151 and 
198-200. 

24. R. S. Muller and T. 1. Kamins. Op. cit., p. 
496. 

25. Y. P Tsividis. Op, cit., p, 151. 

26. Y. P, Tsividis. Op. ciL., pp. 310-328. 

27. R. S. Muller and T. I. Kamins. Op. cit., p. 
480. 

28. R. S. Muller and T. I. Kamins. Op. cit.. p. 
482. 

29. Y. P, Tsividis. Op. cit., p. 181. 

30. Y.P. Tsividis. Op. cit., p.294. 

31. Y. P. Tsividis. Op. cit., p. 142. 

32. R. S. Muller and T. I. Kamins. Op. cit., p. 
484. 

33. Y. P. Tsividis. Op. cit., p. 146. 

34. S. M. Szc. Op. cit., p. 446. 

35. Y. P. Tsividis. Op. cit., p. 136. 

36. Y. P. Tsividis. Op. cit., p. 83. 

37. Y. P. Tsividis. Op. cit., p. 139. 

38. Y, P, Tsividis. Op. cit., p. 137. 

39. Y. R Tsividis. Op. cit., p. 324. 

40. K. Y. Toh, P. K. Ko, and R. G. Meyer. “An 
Engineering Model for Short-Channel MOS De- 
vices/’ IEEE Journal of Solid-State Circuits, Vol. 
23, pp. 950-958, August 1988, 



R. S. Muller and T. I Kamins, Device Electron- 
ics for Integrated Circuits. Wiley, New York, 1986. 

Y. P, Tsividis. Operation and Modeling of the 
MOS Transistor. McGraw-Hill, New York. 1987. 




CHAPTER 



2 



Bipolar, MOS, and BiCMOS 
Integrated-CircuitTechnology 



2.1 Introduction 

For the desi gncr and user of integrated circuits, a knowledge of the details of the fabrication 
process is important for two reasons. First, IC technology has become pervasive because 
it provides the economic advantage of the planar process for fabricating complex circuitry 
at low cost through batch processing. Thus a knowledge of the factors influencing the cost 
of fabrication of integrated circuits is essential for both the selection of a circuit approach 
to solve a given design problem by the designer and the selection of a particular circuit for 
fabrication as a custom integrated circuit by the user. Second, integrated-circuit technology 
presents a completely different set of cost constraints to the circuit designer from those 
encountered with discrete components. The optimum choice of a circuit approach Lo realize 
a specified circuit function requires an understanding of the degrees of freedom available 
with the technology and the nature of the devices that are most easily fabricated on the 
integrated-circuit chip. 

At the present time, analog integrated circuits are designed and fabricated in bipolar 
technology, in MOS technology, and in technologies that combine both types of devices 
in one process. The necessity of combining complex digital functions on the same in- 
tegrated circuit with analog functions has resulted in an increased use of digital MOS 
technologies for analog functions, particularly those functions such as analog-digital con- 
version required for interfaces between analog signals and digiial systems. However, 
bipolar technology ts now used and will continue to be used in a wide range of applica- 
tions requiring high-current drive capability and the highesl levels of precision analog 
performance. 

In this chapter, we first enumerate the basic processes that arc fundamental in the 
fabrication of bipolar and MOS integrated circuits; solid-state diffusion, lithography, epi- 
taxial growth, ion implantation, selective oxidation, and polysilicon deposition. Next, we 
describe the sequence of steps that are used in the fabrication of bipolar integrated circuits 
and describe the properties or the passive and active devices that result from the pro- 
cess sequence. Also, we examine several modifications to the basic process. In the next 
subsection, we consider the sequence of steps in fabricating MOS integrated circuits and 
describe the types of devices resulting in that technology. This is followed by descriptions 
ol BiCMOS technology, silicon-germanium heterojunction transistors, and interconnect 
materials under study to replace aluminum wires and silicon-dioxide dielectric. Next, we 
examine the factors affecting the manufacturing cost of monolithic circuits and, finally, 
present packaging considerations for integrated circuits. 
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22 Basic Processes in Integrated-Circuit Fabrication 

The fabrication of integrated circuity and most modern discrete component transistors is 
based on a sequence of photomasking, diffusion, ion implantation, oxidation, and epitaxial 
growlh steps applied to a slice of silicon starting material called a wafer. Before begin- 
ning a description of the basic process steps, we will first review the effects produced on 
the electrical properties of silicon by the addition of impurity atoms. 

2 . 2 . 1 Electrical Resistivity of Silicon 

The addition of small concentrations of n-type or /?-type impurities to a crystalline silicon 
sample has the effect of increasing the number of majority carriers (electrons for re-type, 
holes for p-type) and decreasing the number of minority carriers. The addition of impuri- 
ties is called doping the sample, For practical concentrations of impurities, the density of 
majority carriers is approximately equal to the density of the impurity atoms in the crystal. 
Thus for re- type material, 

n» - N d (2. 1 ) 

where n n (cm - - 1 ) is the equilibrium concentration of electrons and No (cm is the con- 
centration of re-type donor impurity atoms. For y?-type material, 

P p - N a (2,2) 

where p p (cm 3 ) is the equilibrium concentration of holes and Na (cm -3 ) is the concen- 
tration of jP-typc acceptor impurities. Any increase in the equilibrium concentration of one 
type of carrier in the crystal must result in a decrease in the equilibrium concentration of 
the other. This occurs because the holes and electrons recombine with each other at a rate 
that is proportional to the product of the concentration of holes and the concentration of 
electrons. Thus the number of recombinations per second. R> is given by 

R = ynp (2.3) 

where y is a constant and n and p are electron and hole concentrations, respectively, in the 
silicon sample. The generation of the hole-electron pairs is a thermal process that depends 
only on temperature; the rate of generation, G, is not dependent on impurity concentration. 
In equilibrium, R and G must be equal, so that 

G = constant = R = ynp (2,4) 

If no impurities are present, then 

n = p - m(T) (2.5) 

where re* (cm 3 ) is the intrinsic concentration of earners in a pure sample of silicon. Equa- 
tions 2,4 and 2,5 establish that, for any impurity concentration, ynp = constant - y nf, 
and thus 

np = nj(T) (2,6) 

Equation 2,6 shows that as the majority carrier concentration is increased by impurity 
doping, the minority carrier concentration is decreased by the same factor so that product 
np is constant in equilibrium. For impurity concentrations of practical interest, the majority 
carriers outnumber the minority carriers by many orders of magnitude. 

The importance of minority- and majority-carrier concentrations in the operation of the 
transistor was described in Chapter l. Another important effect of the addition of inn purities 
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Figure 2.1 Hole and electron 
mobility as a function of 
doping in silicon^ 



is an increase in the ohmic conductivity of the material itself. This conductivity is given 

by 



& = q (p, It n + p p p) (2.7) 

where p, B (cm 2 /V-s) is the electron mobility, p p (em 2 /V-s) is the hole mobility, and 
cr {i i-em) - 1 is the electrical conductivity. For an ft-type sample, substitution of (2. 1 ) and 
(2.6) in (2.7) gives 



V = q (mkA'zj + j" WfiND (2.8) 

For ap-type sample, substitution of (2.2) and (2.6) in (2.7) gives 

( n 1 \ 

= qUin + fi p N A 1 = qp p N A ( 2 . 9 ) 

The mobility p is different for holes and electrons and is also a function of the impurity 
concentration in (he crystal for high impuriLy concentrations. Measured values of mobility 
in silicon as a function of impurity concentration are shown in Fig, 2.L The resistivity 
P (O-cm) is usually specified in preference to the conductivity, and the resistivity of n- and 
p- type silicon as a function of impurity concentration is shown in Fig. 2,2. The conductivity 
and resistivity are related by the simple expression p = \!a. 

2.2.2 Solid-State Diffusion 

Solid-state diffusion of impurities in silicon is the movement, usually at high temperature, 
of impurity atoms from the surface of the silicon sample into the bulk material. During this 
high-lemperature process, the impurity atoms replace silicon atoms in the lattice and arc 
termed stibstitutwnal impurities. Since the doped silicon behaves electrically as p-type or 
^-type material depending on the type of impurity present, regions oi>-type and rc-lype 
materia] can be formed by solid-state diffusion. 

The nature of the diffusion process is illustrated by the conceptual example shown 
in Figs. 23 and 2.4. We assume that the silicon sample initially contains a uniform con- 
centration of n-type impurity of 10 15 atoms per cubic centimeter. Commonly used n-type [ 
impurities in silicon are phosphorus, arsenic, and antimony. We further assume that by } 
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Figure 2.2 Resistivity 
of p- and /t-type silicon 
as a function of impurity 
concentration . 4 
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Figure 2.3 An n-type silicon sample with boron 
Depth, x (pm) deposited on the surface. 



some means we deposit atoms of p - type impurity on the top surface of the silicon sam- 
ple. The most commonly used p-type impurity in silicon device fabrication is boron. The 
distribution of impurities prior to the diffusion step is illustrated in Fig. 2.3. The initial 
placement of the impurity atoms on the surface of the silicon is called the predeposition 
step and can be accomplished by a number of different techniques. 

If the sample is now subjected to a high temperature of about 1100°C for a time of 
about one hour, the impurities diffuse into the sample, as illustrated in Fig. 2.4. Within the 
silicon, the regions in which the p-type impurities outnumber the original rc-type impurities 
display p-type electrical behavior, whereas the regions in which the n-type impurities are 
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Figure 2.4 Distribution of impurities after 
Depth, x (pun) diffusion. 



more numerous display rc-type electrical behavior. The diffusion process has allowed the 
formation of a pn junction within the continuous crystal of silicon material. The depth of 
this junction from the surface varies from 0.1 ptm to 20 pun for silicon integrated circuit 
diffusions (where 1 pun = 1 micrometer = 10 6 m). 

2.2.3 Electrical Properties of Diffused Layers 

The result of the diffusion process is often athin layer near the surface of Ihe silicon sample 
that has been converted from one impurity type to another. Silicon devices and integrated 
circuits arc constructed primarily from these layers. From an electrical standpoint, if the 
pn junction formed by this diffusion is reverse biased, then the layer is electrically isolated 
from the underlying material by the reverse-biasedjunction, and the electrical properties of 
the layer itself can be measured. The electrical parameter most often used to characterize 
such layers is the sheet resistance. To define this quantity, consider the resistance of a uni- 
formly doped sample ot length L, width W. thickness T, and n-type doping concentration 
N d , as shown in Fig, 2,5. The resistance is 

R = P L = IJl. 

WT (7 WT 




Figure 2.5 Rectangular sample for 
calculation of sheet resistance. 
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Substitution of the expression for conductivity <j from (2,8) gives 

R = ( 1 t L = L ( 1 ) = Iff 

W inffolWT w\qp„NnT W D 



(2.10) 



Quantity /?□ is the sheet resistance of the layer and has units of Ohms. Since the sheet 
resistance is the resistance of any square sheet of material with thickness T t its units are 
often given as Ohms per square (fl/D) rather than simply Ohms. The sheet resistance can 
be written in terms of the resistivity of the material, using (2.8), as 



Ra = 



( 2 . 11 ) 



^ qy, n N D T T ' ' 

The diffused layer illustrated in Fig. 2.6 is similar to this case except that the impurity 
concentration is not uniform. However, we can consider the layer to be made up of a 
parallel combination of many thin conducting sheets. The conducting sheet of thickness 
dx at depth x has a conductance 



dG = q — )/r rT N^(jr) dx 



To find the total conductance, wc sum all the contributions. 

ftj W W f x -> 

G = q-rPnNnix) dx = — qjXnNoW dx 






Inverting (2.13), we obtain 



q^n^o(x) dx 



Comparison of (2.10) and (2.14) gives 



( 2 . 12 ) 



(2,13) 



Rn = q/Jt. n Nn{x) dx ! = qf. l n Np(x) dx 

Jo J L Jo 




Impurity concentration, atcms/cm 5 



Net impurity concentration, 



Figure 2,6 Calculation of the 
resistance of a diffused layer. 
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where £ n is Hie average mobility. Thus (2.10) can be used for diffused layers if the appro- 
priate value of J?q is used. Equation 2,15 shows that the sheet resistance of the diffused 
layer depends on the total number of impurity atoms in the layer per unit area. The depth 
xj in (2.13), (2.14), and (2.15) is actually the distance from the surface to the edge of the 
junction depletion layer, since the donor atoms within the depletion layer do not contribute 
to conduction. Sheet resistance is a useful parameter for the electrical characterization of 
diffusion processes and is a key parameter in the design of integrated resistors. The sheet 
resistance of a diffused layer is easily measured in the laboratory; the actual evaluation of 
(2.15) is seldom necessary. 

■ EXAMPLE 

Calculate the resistance of a layer with length 50 pm and width 5 pm in material of sheet 
resistance 200 O/Q 

From (2.10) 

R = y x 200 Q = 2 kft 

Note that this region constitutes 10 squares in series, and R is thus 10 times the sheet 

■ resistance. 

In order to use these diffusion process steps to fabricate useful devices, the diffusion 
must be restricted to a small region on the surface of the sample rather than the entire 
planar surface. This restriction is accomplished with photolithography. 

2.2.4 Photolithography 

When a sample of crystalline silicon is placed in an oxidizing environment, a layer of 
silicon dioxide will form at the surface. This layer acts as a barrier to the diffusion of 
impurities, so that impurities separated from the surface of the silicon by a layer of oxide 
do not diffuse into the silicon during high -temperature processing. A pn junction can thus 
be formed in a selected location on the sample by lirst covering the sample with a layer 
of oxide (called an oxidation step), removing the oxide in the selected region, and then 
performing a predeposition and diffusion step. The selective removal of the oxide in the 
desired areas is accomplished with photolithography. This process is illustrated by the 
conceptual example of Fig. 2.7. Again we assume the starting material is a sample of n- 
type silicon. We lirst perform an oxidation step in which a layer of silicon dioxide (Si0 2 ) 
is thermally grown on the top surface, usually of thickness of 0.2 /xm to 1 pm. The wafer 
following this step is shown in Fig. 2,7 a. Then the sample is coaled with a thin layer of 
photosensitive material called photoresist. When this materia! is exposed to a particular 
wavelength of light, it undergoes a chemical change and, in the case of positive photoresist, 
becomes soluble in certain chemicals in which the unexposed photoresist is insoluble. The 
sample at this stage is illustrated in Fig. 2.7 h. To define the desired diffusion areas on the 
silicon sample, a photomask is placed over the surface of the sample; this photomask is 
opaque except for clear areas where the diffusion is to take place. Light of the appropriate 
wavelength is directed at the sample, as shown in Fig. 2.7c, and falls on the photoresist 
only in the dear areas of the mask. These areas of the resist are then chemically dissolved 
in the development step, as shown in Fig. 2.1 d. The unexposed areas of the photoresist are 
impervious to the developer. 

Since the objective is the formation of a region clear of Si0 2 , the next step is the 
etching of the oxide. This step can be accomplished by dipping the sample in an etching 
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Figure 2.7 Conceptual example of the use of photolithography to form a pn junction diode, (a) 
Grow S 1 O 2 . (b) Apply photoresist, (c) Expose through mask, (d) Develop photoresist, (e) Etch 
S 1 O 2 and remove photoresist. (f) Predeposit and diffuse impurities. 



solution, such as hydrofluoric acid, or by exposing it to an electrically produced plasma in 
a plasma etcher. In either ease, the result is that in the regions where the photoresist has 
been removed, the oxide is etched away, leaving the bare silicon surface. 

The remaining photoresist is next removed by a chemical stripping operation, leav- 
ing the sample with holes, or windows, in the oxide at the desired locations, as shown in 
Fig. 2Je, The sample now undergoes a predeposition and diffusion step, resulting in the 
formation of p-type regions where the oxide had been removed, as shown in Fig. 2.7 f. 
In some instances, the impurity to be locally added to the silicon surface is deposited by 
using ion implantation (see Section 2.2.6). This method of insertion can often take place 
through the silicon dioxide so that the oxide-etch step is unnecessary. 

The minimum dimension of the diffused region that can be routinely formed w ith this 
technique in device production has decreased with time, and at present is approximately 
0.2 |xm by 0.2 |xm. The number of such regions that can be fabricated simultaneously 
can be calculated by noting that the silicon sample used in the production of integrated 
circuits is a round slice, typically 4 inches to 12 inches in diameter and 250 pm thick. 
Thus the number of electrically independent /injunctions of dimension 0.2 jam x 0.2 pm 
spaced 0.2 pm apart that can be formed on one such wafer is on the order of 10 JI . In actual 
integrated circuits, a number of masking and diffusion steps are used to form more complex 
structures such as transistors, but the key points are that photolithography is capable of 
defining a large number of devices op the surface of the sample and that all of these devices 
are batch fabricated at the same time. Thus the cost of the photomasking and diffusion 
steps applied to the wafer during the process is divided among the devices or circuits on 
the water. This ability to fabricate hundreds or thousands of devices at once is the key to 
the economic advantage of IC technology. 

2.2.5 Epitaxial Growth 

Early planar transistors and the first integrated circuits used only photomasking and diffu- 
sion steps in the fabrication process. However, all-diffused integrated circuits had severe 
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limitations compared with discrete component circuits. In a triple-diffused bipolar tran- 
sistor, as illustrated in Fig. 2.8, the collector region is formed by an rc-type diffusion into 
the /J-Lypc wafer. The drawbacks of this structure are that the series collector resistance 
is high and the collector-to-emitter breakdown voltage is low. The former occurs because 
the impurity concentration in the portion of the collector diffusion below the collector-base 
junction is low, giving the region high resistivity. The latter occurs because the concen- 
tration of impurities near the surface of the collector is relatively high, resulting in a low 
breakdown voltage between the collector and base diffusions at the surface, as described 
in Chapter 1 . To overcome these drawbacks, the impurity concentration should be low at 
the collector-base junction for high breakdown voltage but high below the junction for low 
collector resistance. Such a concentration profile cannot be realized with diffusions alone, 
and the epitaxial growth technique was adopted as a result. 

Epitaxial (epi) growth consists of formation of a layer of single-crystal silicon on the 
surface of the silicon sample so that the crystal structure of the silicon is continuous across 
the interface. The impurity concentration in the epi layer can be controlled independently 
and can be greater or smaller than in the substrate material. In addition, the epi layer is of- 
ten of opposite impurity type from the substrate on which it is grown. The thickness of epi 
layers used in integrated- circuit fabrication varies from 1 pm to 20 pm, and the growth 
of the layer is accomplished by placing the wafer in an ambient atmosphere containing 
silicon tetrachloride (SiCLO or silane (S1H4) at an elevated temperature. A chemical re- 
action lakes place in which elemental silicon is deposited on the surf ace of the wafer, 
and the resulting surface layer of silicon is crystalline in structure with few defects if the 
conditions are carefully controlled. Such a layer is suitable as starting material for the fab- 
rication of bipolar transistors. Epitaxy is also utilized in some CMOS and mosl BiCMOS 
technologies. 
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2.2.6 Ion Implantation 

Ion implantation is a technique for directly inserting impurity atoms into a silicon wafer. 5,6 
The wafer is placed in an evacuated chamber, and ions of the desired impurity species are 
directed at the sample at high velocity. These ions penetrate the surface of the silicon wafer 
to an average depth of from less than 0.1 p,m to about 0.6 p,m, depending on the velocity 
with which they strike the sample. The wafer is then held at a moderate temperature for a 
period of time (for example, 800°C for 10 minutes) in order to allow the ions to become 
mobile and lit into the crystal lattice. This is called an anneal step and is essential to allow 
repair of any crystal damage caused by the implantation. The principal advantages of ion 
implantation over conventional diffusion are (I) that small amounts of impurities can be 
reproducibly deposited and (2) that the amount of impurity deposited per unit area can be 
precisely controlled. In addition, the deposition can be made with a high level of uniform- 
ity across the wafer. Another useful properly of ion-implanted layers is that the peak of 
the impurity concentration profile can be made to occur below the surface of the silicon, 
unlike with diffused layers. This allows the fabrication of implanted bipolar structures with 
properties that are significantly better than those of diffused devices. This technique is also 
widely applied in MOS technology where small, well-controlled amounts of impurity are 
required at the silicon surface for adjustment of device thresholds, as described in Section 
1,5,1. 

2.2.7 Local Oxidation 

In both MOS and bipolar technologies, the need often arises to fabricate regions of the 
silicon surface that are covered with relatively thin silicon dioxide, adjacent to areas cov- 
ered by relatively thick oxide. Typically, the former regions constitute the active-device 
areas, whereas the Latier constitute the regions that electrically isolate the devices from 
each other. A second requirement is that the transition from thick to thin regions must 
be accomplished without introducing a large vertical step in the surface geometry of the 
silicon, so that the metallization and other patterns that are later deposited can lie on a rel- 
atively planar surface. Local oxidation is used to achieve this result. The local oxidation 
process begins with a sample that already has a thin uxide grown on il, as shown in Fig. 
2.9a. First a layer of silicon nitride (SiN) is deposited on the sample and subsequently 
removed with a masking step from all areas where thick oxide is to be grown, as shown 
in Fig. 2.9 b. Silicon nitride acts as a barrier to oxygen atoms that might otherwise reach 
the S 1 -S 1 O 2 interface and cause further oxidation. Thus when a subsequent long, high- 
temperature oxidation step is carried out, a thick oxide is grown in the regions where there 
is no nitride, but no oxidation takes place under the nitride. The resulting geometry after 
nitride removal is shown in Fig. 2.9c, Note lhai the top surface ofthe silicon dioxide has a 
smooth transition from thick to thin areas and that the height of this transition is less than 
the oxide thickness difference because the oxidation in the thick uxide regions consumes 
some of the underlying silicon. 

2.2.8 Polysilicon Deposition 

Many process technologies utilize layers of potycrystalline silicon that are deposited dur- 
ing fabrication. After deposition of the polycrystalline silicon layer on the wafer, the de- 
sired features arc defined by using a masking step and can serve as gate electrodes for 
silicon-gate MOS transistors, emitters of bipolar transistors, plates of capacitors, resistors, 
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Figure 2.9 Local oxidation process, (a) Sili- 
con sample prior to deposition of nitride, (id 
After nitride deposition and definition, (c) 
After oxidation and nitride removal. 



fuses, and interconnect layers. The sheet resistance of such layers can be controlled by the 
impurity added, much like bulk silicon, in a range from about 20 £!/□ up to very high 
values. The process that is used to deposit the layer is much like that used for epitaxy. 
However, since the deposition is usually over a layer of silicon dioxide, the layer does not 
form as a single-crystal extension of the underlying silicon but forms as a granular (or 
polysilicon) film. Some MOS technologies contain as many as three separate polysilicon 
layers, separated from one another by layers of SiO^. 



2.3 High-Vollage Bipolar Integrated-Circuit Fabrication 

Intcgrated-circuiL fabrication techniques have changed dramatically since the invention of 
the basic planar process. This change has been driven by developments in photolithogra- 
phy, processing techniques, and also the trend to reduce power-supply voltages in many 
systems. Developments in photolithography have reduced the minimum feature size at- 
tainable from tens of microns to the submieron level. The precise control allowed by ion 
implantation has resulted in this technique becoming the dominant means of predepo siting 
impurity atoms. Finally, many circuits now operate from 3 V or 5 V power supplies instead 
of from the ± 1 5 V supplies used earlier to achieve high dynamic range in stand-alone in- 
tegrated circuits, such as operational amplifiers. Reducing the operating voltages allows 
closer spacing between devices in an IC. It also allows shallower structures with higher 
frequency capability. These effects stem from the fact that the thickness of junction de- 
pletion layers is reduced by reducing operating voltages, as described in Chapter I, Thus 
the highest-frequeney IC processes are designed to operate from 5-V supplies or less and 
are generally not usable at higher supply voltages. In fact, a fundamental trade-off exists 
between Ihe frequency capability of a process and its breakdown voltage. 

In this section, we examine first the sequence of steps used in the fabrication of high- 
voltage bipolar integrated circuits using junction isolation. This was the original IC process 
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and is useful as a vehicle to illustrate the basic methods of IC fabrication. It is still used in 
various farms to fabricate high-voltage circuits. 

The fabrication of a junction-isolated bipolar integrated circuit involves a sequence 
of from six to eight masking and diffusion steps. The starting material is a wafer of p- 
type silicon, usually 250 jam thick and with an impurity concentration of approximately 
10 16 atoms/cm 3 , Wc will consider the sequence of diffusion steps required to form an 
npn integrated-circuit transistor. The first mask and diffusion step, illustrated in Fig. 2.10, 
forms a low-resistance n-tyipe layer that will eventually become a low-resistance path for 
the collector current of the transistor. This step is called the buried-layer diffusion, and the 
layer itself is called the buried layer. The sheet resistance of the layer is in the range of 20 
to 50 QyQ and the impurity used is usually arsenic or antimony because these impurities 
diffuse slowly and thus do not greatly redistribute during subsequent processing. 

After the buried-layer step, the wafer is stripped of all oxide and an epi layer is grown, 
as show n in Fig. 2.11. The thickness of the layer and its n-type impurity concentration de- 
termine the collector-base breakdown voltage of the Transistors in the circuit since this 
material forms the collector region of the transistor. For example, if the circuit is to oper- 
ate at a power-supply voltage of 36 V, the devices generally are required to have BVceo 
breakdown voltages above this value. As described in Chapter 1, this implies that the 
plane breakdown voltage in Lhc collcc tor-base junction must be several times this value be- 
cause of the effects of collector avalanche multiplication. For BVceo = 36 V, a collector- 
base plane breakdown voltage of approximately 90 V is required, which implies an impu- 
rity concentration in the collector of approximately 10 15 atoms/cm 3 and a resistivity of 
5 11 -cm. The thickness of the epitaxial layer then must be large enough to accommodate 
the depletion layer associated with the collector-base junction. At 36 V, the results of Chap- 
ter l can be used to show that the depletion-layer thickness is approximately 6 ptm. Since 
the buried layer diffuses outward approximately 8 (lliu during subsequent processing, and 
the base diffusion will be approximately 3 |xm deep, a total epitaxial layer thickness of 
17 jxm is required for a 36-V circuit. For circuits with lower operating voltages, thinner 
and more heavily doped epitaxial layers are used to reduce the transistor collector series 
resistance, as will be shown later. 

Following the epitaxial growth, an oxide layer is grown on the top surface of the epi- 
taxial layer. A mask step and boron (p-type) predeposition and diffusion are performed, 
resulting in the structure shown in Fig. 2.12. The function of this diffusion is to isolate 
the collectors of the transistors from each other with reverse-biased pn junctions, and it 
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Figure 2.1 1 Bipolar integrated-circuit wafer following epitaxial growth. 
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Figure 2.12 Structure following isolation diffusion. 
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Figure 2.13 Structure following base diffusion. 

is termed the isolation diffusion. Because of the depth to which the diffusion must pene- 
trate, this diffusion requires several hours in a diffusion furnace at temperatures of about 
1 200°C The isolated diffused layer has a sheet resistance from 20 fi/IZj to 40 O/Q 

The next steps are the base mask, base predeposition, and base diffusion, as shown 
in Fig. 2.13. The latter is usually a boron diffusion, and the resulting layer has a sheet 
resistance of from 100 fi/D to 300 O/D, and a depth of 1 |xm to 3 p.m at the end of the 
process. This diffusion forms not only the bases of the transistors, but also many of the 
resistors in the circuit, so that control of the sheet resistance is important. 

Following the base diffusion, the emitters of the transistors are formed by a mask 
step, u-type predeposition, and diffusion, as shown in Fig. 2.14. The sheet resistance is 
between 2 fl/D and 10 O/Q and the depth is 0.5 jxm to 2.5 (utin after the diffusion. This 
diffusion step is also used to form a low-resistancc region, which serves as the contact 
to the collector region. This is necessary because ohmic contact is difficult to accomplish 
between aluminum metallization and the high-resistivity epitaxial material directly. The 
next masking step, the contact mask, is used to open holes in the oxide over the emitter, 
the base, and the collector of the transistors so that electrical contact can be made to them. 
Contact windows are also opened for the passive components on the chip. The entire wafer 
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Figure 2.15 Final structure following contact mask and metallization. 

is then coated with a thin (about L pun) layer of aluminum that will interconnect the circuit 
elements. The actual interconnect pattern is defined by the last mask step, in which the 
aluminum is etched away in the areas where the photoresist is removed in the develop step. 
The final structure is shown in Fig. 2.15. A microscope photograph of an actual structure 
of the same type is shown in Fig* 2*16. The terraced effect on the surface of the device 
results from the fact that additional oxide is grown during each diffusion cycle, so that 
the oxide is thickest over the epitaxial region, where no oxide has been removed, is less 
thick over the base and isolation regions, which are both opened at the base mask step, 
and is thinnest over the emitter diffusion. A typical diffusion profile for a high-voltage, 
deep-diffused analog integrated circuit is shown in Fig. 2.17. 

This sequence allows simultaneous fabrication of a large number (often thousands) 
of complex circuits on a single wafer. The wafer is then placed in an automatic tester, 
which checks the electrical characteristics of each circuit on the wafer and puts an ink 
dot on circuits that fail to meet specifications. The wafer is then broken up, by sawing 
or scribing and breaking, into individual circuits. The resulting silicon chips are called 
dice , and the singular is die. Each good die is then mounted in a package, ready for final 
testing. 
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Figure 2.16 Scanning electron microscope photograph of npn transistor structure. 
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Figure 2.17 Typical impurity concentration for a monolithic npn transistor in a high-voltage, 
deep- diffused process. 



2.4 Advanced Bipolar Integrated-Circuit Fabrication 

A large Traction of bipolar analog integrated circuits currently manufactured uses the ba- 
sic technology described in the previous section, or variations thereof. The fabrication se- 
quence is relatively simple and low in cost. However, many of the circuit applications of 
commercial importance have demanded steadily increasing frequency response capability, 
which translates directly to a need for transistors of higher frequency-response capability 
in the technology. The higher speed requirement dictates a device structure with thinner 
base width to reduce base transit time and smaller dimensions overall to reduce parasitic 
capacitances. The smaller device dimensions require that the width of the junction deple- 
tion layers within the structure be reduced in proportion, which in turn requires the use of 
lower circuit operating voltages and higher impurity concentrations in the device structure. 
To meet this need, a class of bipolar fabrication technologies has evolved that, compared 
to the high-voltage process sequence described in the lasl section, use much thinner and 
more heavily doped epitaxial layers, selectively oxidized regions for isolation instead of 
diffused junctions, and a polysilicon layer as the source of dopant for the emitter. Because 
of the growing importance of this class of bipolar process, the sequence for such a pmccss 
is described in this section. 
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Figure 2.18 Device cross section following initial buried-layer mask, implant, and epitaxial-layer 
growth. 

The starting point for the process is simitar to that for the conventional process, with 
a mask and implant step resulting in the formation of a heavily-doped buried layer in a 
p-type substrate. Following this step, a thin ft-type epitaxial layer is grown, about 1 pm in 
thickness and about 0.5 O-cm in resistivity. The result after these steps is shown in cross 
section in Fig. 2.18. 

Next, a selective oxidation step is carried out to form the regions that will isolate 
the transistor from its neighbors and also isolate the collector-contact region from the rest 
of the transistor. The oxidation step is as described in Section 2.2.7, except that prior to 
the actual growth of the thick SiOa layer, an etching step is performed to remove silicon 
material from the regions where oxide will be grown. If this is not done, the thick oxide 
growth results in elevated humps in the regions where the oxide is grown. The steps aiound 
these humps cause difficulty in coverage by subsequent layers of metal and polysilicon that 
will be deposited. The removal of some silicon material before oxide growth results in a 
nearly planar surface after the oxide is grown and removes the step coverage problem in 
subsequent processing* The resulting structure following Ihis step is shown in Fig. 2.19. 
Note that the SiO -2 regions extend all the way down to the p-lype substrate, electrically 
isolating the /7-type epi regions front one another. These regions arc often referred to as 
moats. Because growth of oxide layers thicker than a micron or so requires unpractically 
long times, this method of isolation is practical only for very thin transistor structures. 

Next, two mask and implant steps are performed* A heavy n + implant is made in the 
collector-contact region and diffused down to the buried layer, resulting in a low-rcsislance 
path to the collector. A second mask is performed to define the base region, and a thin-base 
p-type implant is performed. The resulting structure is shown in Fig. 2.20, 

A major challenge in fabricating this type of device is Ihc formation of very thin base 
and emitter structures, and then providing low-resistance ohmic contact to these regions. 
This is most often achieved using polysilicon as a doping source. An n + doped layer of 
poly silicon is deposited and masked lo leave poly silicon only in the region directly over 
the emitter. During subsequent high-temperaturc processing steps, the dopant (usually 




Figure 2.19 Device cross section following selective etch and oxidation to form thick-oxidc 
moats. 
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Figure 2.20 Device cross section following mask, implant, and diffusion of collector n J region, 
and mask and implant of base p-type region. 
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Figure 2.21 Device cross section following poly deposition and mask, base p-type implant, and 
thermal diffusion cycle. 

arsenic) diffuses out of the poly silicon and into the crystalline silicon, forming a very thin, 
heavily doped emitter region. Following the poly deposition, a heavy p-type implant is 
performed, which results in a more heavily doped p-type layer at all points in the base 
region except directly under the polysilicon, where the polysiticon itself acts as a mask 
to prevent the boron atoms from reaching this part of the base region. The structure that 
results following this step is shown in Fig. 2.2 1 . 

This method of forming low-resistance regions to contact the base is called a self- 
aligned structure because the alignment of the base region with the emitter happens au- 
tomatically and docs not depend on mask alignment. Similar processing is used in MOS 
technology, described later in this chapter. 

The final device structure after metallization is shown in Fig. 2.22. Since the moats 
are made ol SiOs, the metallization contact windows can overlap into them, a fact that 
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Figure 2.22 Final device cross section. Note that collector and base contact windows can overlap 
moat regions. Emitter contact for the structure shown here would be made on an extension of the 
polysilicon emitter out of the device active area, allowing the minimum possible emitter size. 
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Figure 2.23 Scanning-eleetron-nricroscope photographs of a bipolar transistor in an advanced, 
polysilicon-emitter, oxide-isolated process, (#) After polysilicon emitter definition and first-metal 
contact lo the base and collector. The polvsilicon emitter is l p.m wide. (A) After oxide deposition, 
contact etch, and second-metal interconnect. [QUBic process photograph courtesy of Signetics.] 



dramatically reduces the minimum achievable dimensions of the base and collector re- 
gions. All exposed silicon and polysilieon is covered with a highly conductive silicide (a 
compound of silicon and a refractory metal such as tungsten) to reduce series and con- 
tact resistance. For minimum-dimension transistors, the contact to the emitter is made by 
extending the polysilicon Lo a region outside the device active area and forming a metal 
contact to the polysilicon there. A photograph of such a device is shown in Fig. 2.23. and 
a typical impurity profile is shown in Fig, 2.24, The use of the remote emitter contact with 
polysilicon connection docs add some series emitter resistance, so for larger device geome- 
tries or cases in which emitter resistance is critical, a larger emitter is used and the contact 
is placed directly on top of the polysilieon emitter itself. Production IC processes 7 '* based 
on technologies similar to the one just described yield bipolar transistors having fj val- 
ues well in excess of 10 GHz, compared to a typical value of 500 MHz for deep-diffused, 
high-voltage processes. 



2.5 Active Devices in Bipolar Analog Integrated Circuits 

The high-voltage 1C fabrication process described previously is an outgrowth of the one 
used to make npn double-diffused discrete bipolar transistors, and as a result the process 
inherently produces double- diffused npn transistors of relatively high performance. The 
advanced technology process improves further on all aspects of device performance except 
for breakdown voltage. In addition to npn transistors, pnp transistors are also required in 
many analog circuits, and an important development in the evolution of analog TC tech- 
nologies was the invention of device structures that allowed the standard technology to 
produce pnp transistors as well- In this section, we will explore the structure and properties 
of npn , lateral pnp, and substrate pnp transistors. We will draw examples primarily from 
the high-voltage technology. The available structures in the more advanced technology 
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Figure 2*24 Typical impurity profile in a shallow oxide- isolated bipolar transistor. 

are similar, except that their frequency response is correspondingly higher. We will include 
representative device parameters from these newer technologies as well. 



2.5. 1 Integrated-Circuit npn Transistors 

The structure of a high-voltage* integrated-circuit npn transistor was described in the last 
section and is shown in plan view and cross section in Fig. 2*25. In the forward-active 
region of operation, the only electrically active portion of the structure that provides current 
gain is that portion of the base immediately under the emitter diffusion. The rest of the 
structure provides a top contact to the three transistor terminals and electrical isolation of 
the device from the rest of the devices on the same die. From an electrical standpoint, the 
principal effect of these regions is to contribute parasitic resistances and capacitances that 
must be included in the small-signal model for the complete device to provide an accurate 
representation of high-frequency behavior. 

An important distinction between integrated-circuit design and discrete-component 
circuit design is that the 1C designer has the capability to utilize a device geometry (hat 
is specifically optimized for the particular set of conditions found in the circuit. Thus the 
circuit-design problem involves a certain amount of device design as well. For exam- 
ple, the need often exists for a transistor with a high current -carrying capability to be 
used in the output stage ol an amplifier. Such a device can be made by using a larger de- 
vice geometry than the standard one, and the transistor then effectively consists of many 
standard devices connected in parallel. The larger geometry, however, will display larger 





; \ /?-type substrate '■ -V-; 

Figuie 2.25 Integra led- circuit npn transistor The mask layers are coded as shown 

base-emitter, collector-base, and eoliccior-substratc capacitance than the standard device, 
and this must be taken into account in analyzing the frequency response of the circuit. The 
circuit designer then must be able to determine the effect of changes in device geometry 
on device characteristics and to estimate the important device parameters when the device 
structure and doping levels are known. To illustrate this procedure, we will calculate the 
model parameters of the npn device shown in Fig. 2.25. This structure is typical of the 
devices used in circuits wilh a 5-li-cm, 17-pm epitaxial layer. The emitter diffusion is 
20 pm x 25 pm, the base diffusion is 45 pm x 60 pm, and the base-isolation spacing is 
25 pm. The overall device dimensions arc 140 pm X 95 pm. Device geometries intended 
for lower epi resistivity and thickness can be much smaller; the base-isolation spacing is 
dictated by the side diffusion of the isolation region plus the depletion layers associated 
with the base-collector and collectorTsolaiion junctions, 

Saturation Current 1$. Ill Chapter 1 , the saturation current of a graded-base transistor was 
shown to be 

qAD fl n 2 t 

‘’’ST- 



( 2 . 16 ) 
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where A is the emitter-base junction area, Qb is the total number of impurity atoms per unit 
area in the base, is the intrinsic carrier concentration, and D n is the effective diffusion 
constant for electrons in the base region of the transistor. From Fig. 2. 17, the quantity Qb 
can be identified as the area under the concentration curve in the base region. This could be 
determined graphically but is most easily determined experimentally from measurements 
of the base-emitter voltage at a constant collector current. Substitution of (2. 16) in (135) 
gives 



Qb 



= A 



k: 



exp 



Vbe 

V t 



and Qb can be determined from this equation. 



(2J7) 



■ EXAMPLE 



A base-emitter voltage of 550 mV is measured at a collector current of 1 0 ja A on a test tran- 
sistor with a 100 pim x 100 |xm emitter area. Estimate Q H if T = 30Q°K. From Chapter 
Lweh ave^ = 1.5 X 10 Uf cm -3 . Substitution in (2.17) gives 



^ M100 x 10-V ^°" 19X 125 X 1020 



Qb 

'd b 



io- 



exp(550/26) 



= 5.54 X 10 



11 cm 4 s 



At the doping levels encountered in the base, an approximate value of D„, the electron 
diffusivily, is 

D n = 13 cm 2 s 1 

Thus for this example, 

Qb = 5.54 X 10 11 x 13 cm -2 = 7.2 X 10 12 atoms/cm 2 

Note that Qb depends on the diffusion profiles and will be different for different types of 
processes. Generally speaking, fabrication processes intended for lower voltage operation 
use thinner base regions and display lower values of Qb. Within one nominally fixed pro- 
cess, Qb can vary by a factor of two or three to one because of diffusion process variations. 
The principal significance of the numerical value for Qb is that it allows the calculation 
of the saturation current Is for any device structure once the emitter-base junction area is 
■ known. 



Series Base Resistance V Because the base contact is physically removed from the active 
base region, a significant series ohmic resistance is observed between the contact and the 
active base. This resistance can have a significant effect on the high-frequency gain and 
on the noise performance of the device. As illustrated in Fig. 2.26a, this resistance consists 
of two parts. The first is the resistance on of the path between the base contact and the 
edge of the emitter diffusion. The second part r^i is that resistance between the edge of 




(o) 



Figure 2.26 (a) Base resistance 
components for the npn 
transistor. 
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Figure 2.26 ( b ) Calculation of r \> \ . The 
Th\ component of base resistance can be 
estimated by calculating the resistance of 
the rectangular block above. 



the emitter and the site within the base region at which the current is actually flowing. 
The former component can be estimated by neglecting fringing and by assuming that this 
component of the resistance is that of a rectangle of material as shown in Fig. 2.26b. For 
a base sheet resistance of 100 O/D and typical dimensions as shown in Fig, 2,26 b, this 
would give a resistance of 

r h] = 12±^ioon = 40 n 
25 |xm 

The calculation of is complicated by several factors. First, the current flow in this 
region is not well modeled by a single resistor because the base resistance is distributed 
throughout the base region and two-dimensional effects are important. Second, at even 
moderate current levels, the effect of current crowding 9 in the base causes most of the 
carrier injection from the emitter into the base to occur near the periphery of the emitter 
diffusion. At higher current levels, essentially all of the injection takes place at the periph- 
ery and the effective value of r* approaches . In this situation, the portion of the base 
directly beneath the emitter is not involved in transistor action. A typically observed vari- 
ation of rjfj with collector current for the npn geometry of Fig. 2.25 is shown in Fig, 2,27, 
In Transistors designed for low-noise and/or high-frequency applications where low r\ 7 is 
important, an effort is often made to maximize the periphery of the emitter that is adja- 
cent to the base contact. At the same time, the emitter-base junction and collector-base 
junction areas must be kept small to minimize capacitance. In the case of high-frequency 
transistors, this usually dictates the use of an emitter geometry that consists of many narrow 




Figure 2.27 Typical varialion of effective 
small-signal base resistance with collector 
current for integrated-circuit npn 
transistor 
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Figure 2.28 («) Components of collector resistance r c . 

stripes with base contacts between them. The ease with which the designer can use such 
device geometries is an example of the flexibility allowed by monolithic IC construction. 

Series Collector Resistance r c . The series collector resistance is important both in high- 
frequency circuits and in low-frequency applications where low collector-emitter satura- 
tion voltage is required. Because of the complex three-dimensional shape of the collector 
region itself, only an approximate value for the collector resistance can be obtained by 
hand analysis. From Fig. 2.28, we see that the resistance consists of three parts: that from 
the collector-base junction under the emitter down to the buried layer, ; that of the buried 
layer from the region under the emitter over to the region under the collector contact, r c2 ; 
and finally, that portion from the buried layer up to the collector contact, The small- 
signal series collector resistance in the forward- active region can be estimated by adding 
the resistance of these three paths. 

■ EXAMPLE 

Estimate the collector resistance of the transistor of Fig. 2.25, assuming the doping profile 
of Fig. 2*17. We first calculate the component. The thickness of the lightly doped cpi 
layer bciween the collector-base junction and the buried layer is 6 |xm. Assuming that the 
collector-base junction is at zero bias, the results of Chapter l can be used to show that the 
depletion layer is about 1 p,m thick* Thus the undepleted epi material under the base is 
5 |tm thick. 

The effective cross-sectional area of the resistance r c] is larger at the buried layer 
than at the collector-base junction. The emitter dimensions are 20 p,m X 25 jam, while the 
buried layer dimensions are 41 jam X 85 jxm on the mask. Since the buried layer side- 
dilluses a distance roughly equal to the distance that it out-diffuses. about 8 jura must be 
added on each edge, giving an effective size of 57 jmm x 101 jxm. An exact calculation of 
the ohmic resistance of this three-dimensional region would require a solution of Laplace’s 
equation in the region, with a rather complex set of boundary conditions* Consequently, 
we will carry out an approximate analysis by modeling the region as a rectangular paral- 




Figure 2.28 (b) Model for calculation of collector 
resistance. 
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lelepiped, as shown in Fig. 2.28fr. Under the assumptions that the top and bottom surfaces 
of the region arc equipotential surfaces, and that the current flow in the region lakes place 
only in the vertical direction, the resistance of the structure can be shown to be 



R = 



HI 



WL(a ~ b) 



<2.18) 



where 

7 = thickness of the region 
p — resistivity of the material 
W, L = width, length of the top rectangle 

a = ratio of the width of the bottom rectangle to the width of the top rectangle 
b = ratio oT the length of the bottom rectangle to the length of the top rectangle 

Direct application of this expression to the case at hand would give an unrealistically low 
value of resistance, because the assumption of one-dimensional flow is seriously violated 
when the dimensions of the lower rectangle are much larger than those of the top rect- 
angle. Equation 2.18 gives realistic results when Ihc sides of the region form an angle of 
about 60° or less with the vertical. When the angle of the sides is increased beyond this 
point, the resistance does not decrease very much because of the long path for current flow 
betw een the top electrode and the remote regions of the bottom electrode. Thus the limits 
of the bottom electrode should be determined either by the edges of the buried layer or by 
the edges of the emitter plus a distance equal to about twice the vertical thickness 7 of 
the region, whichever is smaller. For the case of r c \ , 

7 = 5 pm = 5 x 10 -4 cm 
p = 5 fl-cm 

We assume that the effective emitter dimensions are those defined by the mask plus ap- 
proximately 2 jlliu of side diffusion on each edge. Thus 

W = 20 fjLi-n + 4 pm = 24 X 10“ 4 cm 
L = 25 pm + 4 pm = 29 X HT 4 cm 



For this case, the buried-layer edges arc further away from the emitter edge than twice the 
thickness 7 on all four sides when side diffusion is taken into account. Thus the effective 
buried-layer dimensions that we use in (2.1 8) are 

W B l = W + 47 = 24 jam + 20 pm = 44 jam 
L m = L + 47 = 29 jam + 20 [am = 49 jam 



and 



44 jam 
24 p m 
49 pm 
29 pm 



1.83 

1.69 



(5)(5 x 1(T 4 ) 



r c l = 



(24 X 10 -4 )(29 X IQ- 4 ) 



(0.57) n = 204 n 



Thus from (2.1 8). 
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We will now calculate r c2 , assuming a buried-layer sheet resistance of 20 ft/Q The dis- 
tance from the center of the emitter to the center of the collector-contact diffusion is 62 jxm, 
and the width of the buried layer is 41 The r v2 component is thus, approximately, 

r a - (20!i/n>(|:). 20(l/n(^^)= 3on 

Here the buried-layer side diffusion was not taken into account because the ohmic resis- 
tance of the buried layer is determined entirely by the number of impurity atoms actually 
diffused [see (2.15)] into the silicon, which is determined by the mask dimensions and the 
sheet resistance of the buried layer 

For the calculation of r c 3 , the dimensions .of the collector-contact diffusion are 
18 jim x 49 jim, including side diffusion. The distance from the buried layer to the bottom 
of the n + diffusion is seen in Fig. 2.17 to be 6.5 pm, and thus T = 6.5pm in this case. 
On the three sides of the collector diffusion that do not face the base region, the out- 
diffused buried layer extends only 4 pm outside the diffusion, and thus the effective 
dimension of the buried layer is determined by the actual buried-layer edge on these sides. 
On the side facing the base region, the effective edge of the buried layer is a distance 2 T, or 
1 3 pm, away from the edge of the n + diffusion. The effective buried-layer dimensions for 
the calculation of are thus 35 pm x 57 pm. Using (2.18), 



r c * = 



(5)(6.5 x I0“ 4 ) 



(18 X 10 _4 }(49 X IO- 4 ) 
The total collector resistance is thus 



0.66 = 243 O 



r c — r c i + r r 2 + r c $ = 531 H 

The value actually observed in such devices is somewhat lower than this for three rea- 
sons, First, we have approximated the flow as one-dimensional, and it is actually three- 
dimensional. Second, for larger collector- base voltages, the collector-base depletion layer 
extends further into the epi, decreasing r c 1 . Finally, the value of r c that is important is often 
that lor a saturated device. In saturation, holes are injected into the epi region under the 
emitter by the forward-biased, collector-base function, and they modulate the conductivity 
of the region even at moderate current levels , 10 Thus the collector resistance one measures 
when the device is in saturation is closer to (r c2 + r^), or about 250 to 300 il. Thus r c is 
■ smaller in saturation than in the forward-active region. 



Collector-Base Capacitance. The collector-base capacitance is simply the capacitance 
of the collector-base junction including both the flat bottom portion of the junction and 
the sidewalls. This junction is formed by the diffusion of boron into an K-type epitaxial 
material that we will assume has a resistivity of 5 fl-cm, corresponding to an impurity 
concentration of 10 ]5 atoms/cm 3 . The uniformly doped epi layer is much more lightly 
doped than the p-diffused region, and as a result, this junction is well approximated by 
a step junction in which the depletion layer lies almost entirely in the epitaxial material. 
Under this assumption, the results of Chapter 1 regarding step junctions can be applied, 
and for convenience this relationship has been plotted in nomograph form in Fig. 2.29. 
This nomograph is a graphical representation of the relation 



A V 2(^ 0 + y A ) 



(2.19) 
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Voltage (V) 

Figure 2.29 Capacitance and depletion-layer width of an abrupt pn junction as a function ot ap- 
plied voltage and doping concentration on the lightly doped side of the junction 1 1 

where N B is the doping density in the epi material and Vr is the reverse bias on the junction. 
The nomograph of Fig. 2.29 can also be used to determine the junction depletion-region 
width as a function of applied voltage, since this width is inversely proportional to the 
capacitance. The width in microns is given on the axis on the right side of the figure. 

Note that the horizontal axis in Fig. 2.29 is the total junction potential, which is the 
applied potential plus the built-in voltage i/'o- In order to use Ihe curve, then, the built- 
in potential must be calculated. While this would be an involved calculation for a dif- 
fused junction, the built-in potential is actually only weakly dependent on the details of 
the diffusion profile and can be assumed to be about 0,55 V for the collector-base junc- 
tion, 0.52 V for the collector-substrate junction, and about 0.7 V for the emitter-base 
junction. 

■ EXAMPLE 

Calculate the collector-base capacitance of the device of Fig. 2.25. The zero-bias capaci- 
tance per unit area of the collector-base junction can be found from Fig. 2.29 to be approx- 
imately I0 -4 pF/jum 2 . The total area of the collector-base junction is the sum of the area 
of the bottom of the base diffusion plus the base sidewall area. From Fig. 2.25, the bottom 
area is 

^bottom = 60 |uun ' -5 [! m = 2700 Jim 2 

The edges of the base region can be seen from Fig. 2. 17 to have the shape similar to one- 
quarter of a cylinder. Wc will assume that the region is cylindrical in shape, which yields 
a sidewall area of 



, 77 

^sidewnli — P y d X — 
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where 

P = base region periphery 
d = base diffusion depth 

Thus we have 

= 3 pm X (60 pm 4- 60 pm + 45 pm 4 45 pm) x y = 989 pm 2 
and the total capacitance is 

^ ^{i-0 ~~ (^bi )Ltom "I" -^sidewall )(10 4 pF/pm 2 ) = 0.36 pF 

Collector-Substrate Capacitance- The collector-substrate capacitance consists of three 
portions: that of the junction between the buried layer and the substrate, that of the sidewall 
of the isolation diffusion, and that between the epitaxial material and the substrate. Since 
the substrate has an impurity concentration of about 10 1fl cm -3 , it is more heavily doped 
than the epi material, and we can analyze both the sidewall and epi-substralc capacitance 
under the assumption that the junction is a one-sided step junction with the cpi material 
as the lightly doped side. Under this assumption, the capacitance per unit area in these 
regions is the same as in the collcctor-base junction. 

■ EXAMPLE 

Calculate the collector-substrate capacitance of the standard device of Fig. 2.25. The area 
of the collector-substrate sidewall is 

^sidewall = (17 pm)(140 pm 4 140 pm 4 95 pm 4 95 pm) 550 pm 2 

We will assume that the actual buried layer covers the area defined by the mask, 
indicated on Fig. 2.25 as an area of 41 pm X 85 pm, plus 8 pm of side-diffusion on 
each edge. This gives a total area of 57 pm x 101 pm. The area of the junction between 
the epi material and the substrate is the total area of the isolated region, minus that of the 
buried layer. 

TUpi-substrate = ( 140 pm X 95 pm) - (57 pm x 101 pm) 

= 7543 pm 2 

The capacitances of the sidewall and epi-substrate junctions are, using a capacitance per 
unit area of lCn 4 pF/prrr 

C fiT( , (sidewall) - (12, 550 pm 2 )(10" 4 pF/pnr) = 1.26 pF 
C„ ( | (epi-substrate) = (7543 pm 2 )(10 -4 pF/pm 2 ) = 0,754 pF 

For the junction between the buried layer and the substrate, the lightly doped side of 
the junction is the substrate. Assuming a substrate doping level of LG 16 atoms/cm 3 , and 
a built-in voltage of 0.52 V, we can calculate the zero-bias capacitance per unit area as 
3.3 x 1 O'" 4 pF/pm 2 . The area of the buried layer is 

Ari, = 57 pm X 101 pm = 5757 pm 2 

and the zero-bias capacitance from the buried layer to the substrate is thus 

C t ^{BL) - (5757 pm 2 )(3.3 X 10 4 pF/pm 2 ) = 1.89 pF 
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The total zero-bias, collector-substrate capacitance is thus 
u C tJ o = 1.26 pF + 0.754 pF + L89 pF = 3.90 pF 

Emitter-Base Capacitance. The emitter-base junction of the transistor has a doping 
profile that is not well approximated by a step junction because the impurity concen- 
tration on both sides of the junction varies with distance in a rather complicated way. 
Furthermore, the sidewail capacitance per unit area is not constant but varies with dis- 
tance from the surface because the base impurity concentration varies with distance. 
A precise evaluation of this capacitance can be carried out numerically, buL a firsl- 
order estimate of the capacitance can be obtained by calculating the capacitance of an 
abrupt junction with an impurity concentration on the lightly doped side that is equal 
to the concentration in the base at the edge of the junction. The sidewall contribution is 
neglected. 

■ EXAMPLE 

Calculate the zero-bias, emitter-base junction capacitance of the standard device of 
Fig. 2.25. 

We first estimate the impurity concentration at the emitter edge of the base region. 
From Fig. 2.17. it can be seen that this concentration is approximately 10 17 atoms/cm 3 . 
From the nomograph of Fig. 2.29, this abrupt junction would have a zero-bias capacitance 
per unit area of 10 - pF/puu 2 . Since the area of the bottom portion of the emitter-base 
junction is 25 p,m x 20 pan, the capacitance of the bottom portion is 

Cbu !lum = (500 (xm 2 )(10“ J pF//xnr) = 0.5 pF 
Again assuming a cylindrical cross section, the sidewall area is given by 

^sidewall = 2 (25 p.m + 20 j(2.5 jxm) = 353 p.m 2 

Assuming that the capacitance per unit area of the sidewall is approximately the same as 
the bottom, 



Csidcwati = (^53 p,m 2 )(10 3 pF/p.m 2 ) = 0.35 pF 
The total emitter-base capacitance is 



Cj e o = 0.85 pF 

Current Gain. As described in Chapter 1, the current gain of the transistor depends on 
minority-carrier lifetime in the base, which affects the base transport factor, and on the 
diffusion length in the emitter, which affects the emitter efficiency. In analog IC process- 
ing. the base minority-carrier lifetime is sufficiently long that the base transport factor is 
not a limiting factor in the forward current gain in npn transistors. Because the emitter 
region is heavily doped with phosphorus, the minority-carrier lifetime is degraded in this 
region, and current gain is limited primarily by emitter efficiency. 12 Because the doping 
level, and hence lifetime, vary with distance in the emitter, the calculation of emitter ef- 
ficiency for the npn transistor is difficult, and measured parameters must be used. The 
room-temperature current gain typically lies between 200 and 1000 for these devices. The 
current gain falls with decreasing temperature, usually to a value of from 0.5 to 0.75 times 
the room temperature value at “55°C. 
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Figure 2.30 Typical parameters for high-voltage integrated npn transistors with 500 ^m z emitter 
area. The thick epi device is typical of those used in circuits operating at up to 44 V power-supply 
voltage, while the thinner device can operate up to about 20 V. While the geometry of the thin epi 
device is smaller, the collector-base capacitance is larger because of the heavier cpi doping* The 
emitter-base capacitance is higher because the base is shallower, and the doping level in the base 
at the emitter-base junction is higher. 

Summary of High-Voltage npn Device Parameters. A typical set of device parameters 
for the device ol Fig. 2.25 is shown in Fig, 2*30. This transistor geometry is typical of 
that used for circuits that must operate at power supply voltages up to 40 V. For lower 
operating voltages, thinner epitaxial layers can be used, and smaller device geometries 
can be used as a resulL* Also shown in Fig. 2.30 arc typical parameters for a device made 
with 1-fi-cm epi material, which is 10 pun thick. Such a device is physically smaller and 
has a collector-emitter breakdown voltage of about 25 V. 

Advanced-Technology Oxide -Isolated npn Bipolar Transistors. The structure of an ad- 
vanced oxide-isolated, poly-cmitter npn bipolar transistor is shown in plan view and cross 
section in Fig, 2,31. Typical parameters for such a device arc listed in Fig. 2*32* Note the 
enormous reduction in device size, transit time, and parasitic capacitance compared to the 
high-voltage, deep-diffused process. These very small devices achieve optimum perfor- 
mance characteristics at relatively low bias currents* The value of fi for such a device 
typically peaks at a collector current of about 50 |xA. For these advanced-technology tran- 






*■ V ’.-Y ■ V /j-type substrate ' ■ ■ V ■' .♦ ■' 

Figure 2.31 Plan view and cross section of a typical advanced-technology bipolar transistor. Note 
the much smaller dimensions compared w ith the high-voltage device. 

sistors, the use of ion implantation allows precise control of very shallow emitter 
(0. [ ^m) and base (0.2 |xm) regions. The resulting base width is ofthe order of 0.1 pan, and 
( 1 .99) predicts a base transit time about 25 times smaller than the deep-diffused device of 
Fig. 2.17. This is observed in practice* and the ion-implanted transistor has a peak f T of 
about 13 GHz, 

2.5.2 Integrated-Circuit pnp Transistors 

As mentioned previously, the integrated-circuit bipolar fabrication process is an outgrowth 
of that used to build double-diffused epitaxial npn transistors, and the technology inher- 
ently produces npn transistors of high performance. However* pnp transistors of compa- 
rable performance arc not easily produced in the same process, and the earliest analog 
integrated circuits used no pnp transistors. The lack of a complementary device for use 
in biasing, level shifting, and as load devices in amplifier stages proved to be a severe 
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Figure 2.32 Typical device parameters for bipolar transistors in a low-voltage, oxide-isolated, ion- 
implanted process. 

limitation on the performance attainable in analog circuits, leading to the development 
of several pnp transistor structures that are compatible with the standard IC fabrication 
process. Because these devices utilize the lightly doped rt-type epitaxial material as the 
base of the transistor, they are generally inferior to the npn devices in frequency response 
and high-cutrcnt behavior, but are useful nonetheless. In this section, we will describe the 
lateral pnp and substrate pnp structures. 

Lateral pnp Transistors. A typical lateral pnp transistor structure fabricated in a high- 
voltage process is illustrated in Fig. 2.33tf. 13 The emitter and collector are formed with 
the same diffusion that forms the base of the npn transistors. The collector is a p - type 
ring around the emitter, and the base contact is made in the /i-type epi material outside 
the collector ring. The flow of minority carriers across the base is illustrated in Fig. 2.33 b. 
Holes are injected from the emitter, flow parallel to the surface across the n-type base 
region, and ideally are collected by the p-type collector before reaching the base contact. 
Thus the transistor action is lateral rather than vertical as in the case for npn transistors. 
The principal drawback of the structure is the fact that the base region is more lightly doped 
than the collector. As a result, the coilector-basc depletion layer extends almost entirely 
into the base. The base region must then be made wide enough so that the depletion layer 
does not reach the emitter when the maximum collector-emitter voltage is applied, In a 
typical analog IC process, the width of this depletion layer is 6 gm to B \xm when the 
collector-emitter voltage is in the 40- V range. Thus the minimum base width for such a 
device is about 8 p.m, and the minimum base transit time can be estimated from (1.99) 
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Figure 2.33 (a) Lateral pnp structure fabricated in a high-voltage process. 



as 



Use of Wb 



|xm and D p 



rr = 




10 cm 2 /s (for holes) in (2.20) gives 
T[? = 32 ns 



( 2 . 20 ) 



This corresponds to a peak fr of 5 MHz, which is a factor of 1 00 lower than a typical npn 
transistor in the same process. 

The current gain of lateral pnp transistors tends to be low for several reasons. First, 
minority carriers (holes) in the base are injected downward rroin the emitter as well as 
laterally, and some of them are collected by the substrate, which acts as the collector of 
a parasitic vertical pnp transistor. The buried layer sets up a retarding Held lhal tends 
to inhibit this process, but it still produces a measurable degradation of fif. Second, the 
emitter of the pnp is not as heavily doped as is the case for the npn devices, and thus the 
emitter injection efficiency given by (1.51b) is not optimized for the pnp devices. Finally, 
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Figure 2.33 (b) Minority-carrier flow in the lateral pnp transistor. 



the wide base of the lateral pnp results in both a low emitter injection efficiency and also 
a low base transport factor as given by (1 .5 la): 

Another drawback resulting from the use of a lightly doped base region is that the 
current gain of the device falls very rapidly with increasing collector current due to high- 
level injection. The minority-carrier distribution in the base of a lateral pnp transistor in 
the forward-active region is shown in Fig, 234. The collector current per unit of cross- 
sectional area can be obtained from (132) as 



J 



p 






Pn( 0 ) 
W B 



( 2 . 21 ) 



Inverting this relationship, we can calculate the minority-carrier density at the emitter edge 
of the base as 



Pn(. 0) = Jj ^- (2.22) 

qD p 

As long as this concentration is much less than the majority-carrier density in the base, 
low-level injection conditions exist and the base minority-carrier lifetime remains con- 
stant. However when the minority-carrier density becomes comparable with the majority- 
carrier density, the majority-carrier density must increase to maintain charge neutrality 
in the base. This causes a decrease in for two reasons. First, there is a decrease in 
the effective lifetime of minority carriers in the base since there is an increased number 
of majority carriers with which recombination can occur. Thus the base transport factor 
given by (1.5 la) decreases. Second, the increase in the majority-carrier density represents 
an effective increase in base doping density. This causes a decrease in emitter injection 
efficiency given by (1.51/?), Both these mechanisms are also present in npn transistors, 
but occur al much higher current levels due to the higher doping density in the base of the 
npn transistor. 



i Minority-carrier 
I concentration 




Figure 2.34 Minority-carrier distribu- 
tion in the base of a lateral pnp tran- 
sistor in the forward-active region. 
This distribution is that observed 
through section x-x* in Fig. 2 33 h. 
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The collector current at which these effects become significant can be calculated for 
a lateral pnp transistor by equating the minority-carrier concentration given by (2,22) to 
the equilibrium majority-carrier concentration. Thus 



J P W B 



tin ~ No 



(2.23) 



where (2.1) has been substituted for rc H .and N D is the donor density in the pnp base (npn 
collector). From (2.23), we can calculate the collector current for the onset of high-level 
injection in a pnp transistor as 



j c = 



qANpDp 

W 3 



(124) 



where A is the effective area of the emitter-base junction. Note that this current depends 
direeLly on the base doping density in the transistor, and since this is quite low in a lateral 
pnp transistor, the current density at which this fall-off begins is quite low. 

Lateral pnp transistors are also widely used in shallow oxide-isolated bipolar IC tech- 
nologies. The device structure used is essentially identical to that of Fig* 2*33, except that 
the device area is orders of magnitude smaller and the junction isolation is replaced by 
oxide isolation* Typical parameters for such a device are listed in Fig. 2*32* As in the case 
of npn transistors, wc see dramatic reductions in device transit time and parasitic capac- 
itance compared to the high-voltage, thick-epi process. The value of for such a device 
typically peaks at a collector current of about 50 nA* 



i EXAMPLE 

Calculate the collector current at which the current gain begins to fall for the pnp structure 
of Fig* 2.33a. The effective cross-sectional area A of the emitter is the sidewall area of the 
emitter, which is the /?-type diffusion depth multiplied by the periphery of the emitter 
multiplied by tt/2. 

A = (3 jLiin)(30 |xm + 30 pm 4- 30 pm + 30 pm) ^ j = 565 pm 3 = 5.6 X 10 6 cm 2 

The majority-carrier density is 10 15 atoms/cm 3 for an epi-layer resistivity of 5 il-cm. In 
addition, wc can assume W# — 8 pm and D p = 10 cm 3 /s, Substitution of this data in 
(2.24) gives 

I c = 5.6 x 1(T 6 x 1.6 X x 10 15 x 10 - — [— A = 1 1.2 llA 
■ 8 x 10 -4 ' 

The typical lateral pnp structure of Fig. 233a shows a low-current beta of approximately 
30 to 50, which begins to decrease at a collector current of a few tens of microamperes, 
and has fallen to less than 10 at a collector current of 1 mA, A typical set of parameters 
for a structure of this type is shown in Fig* 2.35* Note that in the lateral pnp transistor, the 
substrate junction capacitance appears between the base and the substrate. 



Substrate pnp Transistors. One reason for the poor high-current performance of the lateral 
pnp is the relatively small effective cross-sectional area of the emitter, which results from 
the lateral nature of the injection, A common application for a pnp transistor is in a Class- 
ic output slage where the device is called on to operate at collector currents in the 10-mA 
range. A lateral pnp designed to do this would require a large amount of die area* In 
this application, a different structure is usually used in which the substrate itself is used 
as the collector instead of a diffused p - type region. Such a substrate pnp transistor in a 
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Figure 2.35 Typical parameters for lateral pnp transistors with 900 pan 2 emitter area in a high- 
voltage, thick-epi process. 

high-voltage, thick-epi process is shown in Fig. 2.36a, The p ~{ ype emitter diffusion tor this 
particular substrate pnp geometry is rectangular with a rectangular hole in the middle. In 
this hole an n 1 region is formed with the npn emitter diffusion to provide a contact for 
the rc-lype base. Because of the lightly doped base material, the series base resistance can 
become quite large if the base contact is far removed from the active base region. In this 
particular structure, the n + base contact diffusion is actually allowed to come in contact 
with the /Mype emitter diffusion, in order to get the low-resistance base contact diffusion 
as close as possible to the active base. The only drawback ol' this, in a substrate pnp 
structure, is that the emitter-base breakdown voltage is reduced to approximately 7 V. If 
larger emitter-base breakdown is required, then the ^-emitter diffusion must be separated 
from theu + base contact diffusion by a distance of about IDjLLmto 15 p^m. Many variations 
exist on the substrate pnp geometry shown in Fig. 2.36a. They can also be realized in thin- 
epi, oxide-isolated processes, 

The minority-carrier flow in the forward-active region is illustrated in Fig. 2.366* The 
principal advantage of this device is lhat the current flow is vertical and the effective 
cross-sectional area of the emitter is much larger than in the case of the lateral pnp for the 
same overall device size. The device is restricted to use in emitter- follower configurations, 
however, since the collector is electrically identical with the substrate that must be tied to 
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Figure 2.36 (a) Substrate pnp structure in a high-voltage, thick-epi process. 
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Figure 2.36 (b) Minority-carrier How in the substrate pnp transistor. 
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the most negative circuit potential Other than the better current- handling capability, the 
properties of substrate pnp transistors are similar to those for lateral pnp transistors since 
the base width is similar in both cases. An important consideration in the design of sub- 
strate pnp structures is that the collector current flows in the p-substrate region, which 
usually has relatively high resistivity. Thus, unless care is taken to provide an adequate 
low-resistance path for the collector current, a high series collector resistance can result. 
This resistance can degrade device performance in two ways. First, large collector currents 
in the pnp can cause enough voltage drop in the substrate region itself that other substrate- 
epitaxial layer junctions within the circuit can become forward biased. This usually has a 
catastrophic effect on circuit performance. Second, the effects of the collector-base junc- 
tion capacitance on the pnp are multiplied by -the Miller effect resulting from the large 
series collector resistance, as described further in Chapter 7. To minimize these effects, 
the collector contact is usually made by contacting the isolation diffusion immediately ad- 
jacent to the substrate prapitself with metallization. For high-current devices, this isolation 
diffusion contact is made to surround the device to as great an extent as possible. 

The properties of a typical substrate pnp transistor in a high-voltage, thick-epi process 
are summarized in Fig. 2,37, The dependence of current gain on collector current for a 
typical npn, lateral pnp , and substrate pnp transistor in a high-voltage, thick-epi process 
are shown in Fig. 2,38, The Low-current reduction in which is apparent for all three 
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Figure 2.37 Typical device parameters for a substrate pnp with 5 1 00 emitter area in a high- 
voltage, thick-epi process. 
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Figure 2,38 Current gain as 

a function of collector current 
for typical lateral pup, sub- 
strate pnp, and npn transistor 
geometries in a high-voltage, 
thiek-epi process. 



devices, is due to recombination in the base-emitter depletion region, described in Section 
1.3.5. 



2.6 Passive Components in Bipolar Integrated Circuits 

In this section, we describe the structures available to the intcgraled-eircuit designer for re- 
alization of resistance and capacitance. Resistor structures include base-diffused, emitter- 
diffused, ion-implanted, pinch, epitaxial, and pinched epitaxial resistors. Other resistor 
technologies, such as thin -film resistors, are considered in Section 2.7.3. Capacitance 
structures include MOS and junction- capacitors. Inductors with values larger than a few 
nanohenries have not proven to be feasible in monolithic technology. However, such small 
inductors arc useful in very-high-frequency integrated circuits. 14,15,16 

2.6.1 Diffused Resistors 

In an earlier section of this chapter, the sheet resistance of a diffused layer was calcu- 
lated. Integrated-circuit resistors arc generally fabricated using one of the diffused or 
ion-implanted layers formed during the fabrication process, or in some cases a combi- 
nation of two layers. The layers available for use as resistors include the base, the emitter, 
the epitaxial layer, the buried layer, the active-base region layer of a transistor, and the 
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Figure 2.39 Base-diffused resistor structure, 

epitaxial layer pinched between the base diffusion and the /?-type substrate. The choice of 
layer generally depends on the value, Lolerance, and temperature coefficient of the resistor 
required* 

Base and Emitter Diffused Resistors* The structure of a typical base-diffused resistor in 
a high-voltage process is shown in Fig. 2.39. The resistor is formed from the p-type base 
diffusion for the npn transistors and is situated in a separate isolation region. The epitaxial 
region into which the resistor structure is diffused must be biased in such a way that the pn 
junction between the resistor and the cpi layer is always reverse biased. For this reason, a 
contact is made to the n-type epi region as shown in Fig. 2.39, and it is connected either to 
that end of the resistor that is most positive or to a potential that is more positive than either 
end of the resistor. The junction between these two regions contributes a parasitic capac- 
itance between Ihe resistor and the epi layer, and this capacitance is distributed along the 
length of the resistor. For most applications, this parasitic capacitance can be adequately 
modeled by separating it into two lumped portions and placing one lump at each end of 
the resistor as illustrated in Fig. 2.40. 

The resistance of the structure shown in Fig* 2.39 is given by (2. 10) as 

R = w*° 

where L is the resistor length and W is the width* The base sheet resistance Rq lies in the 
range 100 to 200 O/Q and thus resistances in the range 50 ft to 50 kil are practical using 
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Figure 2.40 Lumped model for the base-diffused 
resistor. 



the base diffusion. The resistance contributed by the clubheads at each end of the resistor 
can be signilicant, particularly for small values of UW. The clubheads are required to 
allow space for ohmic contact to be made at the ends of the resistor. 

Since minimization of die area is an important objective, the width of the resistor is 
kept as small as possible, the minimum practical width being limited to about 1 p,m by 
photolithographic considerations. Both the tolerance on the resistor value and the precision 
with which two identical resistors can be matched can be improved by the use of wider 
geometries. However, for a given base sheet resistance and a given resistor value, the area 
occupied by the resistor increases as the square of its width. This can be seen from (2. 10) 
since the ratio UW is constant. 

In shallow ion-implanted processes, the ion-implanted base can be used in the same 
way to form a resistor. 

■ EXAMPLE 

Calculate the resistance and parasitic capacitance of the base-diffused resistor structure 
shown in Fig. 2.39 for a base sheet resistance of 100 il/D, and an epi resistivity of 
2.5 fl-cm. Neglect end effects. The resistance is simply 

r = ioo | - i kii 

10 [xm j 

The capacitance is the total area of the resistor multiplied by the capacitance per unit area. 
The area of the resistor body is 

= (10 fj.m)(100 p.m) = 1000 (xm 2 

The area of the clubheads is 

A 2 = 2 (30 pun x 30 |um) = 1800 p,m 2 

The total zero-bias capacitance is, from Fig. 2.29, 

Cjo = (10 -4 pF/pnn z )(2800 jam 2 ) = 0,28 pF 

As a first-order approximation, this capacitance can be divided into two parts, one placed 
at each end. Note that this capacitance will vary depending on the voltage at the elubhead 

■ with respect lo the epitaxial pocket. 

Emitter-diffused resistors are fabricated using geometries similar to the base resistor, 
but the emitter diffusion is used to form the actual resistor. Since the sheet resistance of 
this diffusion is in the 2 to 10 ft/Q range, these resistors can be used to advantage where 
very low resistance values are required. In fact, they arc widely used simply to provide a 
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Figure 2.41 Pinch resistor structure. 



crossundcr beneath an aluminum metallization interconnection. The parasitic capacitance 
can be calculated in a way similar to that for the base diffusion. However, these resistors 
have different temperature dependence from base-diffused resistors and the two types do 
not track with temperature. 

Base Pinch Resistors. A third layer available for use as a resistor is the layer that forms the 
active base region in the npn transistor. This layer is pinched between the n 1 emitter and 
the n-type collector regions, giving rise to the term pinch resistor* The layer can be elec- 
trically isolated by reverse biasing the cmitLcr-basc and collector-base junctions, which is 
usually accomplished by connecting the rc-type regions to the most positive end of the re- 
sistor. The structure of a typical pinch resistor is shown in Fig. 2,41; the n + diffusion over- 
laps (he p-diffusion so that the region is electrically connected to the /j-lype epi region. 
The sheet resistance is in the 5 kfl/Q to 15 kfl/D range, As a result, this resistor allows 
the fabrication of large values of resistance. Unfortunately, the sheet resistance undergoes 
the same process-related variations as does the Qe of the transistor, which is approxi- 
mately ±50 percent. Also, because the material making up the resistor itself is relatively 
lightly doped, the resistance displays a relatively large variation with temperature. An- 
other significant drawback is that the maximum voltage that can be applied across the 
resistor is limited to around 6 V because of the breakdown voltage between the emitter- 
diffused top layer and the base diffusion. Nonetheless, this type of resistor has found 
wide application where the large tolerance and low breakdown voltage are not significant 
drawbacks. 
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2.6.2 Epitaxial and Epitaxial Pinch Resistors 

The limitation of the pinch resistor to low operating voltages disallows its use in circuits 
where a small bias current is to be derived directly from a power-supply voltage of more 
than about 7 V using a large- value resistor. The epitaxial layer itself has a sheet resistance 
much larger than the base diffusion, and the epi layer is often used as a resistor for this 
application. For example, the sheet resistance of a 17-p.m thick, 5-12-em epi layer can be 
calculated from (2,11) as 






Pc pi 

T 



5 O-cm 

(17 jLim) X (10 -4 cm/|xm) 



2.9kfl/Q 



(2.25) 



Large values of resi stance can be realized in a small area using structures of the type shown 
in Fig. 2.42. Again, because of the light doping in the resistor body, these resistors display 
a rather large temperature coefficient, A still larger sheet resistance can be obtained by 
putting a p-type base diffusion over the top of an epitaxial resistor, as shown in Fig, 2.42. 
The depth of the p-type base and the thickness of the depletion region between the p-type 
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Figure 2.43 Summary of resistor properties for different types of IC resistors. 

base and the n-type epi together reduce the thickness of the resistor, increasing its sheet 
resistance. Such a structure actually behaves as a junction FET, in which the p-type gate 
is lied to the substrate, 17 

The properties of the various diffused and pinch-resistor structures are summarized in 
Fig, 2.43. 

2.6.3 Integrated-Circuii Capacitors 

Early analog integrated circuits were designed on the assumption that capacitors of usable 
value were impractical to integrate on the chip because they would take too much area, 
and external capacitors were used where required. Monolithic capacitors of value Larger 
than a few tens of picofarads arc still expensive in terms of die area. As a result, design ap- 
proaches have evolved for monolithic circuits that allow small values of capacitance to be 
used to perform functions that previously required large capacitance values. The compen- 
sation of operational amplifiers is perhaps the best example of this result, and monolithic 
capacitors are now widely used in all types of analog integrated circuits. These capacitors 
fall into two categories. First, injunctions under reverse bias inherently display depletion 
capacitance, and in certain circumstances this capacitance can be effectively utilized. The 
drawbacks of junction capacitance are that the junction must always be kept reverse bi- 
ased, that the capacitance varies with reverse voltage, and that the breakdown voltage is 
only about 7 V for the emitter-base junction. For (he eollector-basejunclion, the breakdown 
voltage is higher, but the capacitance per unit area is quite low. 

By far the most commonly used monolithic capacitor in bipolar technology is the MOS 
capacitor structure shown in Fig. 2.44. In the fabrication sequence, an additional mask 
step is inserted to define a region over an emitter diffusion on which a thin layer of silicon 
dioxide is grown. Aluminum metallization is then placed over this thin oxide, producing 
a capacitor between the aluminum and the emitter diffusion, which has a capacitance of 
0.3 fP/jLLm 2 to 0.5 fF/fim 2 and a breakdown voltage of 60 V to 100 V. This capacitor is 
extremely linear and has a low temperature coefficient. A sizable parasitic capacitance 
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Figure 2.44 MOS capacitor 
structure. 



Ciso i& present between the n-type bottom plate and the substrate because of the deple- 
tion capacitance of the epi-substrate junction, but this parasitic is unimportant in many 
applications. 



2.6.4 Zener Diodes 

As described, in Chapter L, the emitter-base junction of the npn transistor structure displays 
a reverse breakdown voltage of between 6 V and 8 V, depending on processing details. 
When the total supply voltage is more than this value, the reverse-biased, emitter-base 
junction is useful as a voltage reference for the stabilization of bias reference circuits, 
and for such functions as level shifting. The reverse bias l-V characteristic of a typical 
emitter-base junction is illustrated in Fig. 2.45a. 

An important aspect of the behavior of this device is the temperature sensitivity of the 
breakdown voltage. The actual breakdown mechanism is dominated by quantum mechan- 
ical tunneling through the depletion layer when the breakdown voltage is below about 6 V; 
it is dominated by avalanche multiplication in the depletion layer at the larger breakdown 
voltages. Because these two mechanisms have opposite temperature coefficients of break- 
down voltage, the actually observed breakdown voltage has a temperature coefficient that 
varies with the value of breakdown voltage itself, as shown in Fig. 2A5b. 
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Figure 2,45 (a) Current- voltage characteristic of a 
typical emitter-base Zener diode. 




Figure 2.45 ( b ) Temperature coefficient of 
junction breakdown voltage as a function 
of breakdown voltage. 



2.6.5 Junction Diodes 

Junction diodes cun be formed by various connections of the npn and pnp transistor struc- 
tures, as illustrated in Fig. 2.46. When the diode is forward biased in the diode connections 
a, b„ and d of Fig. 2.46, the collector-base junction becomes forward biased as well. When 
this occurs, the collector-base junction injects holes into the epi region that can be col- 
lected by the reverse-biased, epi-isolution junction or by other devices in the same isola- 
tion region. A similar phenomenon occurs when a transistor enters saturation. As a result, 
substrate currents can flow that can cause voltage drops in the high-resistivity substrate 
material, and other epi-isolalion junctions within the circuit can become inadvertently for- 
ward biased. Thus the diode connections of Fig. 2.46c are usually preferable since they 
keep the base-collector junction at zero bias. These connections have the additional ad- 
vanlage of resulting in the smallest amount of minority charge storage within the diode 
under forward-bias conditions. 
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Figure 2.46 Diode connections for npn and pnp 
transistors. 



2.7 Modifications to the Basic Bipolar Process 

The basic high-voltage bipolar IC fabrication process described previously can be modified 
by the addition of exLra processing steps to produce special devices or characteristics. 

2.7,1 Dielectric Isolation 

We first consider a special isolation technique-^i'Wecfn'c isolation— that has been used in 
digital and analog integrated circuits lhal must operate at very high speed and/or must op- 
erate in the presence of large amounts of radiation. The objective of the isolation technique 
is to electrically isolate the collectors of the devices from each other with a layer of silicon 
dioxide rather than with a pn junction. This layer has much lower capacitance per unit area 
than a pn junction, and as a result, the collector-substrate capacitance of the transistors is 
greatly reduced. Also, the reverse photocurrent that occurs with junction-isolated devices 
under intense radiation is eliminated. 

The fabrication sequence used for dielectric isolation is illustrated in Figs. 2.41 a-d. 
The starting material is a wafer of n-Lype material of resistivity appropriate for the collector 
region of the transistor. The first step is to etch grooves in the back side of the starting 
wafer, which will become the isolation regions in the finished circuit. These grooves are 
about 20 [xm deep for typical analog circuit processing. This step, called moat etch , can 
be accomplished with a variety of techniques, including a preferential etch that allows 
precise definition of the depth of the moats. Next, an oxide is grown on the surface and 
a thick layer of polycryslalline silicon is deposited on the surface. This layer will be the 
mechanical support for (he finished wafer and thus must be on the order of 200 jam thick. 
Next, the starting wafer is etched or ground from the top side until it is entirely removed 
except for the material left in the isolated islands between the moats, as illustrated in 
Fig. 2.47c. After the growlh of an oxide, the wafer is ready for the rest of the standard 
process sequence. Note that the isolation of each device is accomplished by means of an 
oxide layer. 
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Emitter Base Collector 




V) 

Figure 2.47 Fabrication steps in dielectric isolation, (a) Moat etch oil bottom of stalling wafer, (b) 
Deposit polycrystalline silicon support layer, (e) Grind off starting wafer and polish, (d) Carry out 
standard process, starting with base mask. 



2.7.2 Compatible Processing for High-Performance Active Devices 

Many specialized circuit applications require a particular type of active device other than 
the npn and pnp transistors that result from the standard process schedule. These include 
high-beta (superbeta) npn transistors for low-input-current amplifiers, MOSFETs for ana- 
log switching and lowrinput-eurrcnl amplifiers, and high-speed pnp transistors for fast 
analog circuits. The fabrication of these devices generally requires the addition of one or 
more mask steps to the basic fabrication process. We now describe these special structures. 



Superbeta Transistors. One approach to decreasing the input bias current in amplifiers is 
to increase the current gain of the input stage transistors. 1 * Since a decrease in the base 
width of a transistor improves both the base transport factor and the emitter efficiency 
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(see Section 1.3,1), the current gain increases as the base width is made smaller. Thus 
the current gain of the devices in the circuit can be increased by simply increasing the 
emitter diffusion Lime and narrowing the base width in the resulting devices. However, 
any increase in the current gain also causes a reduction in the breakdown voltage BV C eo 
of the transistors, Section 1.3.4 shows that 



jji/ ^ ^CBO /-i 

BV cko - f=-‘ (2.26) 

V£ 

where BVcbo is the plane breakdown voltage of the collector-base junction. Thus for a 
given epitaxial layer resistivity and corresponding collector-base breakdown voltage, an 
increase in beta gives a decrease in BVceo* As a result, using such a process modification 
to increase the beta of all the transistors in an operational amplifier is not possible because 
the modified transistors could not withstand the required operating voltage. 

The problem of the trade-off between current gain and breakdown voltage can be 
avoided by fabricating two different types of devices on the same die. The standard device 
is similar to conventional transistors in structure. By inserting a second diffusion, however, 
high-beta devices also can be formed. A structure typical of such devices is shown in 
Fig, 2,48. These devices may be made by utilizing the same base diffusion for both devices 
and using separate emitter diffusions, or by using two different base diffusions and the 
same emitter diffusion. Both techniques are used. If the superbeta devices arc used only as 
the input transistors in an operational amplifier, they are not required to have a breakdown 
voltage of more than about 1 V, Therefore, they can be diffused to extremely narrow base 
widths, giving current gain on the order of 2000 to 5000. At these base widths, the actual 
breakdown mechanism is often no longer collector multiplication at all but is due to the 
depletion layer of the collector-base junction depleting the whole base region and reaching 
the emitter-base depletion layer. This breakdown mechanism is called punchthrough. An 
application of these devices in op-amp design is described in Section 6.9.2. 

MOS Transistors. MQS transistors are useful in bipolar integrated-circuit design because 
they provide high-performance analog switches and low-input-eurrent amplifiers, and par- 
ticularly because complex digital logic can be realized in a small area using MOS technol- 
ogy. The latter consideration is important since the partitioning of subsystems into analog 
and digital chips becomes more and more cumbersome as the complexity of the individual 
chips becomes greater. 

Metal-gate ;?-channcl MOS transistors can be formed in a standard high-voltage bipo- 
lar analog IC process with one extra mask step, 19 If a capacitor mask is included in the 

Base width Base width 



= 0.1 gm-0.2 gm W ;i - 0.5 j^m-l J^ti 




- ; . '. 4 1 \ p-type substrate T; A. ■. ■ ; \ \ \ \ \ 



Super-P transistor, Standard transistor, 

£ = 200 0—5000 = 200-500 

Figure 2.48 Superbeta device structure. 



126 Chapter 2 ■ Bipolar, MOS, and BiCMOS Integrated-Circuit Technology 




original sequence, then no extra mask steps are required. As illustrated in Fig* 2.49, the 
source and drain are formed in the epi material using the base diffusion. The capacitor 
mask is used to define the oxide region over the channel and the aluminum metallization 
forms the metal gate, 

A major development in IC processing in recent years has been the combination on 
the same chip of high-performance bipolar devices with CMOS devices in a BiCMOS 
process. This topic is considered in Section 2.1 1 . 

Double -Diffused pnp Transistors. The limited frequency response of the lateral pnp tran- 
sistor places a limitation on the high-frequency performance attainable with certain types 
of analog circuits. While this problem can be circumvented by clever circuit design in 
many cases, the resulting circuit is often quite complex and costly. An alternative ap- 
proach is to use a more complex process that produces a high-speed, double-diffused pnp 
transistor with properties comparable to those of the npn transistor. 20 The process usually 
utilizes three additional mask steps and diffusions: one to form a lightly doped p-type re- 
gion, which will be the collector of Ihe pnp; one /7-type diffusion to form the base of the 
pnp; and one/Mype diffusion to form the emitter of the pnp . A typical resulting structure 



Base w* - contact diffusion, 
same as emitter diffusion 
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predeposition is a 
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Second epitaxial growth (« type) 
First epitaxial growth (w type) 
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Figure 2.50 Compatible double-diffused pnp process. 




Figure 2.52 Properties of monolithic ihin-lilm resistors. 
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dissipated by charging and discharging internal nodes during logical transitions, especially 
for high dock rates and power-supply voltages. 21 To reduce the minimum required supply 
voltage and the total power dissipation for some applications, low-threshold, enhancement- 
mode devices or depletion-mode devices are sometimes used instead of or along with the 
standard-threshold, enhancement-mode devices.. For the sake of illustration, we will com 
sider an example process that contains enhancement-mode n- and p-channel devices along 
with a depletion-mode ^-channel device* 

CMOS technologies can utilize either a p-type or /r-type substrate, with the comple- 
mentary device type formed in an implanted well of the opposite impurity type. We will 
lake as an example a process in which the starting material is p-type. The starting material 
is a silicon wafer with a concentration in the range of 10 14 to 10 15 atoms/cm- . In CMOS 
technology, the first step is the formation of a well of opposite impurity-type material where 
the complementary device will be formed* In this case, the well is rc-type and is formed by 
a masking operation and ion implantation of a donor species, typically phosphorus. Sub- 
sequent diffusion results in the structure shown in Fig, 2*53. The surface concentration in 
the well following diffusion is typically between 10 15 and 10 K> atoms/cm 3 . 

Next, a layer of silicon nitride is deposited and defined with a masking operation so 
that nitride is left only in the areas that aie to become active devices. After this masking 
operation, additional ion implantations are carried out, which increase the surface con- 
centrations in the areas that are not covered by nitride, called the field regions. This of- 
ten involves an extra masking operation so that the surface concentration in the well and 
that in the substrate areas can be independently controlled by means of separate implants. 
This increase in surface concentration in the field is necessary because the field regions 
themselves are MOS transistors with very thick gate oxide* To properly isolate the active 
devices from one another the field devices must have a threshold voltage high enough 
that they never turn on* This can be accomplished by increasing the surface concentration 
in the field regions. Following the field implants, a local oxidation is performed, which 
results in the structure shown in Fig. 2*54. 




• . ‘ ' 2 ; 7; . ' ; c V V ■’ p-type substrate ** ; 7; . / .■ \ '7 V .■ 7; ’ - ; ■’ : \ 



Figure 2.53 Cross section of sample following implantation and diffusion of the rc-lype well. Sub- 
sequent processing will result in formation of an w-channcl device in the unimplanted p-lype por- 
tions of the substrate and a p-type transistor in the rc-lype well region. 
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Figure 2.54 Cross section of the sample following field implant steps and field oxidation. 
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«-type implanted layer Polysilicon 




Figure 2,55 Cross section of the sample following deposition and definition of the polysilicon gate 
layer. Ion implantations have been performed in the thin-oxidc regions to adjust the thresholds of 
the devices. 



After field-oxide growth, the nitride is removed from the active areas, and implan- 
tation steps are carried out, which adjust the surface concentrations in what will become 
the channel of the MOS transistors. Equation 1.139, applied to the doping levels usually 
found in the active-device areas, gives an n-channel threshold of within a few hundred 
millivolts of zero, and /^-channel threshold of about -2 V, To shift the magnitudes of the 
device threshold voltages to 0.6 V to 0.8 V, an implantatiun step that changes the impurity 
concentration at the surface in the channel regions of the two transistor types is usually 
included. This shift in threshold can sometimes be accomplished by using a single sheet 
implant over the entire wafer, which simultaneously shifts the thresholds of both types of 
devices. More typically, however, two separate masked implants arc used, one for each 
device type. Also, if a depiction-mode rc-channcl device is included in the process, it is 
defined at this point by a masking operation and subsequent implant to shift the threshold 
of the selected devices to a negative value so that they are normally on. 

Next, a layer of polysilicon is deposited, and the gates of the various devices are de- 
fined with a masking operation. The resulting structure is shown in Fig. 2.55. Silicon-gate 
MOS technology provides three materials that can be used for interconnection: polysili- 
con. diffusion, and several layers of metal. Unless special provision is made in the process, 
connections between polysilicon and diffusion layers require a metallization bridge, since 
the polysilicon layer acts as a mask for the diffused layers. To provide a direct electrical 
connection between polysilicon and diffusion layers, a buried contact can be included just 
prior to the polysilicon deposition. This masking operation opens a window in the sili- 
con dioxide under the polysilicon. allowing it to touch the bare silicon surface when it 
is deposited, forming a direct polysilicon-silicon contact. The depletion device shown in 
Fig. 2.55 has such a buried contact connecting its source to its gate. 

Next, a masking operation is performed such that photoresist covers the ^-channel 
devices, and the wafer is etched to remove the oxide from the source and drain areas of the 
n-channel devices. Arsenic or phosphorus is then introduced into these areas, using either 
diffusionorionimplantation. After ashortoxidation, the process is repeated lor the p-cbannel 
source and drain areas, where boron is used. The resulting structure is shown in Fig. 2.56. 

At this point in the process, a layer of silicon dioxide is usually deposited on the wafer, 
using chemical vapor deposition or some other similar technique. This layer is required 
to reduce the parasitic capacitance of the interconnect metallization and cannot be ther- 
mally grown because of the redistribution of the impurities within the device structures 
that would result during the growth. Following the oxide deposition, the contact windows 
are formed with a masking operation, and metallization is deposited and defined with a 
second masking operation. The final structure is shown in Fig, 2.57. A microscope photo- 
graph of such a device is shown in Fig, 2.58, Subsequent fabrication steps are as described 
in Section 2.3 for bipolar technology. 
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Figure 2.56 Cross section of the sample following Ihc source drain masking and diffusion operations. 



Metallization 




^-channel rr-channel ;;-channel 

transistor transistor transistor 

Figure 2.57 Cross section of the sample after final process step. The enhancement and depletion 
n-channcl devices are distinguished from each other by Ihc fact that the depletion device has re- 
ceived a channel implantation of donor impurities to lower its threshold voltage, usually to the 
range of - 1.5 V to -3 V. 
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Figure 2.58 Photomicrograph of a silicon-gate MOS transistor. Visible in this picture are the 
polysilicon gate* field-oxide region boundary, source and drain metallization, and contact win- 
dows. In this particular device, the contact windows have been broken into two smaller rectan- 
gular openings rather than a single long one as shown in Fig. 2,59. Large contact windows arc 
frequently implemented with an array of small openings so that all individual contact holes in the 
integrated circuit have the same nominal geometry. This results in better uniformity of the etch 
rate of the contact window's and better matching. 
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2.9 Active Devices in MOS Integrated Circuits 

The process sequence described in the previous section results in a variety of device types 
having different threshold voltages, channel mobilities, and parasitic capacitances. In ad- 
dition, the sequence allows the fabrication of a bipolar emitter follower, using the well as 
a base. In this section, we explore the properties of these different types of devices. 



2.9.1 n-Channel Transistors 

A typical layout of an /j-channel MOS transistor is shown in Fig, 2.59. The electrically 
active portion of the device is the region under the gate; the remainder of the device area 
simply provides electrical contact to the terminals. As in the case of integrated bipolar 
transistors, these areas contribute additional parasitic capacitance and resistance. 

In the case of MOS technology, the circuit designer has even greater flexibility than 
in the bipolar case to tailor the properties of each device to the role it is to play in the 
individual circuit application. Both the channel width (analogous to the emitter area in 
bipolar) and the channel length can be defined by the designer. The latter is analogous to 
the base width of a bipolar device, which is not under the control of the bipolar circuit 
designer since it is a process parameter and not a mask parameter. In contrast to a bipolar 
transistor, the transconductance of an MOS device can be made to vary over a wide range 
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Figure 2.59 Example layout of an 
w-ehanncl silicon-gate MOS tran- 
sistor The mask layers arc coded as 
shown. 
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at a fixed drain current by simply changing the device geometry. The same is true of 
the gate-source voltage. In making these design choices, the designer must be able to 
relate changes in device geometry to changes in the electrical properties of the device. To 
illustrate this procedure, we will calculate the model parameters of the device shown in 
Fig. 2.59. This device has a drawn channel length of 6 pm and channel width of 50 pm. 
We will assume the process has the parameters that are summarized in Table 2.1. This is 
typical of processes with minimum allowed gate lengths of 3 pm. Parameters for more 
advanced processes are given in Tables 2.2. 2.3, and 2.4. 

Threshold Voltage. In Chapter l, an MOS transistor was shown to have a threshold volt- 
age of 

v, = + 24>J + ~ - (2.27) 

'-'OX '-'OX 



Table 2. 1 Summary of Process Parameters for a Typical Silicon-Gate /i-Well 
CMOS Process with 3 jam Minimum Allowed Gate Length 







Value 


Value 








/E-Channel 


/^-Channel 




Parameter 


Symbol 


Transistor 


Transistor 


Units 


Substrate doping 


N At N D 


lx 10 15 


1X10 16 


Aloms/em 3 


Gate oxide thickness 


Lv 


400 


400 


A 


Metal-silicon work function 


tfai 7!.T 


-0.6 


-0.1 


V 


Channel mobility 


Pvm Pp 


700 


350 


cm 2 /V-s 


Minimum drawn channel length 


f'drwn 


3 


3 


pm 


Source, drain junction depth 


x, 


0.6 


0.6 


pm 


Source, drain side diffusion 


Ld 


0.3 


0.3 


pm 


Overlap capacitance 
per unit gate width 
Threshold adjust implant (box dist) 


C u , 


0.35 


0.35 


tF/pm 


impurity type 




P 


P 




effective depth 




03 


0.3 


pm 


effective surface concentration 


N xi 


2X 10 K ' 


0,9 X 10 16 


Atoms/cm-' 


Nominal threshold voltage 


Vt 


0,7 


-0.7 


V 


Polysilicon gate 


V dpo]y 


10 20 


10 2rj 


Atoms/cm-' 


doping concentration 
Poly gate sheet resistance 


R, 


20 


20 


n/r 


Source, drain-bulk 


C/u 


0.08 


0.20 


fF/p m 2 


junction capacitances 
(zero bias) 

Source, drain-bulk junction 


n 


0.5 


0.5 




capacitance grading coefficient 
Source, drain periphery 


C /nvO 


0.5 


1.5 


(F/poi 


capacitance (zero bias) 
Source, drain periphery 


n 


0.5 


0.5 




capacitance grading coefficient 
Source, drain junetion 


i/'t) 


0.65 


0.65 


V 


built-in potential 
Surface-state density 


Qss 

q 


10" 


10 11 


Atoms/cm 2 


Channel-length 
modulation parameter 


dx d \ 
dV DS ! 


0,2 


0.1 


pm/V 
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Table 2.2 Summary of Process Parameters for a Typical Silicon-Gate ^-Well CMOS 
Process with 1.5 pim Minimum Allowed Gate Length 









Value 


Value 










n -Channel 


p- Channe] 




Parameter 


Symbol 


1 Transistor 


Transistor 


Units 


Substrate doping 


Na.N„ 


2 x If }'- 1 ' 


1.5 x 10 'G 


Atoms/c 


Gate oxide thickness 


t<>.\ 


250 


250 


A 


Mctal-silicon work function 




- 0.6 


- 0,1 


V 


Channel mobility 


ftn j fJ- p 


650 


300 


cnP/V-s 


Minimum drawn channel length 


Litwii 


1.5 


1.5 


pm 


Source, drain junction depth 


X) 


0.35 


0.4 


rim 


Source, drain side diffusion 


J 


U 


0.2 


0.3 


pun 


Overlap capacitance 




0.18 


0.26 


fF/pm 


per unit gate width 
Threshold adjust implant (box disl) 












impurity type 






P 


P 




effective depth 


Xi 


0.3 


0.3 


pni 


effective surface concentration 


AC 


2 X K ) 1 * 


0.9 X 10 1(> 


Aloms/cnr 


Nominal threshold voltage 


v t 


0.7 


- 0,7 


V 


Polysilicon gate 




HP 


10 2u 


Atoms/em ; 


doping concentration 












Poly gate sheet resistance 


R, 


20 


20 


.n/n 


Source, drain-bulk 


Cp 


0.14 


0.25 


fF/pun z 


junction capacitances 
(zero bias) 












Source, drain-bulk junction 


n 


0,5 


0.5 




capacitance grading coefficient 












Source, drain periphery 


C y.w() 


0.8 


1.8 


fF/p.m 


capacitance (zero bias) 












Source, drain periphery 


rt 


0.5 


0.5 




capacitance grading coefficient 












Source, drain junction 




0,65 


0.65 


V 


built-in potential 
Surface-stale density 




Qss 

q 


10 11 


10 " 


Atoms/cm 2 


Channel-length 




dx d 

dVixs 


0.12 


0.06 


jim/V 


modulation parameter 











where <f > m s is the metal-silicon work function, is the Fermi level in the bulk silicon, Q f} 
is the bulk depletion layer charge, C f j_ r is the oxide capacitance per unit area, and Q xs is the 
concentration of surface-stale charge. An actual calculation of the threshold is illustrated 
in the following example. 

Often the threshold voltage must be deduced from measurements, and a useful ap- 
proach to doing this is to plot the square root of the drain current as a function of V Cr $, as 
shown in Fig, 2.60. The threshold voltage can be determined as the extrapolation of the 
straight portion of the curve to zero current. The slope of the curve also yields a direct 
measure of the quantity p, n C ox WfLef f for the device at the particular drain-source voltage 
at which the measurement is made. The measured curve deviates from a straight line at 
low currents because of subthreshold conduction and at high currents because of mobility 
degradation in the channel as the carriers approach scattering-limited velocity. 
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Table 2.3 Summary of Process Parameters for a Typical Silicon-Gate H-Well CMOS 
Process with 0.8 jlliti Minimum Allowed Gate Length 
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Table 2.4 Summary of Process Parameters for a Typical Silicon-Gate rc-Wclt CMOS 
Process with 0.4 pm Minimum Allowed Gate Length 









Value 


Value 










7i-Channel 


p- Channel 




Parameter 


Symbol 


Transistor 


Transistor 


Units 


Substrate doping 




5 x 10 15 


4 x 10' 6 


Atoms/cm 4 


Gale oxide thickness 


t 


t>,r 


80 


80 


A 


Metal-silicon work function 




-0.6 


- 0.1 


V 


Channel mobility 




450 


150 


cnr/V-s 


Minimum drawn channel length 


f-drwn 


0.4 


0,4 


pm 


Source, drain junction depth 


Xj 


0.15 


0,18 


pm 


Source, drain side diffusion 


L d 


0.09 


0.09 


pm 


Overlap capacitance 


CL 


0.35 


0.35 


fF/pm 


per unit gale width 
Threshold adjust implant (box disl) 












impurity type 






P 


P 




effective depth 


X, 


0,16 


0.16 


pm 


effective surface concentration 


AT 


4 X 10 16 


3 X 10 16 


Atomsyem 3 


Nominal threshold voltage 


V, 


0.6 


- 0.8 


V 


Poly silicon gate 


Afjpoly 


1Q 2U 


10 2 ° 


Atoms/cnT 


doping concentration 












Poly gate sheet resistance 


/f. 


5 


5 


n/n 


Source, drain-bulk 


Cjn 


0.2 


0.4 


fF/pnr 


junction capacitances 
(zero bias) 












Source, drain-bulk junction 


n 


0.5 


0.4 




capacitance grading coefficient 












Source, drain periphery 


0 /*•*< i 


1.2 


2.4 


117 pm 


capacitance (zero bias) 












Source, drain periphery 


H 


0.4 


0.3 




capacitance grading coefficient 












Source, drain junction 


l/'o 


0,7 


0.7 


V 


built-in potential 
Surface-state density 




fit? 

Q 


10" 


10 l] 


Atoms/cm 2 


Channel -length 




dX d 

dV DS 


0.02 


0.04 


p rn/V 


modulation parameter 











■ EXAMPLE 

Calculate the zero-bias threshold voltage of the unimplanted and implanted NMOS tran- 
sistors for the process given in Table 2.L 

Each of the four components in the threshold voltage expression (2.27) must be cal- 
culated. The first term is the metal -silicon work function. For an rc -channel transistor with 
an n-type poly silicon gate electrode, this has a value equal to the difference in the Fermi 
potentials in the two regions, or approximately —0.6 V. 

The second term in the threshold voltage equation represents the band bending in 
the semiconductor that is required to strongly invert the surface. To produce a surface 
concentration of electrons that is approximately equal to the bulk concentration of holes, 
the surface potential must be increased by approximately twice the bulk Fermi potential. 
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The Fermi potential in the bulk is given by 



4>f = 



IN a 






-In 



tti 



( 128 ) 



For the unimplanted transistor with the substrate doping given in Table 2. L this value is 
0.27 V, Thus the second term in (2.27) takes on a value of 0,54 V, The value of this term 
will be the same for the implanted transistor since we are defining the threshold voltage as 
the voltage that causes the surface concentration of electrons to be the same as that of holes 
in the bulk material beneath the channel implant. Thus the potential difference between the 
surface and the bulk silicon beneath the channel implant region that is required to bring this 
condition about is still given by (2.30), independent of the details of the channel implant. 

The third term in (2,27) is related to the charge in the depletion layer under the chan- 
nel. We first consider the unimplanted device. Using (1.137), with a value of N A of 10 15 
atoms/cm 3 . 



QbO = J2qN A € 20 y - = v '2 (1.6 X 10 -19 )(10 ]5 )( 1 1 ,6 X 8.86 X 10 _14 )(0.54) 



(2.29) 



- L34X 10“* C/cm 2 

Also, the capacitance per unit area of the 400- A gate oxide is 

^ 3.9 x 8.86 x 10“ 14 F/cm _ „ F _ IF 

Cox = ~ ^ K = 8,6 X 10-* = 0.86 -22— (2.30) 

r ox 400 x 10 _S cm cm 2 p,m 2 

The resulting magnitude of the third term is 0.16 V, 

The fourth term in (2,27) is the threshold shift due to the surface-state charge. This 
positive charge has a value equal to the charge of one electron multiplied by the density of 
surface states, 10 n atoms/cm 2 , from Table 2.1. The value of the surface-state charge term 
is then 

Q iS 

(2.31) 



16 X Hr” X ltf> 



C„ 86xl0- s 
Using these calculations, the threshold voltage for the unimplanted transistOT is 
V, = —0,6 V + 0.54 V + 0.16 V - 0.19 V = -0.09 V 



(2,32) 



For the implanted transistor, the calculation of the threshold voltage is complicated 
by the fact that the depletion layer under the chaimel spans a region of nonuniform dop- 
ing. A precise calculation of device threshold voltage would require consideration of this 
nonuniform profile. The threshold voltage can be approximated, however, by considering 
the implanted layer to be approximated by a box distribution of impurities with a depth 
Xi and a specified impurity concentration If the impurity profile resulting from the 
threshold-adjustment implant and subsequent process steps is sufficiently deep so that the 
channel-substrate depletion layer lies entirely within it, then the effect of the implant is 
simply to raise the effective substrate doping. For the implant specified in Table 2.3, the 
average doping in the layer is the sum of the implant doping and the background con- 
centration, or 2.1 X 10 16 atoms/cm 2 . This increases the Qb o term in the threshold voltage 
to 0.71 V and gives device threshold voltage of 0.47 V. The validity of the assumption 
regarding the boundary of the channel-substrate depletion layer can be checked by using 
Fig. 2,29. For a doping level of 2. 1 X 10 16 atoms/cm 3 , a one-sided step junction displays 
a depletion region width of approximately 0,2 pan. Since the depth of the layer is 0.3 juliti 
in this case, the assumption is valid. 

Alternatively, if the implantation and subsequent diffusion had resulted in a layer that 
was very shallow, and was contained entirely within the depletion layer, the effect of the 
implanted layer would be simply to increase the effective value of Q ss by an amount equal 
to the effective implant dose over and above that of the unimplanted transistor. The total 
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active impurity dose for the implant given in Table 2.1 is the product of the depth and 
the impurity concentration, or 6 x 10 11 atoms/cm 2 . For this case, the increase in threshold 
■ voltage would have been 1.11 V, giving a threshold voltage of 1.02 V. 

Body-Effect Parameter. For an unimplanted, uniform-channel transistor, the body-effect 
parameter is given by (1 .141). 

y = (2.33) 

The application of this expression is illustrated in the following example. 



■ EXAMPLE 

Calculate the body-effect parameter for the unimplanted rc-channel transistor in Table 2. 1 . 
Utilizing in (2,33) the parameters given in Table 2.1 , we obtain 



y = 



J2 (1.6 x 10 _I9 )(1L6 x 8.86 x 10- |4 )(1O 15 ) 
8.6 x 10“* 



= 0.21 V 1 ' 2 



(2.34) 



The calculation of body effect in an implanted transistor is complicated by the fact that 
the channel is not uniformly doped and the preceding simple expression does not apply. The 
threshold voltage as a function of body bias voltage can be approximated again by consider- 
ing the implanted layer to be approximated by a box distribution of impurity of depth Xi and 
concentration JV/. For small values of body bias where the channel-substrate depletion layer 
resides entirely within the implanted layer, the body effect is that corresponding to a tran- 
sistor with channel doping (A6 + N A ). For larger values of body bias for which the depletion 
layer extends into the substrate beyond the implanted distribution, the incremental body ef- 
fect corresponds to a transistor with substrate doping N A . A typical variation of threshold 
voltage as a function of substrate bias for this type of device is illustrated in Fig. 2.61. 

Effective Channel Length. The gate dimension parallel to current flow that is actually 
drawn on the mask is called the drawn channel length L^. n . This is the length referred 
to on circuit schematics. Because of exposure variations and other effects, the physical 
length of the poly silicon strip defining the gate may be somewhat larger or smaller than 




Figure 2.61 Typical variation of threshold voltage as a function of substrate bias for ^-channel 
devices with uniform channel doping (no channel implant) and with nonuniform channel doping 
resulting from threshold adjustment channel implant. 
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this value. The actual channel length of the device is the physical length of the polysilicon 
gate electrode minus the side or lateral diffusions of the source and the drain under the gate. 
This length will be termed the metallurgical channel length and is the distance between the 
metallurgical source and drain junctions. Assuming that the lateral diffusion of the source 
and drain are each equal to L d , the metallurgical channel length is L = (L dfwn ~ 2£^ ), 
When the transistor is biased in the active or saturation region, a depletion region 
exists between the drain region and the end of the channel. In Chapter 1, the width of this 
region was defined as Xd* Thus for a transistor operating in the active region, the actual 
effective channel length is given by 

T c ff = T dr ■>■.?] — 2T,/ — Xd (2,35) 

A precise determination of X (f is complicated by the fact that the field distribution in the 
drain region is two-dimensional and quite complex. The drain depletion width X d can be 
approximated by assuming that the electric field in the drain region is one-dimensional 
and that the depletion width is that of a one-sided step junction with an applied voltage of 
Vds ~~ Vm, where V ov = — V t is the potential at the drain end of the channel with 

respect to the source. This assumption is used in the following example. 

As shown in Chapter 1 ? the small-signal output resistance of the transistor is inversely 
proportional to the effective channel lengLh. Because the performance of analog circuits of- 
ten depends strongly on the transistor small-signal output resistance, analog circuits often 
use channel lengths that are longer than the minimum channel length for digital circuits. 
This statement is particularly true for unimplanted transistors. 

■ EXAMPLE 

Estimate the effective channel length for the unimplanted and implanted transistors for 
the process shown in Table 2T and the device geometry shown in Fig. 2.59. Assume the 
device is biased at a drain-source voltage of 5 V and a drain current of 10 p,A. Calculate 
the transconductance and the output resistance. For the calculation of X d , assume that the 
depletion region between the drain and the end of the channel behaves like a step junction. 
At the given drain bias voltage, assume that the values of dX 4 id V DS have been deduced 
from other measurements to he 0.1 jxm/V for the unimplanted device and 0.02 p,m/V for 
the implanted device. 

The metallurgical channel length is given by 

T = T div;n - 2L d = 6 |xm - (2 X 0.3 pan) = 5.4 |xm (2.36) 

The effective channel length is this length minus the width of the depletion region at Ihe 
drain X d + In the active region, the voltage at the drain end of the channel is approximately 
(Vgs “ From (1.166), 



Vcs ~ K 



2h 



ti n C ox W!L 



= V 






(2.37) 



If we ignore X d at first and assume that L — T cff , wc obtain a V ov of 0.16 V using the data 
from the Tabic 2,1. Thus the voltage across the drain depletion region is approximately 
4.84 V. To estimate the depletion-region width, assume it is a one-sided step junction that 
mainly exists in the lightly doped side. Since the channel and the drain are both / 7 -type 
regions, the built-in potential of the junction is near zero. The width of the depletion layer 
can be calculated using (1.14) or the nomograph in Fig. 2.29, Using (1,14), and assuming 
N D N Ai 



X d 



I2e (V DS ~ V ov ) 



V <iNa 



(2.38) 
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For the unimplanted device, this equation gives a depletion width of 2.4 jxm. For Ihe im- 
planted device, the result is 0.5 pm, assuming an effective constant channel doping of 
2.1 X 10 16 atoms/cm4 Thus the effective channel lengths of the two devices would be 
approximately 3.0 jam and 4.9 jam, respectively. 

From (1 .1 80), the device transconductance is given by 

= JlfL„C ox {WL)I D (239) 

Assuming that fi u = 700 cm 2 /V-s, we find 

g m = J2 (700) (8, 6 X 10 8 ){50/3.0)(10 X 10 6 ) = 141 pA/V (2.40) 
for the unimplanted transistor and 

g m = Jl (700)(&6 X T0-*X50/4.9j(i0 X 10" ft ) = I I I jaA/V (2.41) 



for the implanted transistor. 

The output resistance can be calculated by using (1.163) and (1.194). For the unim- 
planted device, 



— 

Id \dV D s 



3.0 jam 
10 pA 



0.1 pm/V 



- 3.0 MO 



(2.42) 



For the implanted device. 



_ /4.9 pm\ 



10 pA /0.02 pm/V 



= 25 MU 



(2.43) 



Because the depletion region for unimplanted devices is much wider than for implanted 
devices, the channel length of unimplanted devices must be made longer than for im- 
planted devices to achieve comparable punch-through voltages and small-signal output 
resistances under identical bias conditions. 



Effective Channel Width. The effective channel width of an MOS transistor is determined 
by the gate dimension parallel to the surface and perpendicular to the channel length over 
which the gate oxide is thin. Thick field oxide regions are grown at the edges of each 
transistor by using the local-oxidation process described in Sections 2.2.7 and 2 . 8 . Before 
the field oxide is grown, nitride is deposited and patterned so that it remains only in areas 
that should become transistors. Therefore, the width of a nitride region corresponds to the 
the drawn width of a transistor. To minimize the width variation, the field oxide should 
grow only vertically; that is, the oxide thickness should increase only in regions were 
nitride does not cover the oxide. In practice, however, some lateral growth of oxide also 
occurs near the edges of the nitride during field-oxide growth. As a result, the edges of the 
field oxide are not vertical, as shown, in Figures 2.9 and 2.54. This lateral growth of the 
oxide reduces the effective width of MOS transistors compared to their drawn widths. It is 
commonly referred to as the bird's beak because the gradually decreasing oxide thickness 
in the cross sections of Figures 2.9 and 2.54 resembles the corresponding portion of the 
profile of a bird. 

As a result, both the effective lengths and the effective widths of transistors differ from 
the corresponding drawn dimensions.. In analog design, the change in the effective length 
is usually much more important than the change in the effective width because transistors 
usually have drawn lengths much less than their drawn widths. As a result, the difference 
between the drawn and effective width is often ignored. However, this difference is some- 
times important, especially when the matching between two ratioed transistors timits the 
accuracy of a given circuit. This topic is considered in Section 4.2. 
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Intrinsic Gate-Source Capacitance. As described in Chapter L Ihe intrinsic gate-source 
capacitance of the transistor in the active region of operation is given by 

C K , = \wL^C ox (2.44) 

The calculation of this parameter is illustrated in the next example. 

Overlap Capacitance. Assuming that the source and drain regions each diffuse under 
the gate by L ( j after implantation, the gate-source and gate-drain overlap capacitances are 
given by 

Cot = WLaCox (2.45) 

This parasitic capacitance adds directly to the intrinsic gate-source capacitance. It consti- 
tutes the entire drain-gate capaciLanee in the active region of operation. 

Junction Capacitances. Source-substrate and drain-substrate capacitances result from 
the junction-depletion capacitance between the source and drain diffusions and the sub- 
strate. A complicating factor in calculating these capacitances is the fact that the substrate 
doping around the source and drain regions is not constant* In the region of the periphery 
of the source and drain diffusions that border on the field regions, a relatively high surface 
concentration exists on the field side of the junction because of the field threshold adjust- 
ment implant* Although approximate calculations can be carried out, the zero-bias value 
and grading parameter of the periphery capacitance are often characterized experimen- 
tally by using test structures. The bulk-junction capacitance can be calculated directly by 
using (1.21) or can be read from the nomograph in Fig. 2.29. 

An additional capacitance that must be accounted for is the depletion capacitance 
between the channel and the substrate under the gale, which we will term C cs , Calculation 
of this capacitance is complicated by the fact that the channel-substrate voltage is not 
constant but varies along the channel. Also, the allocation of this capacitance to the source 
and drain varies with operating conditions in the same way as the allocation of C\ s . A 
reasonable approach is to develop an approximate total value for this junction capacitance 
under the gate and allocate it to source and drain in the same ratio as the gale capacitance 
is allocated. For example, in the active region, a capacitance of two-lhirds of would 
appear in parallel with the source-substrate capacitance and none would appear in parallel 
with the drain-substrate capacitance. 

■ EXAMPLE 

Calculate the capacitances of an implanted device with the geometry shown in Fig. 2.59, 
Use the process parameters given in Table 2*1 and assume a drain-source voltage of 5 V, 
drain current of 10 pA, and no substrate bias voltage. Neglect the capacitance between 
the channel and the substrate. Assume that Xj is negligibly small* 

From (2.44), the intrinsic galc-source capacitance is 

Q* = -WL^fCox = pm x 5.4 jam x 0.86 IF/pnr = 155 fF (2.46) 

From (2.45), the overlap capacitance is given by 

C a j = WLjCox = 50 pm x 0.3 pm x 0.86 fF/pm 2 = 12.9 fF (2.47) 

Thus the total gate-source capacitance is (C^ + C v ? ) or 168 IF* The gate-drain capacitance 
is equal to the overlap capacitance, or 12.9 IF* 
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The source- and drain-to-substrate capacitances consist of two portions. The periphery 
or sidewall part C j SW is associated with that portion of the edge of the diffusion area that 
is adjacent to the field region. The second portion C; is the depletion capacitance between 
the diffused junction and the bulk silicon under the source and drain. For the bias condi- 
tions given, the source- subs Irate junction operates with zero bias and the drain-substrate 
junction has a reverse bias of 5 V, Using Table 2.1, the periphery portion for the source- 
substrate capacitance is 

Cj Jlv (souree) = (50 p,m + 9 jam + 9 p.m)(0.5 fF/pm) = 34 fF (2.48) 

Here, the perimeter is set equal to W + 2L because that is the distance on the surface of the 
silicon around the part of the source and drain regions that border on field-oxide regions. 
Since the substrate doping is high along this perimeter to increase the magnitude of the 
threshold voltage in the held regions, the sidewall capacitance here is dominant. The bulk 
capacitance is simply the source-diffusion area multiplied by the capacitance per unit area 
from Table 2.1. 



C/(source) = (50 pm)(9 pm)(0.08 fF/jxm 2 ) = 36 fF 



(2.49) 



The total capacitance from source to bulk is the sum of Ihese two, or 

C sb = 70 fF 



(2.50) 



For the geometry given for this example, the transistor is symmetrical, and the source 
and drain areas and peripheries are the same. From Table 2.1, both the bulk and periphery 
capacitances have a grading coefficient of 0.5. As a result, the drain-bulk capacitance is 
the same as the source-bulk capacitance modified to account for the 5 V reverse bias on 
the junction. Assuming tj / 0 = 0,65 V, 



Cdh — 



(70 fF) 



(70 IF) 



v'l + VdbW o +5/0.65 



= 24 fF 



(2.51) 



2.9.2 p-Chcmnel Transistors 

The ^-channel transistor in most CMOS technologies displays dc and ac properties that 
are comparable to the re-channel transistor. One difference is that the transconductance 
parameter k f of a ^-channel device is about one-half to one-third that of an re-channcl 
device because holes have correspondingly lower mobility than electrons. As shown in 
( 1 .209), this difference in mobility also reduces the f T of /^-channel devices by the same 
factor. Another difference is that for a CMOS technology with a p-x . ype substrate and re- 
type wells, the substrate terminal of the p-channel transistors can be electrically isolated 
since the devices are made in an implanted well. Good use can be made of this fact in 
analog circuits to alleviate the impact of the high body effect in these devices. For a CMOS 
process made on an re type substrate with p-type wells, the p-channel devices are made 
in the substrate material, which is connected to the highest power-supply voltage, but the 
re-channcl devices can have electrically isolated substrate terminals. 

The calculation of device parameters for /^-channel devices proceeds exactly as for re- 
channel devices. An important difference is the fact that for the /^-channel transistors the 
threshold voltage that results if no threshold adjustment implant is used is relatively high, 
usually in the range of 1 to 3 V. This occurs because the polarities of the Q „ term and the 
work-function term are such that they tend to increase the ^-channel threshold voltages 
while decreasing the re-channel threshold voltages. Thus the p-type threshold adjustment 
implant is used to reduce the surface concentration by partially compensating the doping 
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of the rc-type well or substrate. Thus in contrast to the rr-channel device, the p-channel tran- 
sistor has an effective surface concentration in the channel that is lower than the bulk con- 
centration, and as a result, often displays a smaller incremental body effect for low values 
of substrate bias and a larger incremental body effect for larger values of substrate bias. 

2.9.3 Depletion Devices 

The properties of depletion devices are similar to those of the enhancement device already 
considered, except that an implant has been added in the channel to make the threshold 
negative {for an ^-channel device). In most respects a depiction device closely resem- 
bles an enhancement device with a voltage source in series with the gate lead of value 
(V tD - V iE ), where V tD is the threshold voltage of the depletion -mode transistor and V t £ is 
the threshold voltage of the enhancement-mode transistor. Depletion transistors are most 
frequently used wilh the gate tied to the source. Because the device is on with V GS = 0, 
if it operates in the active region, it operates like a current source with a drain current of 

to.ss = to I v,,. =0 = W L (2-52) 

An important aspect of depletion-device performance is the variation of loss with pro- 
cess variations. These variations stem primarily from the fact that the threshold voltage 
varies substantially from its nominal value due to processing variations. Since the tran- 
sistor I DS s varies as the square of the threshold voltage, large variations in loss due to 
process variations often occur. Tolerances of ±40 percent or more from nominal due to 
process variations are common. Because I D ss determines circuit bias current and power 
dissipation, the magnitude of this variation is an important factor. Another important as- 
pect of the behavior of depletion devices stems from the body effect. Because the threshold 
voltage varies with body bias, a depletion device with V ClS = 0 and v sh ^ 0 displays a fi- 
nite conductance in the active region even if the effect of channel-length modulation is 
ignored. In turn, this finite conductance has a strong effect on the performance of analog 
circuits that use depletion devices as load elements. 

2.9.4 Bipolar Transistors 

Standard CMOS technologies include process steps that can be used to form a bipolar 
transistor whose collector is tied to the substrate. The substrate, in turn, is tied to one of 
the power supplies. Fig. 2,62a shows a cross section of such a device. The well region 
forms the base of the transistor, and the source/drain diffusion of the device in the well 
forms the emitter. Since the current flow through the base is perpendicular to the surface 
of the silicon, the device is a vertical bipolar transistor. It is a pnp transistor in processes 
that utilize p-type substrates as in Fig. 2.62a and an npn transistor in processes that use 
an /?-type substrate. The device is particularly useful in band-gap references, described in 
Chaplet 4, and in output stages, considered in Chapter 5, The performance of the device 
is a strong function of well depth and doping but is generally similar to the substrate pnp 
transistor in bipolar technology, described in Section 2.5,2, 

The main limitation of such a vertical bipolar transistor is that its collector is the sub- 
strate and is connected to a power supply to keep (he substrate /?-« junctions reverse biased. 
Standard CMOS processes also provide another bipolar transistor for which the collector 
need not be connected to a power supply. 22 Figure 2,62 b shows a cross section of such 
a device. As in the vertical transistor, the well region forms the base and a source/drain 
di frusion forms the emitter. In (his case, however, another source/drain di (Fusion forms the 
collector C\ . Since the current flow through the base is parallel to the surface of the sili- 
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Figure 2.A2 (a) Cross section of a 
vertical pnp transistor in an /t-well 
CMOS process, (b) Cross section of 
lateral and vertical pnp transistors 
in an a- well CMOS process* (c) 
Schematic of the bipolar transistors 
in (h). 



con, this device is a lateral bipolar transistor. Again, it is a pnp transistor in processes that 
utilize n-type wells and an npn transistor in processes that use p-type wells. The emitter 
and collector of this lateral device correspond to the source and drain of an MOS transis- 
tor. Since the goal here is to build a bipolar transistor, the MOS transistor is deliberately 
biased to operate in the cutoff region. In Fig. 2.62 6, for example, the gate of the p-channel 
transistor must be connected to a voltage sufficient to bias it in the cutoff region. A key 
point here is that the base width of the lateral bipolar device corresponds to the channel 
length of the MOS device* 

One limitation of this structure is that when a lateral bipolar transistor is intentionally 
formed, a vertical bipolar transistor is also formed. In Fig, 2.6 2b, the emitter and base 
connections of the vertical transistor arc the same as for the lateral transistor, but the col- 
lector is the substrate, which is connected to the lowest supply voltage. When the emitter 
injects minority carriers into the base, some flow parallel to the surface and are collected 
by the collector of the lateral transistor C] . However, others flow perpendicular to the sur- 
face and are collected by the substrate C 2 . Figure 2.62c models this behavior by showing 
a transistor symbol with one emitter and one base but two collectors. The current lc i is 
the collector current of the lateral transistor, and I C i is the collector current of the verti- 
cal transistor. Although the base current is small because little recombination and reverse 
injection occur, the undcsired current Ic i is comparable to the desired current la . To min- 
imize the ratio, the collector of the lateral transistor usually surrounds the emitter, and the 
emitter area as well as the lateral base width are minimized. Even with these techniques, 
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however, the ratio ol Ici^ci is poorly controlled in practice. 2225 If the total emitter current 
is held constant as in many conventional circuits, variation of fc 2 ^ci changes the desired 
collector current and associated small-signal parameters such as the transconductance. To 
overcome this problem, the emitter current can be adjusted by negative feedback so that 
the desired collector current is insensitive to variations in Iciflci 24 

Some important properties of the lateral bipolar transistor, including its ft and Jr, 
improve as the base width is reduced. Since the base width corresponds to the channel 
length of an MOS transistor, the steady reduction in the minimum channel length of scaled 
MOS technologies is improving the performance and increasing the importance of the 
available lateral bipolar transistor 



2.10 Passive Components in MOS Technology 

In this section, wc describe the various passive components that are available in CMOS 
technologies. Resistors include diffused, poly-silicon, and well resistors. Capacitors include 
poly-poly, metal-poly, metal-silicon, silicon-silicon, and vertical and lateral metal-metal. 

2.10.1 Resistors 

Diffused Resistors. The diffused layer used to form the source and drain of the n-channel 
and p-channel devices can be used to form a diffused resistor. The resulting resistor struc- 
ture and properties are very similar to the resistors described in Section 2.6.1 on diffused 
resistors in bipolar technology. The sheet resistances, layout geometries, and parasitic ca- 
pacitances are similar. 

Polysilicon Resistors. At least one layer of polysilicon is required in silicon-gate MOS 
technologies to form the gates of the transistors, and this layer is often used to form re- 
sistors. The geometries employed are similar to those used for diffused resistors, and the 
resistor exhibits a parasitic capacitance to the underlying layer much like a diffused resis- 
tor. In this case, however, the capacitance stems from the oxide layer under the polysilicon 
instead of from a reverse-biased pn junction. The nominal sheet resistance of most polysil- 
icon layers that arc utilized in MOS processes is on the order of 20 £>/□ to SO £!■/□ and 
typically displays a relatively large variation around the nominal value due to process 
variations. The matching properties of polysilicon resistors are similar to those of dif- 
fused resistors. A cross section and plan view of a typical polysilicon resistor are shown in 
Fig, 2,63a. 

The sheet resistance of polysilicon can limit the speed of interconnections, especially 
in subinicron technologies. To reduce the sheet resistance, a silicide layer is sometimes 
deposited on top of the polysilicon. Silicidc is a compound of silicon and a metal, such 
as tungsten, that can withstand subsequent high-temperature processing with little move- 
ment, SiLicide reduces the sheet resistance by about an order of magnitude. Also, it has little 
effect on the oxidation rate of polysilicon and is therefore compatible with conventional 
CMOS process technologies. 25 Finally, silicide can be used on the source/drain diffusions 
as well as on the polysilicon. 

Well Resistors, In CMOS technologies the well region can be used as the body of a resistor. 
It is a relatively lighlly doped region and when used as a resistor provides a sheet resistance 
on the order of 1 0 kU/IZL Its properties and geometrical layout are much like the epitaxial 
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Figure 2.63 (a) Plan 
view and cross section of 
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resistor described in Section 2.6.2 and shown in Fig. 2.42. It displays large tolerance, high 
voltage coefficient, and high temperature coefficient relative to other types of resistors. 
Higher sheet resistance can be achieved by the addition of the pinching diffusion just as 
in the bipolar technology case. 



MOS Devices as Resistors. The MOS transistor biased in the triode region can be used 
in many circuits to perform the function of a resistor. The drain-source resistance can be 
calculated by differentiating the equation for the drain current in the triode region with 
respect to the drain-source voltage. From (1.1 53), 



dip Y 1 = L 1 

SVbs) w k'(V GS - v, - V DS ) 



(2.53) 



Since UW gives the number of squares, the second term on the right side of this equa- 
tion gives the sheet resistance. This equation shows that the effective sheet resistance is a 
function of the applied gate bias. In practice, this sheet resistance can be much higher than 
polysilicon or diffused resistors, allowing large amounts of resistance to be implemented 
in a small area. Also, the resistance can be made to track the transeonduclanec of an MOS 
transistor operating in the active region, allowing circuits to he designed with properties 
insensitive to variations in process, supply, and temperature. An example of such a circuit 
is considered in Section 9.4.3. The principal drawback of this form of resistor is the high 
degree of nonlinearity of the resulting resistor element; that is, the drain-source resistance 
is not constant but depends on the drain-source voltage. Nevertheless, it can be used very 
effectively in many applications. 



2. 1 0.2 Capacitors in MOS Technology 

As a passive component, capacitors play a much more important role in MOS technology 
than they do in bipolar technology. Because of the fact that MOS transistors have virtually 
infinite input resistance, voltages stored on capacitors can be sensed with little leakage 
using MOS amplifiers. As a result, capacitors can be used to perform many functions that 
are traditionally performed by resistors in bipolar technology. 
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Poly-Poly Capacitors. Many MOS technologies that are used lo implement analog [unc- 
tions have two layers of polysilicon. The additional layer provides an efficient capacitor 
structure, an extra layer of interconnect, and can also be used to implement floating-gate 
memory cells that are electrically programmable and optically erasable with UV light 
(EPROM). A typical poly-poly capacitor structure is shown in cross section and plan view 
in Fig. 2.63 b. The plate separation is usually comparable to the gate oxide thickness of the 
MOS transistors. 

An important aspect of the capacitor structure is the parasitic capacitance associated 
with each plate. The largest parasitic capacitance exists from the bottom plate to the un- 
derlying layer, which could be either the substrate or a well diffusion whose terminal is 
electrically isolated. This bottom-plate parasitic capacitance is proportional to the bottom- 
plate area and typically has a value from 1 0 to 30 percent of the capacitor itself. 

The top-plate parasitic is contributed by the interconnect metallization or pofysilicon 
that connects the top plate to the rest of the circuit, plus the parasitic capacitance of the 
transistor to which it is connected. In the structure shown in Fig. 2.63 b, the drain-substrate 
capacitance of an associated MOS transistor contributes to the top-plate parasitic capaci- 
tance, The minimum value of this parasitic is technology dependent bul is typically on the 
order of 5 IT 1 to 50 fF. 

Other important parameters of monolithic capacitor structures are the tolerance, volt- 
age coefficient, and temperature coefficient of the capacitance value. The tolerance on the 
absolute value of the capacitor value is primarily a function of oxidc-thickness variations 
and is usually in the 10 percent to 30 percent range. Within the same die, however, the 
matching of one capacitor to another identical structure is much more precise and can typ- 
ically be in the range of 0,05 percent to l percent, depending on the geometry. Because 
the plates of the capacitor are a heavily doped semiconductor rather than an ideal conduc- 
tor, some variation in surface potential relative to the bulk material of the plate occurs as 
voltage is applied to the capacitor.^ This effect is analogous to the variation in surface 
potential that occurs in an MOS transistor when a voltage is applied to the gate. However, 
since the impurity concentration in the plate is usually relatively high, the variations in 
surface potential are small. The result of these surface potential variations is a slight vari- 
ation in capacitance with applied voltage. Increasing the doping in the capacitor plates 




Figure 2.63 (/>) Plan view 
and cross section of typical 
poly-poly capacitor. 
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reduces Ihe voltage coefficient. For the impurity concentrations that are typically used in 
polysilicon layers, the voltage coefficient is usually less than 50 ppm/V, 26,27 a level small 
enough to be neglected in most applications. 

A variation in the capacitance value also occurs with temperature variations. This 
variation stems primarily from the temperature variation of the surface potential in the 
plates previously described. 26 Also, secondary effects include the temperature variation 
of the dielectric constant and the expansion and contraction of the dielectric. For heavily 
doped polysilicon plates, this temperature variation is usually less than 50 ppm/°C, 26,27 

MOS Transistors as Capacitors, The MOS transistor itself can be used as a capacitor 
when biased in the triode region, the gale forming one plate and the source, drain, and 
channel forming another. Unfortunately, because the underlying substrate is lightly doped, 
a large amount of surface potential variation occurs with changes in applied voltage and 
the capacitor displays a high voltage coefficient. In noncritical applications, however, it 
can be used effectively under two conditions. The circuit must be designed in such a way 
that the device is biased in the Iriode region when a high capacitance value is desired, and 
the high sheet resistance of Lhc bottom plate formed by the channel must be taken into 
account. 

Other Vertical Capacitor Structures. In processes with only one layer of polysilicon, 
alternative structures must be used to implement capacitive elements. One approach in- 
volves the insertion of an extra mask to reduce the thickness of the oxide on top of the 
polysilieon layer so that when the interconnect metallization is applied, a thin-oxide layer 
exists between the metal layer and the polysilicon layer in selected areas. Such a capacitor 
has properties that are similar to poly-poly capacitors. 

Another capacitor implementation in single-layer polysilicon processing involves the 
insertion of an extra masking and diffusion operation such that a diffused layer with low 
sheet resistance can be formed underneath the poly silicon layer in a thin-oxide area. This 
is not possible in conventional silicon-gate processes because the polysilieon layer is de- 
posited before the source-drain implants or diffusions are performed. The properties of 
such capacitors are similar to the poly-poly structure, except that the bottom-plate para- 
sitic capacitance is that of a pn junction, which is voltage dependent and is usually larger 
than in the poly-poly case. Also, the bottom plate has a junction leakage current that is 
associated with it, which is important in some applications. 

To avoid the need fur extra processing steps, capacitors can also be constructed using 
the metal and poly layers with standard oxide thicknesses between layers. For example, 
in a process with one layer of polysilieon and two layers of metal, the top metal and the 
poly can be connected together to form one plate of a capacitor, and the bottom metal can 
be used to form the other plate. A key disadvantage of such structures, however, is that the 
capacitance per unit area is small because the oxide used to isolate one layer from another 
is thick. Therefore, such capacitors usually occupy large areas. Furthermore, the thickness 
of this oxide changes little as CMOS processes evolve with reduced minimum channel 
length. As a result, the area required by analog circuits using such capacitors undergoes a 
much smaller reduction than that of digital circuits in new technologies. This characteristic 
is important because reducing the area of an integrated circuit reduces its cost. 

Lateral Capacitor Structures. To reduce the capacitor area, and to avoid the need lor extra 
processing steps, lateral capacitors can be used. 28 A lateral capacitor can he formed in one 
layer of metal by separating one plate from another by spacing $, as shown in Fig, 2.64 a. 
If w is the width of the metal and t is the metal thickness, the capacitance is (w/e/s), 
where e is the dielectric constant. As technologies evolve to reduced feature sizes, the 
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Figure 2.64 («) Lateral capacitor in one 
level of metal, (b) Capacitor using two lev- 
els of metal in which both lateral and ver- 
tical capacitance contribute to the desired 
capacitance. 



minimum metal spacing shrinks but the thickness changes little; therefore, the die area 
required for a given lateral capacitance decreases in scaled technologies, 29 Nole that the 
lateral capacitance is proportional to the perimeter of each plate that is adjacent to the other 
in a horizontal plane. Geometries to increase this perimeter in a given die area have been 
proposed. 29 

Lateral capacitors can be used in conjunction with vertical capacitors, as shown in 
Fig. 2Mb. 2 * The key point here is that each metal layer is composed of multiple pieces, 
and each capacitor node is connected in an alternating manner to the pieces in each layer. 
As a result, the total capacitance includes vertical and lateral components arising between 
all adjacent pieces. If the vertical and lateral dielectric constants are equal, the total capaci- 
tance is increased compared to the case in which the same die area is used to construct only 
a vertical capacitor when Ihe minimum spacing s < Jit {t ox ) t where t is the metal thick- 
ness and t ox is the oxide Ihiekness between metal layers. This concept can be extended to 
additional pieces in each layer and additional layers. 



2. 1 0.3 Lalchup in CMOS Technology 

The device structures that are present in standard CMOS technology inherently comprise 
a pnpn sandwich of layers. For example, consider the Lypical circuit shown in Fig, 2.6 5a. 
It uses one w-channel and one /^channel transistor and operates as an inverter if the two 
gates are connected together as the inverter input. Figure 2,6 5b shows the cross section in 
an /i-well process, When the two MOS transistors are fabricated, two parasitic bipolar tran- 
sistors arc also formed: a lateral npn and a vertical pnp. In this example, the source of the 
/r-channel transistor forms the emitter of the parasitic lateral npn transistor, the substrate 
forms the base, and the rt-well forms the collector. The source of the /j-channel transistor 
forms the emitter of a parasitic vertical pnp transistor, the /t-well forms the base, and the 
p-type substrate forms the collector. The electrical connection of these bipolar transistors 
that results from the layout shown is illustrated in Fig. 2.65c. In normal operation, all the 
pn junctions in the structure are reverse biased. If the two bipolar transistors enter the 





Figure 2.65 (a) Schematic of a typical CMOS device pain ( b ) Cross section illustrating the para- 
sitic bipolar transistors, (c) Schematic of the parasitic bipolar transistors. 

active region for some reason, however, the circuit can display a large amount of positive 
feedback, causing both transistors to conduct heavily. This device structure is similar to 
that of a silicon-controlled rectifier (SCR), a widely used component in power-control 
applications. In power-control applications, the property of the pnpn sandwich to remain 
in the on state with no externally supplied signal is a great advantage. However, the result 
of this behavior here is usually a destructive breakdown phenomenon called latchup* 

The positive feedback loop is labeled in Fig. 2.6 5c, Feedback is studied in detail in 
Chapters 8 and 9. To explain why the feedback around this loop is positive, assume that 
both transistors are active and that the base current of the npn transistor increases by / 
for some reason. Then the collector current of the npn transistor increases by fi n p n i. This 
current is pulled out of the base of the pnp transistor if is ignored* As a result, the 
current flowing out of the collector of the pnp transistor increases by finpnfipnpi- Finally, 
this current flows into the base of the npn transistor if R\ is ignored* This analysis shows 
that the circuit generates a current that flows in the same direction as the initial disturbance; 
therefore, the feedback is positive* If the gain around the loop is more than unity, the 
response of the circuit to the initial disturbance continues to grow until one or both of the 
bipolar transistors saturate. In this ease, a large current flows from the positive supply to 
ground until the power supply is turned off or the circuit bums out. This condition is called 
latchup. If R[ and R 2 are large enough that base currents arc large compared to the currents 
in these resistors, the gain around the loop is f3 np n p pnp , Therefore, latchup can occur if the 
product of the betas is greater than unity. 

For latchup to occur, one of the junctions in the sandwich must become forward bi- 
ased. In the configuration illustrated in Fig* 2.65. current must flow in one of the resistors 
between the emitter and the base of one of the two transistors in order for this to occur* This 
current can come from a variety of causes. Examples are an application of a voltage that is 
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larger than the power-supply voltage to an input or output terminal, improper sequencing 
of the power supplies, the presence of large dc currents in the substrate or p- or /j-well, 
or the flow ol displacement current in the substrate or well due to fast-changing internal 
nodes. Latchup is more likely to occur in circuits as the substrate and well concentration is 
made lighter, as the well is made thinner, and as the device geometries are made smaller. 
All these trends in process technology tend to increase Ri and R 2 in Fig. 2.h5b. Also, 
they tend to increase the betas of the two bipolar transistors. These changes increase the 
likelihood of the occurrence of latchup. 

The layout of CMOS -integrated circuits must be carried out with careful attention paid 
to the prevention of latchup. Although the exact rules followed depend on the specifics 
of the technology, the usual steps are to keep./?! and R 2 , as well as the product of the 
betas, small enough to avoid this problem. The beta of the vertical bipolar transistor is 
determined by process characteristics, such as the well depth, that are outside the control 
of circuit designers. However, the beta of the lateral bipolar transistor can be decreased 
by increasing its base width, which is the distance between the source of the ^-channel 
transistor and the u-type well. To reduce R j and R 2 , many substrate and well contacts 
are usually used instead of just one each, as shown in the simple example of Fig. 2.65. 
In particular, guard rings of substrate and well contacts are often used just outside and 
inside the well regions. These rings are formed by using the source/drain diffusion and 
provide low -re si stance connections in die substrate and well to reduce series resistance. 
Also, special protection structures at each input and output pad arc usually included so 
that excessive currents flowing into or out of the chip are safely shunted. 



2. 1 1 BiCMOS Technology 

In Section 2.3, we showed that to achieve a high collector-base breakdown voltage in a 
bipolar transistor structure, a thick epitaxial layer is used (17 of 5 il-cm material for 
36-V operation). This in turn requires a deep p-type diffusion to isolate transistors and other 
devices. On the other hand, if a low breakdown voltage (say about 7 V to allow 5-V supply 
operation) can be tolerated, then a much more heavily doped (on the order of 0.5 Il-cm) 
collector region can be used that is also much thinner (on the order of 1 |xm). Under these 
conditions, the bipolar devices can be isolated by using the same local-oxidation technique 
used for CMOS, as described in Section 2.4. This approach has the advantage of greatly 
reducing the bipolar transistor collector-substrate parasitic capacitance because the heav- 
ily doped high-capacitance regions near the surface are now replaced by low- capacitance 
oxide isolation. The devices can also be packed much more densely on the chip. In ad- 
dition, CMOS and bipolar fabrication technologies begin to look rather similar, and the 
combination of high-speed, shallow, ion-implanted bipolar transistors with CMOS devices 
in a BiCMOS technology becomes feasible (at the expense of several extra processing 
steps). 30 This technology has performance advantages in digital applications because the 
high current-drive capability of the bipolar transistors greatly facilitates driving large ca- 
pacitive loads. Such processes are also attractive for analog applications because they allow 
the designer to take advantage of the unique characteristics of both types of devices. 

We now describe the structure of a typical high-frequency, low-voltage, oxide-isolated 
BiCMOS process. A simplified cross section of a high-performance process 31 is shown in 
Fig. 2.66. The process begins with masking steps and the implantation of u-type antimony 
buried layers into a /7-type substrate wherever an npn bipolar transistor or PM OS device 
is to be formed. A second implant of p-type boron impurities forms a /?-well wherever an 
NMOS device is to be formed. This is followed by the growth of about 1 jam of n~ epi, 
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which forms the collectors of the n pn bipolar devices and the channel regions of the PMOS 
devices. During this and subsequent heat cycles, the more mobile boron atoms out-diffuse 
and the /s well extends to the surface, whereas the antimony buried layers remain essen- 
tially fixed. 

A masking step dclines regions where thick held oxide is Lo be grown and these re- 
gions are etched down into the epi layer. Field-oxide growth is then carried out, followed 
by a planarization step where the field oxide that has grown above the plane of the surface 
is etched back level with the other regions. This eliminates the lumpy surface shown in 
Fig. 2.57 and helps to overcome problems of ensuring reliable metal connections over the 
oxide steps (so-called step coverage). Finally, a scries of masking steps and p- and n-type 
implants are carried out to form bipolar base and emitter regions, low' -resistance bipolar 
collector contact, and source and drain regions for the MOSFETs, In this sequence, gale 
oxide is grown, poly silicon gates and emitters are formed, and threshold-adjusting im- 
plants are made for the MOS devices. Metal contacts arc then made to the desired regions, 
and the chip is coated with a layer of deposited S 1 O 2 . A second layer of metal interconnects 
is formed on top of this oxide with connections where necessary to the first layer of metal 
below. A further deposited layer of S 1 O 2 is then added with a third layer of metal inter- 
connect and vias to give even more connection flexibility and thus to improve (he density 
of the layout. 



2.12 Heterojunction Bipolar Transistors 

A heteroj unction is a pn junction made of two different materials. Until this point, all the 
junctions we have considered have been homojunctions because the same material (sili- 
con) has been used to form both the w-lype and the p-type regions. In contrast, a junction 
between an n-lype region of silicon and a p-lype region of germanium or a compound of 
silicon and germanium forms a heterojunclion. 

In homoj unction bipolar transistors, the emitter doping is selected to be much greater 
than the base doping Lo give an emitter injection efficiency y of about unity, as shown 
by (1.51b). As a result, the base is relatively lightly doped while the emitter is heavily 
doped in practice. Section 1.4.8 shows that the fj of bipolar devices is limited in part by 
7> , which is the time required for minority carriers to cross the base. Maximizing ft is 
important in some applications such as radio-frequency electronics. To increase the 
base width can be reduced. If the base doping is fixed to maintain a constant y t however, 
this approach increases the base resistance r b . In turn, this base resistance limits speed 
because it forms a time constant with capacitance attached to the base node. As a result, 
a tradeoff exists in standard bipolar technology between high f r on the one hand and low 
T\ y on the other, and both extremes limit the speed that can be attained in practice. 

One way to overcome this tradeoff is to add some germanium to the base of bipolar 
transistors to form heleruj unction transistors. The key idea is that the different materials 
on the two sides of the junction have different band gaps. In particular, the band gap of 
silicon is greater than for germanium, and forming a SiGe compound in the base reduces 
the band gap there. The relatively large band gap in the emitter can be used to increase the 
potential barrier to holes that can be injected from the base back to the emitter. Therefore, 
this structure dues not require that the emitter doping be much greater than the base doping 
lo give y — 1 . As a result, the emitter doping can be decreased and the base doping can be 
increased in a heteroj unction bipolar transistor compared to its homojunction counterpart. 
Increasing the base doping allows r h to be constant even when the base width is reduced to 
increase fj. Furthermore, this change also reduces the width of the base-collector depletion 
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region in the base when the transistor operates in the forward active region, thus decreasing 
the elf eel of base- width modulation and increasing the early voltage V r \< Not only does 
increasing the base doping have a beneficial effect on performance, but also decreasing the 
emitter doping increases the width of the base-emitter, space-charge region in the emitter, 
reducing the C capacitance and further increasing the maximum speed. 

The base region of the heterojunction bipolar transistors can be formed by grow- 
ing a thin epitaxial layer of SiGe using ultra-high vacuum chemical vapor deposition 
(UHV/CVD). 12 Since this is an epi layer, it takes on the crystal structure of the silicon 
in the substrate. Because the lattice constant for germanium is greater than that for silicon, 
the SiGe layer forms under a compressive strain, limiting the concentration of germanium 
and the thickness of the Layer to avoid defect formation after subsequent high-temperature 
processing used at the back end of conventional technologies, 31 In practice, with a base 
thickness or 0. 1 |xm, the concentration of germanium is limited to about 15 percent so that 
the layer is unconditionally stable. 14 With only a small concentration of germanium, the 
change in the band gap and the resulting shift in the potential barrier that limits reverse 
injection of holes into the emitter is small. However, the reverse injection is an exponential 
function of this harrier; therefore, even a small change in the barrier greatly reduces the 
reverse injection and results in these benefits. 

In practice, the concentration of germanium in the base need not be constant. In par- 
ticular, the UHV/CVD process is capable of increasing the concentration of germanium 
in the base from the emitter end to the collector end. This grading of the germanium con- 
centration results in an electric field that helps electrons move across the base, further 
reducing tf and increasing fj. 

The hetcrojunction bipolar transistors described above can be included as the bipolar 
transistors in otherwise conventional BiCMOS processes. The key point is that the device 
processing sequence retains the well-established properties of silicon integrated-circuit 
processing because the average concentration of germanium in the base is small, 13 This 
characteristic is important because it allows the new processing steps to be included as 
a simple addition to an existing process, reducing the cost of the new technology. For 
example, a BiCMOS process with a minimum drawn CMOS channel length of 0.3 pan 
and hetcrojunction bipolar transistors with a f T of 50 GHz has been reported. 34 The use 
of the hetcrojunction technology increases the fj by about a factor of two compared to a 
comparable homoj unction technology. 



2.13 Interconnect Delay 

As the minimum feature size allowed in integrated-circuit technologies is reduced, the 
maximum operating speed and bandwidth have steadily increased. This trend stems partly 
from the reductions in the minimum base width of bipolar transistors and the minimum 
channel length of MOS transistors, which in turn increase the f j of these devices. While 
scaling has increased the speed of the transistors, however, it is also increasing the delay 
introduced by the interconnections to the point where it could soon limit the maximum 
speed of integrated circuits. 15 This delay is increasing as the minimum feature size is re- 
duced because the width of metal lines and spacing between them are both being reduced 
to increase the allowed density of interconnections. Decreasing the width of the lines in- 
creases the number of squares for a fixed length, increasing the resistance. Decreasing the 
spacing between the lines increases the lateral capacitance between lines. The delay is pro- 
portional to the product of the resistance and capacitance. To reduce the delay, alternative 
materials arc being studied for use in integrated circuits. 
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First, copper is replacing aluminum in metal layers because copper reduces the re- 
sistivity of the interconnection by about 40 percent and is less susceptible to electromi- 
gration and stress migration than aluminum. Electromigration and stress migration are 
processes in which the material of a conductor moves slightly while it conducts current 
and is under tension, respectively. These processes can cause open circuits to appear in 
metal interconnects and are important failure mechanisms in integrated circuits. Unfor- 
tunately, however, copper can not simply be substituted for aluminum with the same 
fabrication process. Two key problems are that copper diffuses through silicon and sil- 
icon dioxide more quickly than aluminum, and copper is difficult to plasma etch. 36 To 
overcome the diffusion problem, copper must be surrounded by a thin film of another 
metal that can endure high-temperature processing with little movement. To overcome 
the etch problem, a damascene process has been developed, 37 In this process, a layer 
of interconnection is formed by first depositing a layer of oxide. Then the interconnect 
pattern is etched into the oxide, and the wafer is uniformly coaled by a thin diffusion- 
resistant layer and then copper. The wafer is then polished by a chemical-mechanical 
process until the surface of the oxide is reached, which leaves the copper in the cavi- 
ties etched into the oxide. A key advantage of this process is that it results in a planar 
structure after each level of metalization. 

Also, low-permittivity dielectrics are being studied to replace silicon dioxide to reduce 
the interconnect capacitance. The dielectric constant of silicon dioxide is 3.9 times more 
than for air. For relative dielectric constants between about 2.5 and 3.0, polymers have been 
studied. For relative dielectric constants below about 2,0, the proposed materials include 
foams and gels, which include air. 36 Other important requirements of low-permittivity 
dielectric materials include low leakage, high breakdown voltage, high thermal conduc- 
tivity, stability under high-temperature processing, and adhesion to the metal layers. 35 The 
search for a replacement for silicon dioxide is difficult because it is an excellent dielectric 
in all these ways. 

2,14 Economics of Integrated-Circuit Fabrication 

The principal reason for the growing pervasiveness of integrated circuits in systems of 
all types is the reduction in cost attainable through integrated-circuit fabrication. Proper 
utilization of the technology to achieve this cost reduction requires an understanding of 
the factors influencing the cost of an integrated circuit in completed, packaged form. In 
this section, wc consider these factors. 

2. 14. 1 Yield Considerations in Integrated-Circuit Fabrication 

As pointed out earlier in this chapter, integrated circuits are batch-fabricated on single 
wafers, each containing up to several thousand separate but identical circuits. At the end 
of the processing sequence, the individual circuits on the wafer are probed and tested prior 
to the breaking up of the wafer into individual dice* The percentage of the circuits that are 
electrically functional and within specifications at this point is termed the wafer-sort yield 
Yws an d is usually in the range of 10 percent to 90 percent* The nonfunctional units can 
result from a number o f factors, but one major source of yield loss is point defects of various 
kinds that occur during the photoresist and diffusion operations. These defects can result 
from mask defects, pinholes in the photoresist, airborne particles that fall on the surface of 
the wafer, crystalline defects in the epitaxial layer, and soon, If such a defect occurs in the 
active region on one of the transistors or resistors making up the circuit, a nonfunctional 
unit usually results. The frequency of occurrence per unit of wafer area of such defects 
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Figure 2.67 Conceptual exam- 
ple of the effect of die size on 
yield. 

is usually dependent primarily on the particular fabrication process used and not on the 
particular circuit being fabricated* Generally speaking, the more mask steps and diffusion 
operations that the wafer is subjected to, the higher will be the density of defects on the 
surface of the finished wafer. 

The existence of these defects limits the size of the circuit that can he economically 
fabricated on a single die. Consider the two cases illustrated in Fig* 2.67, where two iden- 
tical wafers with the same defect locations have been used to fabricate circuits of different 
area. Although the defect locations in both cases are the same, the wafer-sort yield of the 
large die would be zero. When the die size is cut to one-fourth of the original size, the wafer 
sort yield is 62 percent* This conceptual example illustrates the effect of die size on wafer- 
sort yield. Quantitatively, the expected yield for a given die size is a strong function of the 
complexity of the process, the nature of the individual steps in the process, and perhaps, 
most importantly, the maturity and degree of development of the process as a whole and 
the individual steps within it* Since the inception of the planar process, a steady reduc- 
tion in defect densities has occurred as a result of improved lithography, increased use of 
low- temperature processing steps such as ion implantation, improved manufacturing envi- 
ronmental control, and so forth. Three typical curves derived from yield data on bipolar and 
MOS processes are shown in Fig. 2*68* These are representative of yields for processes rang- 
ing from a very complex process with many yield-reducing steps to a very simple process 
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Figure 2.60 Typically observed yield 
versus die size for the three different 
processes, ranging from a very sim- 
ple, wcll-dcvcloped process (curve 
A), to a very complex process with 
many yield-reducing steps (curve C). 
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carried oul in an advanced VLSI fabrication facility. Also, the yield curves can be raised or 
lowered by more conservative design rules, and other factors. Uncontrolled factors such as 
testing problems and design problems in the circuit can cause results for a particular inte- 
grated circuit to deviate widely from these curves, but still the overall trend is useful. 

In addition to affecting yield, the die si zt also affects the total n umber of dice that can be 
fabricated on a wafer of a given size. The total number of usable dice on the wafer, called the 





Figure 2.70 Net good die per 
wafer for the three processes in 
Fig* 2.66, assuming a 4-in. wafer. 
The same curve can be obtained 
approximately for other wafer 
sizes by simply scaling the ver- 
tical axis by a factor equal to the 
wafer area. 
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gross die per wafer N, is plotted in Fig. 2.69 as a function of die size for several wafer sizes. 
The product of the gross die per wafer and the wafer-sort yield gives the net good die per 
wafer, plotted in Fig. 2.70 for the yield curve of Fig. 2.68 ; assuming a 4 -in wafer. 

Once the wafer has undergone the wafer-probe test, it is separated into individual dice 
by sawing or scribing and breaking. The dice are visually inspected, sorted, and readied 
for assembly into packages. This step is termed die fab, and some loss of good dice occurs 
in the process. Of the original electrically good dice on the wafer, some will he lost in the 
die fab process due to breakage and scratching of the surface. The ratio of the electrically 
good dice following die fab to the number of electrically good dice on the wafer before die 
fab is called the die fab yield , Y df . The good dice are then inserted in a package, and the 
electrical connections to each die are made with bonding wires to the pins on the package. 
The packaged circuits then undergo a final test, and some loss of functional units usually 
occurs because of improper bonding and handling losses. The ratio of the number of good 
units at final test to the number of good dice into assembly is called th c final test yield Y 



2.14.2 Cost Considerations in Integrated-Circuit Fabrication 

The principal direct costs to the manufacturer can be divided into two categories: those 
associated with fabricating and testing the wafer, called the wafer fab cost C w , and those 
associated with packaging and final testing the individual dice, called the packaging cost 
C p . If we consider the costs incurred by the complete fabrication of one wafer of dice, wc 
first have the wafer cost itself C w , The number of electrically good dice that are packaged 
from the wafer is N V W!i Y <tf . The total cost C t incurred once these units have been packaged 
and tested is 

C t = Cn + CpNYwYdf (2.54) 

The total number of good finished units N g is 

Ng = NY W5 Y df Y ft 

Thus the cosl per unit is 

£ _ C p 

~ K? ~ NY„,Y df Yf t 

The first term in the cost expression is wafer fab cost, while the second is associated with 
assembly and final testing. This expression can be used lo calculate the direct cost of the 
finished product to the manufacturer as shown in the following example. 



(2.55) 

(2.56) 



■ EXAMPLE 



Plot the direct fabrication cost as a function of die size for the following two sets of as- 
sumptions, 

(a) Wafer-fab cost of $75.00, packaging and testing costs per die of $0.06, a die-fab yield 
of 0.9, and a final-test yield of 0,9. Assume yield curve B in Fig. 2.68. This set of condi 
tions might characterize an operational amplifier manufactured on a medium-complexity 
bipolar process and packaged in an inexpensive 8 or 14 lead package. 

From (2,56), 



C - 



$75.00 



0.06 $92.59 



(NY WS )( 0.81) 0.9 NY* 



+ 0.066 



(2.57) 



This cosl is plotted versus die size in Fig. 2,71 a. 

(b) A wafer-fab cost of $100,00, packaging and testing costs of $1.00. die-fab yield of 
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Figure 2.7 1 (tf) Cost curve for 
example a. 



0.9, and final-test yield of 0-8. Assume yield curve A in Fig. 2-68. This mighl character- 
ize a complex analog/digital integrated circuit, utilizing an advanced CMOS process and 
packaged in a large, multilead package. Again, from (2.56), 



$100.00 $1.00 _ $138.89 

(AT h ,)(0.72) + "W “ NY W 



(2.58) 



■ This cost is plotted versus die size in Fig, 2.716. 

This example shows that most of t he cost comes from packaging and testing for small 
die sizes, whereas most of the cost comes from wafer-fab costs for large die sizes. This 
relationship is made clearer by considering the cost of the integrated circuit in terms of cost 
per unit area of silicon in the finished product, as illustrated in Fig. 2.72 for the examples 
previously given. These curves plot of the ratio of the finished- product cost to the number 
of square mils of silicon on the die. The minimum cost per unit area of silicon results 




ib) 



Figure 2.71 {b)C osl 
curve lor example b. 
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Die area (mif 2 x 10 3 ) 



Figure 2.72 Cost of finished 
product in terms of cost per 
unit of silicon area for the 
two examples. Because the 
package and testing costs are 
lower in example a , the mini- 
mum cost point falls at a much 
smaller die size. The cost per 
unit of silicon area at large die 
sizes is smaller for example h 
because process A gives higher 
yield at large die sizes. 



midway between the package-cost and die-cost limited regions for each example. Thus 
the fabrication of excessively large or small dice is uneconomical in terms of utilizing the 
silicon die area at minimum cost. The significance of these curves is that, for example, 
if a complex analog/digital system, characterized by example h in Fig. 2.72 with a total 
silicon area of 80,000 square mils is to be fabricated in silicon, it probably would be most 
economical to build the system on two chips rather than on a single chip. This decision 
would also be strongly affected by other factors such as the increase in the number of total 
package pins required for the two chips to be interconnected, the effect on performance of 
the required interconnections, and the additional printed circuit board space required for 
additional packages. The shape of the cost curves is also a strong function of the package 
cost, test cost oflhe individual product, yield curve for the particular process, and so forth* 
The preceding analysis concerned only the direct costs to the manufacturer of the 
fabrication of the finished product; the actual selling price is much higher and reflects 
additional research and development, engineering, and selling costs* Many of these costs 
are fixed, however, so that the selling price of a particular integrated circuit tends to vary 
inversely with the quantity of the circuits sold by the manufacturer 



2.15 Packaging Considerations for Integrated Circuits 

The finished cost of an integrated circuit is heavily dependent on the cost of the package 
in which it is encapsulated. In addition to the cost, the package also strongly affects two 
other important parameters. The first is the maximum allowable power dissipation in the 
circuit, and the second is the reliability of the circuit. We will consider these limitations 
individually. 

2.15.1 Maximum Power Dissipation 

When power is dissipated within a device on the surface of the integrated circuit die, 
two distinct changes occur. First, the dissipated heat must flow away from the individual 
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Figure 2.73 Electrical analog for the thermal behavior of the die-paekage 
structure. 



device through the silicon material, which gives rise to temperature gradients across the 
top surface of the chip. These gradients can strongly affect circuit performance, and their 
effects are studied further in Chapter 6, Second, the heat must then flow out of the sili- 
con material into the package structure, and then out of the package and to the ambient 
atmosphere. The flow of heat from the package to the ambient atmosphere can occur pri- 
marily by radiation and convection or, if the package is attached to a heat sink, can occur 
primarily by conduction. This flow of heat to the ambient environment causes the die as 
a whole to experience an increase in temperature, and in the steady state the average die 
temperature will be higher than the ambient temperature by an amount proportional to 
the power dissipation on the chip and the thermal resistance of the package. 

The steady-state thermal behavior of the die/package structure can be analyzed ap- 
proximately using the electrical model shown in Fig. 2.73. In this model, current is 
analogous to a flow of heat, and voltage is analogous to temperature. The current source 
represents the power dissipation on the integrated circuit die. The voltage drop across 
the resistance B j c represents the temperature drop between the surface of the chip 
and the outside of the case of the package. Finally, the drop across the resistor d ca repre- 
sents the temperature drop between the outside of the case and the ambient atmosphere. 
This representation is only approximate since in reality the structure is distributed and 
neither the top surface of the die nor the outside of the ease is isothermal. However, this 
equivalent circuit is useful for approximate analysis. 

The resistance 6 JC is termed the jimction-to-case thermal resistance of the package. 
This resistance varies from about 30°C/W for the TO-99 metal package to about 4°C/W 
for the TO-3 metal power package. These packages are shown in Fig. 2.74 along with 
the plastic dual-in-line package (DIP). The resistance Q ca is termed the case to-ambieni 
thermal resistance. For the situation in which no heat sink is used, this resistance is deter- 
mined primarily by the rate at which heat can be transferred from the outside surface of 
the package to the surrounding air. This rate is dependent on package size and on the rate 
of airflow around the package, if any. Because thermal radiation effects are present, the 
rate of heat transfer is not a linear function of case temperature, but the approximation is 
usually made that this thermal resistance is linear. For the case in which the surrounding 
air is still and no heat sink is used, the resistance 0 va varies from about 100°CAY for the 
TO-99 to about 40°C/W for the TO-3. 

For integrated circuits that dissipate large amounts of power, the use of a heal sink 
is often necessary to prevent excessive die temperatures. For this situation, the case-lo- 
ambient thermal resistance is determined by the heat sink. Heat sinks for use with inte- 
grated circuit packages vary from small finned structures having a thermal resistance of 
about 30°C/W to massive structures achieving thermal resistances in the range of 2°C/W, 
Effective utilization of low-thermal-rcsistance heat sinks requires that the package and 
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Figure 2.74 TO-99, TO-3, dual-in-line (DIP) integrated-circuit packages. Dimensions are in 
inches. The TO-3 is used as shown for three-terminal ICs such as voltage regulators, and in ver- 
sions with up to 10 leads when required. The basic TO-99 package shape is available in 3, 4, 6, 8, 
10, and 12 lead versions. The DIP package is available in 8, 14, 16, 18, and 22 lead versions. It is 
available in both hermetically scaled ceramic and plastic versions. 



heat sink be in intimate thermal contact with each other. For TO-3 packages, special mica 
washers and heat-sink grease are used to attach the package to the heat sink while main- 
taining electrical isolation. 

The choice of package and heat sink for a particular circuit is dependent on the 
power to be dissipated in the circuit, the range of ambient temperatures to be encountered, 
and the maximum allowable chip temperature. These three quantities are related under 
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steady-state conditions by the following expression: 

T c hip = r^bient + (Ojc + 0^) Pd (2,59) 

where bit[tE is the ambient temperature, T C hi P is the chip temperature, and Pj is the 
power dissipation on the chip. For silicon integrated circuits, reliability considerations 
dictate that the chip temperature be kept below about 150°C, and this temperature is 
normally taken as the maximum allowable chip temperature. Thus once the maximum 
ambient temperature is known, the temperature drop across the series combination of 
Ojc and $ca is specified. Once the power dissipation is known, the maximum allowable 
thermal resistance of the package and heat sink can be calculated. 



■ EXAMPLE 

What is the maximum permissible power dissipation in a circuit in a TO-99 package in 
still air when the ambient temperature is 70° C? 125 a C? 

For the TO-99 in still air, (0 Jr + 0 ca ) = 30°C/W + 100°C/W^1 30°C/W, 

From (2,59), 



T, hip = FanOicnr + (130°C/W )(P d ) 

For r ambient = 70°C, 

150°C - 70°C + (130°CAVatt) P dJm 

and thus 



For Tambient = 125°C, 



Prfmax = 620 mW 



I50°C = 125°C + (130°C/W) 

and thus 



^rfraax = 190 mW 



2,15,2 Reliability Considerations in Integrated-Circuit Packaging 

In applications where field servicing is difficult or impossible, or where device failure has 
catastrophic consequences, circuit reliability becomes a primary concern. The primary 
parameter describing circuit reliability is the mean time to failure of a sample of inte- 
grated circuits under a specified set of woTst-case environmental conditions. The study 
of the various failure modes that can occur in integrated circuits under such conditions and 
the means to avoid such failures have evolved into a separate discipline, which is beyond 
the scope of this book. However, integrated circuit packages can be divided into two dis- 
tinct groups from a reliability standpoint: those in which the die is in a hermetically sealed 
cavity and those in which the cavity is not hermetically sealed. The former group includes 
most of the metal can packages and the ceramic dual-in-line and flat packages. The latter 
group includes the plastic packages. The plastic packages are less expensive to produce 
and are as reliable as the hermetic packages under mild environmental conditions. The 
hermetic packages are generally more expensive to produce, but are more reliable under 
adverse environmental conditions, particularly in the ease of high temperatur c/high hu- 
midity conditions, 
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APPENDIX 

A.2.1 SPICE MODEL-PARAMETER FILES 

In this section, SPICE model-parameter symbols are compared with the symbols employed 
ill the text for commonly used quantities. 



Bipolar Tk-ansistor Parameters 



SPICE 

Symbol Text Symbol Description 



IS 


h 


Transport saturation current 


BE 


Pf 


Maximum, forward current gain 


BR 


Hr 


Maximum reverse current gain 


VAF 


Va 


Forward Early voltage 


RB 


n 


Base series resistance 


RE 


r t -x 


Emitter series resistance 


RC 


r. 


Collector series resistance 


TP 


Tfr 


Forward transit time 


TR 


tr 


Reverse transit time 


CJE 




Zero-bias base-emitter depletion capacitance 


VJE 


fax 


Basc-cmittcr junction built-in potential 


MJE 


fl? 


Base-emitter junction-capacitance exponent 


CJC 




Zero-bias base- collector depletion capacitance 


VJC 


fac 


Base-collector junction built-in potential 


MIC 


n. 


Base-collector junction-capacitance exponent 


CJS 


Cam 


Zero-bias collector-substrate depletion capacitance 


VJS 


fa* 


Collector-substrate junction built-in potential 


MJS 




Collector-substrate juncLion-capacitancc exponent 



Note: Depending on which version of SPICE is used, a separate diode may have 
to be included to model base-substrale capacitance in a lateral pnp transistor. 



MOSFET Parameters 



SPICE 



Symbol 


Text Symbol 


Description 


VTO 




Threshold voltage with zero source- 
substrate voltage 


KP 


k /i C () .T 


Transconduelance parameter 


GAMMA 


■J2qeN A 
y r... 


Threshold voltage parameter 


PHI 


, £ 

% 

c-l 

II 


Surface potential 


LAMBDA 


Channel-length modulation parameter 


CGSO 


c frf 


Gate-source overlap capacitance per unit 
channel width 


CGDO 


Crrf 


Gate-drain overlap capacitance per unit 
channel width 
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MOSFET Parameters 


sprcE 

Symbol 


Text Symbol 


Description 


CJ 


C jV, 


Zero-bias junction capacitance per unit area 


MJ 


n 


from source and drain bottom to bulk 
(substrate) 

Source -bulk and drain-bulk junction 


CJSW 


Cj.^ 


capacitance exponent (grading coefficient) 
Zero-bias junction capacitance per unit 


MJSW 


ri 


junction perimeter from source and drain 
sidewall (periphery') to bulk 
Source-bulk and drain-bulk sidewall 


PB 


i/m 


junction capacitance exponent 
Source-bulk and drain-bulk junction built- 


TOX 


t'i.X 


in potential 
Oxide thickness 


NSUB 


N At N D 


Substrate doping 


NSS 


Qssfq 


Surface-state density 


XJ 


*j 


Source, drain junction depth 


LD 


L t{ 


Source, drain lateral diffusion 



PROBLEMS 

2.1 What impurity concentration corresponds 
to a 1 IT-em resistivity in /?-lype silicon? in n-type 
silicon? 

2.2 Whal is the sheet resistance of a layer of 
1 fi-em material that is 5 pm thick? 

2.3 Consider a hypothetical layer of sili- 
con that has an «-type impurity concentration of 
10' cm - -* at the top surface, and in which the im- 
purity concentration decreases exponentially with 
distance into the silicon. Assume that the concen- 
tration has decreased to 1/e of its surface value at 
a depth of 0.5 pm, and that the impurity concen- 
tration in the sample before the insertion of the n- 
type impurities was 10 h cm 2 p-type. Determine 
the depth below the surface of the /injunction that 
results and determine the sheet resistance of the 
fl-lype layer. Assume a constant electron mobil- 
ity of S00 cnr/V-s. Assume that the width of the 
depletion layer is negligible. 

2.4 A diffused resistor has a length of 200 pm 
and a width of 5 pm. The sheet resistance ol the 
base diffusion is 100 fi/ZJ and the emitter diffusion 
is 5 fi/i |. The base pinched layer has a sheet resis- 
tance of 5 k-fl/n. Determine the resistance of the 
resistor if it is an emitter-diffused, base-diffused, or 
pinch resistor. 

2.5 A base-emitter voltage of from 520 mV 
to 580 mV is measured on a test npn transistor 



structure with 10 pA collector current. The emit- 
ter dimensions on the Lest transistor are 100 pm X 
100 pm. Determine the range of values of Qr im- 
plied by this data. Use this information to calculate 
the rangeof values of sheet resistance that will be ob- 
served in the pinch resistors in the circuit. Assume a 
constant electron diffusivity, D n , of 13 cm 2 /s, and 
a constant hole mobility of 150 cm 2 /V-s. Assume 
that the width of the depletion layer is negligible. 

2.6 Estimate the series base resistance, series 
collector resistance r f , base-emitter capacitance, 
base-collector capacitance, and collector-substrate 
capacitance of the h igh-current npn transistor struc- 
ture shown in Fig. 2.75. This structure is typical of 
those used as the oulpul transistor in operational am- 
plifiers that must supply up to about 20 mA, Assume 
a doping profile as shown in Fig. 2.17. 

2.7 If the lateral pnp structure of Fig. 2.33 a is 
fabricated with an epi layer resistivity of 0.5 H-cm, 
determine the value of collector current at which the 
current gain begins to fall off. Assume adiffusivity 
for holes of: D p = 10 cm 2 /s. Assume a base width 
of 8 pm. 

2.8 The substrate pnp of Fig. 23G« is to be 
used as a test device to monitor epitaxial layer 
thickness. Assume that the flow of minority carriers 
across the base is vertical, and that the width of the 
emitter-base and collector-base depletion layers is 
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Figure 2,75 Device structure for Problem 2.6. 



negligible. Assume that the epi layer resistivity is 
known lo be 2 fl-cm by independent measurement. 
The base -emitter voltage is observed to vary from 
525 mV to 560 mV over several wafers at a collec- 
tor current of 10 p,A. What range of epitaxial layer 
thickness does this imply? What is the correspond- 
ing range of sheet resistance that will be observed 
in the epitaxial pinch resistors? Assume a hole dif- 
fusivity of 10 enr/s* and an electron mobility of 
800 cm 2 /V-s. Neglect the depletion layer thickness. 
Assume a junction depth of 3 \x.m for the base 
diffusion. 

2.9 Calculate the total parasitic junction ca- 
pacitance associated with a 10-kfl base-diffused 
resistor if the base sheet resistance is 100 •(!/□ and 
the rcsislor width is 6 p,m. Repeat for a resistor 
width of 12 |im. Assume the doping profiles are 
as shown in Fig. 2.17. Assume the clubheads arc 
26 |xm X 26 p.m, and that the junction depth is 
3 p,m. Account for sidewall effects. 

2.10 For Ihc substrate pnp structure shown in 
Fig. 2.36«, calculate 1$, Cj?. C ^ and jf. Assume 
the doping profiles arc as shown in Fig. 2.17. 

2.11 A base-emitter voltage of 480 mV is 
measured on a supcr-/3 lest transistor with a 



100 pun x 1 00 p. m emitter area at a collector current 
ofl 0 p. A . Caleul ate the Q B and the sheet re sistane c of 
the base region. Estimate the punch-through voltage 
inthe following way. When the base depletion region 
includes the entire base, charge neutrality requires 
that the number of ionized acceptors in the depletion 
region in the base be equal to the number of ionized 
donors In the depletion region on the collector side 
of the base, [See (1.2).] Therefore, when enough 
voltage is applied that the depletion region in the 
base region includes the whole base, the depletion 
region in the collector must include a number of ion- 
ized atoms equal to Q Since the density of these 
atoms is known (equal to No), the width of the de- 
ple lion lay cr in the collector reg i on at pu neb- through 
can be determined. If we assume that the doping in 
the base N A is much larger than that in the collec- 
tor Nrit then (1.15) can be used to find the voltage 
that will result in this depletion layer width. Repeat 
this problem for thestandard device, assuming a V BE 
measured at 560 mV. Assume an electron diffusiv- 
ity D n of 13 cm 2 /s, and a hole mobility jx^ of 150 
crrr/V-s. Assume the epi doping is LQ 15 cm -3 . Use 
e = 1.04 X 10 '-F/cm for the permittivity of sili- 
con. Also, assume ip 0 for the collcctor-base junction 
is 0,55 V, 
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2.12 An MOS transistor biased in the active re- 
gion displays a drain current of 1 00 \x A at a W;s of 
J .5 V and a drain current of 1 0 jul A at a of 0*8 V* 
Determine (he threshold voltage and /^C^W/L)* 
Neglect subthrcshold conduction and assume that 
the mobility is constant. 

2.13 Calculate the threshold voltage of the 
/7-channel transistors for the process given in Ta- 
bic 2. 1 . First do the calculation for the unimplanted 
transistor, then for the case in which the device re- 
ceives the channel implant specified. Note that this 
is a p-type implant* so Lhal Ihc effective surface con- 
centration is the difference between the background 
substrate concentration and the effective concentra- 
tion in the implant layer* 

2.14 An jr-channel implanted transistor from 
the process described in Tabic 2.1 displays a 
measured outpuL resistance of 5 Mil at a drain cur- 
rent of 10 p.A, biased in the active region at a 

of 5 V* The drawn dimensions of the device arc 
100 p,m by 7 [xm. Find the output resistance of 
a second device on the same technology that has 
drawn dimensions of 50 trm by 12 jjlih and is 
operated at a drain current of 30 jj.A and a 
of 5 V. 

2.15 Calculate the small-signal model parame 
ters of the device shown in Fig* 2.76, including g„„ 

C x; ,., C. yfr , and C d h- Assume the transistor 
is biased at a drain-source voltage of 2 V and a drain 
c urrent of 20 jjl A . Us c the p roces s p arametersthat arc 
specified in Table 2.4. Assume Vsb — IV, 

2.16 The transistor shown in Fig. 2.76 is con- 
nected in the circuit shown in Fig. 2.77* The gate is 
grounded* the substrate is connected to —1,5 V, and 
the drain is open circuited* An ideal current source 
is tied to the source* and this source has a value of 
zero for r < 0 and 10 p.A for i > 0. The source and 
drain arc at an initial voltage of +1 .5 V at t = 0. 
Sketch the voltage at the source and drain from t = 
0 until the drain voltage reaches - 1 .5 V. For sim- 
plicity, assume that the source-substrate and drain- 
substrate capacitances are constant at their zero- 
bias values. Assume the transistor has a threshold 
voltage of 0.6 V. 



M 
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L 
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-1.5 V 






10 pA 
r 



Figure 2.77 Circuit for Problem 2.16. 



2.1 7 Show Lhal two MOS transistors connected 
in parallel with channel widths of VVh and W 2 and 
identical channel lengths of L can be modeled as 
on e equi v alent MOS Lransis tor who se w i dth i s W\ + 
W 2 and whose length is L , as shown in Fig. 2*78. 
Assume the transistors are identical except for their 
channel widths. 

2.18 Show th at two MOS lransis l ors c onncctcd 
in series with channel lengths of L\ and L 2 and 



Wo 



T 



Figure 2.78 Circuit for 
Problem 2.17. 
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identical channel widths of W can be modeled 
as one equivalent MOS transistor whose width 
is W and whose length is L] + U., as shown in 
Fig. 2.79. Assume the transistors are identical ex- 
cept for their channel lengths. Ignore the body ef- 
fect and channel-length modulation* 




Figure 2.79 Circuit for Problem 2,1 8. 



2.19 An integrated electronic subsystem is to 
he fabricated, which requires 40,000 square mils of 
silicon area. Determine whether the system should 
be put on one or two chips, assuming that the fab- 
rication cost of the two chips is the only considera- 
tion.Assume that the wafer-fab cost is $100.00, the 
packaging and testing costs are $0.60, the die-fab 
yield is 0.9, and the final-test yield is 0.8. Assume 
the process used follows curve B in Fig, 2.68, Re- 
peat the problem assuming yield curve A, and then 
yield curve C. Assume a 4-in wafer. 

2.20 Determine the direct fabrication cost of an 
integrated circuit that is 150 mils on a side in size. 
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CHAPTER 



3 



Single-Transistor and Multiple- 
Transistor Amplifiers 



The technology used to fabricate integrated circuits presents a unique set of component- 
cost constraints to the circuit designer The most cost-effective circuit approach to accom- 
plish a given function may be quite different when the realization of the circuit is to be 
in monolithic form as opposed to discrete transistors and passive elements. 1 As an illus- 
tration, consider the two realizations of a three-stage audio amplifier shown in Figs. 3.1 
and 3.2. The first reflects a cosl-cffcctive solution in the context of discrete-component 
circuits, since passive components such as resistors and capacitors are less expensive than 
the active components, the transistors. Hence, the circuit contains a minimum number 
of transistors, and the interstage coupling is accomplished with capacitors. However, for 
the case of monolithic construction, a key determining factor in cost is the die area used. 
Capacitors of the values used in most discrete-component circuits are not feasible and 
would have to be external to the chip, increasing the pin count of the package, which in- 
creases cost. Therefore, a high premium is placed on eliminating large capacitors, and a 
dc -coupled circuit realization is very desirable. A second constraint is that the cheapest 
component that can be fabricated in the integrated circuit is the one that occupies the least 
area, usually a transistor. Thus a circuit realization that contains the minimum possible 
total resistance while using more active components may be optimum, 2,2 Furthermore, an 
important application of analog circuits is to provide interfaces between the real world and 
digital circuits. In building digital integrated circuits, CMOS technologies have become 
dominant because of their high densities and low power dissipations. To reduce the cost 
and increase the portability of mixcd-analog-and-digital systems, both increased levels of 
integration and reduced power dissipations are required. As a result, we are interested in 
building analog interface circuits in CMOS technologies. The circuit of Fig. 3.2 reflects 
these constraints. It uses a CMOS technology and many more transistors than in Fig. 3.1, 
has less total resistance, and has no coupling capacitors. A differential pair is used to allow 
direct coupling between stages, while transistor current sources provide biasing without 
large amounts of resistance. In practice, feedback would be required around the amplifier 
shown in Fig. 3.2 but is not shown for simplicity. Feedback is described in Chapter 8. 

The next three chapters analyze various circuit configurations encountered in linear 
integrated circuits. In discrete-component circuits, the number of transistors is usually 
minimized. The best way to analyze such circuits is usually to regard each individual 
transistor as a stage and to analyze the circuit as a collection of single-transistor stages. 
A typical monolithic circuit, however, contains a large number ol lransistors that perform 
many functions, both passive and active. Thus monolithic circuits are often regarded as a 
collection of stibcircuits that perform specific functions, where the subcircuits may contain 
many transistors. In this chapter, we first consider the dc and low-frequency properties of 
ihc simplest subcircuits; common-emitter, common-base, and common-collector single- 
transistor amplifiers and their counterparts using MOS transistors. We then consider some 
multi-transistor subcircuits that are useful as amplifying stages. The most widely used of 
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Figure 3.2 Typical CMOS integratcd-circuit realization of an audio amplifier. 



these multi-transistor circuits are the differential pairs, which are analyzed extensively in 
this chapter. 



3. 1 Device Model Selection for Approximate Analysis of Analog Circuits 

Much of this hook is concerned with the salient performance characteristics of a variety of 
subcircuits commonly used in analog circuits and of complete functional blocks made up 
of these subcircuits. The aspects of the performance that are of interest include the dc cur- 
rents and voltages within the circuit, the effect of mismatches in device characteristics on 
these voltages and currents, the small-signal, low-frequency input and output resistance, 
and the voltage gain of the circuit. In later chapters, the high-frequency* small-signal be- 
havior of circuits is considered. The subcircuit or circuit under investigation is often one 
of considerable complexity, and the most important single principle that must be followed 
to achieve success in the hand analysis of such circuits is selecting the simplest possible 
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model far the devices within the circuit that will resulL in the required accuracy. For ex- 
ample, in the case of dc analysis, hand analysis of a complex circuit is greatly simplified 
by neglecting certain aspects of transistor behavior, such as the output resistance, which 
may result in a 10 to 20 percent error in the dc currents calculated. The principal objec- 
tive of hand analysis, however, is to obtain an intuitive understanding of factors affecting 
circuit behavior so that an iterative design procedure resulting in improved performance 
can be carried out. The performance of the circuit can at any point in this cycle be de- 
termined precisely by computer simulation, but this approach does not yield the intuitive 
understanding necessary for design. 

Unfortunately, no specific rules can be formulated regarding the selection of the sim- 
plest device model for analysis. For example, ip the dc analysis of bipolar biasing circuits, 
assuming constant base-emitter voltages and neglecting transistor output resistances of- 
ten provides adequate accuracy. However, certain bias circuits depend on the nonlinear 
relation between the collector current and base-emitter voltage to control the bias current, 
and the assumption of a constant V be will result in gross errors in the analyses of these 
circuits. When analyzing the active-load stages in Chapter 4, the output resistance must 
be considered to obtain meaningful results. Therefore, a key step in every analysis is to 
inspect the circuit to determine what aspects of the behavior of the transistors strongly 
affect the performance of the circuit, and then simplify the model(s) to include only those 
aspects. This step in the procedure is emphasized in this and the following chapters. 



3.2 Two-Port Modeling of Amplifiers 

The most basic parameter of an amplifier is its gain. Since amplifiers may be connected to 
a wide variety of sources and loads, predicting the dependence of the gain on the source 
and load resistance is also important. One way to observe this dependence is to include 
these resistances in the amplifier analysis. However, this approach requires a completely 
new amplifier analysis each time the source or load resistance is changed. To simplify this 
procedure, amplifiers are often modeled as two-port equivalent networks. As shown in Fig. 
33, two-port networks have four terminals and four port variables (a voltage and a current 
at each port). A pair of terminals is a port if the currenl that flows into one terminal is equal 
to the currenl that flows out of the other terminal. To model an amplifier, one port represents 
the amplifier input characteristics and the other represents the output. One variable at each 
port can be set independently. The other variable at each port is dependent on the two-port 
network and the independent variables. This dependence is expressed by two equations, 
We will focus here on the admittance-parameter equations, where the terminal currents are 
viewed as dependent variables controlled by the independent terminal voltages because 
we usually model transistors with voltage-conlrolled current sources. If the network is 
linear and contains no independent sources, the admittance-parameter equations arc: 

i\ = y i ] v\ + y 1 2^ 2 (3.1) 

i-2 = V 21 V 1 + y 2 2Vi (3.2) 
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Figure 3.3 Two-porl-network block diagram. 
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Figure 3,4 Admittance- 
parameter, two-port equivalent 
circuit* 



The voltages and currents in these equations are deliberately written as small-signal quan- 
tities because transistors behave in an approximately linear way only for small signals 
around a fixed operating point. An equivalent circuit for these equations is shown in 
Fig, 3*4* The parameters can be found and interpreted as follows: 



Til = 
>’12 = 
V21 = 
>’22 = 



V] 

h_ 

V'2 

h 



V’l 



*2 

V 2 



v> =o = Input admittance with the output short-circuited (3.3) 

^=o = Reverse transconductance with the input short-circuited (3.4) 
v . } -^q — Forward transconductance with the output short-circuited (3.5) 
„i -^(i = Output admittance with the input short-circuited (3.6) 



The > i2 parameter represents feedback in the amplifier. When the signal propagates 
back from the output to the input as well as forward from the input to the output, the am- 
plifier is said to be bilateral. In many practical cases, especially at low frequencies, this 
feedback is negligible and jq 2 assumed to be zero* Then the amplifier is unilateral and 
characterized by the other three parameters* Since the model includes only one transcon- 
ductancc when >12 = 0, >71 is usually referred to simply as the short-circuit transcon- 
ductance t which will be represented by G m in this book* When an amplifier is unilateral, 
the calculation of >] 1 is simplified from that given in (3*3) because the connections at the 
output port do not affect the input admittance when y 12 = 0. 

Instead of calculating yn and >22, we will often calculate the reciprocals of these 
parameters, or the input and output impedances Z, — Vy\\ and Z 0 = l/> 2 2? as shown 
in the unilateral two-port model of Fig. 3.5a* Also, instead of calculating the short-circuit 
transconductance G m = >21, we will sometimes calculate the open-circuit voltage gain a v . 
This substitution is justified by conversion of the Norton-equivalent output model shown in 
Fig* 3.5a lo the Thevenin-equivalent output model shown in Fig. 3.5b. In general, finding 
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Fig u re 3 . 5 Unit ateral two-port equivalent 
circuits with (a) Norton output model (fr) 
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Figure 3.6 Example of loading at the input and output of an amplifier modeled by a two-port 
equivalent circuit. 

any two of the three parameters including G m , Z 0 . and a v specifies the third parameter 
because 



a v = - = -G m Z„ (3.7) 

v i 

Once two of these parameters and the input impedance are known, calculation of the effects 
of loading at the input and output ports is possible. At low frequencies, the input and 
output impedances are usually dominated by resistances. Therefore, we will characterize 
the low-frequency behavior of many amplifiers in this book by finding the input and output 
resistances, Ri and as well as G m or a v . 

■ EXAMPLE 

A two-port model of a unilateral amplifier is shown in Fig. 3.6. Assume R f = 1 kO, R 0 = 
1 MO, and G m - 1 mA/V. Let R s and R L represent the source resistance of the input 
generator and load resistance, respectively. Find the low-frequency gain v out /v in , assuming 
that the input is an ideal voltage source and the output is unloaded. Repeat, assuming that 
Rs = 1 kO and R L = 1 MO. 

The open-circuit voltage gain of the two-port amplifier model by itself from vi to v otll 
is 



Vtuit _ V2 

v i r l ^ Vi 



>2 — 0 



— G m Rc 



(I mA/V)(1000kO) = -1000 



Since the source and input resistances form a voltage divider, and since the output resis- 
tance appears in parallel with the load resistance, the overall gain from v ]n to v out is 






Vl_ Vbut 
Vin Vi 



Ri 

Ri + Rs 



Gm (.Ro 



Rl) 



With an ideal voltage source at the input and no load at the output, R s = 0, R L and 
Vout/vi n = - 1000, With Rs = 1 kfl and R± = 1 MIL the gain is reduced by a factor of 
■ four to Vout/% - —0.5(1 mA/V)(500 kO) = -250, 



3.3 Basic Single-Transistor Amplifier Stages 

Bipolar and MOS transistors are capable of providing useful amplification in three dif- 
ferent configurations. In the common-emitter or common-source configuration, the signal 
is applied to the base or gate of the transistor and the amplified output is taken from the 
collector or drain. In the common-collector or common-drain configuration, the signal is 
applied to the base or gate and the output signal is taken from the emitter or source. This 
configuration is often referred to as the emitter follower for bipolar circuits and the source 
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follower for MOS circuits. In the common-base or common-gate configuration, the signal 
is applied to the emitter or the source, and the output signal is taken from the collector or 
the drain. Each of these configurations provides a unique combination of input resistance, 
output resistance, voltage gain, and current gain. In many instances, the analysis of com- 
plex multistage amplifiers can be reduced to the analysis of a number of single-transistor 
stages of these types. 

We showed in Chapter 1 that the small-signal equivalent circuits for the bipolar and 
MOS transistors are very similar, with the two devices differing mainly in the values of 
some of their small-signal parameters. In particular, MOS transistors have essentially in- 
finite input resistance from the gate to the source, in contrast with the finite /v of bipolar 
transistors. On the other hand, bipolar transistors have a g m that is usually an order of mag- 
nitude larger than that of MOS transistors biased with the same current. These differences 
often make one or the other device desirable for use in different situations. For example, 
amplifiers with very high input impedance arc more easily realized with MOS transistors 
than with bipolar transistors. However, the higher g m of bipolar transistors makes the re- 
alization of high-gain amplifiers with bipolar transistors easier than with MOS transistors. 
In other applications, the exponential large-signal characteristics of bipolar transistors and 
the square-law characteristics of MOS transistors may each be used to advantage. 

As described in Chapter 2, integrated-circuit processes of many varieties now exist. 
Examples include processes with bipolar or MOS transistors as the only active devices 
and combined bipolar and CMOS devices in BiCMOS processes. Because the more com- 
plex processes involve more masking steps and are thus somewhat more costly to produce, 
integrated-circuit designers generally use the simplest process available that allows the de- 
sired circuit specifications to be achieved. Therefore, designers must appreciate the sim- 
ilarities and differences between bipolar and MOS transistors so that appropriate choices 
of technology can be made. 

3.3.1 Common- Emitter Configuration 

The resistively loaded common-emitter (CE) amplifier configuration is shown in Fig. 3.7. 
The resistor R c represents the collector load resistance. The short horizontal line labeled 
Vcc at the top of R c implies that a voltage source of value V cc connected between that 
point and ground. This symbol will be used throughout the book* We first calculate the 
dc transfer characteristic of the amplifier as the input voltage is increased in the positive 
direction from zero. We assume that the base of the transistor is driven by a voltage source 
of value V t . When Vi is zero, the transistor operates in the cutoff stale and no collector 
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Figure 3,7 Resistively loaded common-cmillcr 
amplifier. 
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Figure 3.8 Large-signal 
equivalent circuit valid 
when the transistor is 
in the forward- active 
region. The saturation 
current of the equivalent 
base-emitter diode is 



current flows other than the leakage current 1 C q. As the input voltage is increased, the 
transistor enters the forward-active region, and the collector current is given by 



C - Is exp 



Zi 

Vj 



(3.8) 



The equivalent circuit for the amplifier when the transistor operates in the forward-active 
region was derived in Chapter 1 and is repeated in Fig, 3.8. Because of the exponen- 
tial relationship between l c and V bi ,, the value of the collector current is very small until 
the input voltage reaches approximately 0.5 V. As long as the transistor operates in the 
forward-active region, the base current is equal to the collector current divided by j3 b ■, or 



h - 




h_ 

Pf 




(3.9) 



The output voltage is equal to the supply voltage. Vcc? minus the voltage drop across the 
collector resistor; 



Vo — Vcc ~ IcR c - Vcc — R cJs ex P tt- (3. H)) 

Vf 

When the output voltage approaches zero, the collector-base junction of the transistor be- 
comes forward biased and the device enters saturation. Once the transistor becomes satu- 
rated, Ihe output voltage and collector current take on nearly constant values: 

Vo = VcE(sat) ( 3 . 11 ) 

h = Vcc (3.12) 

The base current, however, continues to increase with further increases in Vi - Therefore, 
the forward current gain I c fl b decreases from ftp as the transistor leaves the forward-active 
region of operation and moves into saturation. In practice, the current available from the 
signal source is limited. When the signal source can no longer increase the base current, 
Vi is maximum. The output voltage and the base current are plotted as a function of the 
input voltage in Fig, 3,9. Note that when the device operates in the forward-active region, 
small changes in the input voltage can give rise to large changes in the output voltage. The 
circuit thus provides voltage gain. We now proceed to calculate the voltage gain in the 
forward-active region. 

While incremental performance parameters such as the voltage gain can be calculated 
from derivatives of the large-signal analysis, the calculations are simplified by using the 
small-signal hybrids model for the transistor developed in Chapter L The small-signal 
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Figure 3,9 Output voltage and base current as a 
function of V; for the common-emitter circuit. 



equivalent circuit for the common-emitter amplifier is shown in Fig. 3.10* Here we have 
neglected r b . assuming that it is much smaller than r v , We have also neglected r This 
equivalent circuit does not include the resistance of the load connected to the amplifier 
output. The collector resistor Rc is included because it is usually present in some form as 
a biasing element. Our objective is to characterize the amplifier alone so that the voltage 
gain can then he calculated under arbitrary conditions of loading at the input and output, 
Since the common-emitter amplifier is unilateral when is neglected, we will calculate 
the small-signal input resistance, transconductance, and output resistance of the circuit as 
explained in Section 3,2* 

The inpul resistance is the Thevenin-equivalent resistance seen looking into the input. 
For the CE amplifier. 



R i - 



v, _ 

► ^77 
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Sm 



(3.13) 



The transconductance G m is the change in the short-circuit output current per unit change 
of input voltage and is given by 



io 






Vi 



— §m 



Vv — 0 



(3.14) 
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Figure 3. 1 0 Small-signal 
equivalent circuit for the CE 
amplifier, 
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Equation 3,14 shows that the transconductancc of the CE amplifier is equal to the transcon- 
ductance of the transistor. The output resistance is the Thcvcnin-equivalent resistance seen 
looking into the output with the input shorted, or 



= 



. = Rc I r a 



i?, = o 



The open-circuit, or unloaded , voltage gain is 



a v = 



Vi 



gmiTo II Rc) 



( 3 . 15 ) 



(3.16) 



= o 



If the collector load resistor R c is made very large, then « v becomes 



lim = ~g m r a 

Rc > * 



Jc_ Va 
V r h 



Y4 

Vt 



]_ 

V 



(3,17) 



where Jc is the dc collector current at the operating point, Vj is the thermal voltage, V A 
is the Early voltage, and rj is given in (1 .114), This gain represents the maximum low- 
frequency voltage gain obtainable from the transistor. It is independent of the collector 
bias current for bipolar transistors, and the magnitude is approximately 5000 for typical 
npn devices. 

Another parameter of interest is the short-circuit current gain This parameter is 
the ratio of to it when the output is shorted. For the CE amplifier, 
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GmVi 

Vi 
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— gmf 77 — / 3 q 



(3.18) 



■ EXAMPLE 

(a) Find the input resistance, output resistance, voltage gain, and current gain of the 
common-emitter amplifier in Fig. 3,11a. Assume that I c = 100 p,A, /So = 100, r ft = 0 ; 
and r {) oo. 



8m 100 |XA 



Ri 

R 0 = R c = 5 kfl 



- -gmRc - - |(5kil) = -19.2 



at = A) = 100 

(b) Calculate the voltage gain of the circuit of Fig. 3 . 11 /?. Assume that Vbias is adjusted 
so that the dc collector current is maintained at 100 ^lA, 



V] = v y 



Ri 

R s + Ri 



Va = -G m V\(R 0 R l ) 



~G n 



Ri 

Rs + Ri 



(R 0 |t Rl,) v. 



Vn 

Vi- 



26 kfl 



(10kU)(5 kfl) 
10 kU + 5 kU 



7,25 



260 11 \ 26 kfl + 20 kfl 
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Vex: 




Figure 3.1 1 (a) Example amplifier circuit ( b ) 
Circuit for calculation of voltage gain with typical 
source and load resistance values. 




tfc = 20kft 




3,3.2 Common-Source Configuration 

The resistively loaded common-source (CS) amplifier configuration is shown in Fig. 3. 12a 
using an //-channel MOS transistor. The corresponding small-signal equivalent circuit is 
shown in Fig. 3.12 b. As in the case of the bipolar transistor, the MOS transistoris cutoff for 
Vi = 0 and thus Id — 0 and V 0 = As V t is increased beyond the threshold voltage 
V f , nonzero drain current flows and the transistor operates in the active region (which is 
often called saturation for MOS transistors) when V 0 > V GS - V t . The large -signal model 
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Figure 3.12 (a) Resistively loaded* common-source 
amplifier, (b) Small-signal equivalent circuit for the 
common- source amplifier. 




of Fig. 130 can then be used together with (1 .157) to derive 

Vo — Vdd ~ (3.19) 

= V DD - ^-Ro (Vi - V, ) 2 (3.20) 

The output voltage is equal to the drain-source voltage and decreases as the input 
increases. When V 0 < Vas ~ Vu the transistor enters the triode region, where its output 
resistance becomes low and the small-signal voltage gain drops dramatically. In the triode 
region, the output voltage can be calculated by using (1.152) in (3.19). These results are 
illustrated in the plot of Fig. 3.13. The slope of this transfer characteristic at any operating 




Figure 3.13 Output volt- 
age versus input voltage 
for the common- source 
circuit. 
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point is the small-signal voltage gain at that point. The MOS transistor has much lower 
voltage gain in the active region than does the bipolar transistor; therefore, (he active region 
for the MOS CS amplifier extends over a much larger range of Vf than in the bipolar 
common -emitter amplifier 

Since the source and body of the MOS transistor both operate at ae ground. vVm = 0 
in Fig. 1 .36; therefore, the g mb generator is omitted in Fig. 3 Alb, As a result, this circuit 
is topologically identical to the small-signal equivalent circuit lor the common-emitter 
amplifier shown in Fig. 3.10. The CS amplifier is unilateral because it contains no feed- 
back, Therefore, the low-frequency behavior of this circuit can be characterized using the 
transconduetance, input resistance, and output resistance as described in Section 3.2. 

The transconductance G m is 

G m = — = g„ (3.21) 

v ,-0 

Equation 3,21 shows that the transconductance of the CS amplifier is equal to the transcon- 
ductance of the transistor, as in a common -emitter amplifier. Since the input of the CS 
amplifier is connected to the gate of an MOS transistor, the dc input current and its low- 
frequency, small-signal variation i) are both assumed to equal zero. Under this assumption, 
the input resistance Rj is 



Ri = - = (3.22) 

h 

Another way to see this result is to let jBq m in (3, 13) because MOS transistors behave 
like bipolar transistors with infinite /3<j- The output resistance is the Thevenin-equivalent 
resistance seen looking into the output with the input shorted, or 



lo 



- Rd r o 



v,- = () 



The open-circuit , or unloaded , voltage gain is 

v,. 



a v = 



Vi 



= Rd) 



i rt — o 



(3.23) 



(3.24) 



It' the drain load resistor R D is replaced by a current source, Rd ^ ^ and a v becomes 



lim a v = -g m r v (3.25) 



Equation 3.25 gives the maximum possible voltage gain of a one-stage CS amplifier. This 
result is identical to the first part of (3.17) for a common -emitter amplifier. In the case 
of the CS amplifier, however, g m is proportional to JTo from (1.180) whereas r 0 is in- 
versely proportional to Id from (1.194), Thus, we find in (3.25) that the maximum voltage 
gain per stage is proportional to 1/ JTq. In contrast, the maximum voltage gain in the 
common-emitter amplifier is independent of current. A plot of the maximum voltage gain 
versus Id for a typical MOS transistor is shown in Fig. 3,14, At very low currents, the 
gain approaches a constant value comparable to that of a bipolar transistor. This region 
is sometimes called subthreshold, where the transistor operates in weak inversion and 
the square-law characteristic in (1.157) is no longer valid. As explained in Section 1,8, 
the drain current becomes an exponential function of the gate-source voltage in this re- 
gion, resembling the collector-current dependence on the base-emitter voltage in a bipolar 
transistor. 




182 Chapter 3 ■ Single-Transistor and Multiple-Transistor Amplifiers 



Maximum MOSFET 



voltage gain 




/£>( A) 



Figure 3.14 Typical variation 
of maximum MOSFET voltage 
gain with bias current. 



Using (1. 194), the limiting gain given by (3.25) can also be expressed as 

lim ay = -g m r 0 = lor,, = V A 
Rh-** id Id 



In the square-law region in Fig. 3.14, substituting (1.181) into (3.26) gives 



lim a v = 

Ri) 



_ 

(Ygs ~ Vt)i2 



2 V A 



(3.26) 



(3.27) 



where V ov = Vq$ — V t is the gate overdrive. Since the gate overdrive is typically an order 
of magnitude larger than the thermal voltage V>, the magnitude of the maximum gain 
predicted by (3.27) is usually much smaller than that predicted by (3.17) for the bipolar 
case, Subsliluling f 1*163) into (3.27) gives 



lim a, 



/ dXrf 

VV;s - Vt WKay 



(3.28) 



■ EXAMPLE 

Find the voltage gain of the common-source amplifier of Fig 3.12a with Von = 5 V, 
R d = 5 kO, k' = fx„C„ x = 100 jxA/V 2 , VK = 50 |xm, L = 1 jim, V, = 0.8 V, L d = 0, 

Xj = 0, and A = 0. Assume that the bias value of V ; is 1 V. 

To determine whether the transistor operates in the active region, we first find the dc 
output voltage V 0 = V^. If the transistor operates in the active region, (1.157) gives 

in = y y (V c; , - V : ) 2 = ~ x 10 6 X ^ (1 - 0.8) 2 = 100 [xA 



Then 



V'o = Vns = V D d ~ = 5 V - (0.1 mA)(5 kO) = 4.5 V 

Since V DS ^ 4.5 V > W; t v - V t — 0.2 V, the transistor does operate in the active region, 
as assumed. Then from (1.1 80), 

11/ SO 1 1 A 

g m = k‘-(Vc,s - v,) = 100 X 10 6 X T (1 - 0.8) = 1000 M v 
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Vcc 




Typical common-base amplifier. 



a v = -g m Ro = — (1-0 mAA/) (5 kfi) = -5 



Note that the open-circuit voltage gain here is much less than in the bipolar example in 
■ Section 3*3*1 even though the dc bias currents are equal* 



3.3.3 Common-Base Configuration 

In the common-base (CB) configuration, 4 the input signal is applied to the emitter of the 
transistor, and the output is taken from the collector. The base is tied to ac ground. The 
common-base connection is shown in Fig. 3.15, While the connection is not as widely 
used as the comm on -emitter amplifier* it has properties that make it useful in certain cir- 
cumstances. In this section, we calculate the small-signal properties of the common-base 
stage. 

The hybrid -77 model provides an accurate representation of the small-signal behavior 
of the transistor independent of the circuit configuration. For the common-base stage* how- 
ever* the hybrid-7r model is somewhat cumbersome because the dependent current source 
is connected between the input and output terminals. 4 The analysis of common-base stages 
can be simplified if the model is modified as shown in Fig. 3.16. The small-signal hybrid- 
77 model is shown in Fig. 3.16a. First note that the dependent current source flows from 
the collector terminal to the emitter terminal. The circuit behavior is unchanged if we re- 
place this single current source with two current sources of the same value, one going 
from the collector to the base and the other going from the base to the emitter, as shown in 
Fig. 3. 16fr, Since the currents fed into and removed from the base are equal, the equations 
that describe the operation of these circuits are identical. We next note that the controlled 
current source connecting the base and emitter is controlled by the voltage across its own 
terminals* Therefore, by the application of Ohm's law to this branch, this dependent cur- 
rent source can be replaced by a resistor of value 1 lg m . This resistance appears in parallel 
with jv, and the parallel combination of the two is called the emitter resistance r e . 



r. 



8m 1 1 + 



gm 



A). 



(3.29) 



The new equivalent circuit is called the T model and is shown in Fig. 3.16c, It has ter- 
minal properties exactly equivalent to those of the hybrid-rr model but is often more con- 
venient to use foT common-base calculations* For de and low input frequencies, the ca- 
pacitors C-jj and appear as high-impedancc elements and can be neglected. Assume at 
first that rk = 0 and r 0 * so that the circuit is unilateral. When is also neglected, 
the model reduces to the simple form shown in Fig. 3.16f/. Using the T model under 
these conditions, the small-signal equivalent circuit of the common-base stage is shown in 
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Figure 3.16 Generation of cmitter-current-conirollcd T model from the hybrid-rr. (a) Hybrids 
model, (b) The collector current source g m v\ is changed to two current sources in series, and the 
point between them attached to the base. This change does not affect the current flowing in the 
base, (c) The current source between base and emitter is converted to a resistor of value 1 ig m . (d) 
T model for iow frequencies, neglecting r ot r^, and the charge- storage elements. 



Fig. 3.17. By inspection of Fig. 3.17, the short-circuit transconductance is 

fjffi — §m 

The input resistance is just the resistance r ti : 



(3.30 
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Figure 3.1 7 Small-signal equivalent 
circuit of the common-base stage; 
rt„ and r ^ are assumed negligible. 



The output resistance is given by 

Ro = Rc (3.32) 

Using these parameters, the open-circuit voltage gain and the short-circuit current gain are 

a v = G m R 0 = g m R c (3,33) 

ai = G m Ri = g m r e = « 0 (3-34) 

Comparing (3.31) and (3.13) shows that the input resistance of the common-base 
configuration is a factor of (/3 q + 1) less than in the common-emitter configuration. Also, 
comparing (3.34) and (3.18) shows that the current gain of the common-base config- 
uration is reduced by a factor of (jSq + 1) compared to that of the common-emitter 

configuration. 

Until now, we have assumed that r b is negligible. In practice, however, the base re- 
sistance has a significant effect on the transconductance and the input resistance when 
the common-base stage is operated at sufficiently high current levels. To recalculate these 
parameters with r b > 0, assume the transistor operates in the forward-active region and 
consider the small-signal model shown in Fig. 3. L8. Here, the transconductancc is 



G 



m 



V/ 



~ gm 

= 0 



Yi 

Vi 



(3.35) 



To find the relationship between v e and KirchofFs current law (KCL) and Kirch off’s 
voltage law (KVL) can be applied at the internal base node (node CD) and around the input 
loop, respectively. From KCL at node (T), 



gmVe + — - — = o (3,36) 

n r g 

From KVL around the input loop, 

V/ = v e + v h (3.37) 

Solving (3.37) for v b , substituting into (3.36), and rearranging gives 



Vi 

V* 



1 + = 1 + ^ 
j3o r 7T 



Substituting (3.38) into (3.35) gives 



G 



i « 



gff! 



1 + 



*b_ 
r 7 r 



Similarly, the input resistance in Fig; 3.18 is 



Ri = - 

u 



V|- = fVi_ 

v e Ir e * \ v e 



(3.38) 



(3.39) 



(3.40) 
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Figure 3.13 Small-signal model of the 
common-base stage with r & > 0. 



Substituting (3.38) into (3.40) gives 



* = K 1+ ^rS( ,+ S) C3 - 41) 

Thus if the dc collector current is large enough that r„ is comparable with then the 
effects of base resistance must be included. For example, if rh = 100 Cl and 0 O - 100 T 
then a collector current of 26 mA makes r h and r w equal. 

The main motivation for using common-base stages is twofold. First, the collector- 
base capacitance does not cause high-frequency feedback from output to input as in the 
common-emitter amplifier. As described in Chapter 7, this change can be important in the 
design of high-frequency amplifiers. Second, as described in Chapter 4, the common-base 
amplifier can achieve much larger output resistance than the common -emitter stage in the 
limiting case where R c -> ^ As a result, the common-base configuration can be used as 
a current source whose current is nearly independent of the voltage across it. 



3.3.4 Common-Gate Configuration 

In the common-gate configuration, the input signal is applied to the source of the transistor, 
and the output is taken from the drain while the gate is connected to ac ground. This 
configuration is shown in Fig, 3*19, and its behavior is similar to that of a common-base 
stage. 

As in the analysis of common-base amplifiers in Section 3.3.3, the analysis of 
common-gate amplifiers can be simplified if the model is changed from a hybrid -77 
configuration to a T model, as shown in Fig, 3.20. In Fig, 3,20#, the low-frequency 
hybrid-^r model is shown. Note that both transconductance generators are now active. 
If the substrate or body connection is assumed to operate at ac ground, then v^ v = 
because the gate also operates at ac ground. Therefore, in Fig. 3.206, the two dependent 
current sources are combined. In Fig. 3.20c, the combined current source from the source 
to the drain is replaced by two current sources: one from the source to the gate and the 
other from the gate to the drain. Since equal currents are pushed into and pulled out of 
the gate, the equations that describe the operation of the circuits in Figs. 3,206 and 3.20c 
are identical. Finally, because the current source from the source to the gate is controlled 
by the voltage across itself, it can be replaced by a resistor of value 1 !(g m +- g m b)- as in 
Fig. 3.2 Od. 

If r o Is finite, the circuit of Fig. 3.20rf is bilateral because of feedback provided through 
r o- At first, we will assume that r 0 -* so that the circuit is unilateral. Using the T model 
under these conditions, the small-signal equivalent circuit of the common-gate stage is 
shown in Fig. 3,21. By inspection of Fig. 3.21, 

= Rm + gmh 



(142) 
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Figure 3.20 Conversion from hybrid-77 to T 
model, (a) Low-frequency hybrid-^ model, (b) 
The two dependent sources arc combined, (c) The 
combined source is converted into (wo sources, frf) 
The current source between the source and gale is 
converted into a resistor 



Ri = - (3.43) 

"h gmh 

R* = Rd (3.44) 

Using these parameters, the open-circuit voltage gain and the short-circuit current gain are 

&v = G m R 0 — (Sm "h gmb)RD (3.45) 

G,„R, = 1 (3.46 
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Figure 3.21 Small-signa.1 equiv- 
alent circuit of the common-gate 
stage; r 0 is assumed negligible. 



3.3.5 Common-Base and Common-Gate Configurations with Finite r 0 

In calculating the expressions lor G m , Ri, and R 0 of the common-base and common-gate 
amplifiers, wc have neglected the effects of r Q . Since r Q is connected from each ampli- 
fier output back to its input, finite r 0 causes each circuit to be bilateral, making the input 
resistance depend on the connection at the amplifier output Let if = Rq in Fig, 3.17 or 
R = Rd in Fig, 3.21, depending on which circuit is under consideration. When if be- 
comes large enough that it is comparable with r a , r a must be included in the small-signal 
model to accurately predict not only the input resistance, but also the output resistance. 
On the other hand, since the tTansconductance is calculated with the output shorted, the 
relationship between r 0 and if has no effect on this calculation, and the effect of finite r 0 
on transconductance can be ignored if r 0 » 1 JG m . 



3.3.5. 1 Common-Base and Common-Gate Input Resistance 

Figure 3.22a shows a small-signal T model of a common-base or common-gate stage in- 
cluding finite r m where is given by (3.31) for a common-base amplifier or by 

(3.43) for a common-gate amplifier. Also, R represents R c in Fig, 3.17 or R D in Fig. 3,21. 
Connections to the load and the input source are shown in Fig. 3,22rz to include their contri- 
butions to the input and output resistance, respectively. In Fig. 3,22a, the input resistance 
is R s = vi ii;. To find the input resistance, a simplified equivalent circuit such as in Fig. 
3,22b is often used. Here, a test voltage source v r is used to drive the amplifier input, and 
the resulting test current / f is calculated, KCL at the output node in Fig. 3.22 b gives 



Vg 

R Rj 



Vo ~ V 3 / 



= G m Vj 



KCL at the input in Fig. 3.22£> gives 

. _ Vi Vi - v 0 

It — — 4 

‘'/(ideal) ? o 

Solving (3.47) for v 0 and substituting into (3,48) gives 



(3,47) 



(3.48) 



V; 



Rearranging (3.49) gives 




'/('ideal') 



Ri = 



Vr 



li 



+ R Rl 



1 - G m (R R l ) 4 



r 0 4 R /?/. 



Riti 



/(idcnl) 



(3.49) 



(3.50) 



Common-Base Input Resistance. For (he common-base amplifier, G m = g m from (3,30), 
and /f/tideai) = = «o/£ m from (3.31 ), Substituting (3.30) and (3.31) into (3.50) wilh 
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Figure 3.22 {<a) Model of common-base and common-gate amplifiers with finite r 0 , showing con- 
nections to the input source and load. (h) Equivalent circuit for calculation of R,. (c) Equivalent 
circuit for calculation of R (} . 



R = Rc and rearranging gives 



*, = ^ = 

h 



r<> + Rc Ri. 



+ Rq Rl 



l + Rl) + 1 4- — (/?c II Ri + (/So + 1) r*) 

/3 0 ™ ' 



(3.51) 



From (3.5 1), when (jSq + \ )r 0 /? c \\ Rl* 

r o + II Rl 



Ri = 



1 + 



gm? o 
«() 



(3.52) 



From (3.52), when g m r 0 » Uq, 

ao ofo C/?f I /?i) _ , Qfo {Rc II 

Ki — -r — K e ~r 

gm 'gm^tt gm^o 



(3,53) 



The first term on the right side of (3.53) is the same as in (3.31), where the common- 
base amplifier was unilateral because infinite r Q was assumed. The second term shows 
that the input resistance now depends on the connection to the output (because finite r 0 
provides feedback and makes the amplifier bilateral). The second term is about equal to 
the resistance at the amplifier output divided by the G tn r v product. When r 0 (R c || R L ), 
the effect of the second term can be neglected. 



Common-Gale Input Resistance. For the common-gate amplifier, G m = (g m + g mb ) 
from (3.42) and /fy^a n = ^(gm + g m b) from (3.43). Substituting (3.42) and (3.43) into 
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(3,50) with R = Ro and rearranging gives 



^ - = 

h 



i + (gm + gmb ) r (J 



(3.54) 



When (<g m + $w>) ^ U 



^ + r4AV f 3 - 55 > 

gm "I" gmb (gm T gmb) r o 

The Jirsl term on the right side of (3,55) is the same as in (3.43), where the common-gale 
amplifier was unilateral because infinite r 0 was assumed. The second term is about equal 
to the resistance at the amplifier output divided by the G m r u product and shows the effect of 
finite r 0 , which makes the circuit bilateral. When r 0 (R D || R L ), the effect of the second 
term can be neglected. Neglecting the second term usually causes only a small error when 
Rn here or Rc in the common-base case is built as a physical resistor even if the amplifier 
is unloaded {Rl °c-). However, when R& or Rc is replaced by a transistor current source, 
the effect of the second term can be significant. Chapter 4 describes techniques used to 
construct transistor current sources that can have very high equivalent resistance. 



3.3.5. 2 Common-Base and Common-Gate Output Resistance 

The output resistance in Fig. 3.22 a is R 0 = vji 0 with v, - 0. For this calculation, con- 
sider the equivalent circuit shown in Fig. 3.22c. where v iT = 0. A test voltage v t is used to 
drive the amplifier output, and the resulting lest current can be calculated. Since R ap- 
pears in parallel with the amplifier output, the calculation will be done in two steps. First 
the output resistance with /? — *■ is calculated. Second, this result is placed in parallel 
with R to give the overall output resistance. From KCL at the input node in Fig. 3.22c, 



Rs ideal) 



V'l — v, 

+ • = 0 

r 0 



With R so, KCL at the output node gives 



it = —G m v i + 



v, - v, 



(3,56) 



(3,57) 



Solving (3.56) for vi and substituting into (3.57) gives 



Rearranging (3.58) gives 



G m + — 

r 0 

J_ 1 + 1 

Rs fyitfciiJ) To 



/I 1 I 

r °\R~ + R + V 

\Ks «i(idcal) fo 

_L , 1 _ L _ r 

Rs 



With finite R , the output resistance is 



R» = R || (- ) - R || — P 

V* / ^ _ Q 

Rs ^/(idea!) ™ 



(3.58) 



(3,59) 



(3.60) 
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Common- Base Output Resistance. For the common-base amplifier, G m = g m from 
(3.3D) and /f^^cai) = r e — aro/gm from (3.31). Substituting (3.30) and (3.31) into (3.60) 
and rearranging gives 



Ro = R 



r o + Rs 



l + 



g m ? n 
« 0 



1 + 



Rs 

*v 



(3.61) 



The term in brackets on the right side of (3.61) shows that the output resistance of the 
common-base amplifier depends on the resistance of the input source R$ when r 0 is finite. 
For example, if the input comes from an ideal voltage source, R$ — 0 and 

Ro = R II r 0 (3.62) 

On the other hand, if the input comes from an ideal current source, R j « and 



R 0 = R 



1 3 " gm? o 






From (3.61), when Rs rv. 



Rn — R 



?o + R-s 



1 "f gnif a 
, ^0 



From (3*64), when g m r 0 and g m R s » a 0 . 



(3.63) 



(3.64) 



Ro = R II 



8m r o 

^0 



Rs 



(3.65) 



The term in parentheses in (3.65) is about equal to the input source resistance multiplied 
by the G m r 0 product. Therefore, (3,65) and (3.53) together show that the common-base 
amplifier can be thought of as a resistance scaler, where the resistance is scaled up from the 
emitter to the collector and down from the collector to the emitter by a factor approximately 
equal Lo the G m r a produel in each case. 



Common-Gate Output Resistance. For the common-gate amplifier, G m = (g m + g ffl &) 
from (3.42) and = l/(g m + g m b) from (3,43), Substituting (3.42) and (3.43) into 

(3.60) and rearranging gives 

Ro = R || \r 0 + R s (l + (g m + g,nb) ''(>)] (3-66) 

From (3.66), when (g m + g mb ) r„ ~s> 1 and (g m + g„, h ) R s ’=> 1 , 

Ro = R II ((gm + gmft) r 0 Rs) (3.67) 

The term in parentheses in (3.67) is equal to the input source resistance multiplied by the 
G m r 0 product. Therefore, (3.67) and (3.55) together show that the common-gate amplifier 
is also a resistance scaler, where the resistance is scaled up from the source to the drain 
and down from the drain to the source by a factor approximately equal to the G m r 0 product 
in each case. 



3.3.6 Common-Collector Configuration (Emitter Follower) 

The common-collector connection is shown in Fig. 3,23a, The distinguishing feature of 
this configuration is that the signal is applied to the base and the output is taken from the 
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Figure 3.23 (a) Common-collector configuration. 
(b) Small-signal equivalent circuit of the emillcr- 
fcllower circuit including Ri and R$. 




e mi tier. 4 From a large-signal standpoint, the output voltage is equal to the input voltage 
minus the base-emitter voltage. Since the base-emitter voltage is a logarithmic function of 
the collector current, the base-emitter voltage is almost constant even when the collector 
current varies. If the base-emitter voltage were exactly constant, the output voltage of the 
common-collector amplifier would be equal lo the input voltage minus a constant offset, 
and the small-signal gain of the circuit would he unity. For this reason, the circuit is also 
known as an emitter follower because the emitter voltage follows the base voltage. In 
practice, the base-emitter voltage is not exactly constant if the collector current varies. 
For example, (1.82) shows that the base-emitter voltage must increase by about 18 mV to 
double the collector current and by about 60 mV to increase the collector current by a factor 
of 1 0 at room temperature. Furthermore, even if the collector current were exactly constant, 
the base-emitter voltage depends to some extent on the collector-emitter voltage if the 
Early voltage is finite. These effects are most easily studied using small-signal analysis. 

The appropriate small-signal transistor model is the hybrid-rr, and the small-signal 
equivalent circuit is shown in Fig. 3.23 b. When the input voltage v, increases, the base- 
emitter voltage of the transistor increases, which increases the output current i 0 . However, 
increasing i 0 increases the output voltage v y , which decreases Ihe base-emitter voltage by 
negative feedback. Negative feedback is covered thoroughly in Chapter 8. The key point 
here is that the common-collector configuration is not unilateral. As a result, the input 
resistance depends on the load resistor R L and the output resistance depends on the source 
resistance Therefore, the characterization of the emitter follower by the corresponding 
equivalent two-port network is not particularly useful for intuitive understanding. Instead, 
we will analyze the entire emitter-follower circuit of Fig. 3.23fr, including both the source 
resistance R$ and the load resistor R L . From KCL at the output node, we find 



+ 0 o 



V,- 



Rs + 



Rl 



^ = o 

r 0 



Rs + 'V 



(3.68) 
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from which we find 



*4 = 1 

Vj , Rs 3” *V 

(A 4 V)(R L II r c ) 



(3.69) 



If the base resistance is significant, it can simply be added to Rs in these expressions, 
The voltage gain is always less than unity and will be dose to unity if A) (Rl II O ^ 
(Rs 4- tv), In most practical circuits, this condition holds. Note that because we have in- 
cluded the source resistance in this calculation, the value of vjv s is not analogous to a v 
calculated for the CE and CB stages. When r * » Rs, A) ^ E and r 0 » Rl . (3*69) can 
be approximated as 



Vo gjriA, 

V, 1 + gm^L 



(3.70) 



We calculate the input resistance Ri by removing the input source, driving the input 
with a test current source i f , and calculating the resulting voltage v { across the input ter- 
minals. The circuit used to do this calculation is shown in Fig, 3,24a. From KCL at the 
output node. 



^ + - = iV + A* (3.71) 

Rl r„ 

Then the voltage v t is 

_ . . it + A*f 

V'/ — h^TT v 0 — 4 ^ ^ (3 + 72) 

— 4 - 
Rl r v 

and thus 

R, = -- = r v + Oo + 1)(Ri. II r„) (3.73) 

h 

A general property of emitter followers is that the resistance looking into the base is equal 
to rv plus (A + 1) times the incremental resistance connected from the emitter to small- 
signal ground. The factor of A 4 1 in (3,73) stems from the currenL gain of the common- 
collector configuration from the base to the emitter, which increases the voltage drop on 
the resistance connected from the emitter to small-signal ground and its contribution to the 
lesl voltage v, in (3.72), 

We now calculate the output resistance R 0 by removing the load resistance Rj, and 
finding the Thevenin-equivalent resistance looking into the output terminals, We can do 
this by either inserting a test current and calculating the resulting voltage or applying a test 
voltage and calculating the current. In this case, the calculation is simpler if a test voltage 
Vt is applied as shown in Fig. 3.24 b. The voltage vj is given by 



V| = -V; 



>4 + A' 



The total output currenL i t is thus 



Vt , v t 



it -7^ + 7 0 +8mVt (?-Ts:s 



(3.74) 



(3.75) 




194 Chapter 3 ■ SlnQJe-TronsIstor and Multiple-Transistor Amplifiers 




Figure 3.24 (a) Circuit fur calculation of 
the input resistance of the emitter follower. 
{/;) Circuit for calculation of the output 
resistance of the emitter follower, (c) Ex- 
ample emitter follower. 







Therefore, 



R 



a 



_ ( r TT + 

h \ A> + 1 



fin » I and r„ ■» (Mg m ) + R s HPn + 1), 



(3.76) 



R 0 = — + 

ftm 



Rs 

00+1 



(3.77) 



Equation 3.77 shows that the resistance at the output is about equal to the resistance in 
the base lead, divided by fft, + 1), plus I fg m . In (3.77), R s is divided by j£) 0 4- 1 because 
the base current flows in R s , and the base current is j So + 1 times smaller than the emitter 
current. 

Therefore, the emitter follower has high input resistance, low output resistance, and 
near-unity voltage gain. It is most widely used as an impedance transformer to reduce 
loading ot a preceding signal source by the input impedance of a following stage. It also 
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finds application as a unity-voltage-gain level shift because the dc output voltage is shifted 
from the dc input voltage by Vat (on)- 

EXAMPLE 

Calculate the input resistance, output resistance, and voltage gain of the emitter follower 
of Fig. 3.24 c. Assume that ft® = 100, = 0, r a and Ic - 100 jxA + 

Ri = r* + R r , (1 + ft) = 26 kil + (1 kil )( 101) = 127 kil 

v, r v + R s 26 kft -h 1 kff 

+ (ft 4 - 1)« l + f 101X1 Ml) 

R s 4 - r-p- 1 kfi + 26 kO ^ 

R " = TT^T To! ~ 21oa 



3.3.7 Common-Drain Configuration (Source Follower) 

The common-drain configuration is shown in Fig. 3.25a. The input signal is applied to the 
gate and the output is taken from the source. From a large-signal standpoint, the output 
voltage is equal to the input voltage minus the gate-source voltage. The gate-source volt- 
age consists of two parts: the threshold and the overdrive. If both parts are constant, the 
resulting output voltage is simply offset from the input, and the small-signal gain would 
be unity. Therefore, the source follows the gale, and the circuit is also known as a source 
follower. In practice, the body effect changes the threshold voltage, and the overdrive 
depends on the drain current, which changes as the output voltage changes unless R L » 
Furthermore, even if the current were exactly constant, the overdrive depends to some 
extent on the drain-source voltage unless the Early voltage is infinite. We will use small- 
signal analysis to study these effects. 

The small-signal equivalent circuit is shown in Fig. 3.25&. Since the body terminal 
is not shown in Fig. 3.2 5a, we assume that the body is connected to the lowest supply 
voltage (ground here) to keep the source- body /in junction reverse biased. As a result, v^. 
changes when the output changes because the source is connected to the output, and the 
g m b generator is active in general. 

From KVL around the input loop. 



V( — 4 V 0 

With the output open circuited, i 0 = 0, and KCL at the output node gives 



(3.78) 



gmVgs gmb^o 



-^ = 0 



(3.79) 



Solving (3.78) for v gs , substituting into (3.79), and rearranging gives 



Vi I 



gm + gmb 



gm _ gm^a 

, + — + — 1 + igm + gmb) + ~jT 

Rl r a 



If R l -» (3.80) simplifies to 



lim — 

if/.-** v ( 



gmrq 

1 4 (gn t + gmb) r u 



(3.81) 
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The output resistance of the source follower can be calculated from Fig. 3.2 5b by 
setting v, = D and driving the output with a voltage source v^. Then = —v 0 and i# is 

h? T ~Vf T gmb^o (3.83) 

? ft K-L 

Rearranging (3.83) gives 

R v = ^ j r (3.84) 

gm + gmb + — + ~W~ 

Equation 3.84 shows that the body effect reduces the output resistance, which is desir- 
able because the source follower produces a voltage output. This beneficial effect stems 
from the nonzero small-signal current conducted by the g m / f generator in Fig. 3,25£, which 
increases the output current for a given change in the output voltage. As r 0 -* ® and 
Rl this output resistance approaches U(g m + %,„&)> The common-gate input resis- 
tance given in (3.54) approaches the same limiting value. 

As with emitter followers, source followers are used as voltage buffers and level 
shifters. When used as a level shifter, they are more flexible than emitter followers be- 
cause the dc value of V G s can be altered by changing the W/L ratio. 



3.3.8 Common-Emitter Amplifier with Emitter Degeneration 

In the common-emitter amplifier considered earlier, the signal is applied to the base, the 
output is taken from the collector, and the emitter is attached to ac ground. In practice, 
however, the common-emitter circuit is often used with a nonzero resistance in series 
with the emitter as shown in Fig. 3.26a. The resistance has several effects, including 
reducing the transconductance, increasing the output resistance, and increasing the in- 
put resistance. These changes stem from negative feedback introduced by the emitter 
resistor Re- When V\ increases, the base-emitter voltage increases, which increases the 
collector current. As a result, the voltage dropped across the emitter resistor increases, 
reducing the base-emitter voltage compared to the case where R \ ? = 0. Therefore, the 
presence of nonzero Re reduces the base-emitter voltage through a negative-feedback 
process termed emitter degeneration. This circuit is examined from a feedback stand- 
point in Chapter 8. 

In this section, we calculate the input resistance, output resistance, and transconduc- 
tance of the emitter-degenerated, common-emitter amplifier. To find the input resistance 
and trans conductance, consider the small-signal equivalent circuit shown in Fig. 3.26 b t 
and focus on v r -, i^, and i 0 . From KCL at the emitter, 



Vc_ 

Re 



+ bRc 
r fJ 



— (/3o + 1) k 



(3.85) 



From KCL at the collector, 



io 



v e + i 0 R c 

To 



- Pob 



(3.86) 



From KVL around the input loop, 



V/ - 

r -rr 



b = 



(187) 
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Figure 3.26 (a) Common-emitter amplifier with 
emitter degeneration, (b) Small-signal equivalent 
circuit for emiUcr-degeneratcd, common-emitter 
amplifier, (e) Circuit for calculation of output re- 
sistance. {d) Small-signal, two-port equivalent of 
emiltc^degenerated CE amplifier. 






I + 
I >! : 



R i 



Ri = ^ (1 + s m R £ ) 
&<,-■=?« (i +sM 
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Solving (3,85) for i ot substituting into (3,86) and rearranging gives 

r n 



1+(/3q+1) 



v* = lb\ 



Re 



1 



+ 



1 



+ 



Rc Re RcRe 

Substituting (3.88) into (3.87) and rearranging gives 



n + 



Rc 



Ri — + (/3(| + 1) Re — .fr i 

to , r„ + R c + Re 



(3.88) 



(3.89) 



iir 0 » R c and r 0 » Re, the last term in parentheses in (3.89) is approximately equal to 
unity and 

*/ = *V + (/3o+ 1 )R Fj (3.90) 



Because the last term in parentheses in (3.89) is less than one, comparing (3.89) and (3.90) 
shows that finite r 0 reduces the input resistance of the common-emitter amplifier with 
emitter degeneration. This reduction stems from nonzero current that flows in r a when r a 
is finite. If v, increases, v e follows v, because the base-emitter voltage is approximately 
constant, but the collector voltage (— i a Rc) decreases by an amount determined by the 
small-signal gain from the base to the collector. Therefore, the current that flows in r 0 
from the emitter to the collector increases, increasing the base current and reducing the 
input resistance. In practice, (3.90) is usually used to calculate the input resistance. The 
error in the approximation is usually small unless the resistances represented by R c or R H 
are large, such as when implemented with transistors in active-load configurations. Active 
loads are considered in Chapter 4. 

Now we will calculate the transconductance of the stage. First, set Rc = 0 in 
Fig. 3.26/? because G m = i 0 fv t with the output shorted. Substituting (3.87) into (3.85) 
with Rc = 0 and rearranging gives 



v e 



Vi 



(ft + 1) 

} j?T 

1 , 1 , ft> + 1 

Re 



(3.91) 



Substituting (3,87) and (3.9 1 ) into (3.86) with R c = 0 and rearranging gives 



Gm = 



v f - 



= g* 



1 - 



Re 

0wr o 



1 + gmRsh + 7T + 



00 



(3.92) 



In most practical cases, 0o^> \,r 0 ^$> Re , and g m r 0 » 1, Then 



G m - 



gm 



1 + g m RE 



(3.93) 



Equation 3.93 is usually used to calculate the transeonductance of a common-emitter am- 
plifier with emitter degeneration. 

The output resistance is calculated using the equivalent circuit of Fig. 3.26c. For the 
time being, assume that Rc is very large and can be neglected. The lest current i, flows in 
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the parallel combination of r w and R E , so that 

= ~it{r v | Re) 

The current through r„ is 



h = h - SmV] = >1 + hgm ( a T || Re) 

As a result, the voltage v> is 

W = -VI + ho = i, (r„ I Re) + i,r lt [1 + g m || ff L -)l 

Thus 



(3.94) 

(3.95) 

(3.96) 



m = Ov II Re) + r B ri + u (r„ || if £ )l (3.97) 

In this equation, the first term is much smaller than the second If the first term is neglected 
wc obtain. 



R»-r a [ \ + g m -^ R J-\=r n I 4- 1 - r,} 1 + ^ 



t + R-E 



1 + 



Re 



1 + 



gmRx 

ft 



I fgmRt «ft, then 



(3.98) 



Ro — fft (1 + RmRfi) 



( 3.99) 



Thus the output resistance is increased by a factor (1 4- g m R E ). This fact makes the use 
of emitter degeneration desirable in transistor current sources. If the collector Load resistor 
R c is not large enough to neglect, it must be included in parallel with the expressions in 
(3 + 97)-(3.99). A small-signal equivalent circuit, neglecting R Cj is shown in Fig. 3.26d 
On the other hand if g m R E 0 Os (3.98) shows that 



R, ^ r 0 (1 + ft,) (3,100) 

The output resistance is finite even when R E -> ® because nonzero test current (lows in 
r-n when /3o is finite. 



3.3.9 Common-Source Amplifier with Source Degeneration 

Source degeneration in MOS transistor amplifiers is not as widely used as emitter degen- 
eration in bipolar circuits for at least two reasons. First, the iransconductanec of MOS 
transistors is normally much lower than that of bipolar transistors so (hat further reduction 
in transconductance is usually undesirable. Second, although degeneration increases the 
input resistance in the bipolar case, R { » even without degeneration in the MOS case. 
However, examining the effects of source degeneration is important in part because it is 
widely used to increase the output resistance of MOS current sources. Also, because small- 
geometry MOS transistors can be modeled as ideal square- taw devices with added source 
resistors as shown in Section l .7,1, wc will consider the effects of source degeneration 
below. 

A common-source amplifier with source degeneration is shown in Fig. 3.27. Its small- 
signal equivalent circuit is shown in Fig. 3.28. Because the input is connected to the gate 
of the MOS transistor, R To calculate the transconductance, set R D - 0 because 
(jm = iff/Vi with the output shorted. Also, since a connection to the body is not shown in 
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Figure 3.27 Common-source amplifier with source 
degeneration. 




Figure 3.28 Small-signal 

equivalent of the source- 
degcncrated, common- 
source amplifier. 



Fig. 3.27, we assume that the body is connected to the lowest power-supply voltage, which 
is ground. Therefore, the dc body voltage is constant and v/, = 0, From KCL at the source 
with R& = 0, 



T- + — = gm (Vi - V,} + g m b (0 - V.,) 

Rs 

From KCL at the drain with R D = 0, 

y 

in + — = gm (V; - v ( ) + g mb (0 - kO 
r o 

Solving {3. 101) for v s , substituting into (3.102), and rearranging gives 



G 



m 



Vi 



gm 



1 + (.gm + gmb) + 



Rs 

r 0 



If r 0 » R s . 



G m — 



gn L 

1 + (gm + gmb) RS 



(3.101) 



(3.102) 



(3.103) 



(3.104) 



For large Rs , (3.104) shows that the value of G m approaches 1/[(1 + x) Rs]< Bven in this 
limiting case, the transconductance of the common-source amplifier with degeneration 
is dependent on an active-device parameter Since x is typically in the range of 0. 1 
to 0.3, Ihc body effect causes the transconductance in this case to deviate from 1 /Rs by 
about 10 Lo 20 percent. In contrast, (3.92) indicates that the value of G m for a common- 
emitter amplifier with degeneration approaches /VKA) + I) /£*■] for large Re, assuming 
that r 0 » Re and g m r 0 1 . If y3o > 100, the transconductance of this bipolar amplifier 
is within 1 percent of 1/%. Therefore, the transconductance of a common-source amplifier 
with degeneration is usually much more dependent on active-device parameters than in 
its bipolar counterpart. 
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Figure 3.29 Circuit for calcula- 
tion of output resistance, 



The output resistance of the circuit can be calculated from the equivalent circuit of 
Fig. 3.29, where R& is neglected. Since the entire test current flows in /?£, 



— ifRs 



Then 



(3,105) 



W = v, + i x r 0 = v, + r 0 [i t - g m (0 - v s ) - g mb (0 - v,)l (3.106) 

Substituting (3.105) into (3.106) and rearranging gives 

Ro = -r = Rs + r 0 [I + (g m -f g nib ) R s ] (3. 107) 

This equation shows that as R s is made arbitrarily large, the value of R 0 continues to 
increase. In contrast, (3,100) shows that R 0 in the common-emitter amplifier with degen- 
eration approaches a maximum value of about (J3 0 + 1 ) r 0 as R E 



3.4 Multiple-Transistor Amplifier Stages 

Most inlcgrated-circuit amplifiers consist ot a number of stages, each of which provides 
voltage gain, current gain, and/or impedance-lcvel transformation from input to output. 
Such circuits can be analyzed by considering each transistor to be a stage and analyz- 
ing the circuit as a collection of individual transistors. However, certain combinations of 
transistors occur so frequently that these combinations arc usually characterized as subcir- 
cuits and regarded as a single stage. The usefulness of these topologies varies considerably 

with toe bemused. bw vbs 

widely used in bipolar integrated circuits to improve the effective current gain and input 
resistance of a single bipolar transistor. Since the current gain and input resistance are infi- 
nite with MOS transistors however, this connection finds little use in pure MOS integrated 
circuits. On the other hand, the cascode connection achieves a veiy high output resistance 
and is useful in both bipolar and MOS technologies, 

3.4.1 The CC-CE, CC-CC and Darlington Configurations 

The common-collector-common-emitter (CC-CE), common-collector-common-collector 
(CC-CC), and Darlington 5 configurations are all closely related. They incorporate an ad- 
ditional transistor to boost the current gain and input resistance of the basic bipolar 
transistor. The common-collector-connnon-emitter configuration is shown in Fig, 3.30a. 
The biasing current source /bias is present to establish the quiescent dc operating current 
in the emitter-follower transistor Q j ; this current source may be absent in some cases or 
may be replaced by a resistor. The common-col lector-common-coilector configuration is 
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Vcr Vcc 





Figure 3,30 {a) Common-collcctor-common-emitter cascade. { b ) Common-colleclor-common- 
cnllector cascade. 



illustrated in Fig. 3.306. In both of these configurations, the effect of transistor Q\ is to 
increase the current gain through the stage and to increase the input resistance. For the 
purpose of the low-frequency, small-signal analysis of circuits, the two transistors Q\ and 
Qi can be thought of as a single composite transistor, as illustrated in Fig. 3.31 . The small- 
signal equivalent circuit for this composite device is shown in Fig, 3.32, assuming that the 
effects of the r Q of Q\ are negligible. We will now calculate effective values for the g m , 
j3u, and r 0 of the composite device, and we will designate these composite parameters with 
a superscript c. We will also denote the terminal voltages and currents of the composite 
device with a superscript c. We assume that j3 t > is constant. 

The effective value of /v, is the resistance seen looking into the composite base 
B c with the composite emitter E c grounded. Referring to Fig. 3.32, we see that the re- 
sistance looking into the base of Q2 with E c grounded is simply r^. Thus (3.73) for the 
input resistance of the emitter follower can be used. Substituting r^ 2 for R L and allowing 



V<:c 




9C 



B‘ o 



X 



6E l 



Figure 3.3 1 The compo site tran - 
sistor representation of the CC- 
CE and CC-CC connections. 




Figure 3.32 Small-signal equivalent 
circuit for the CC-CE and CC-CC 
connected transistors. 
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r 0 -* cc gives 



^ = r^i + (ft + 1)^2 (3.108) 

The effective transconductance of the configuration g L m is the change in the collec- 
tor current of Q 2 * ft for a unit change in v c be with O and E c grounded. To calculate this 
transconductancc, we first find the change in V 2 that occurs for a unit change in vft Equa- 
tion 3.69 can be used directly, giving 



Also 



V2 



v be 



1 + 






,<ft + 1 ) fnl , 



(3.109) 



Thus 



‘c = gm^be = gm 2V2 



gmlVle 



1+ '*1 

\CjSo + 1) *V 2 



(3.110) 



8m 



JL 

V be 



8 m2 



^Vl 



dft + 1) r v2 



(3.111) 



For the special case in which the biasing current source /bias is zero, the emitter 
current of Qi is equal to the base current of Thus the ratio of r^\ to r^ 2 is (ft + 1), 
and (3.111) reduces to 



if = 

out rk 



The effective current gain ft- is the ratio 

r ft 

l l h\ 

The emitter current of Q\ is given by 

ft = (ft + 1) ft 

Since ft = i b 



ft ~ l c - A)ft = ft (ft + 1) ft = ft (ft) + 1) 



Therefore, 



(3.112) 



(3.113) 



(3.114) 

(3.115) 



ft = ft (ft +■ 1) (3.116) 

Equation 3.116 shows that the current gain of the composite transistor is approximately 
equal to ftp Also, by inspection of Fig. 3.32, assuming r fJ , is negligible, wc have 

= r o2 (3.117) 

The small -signal, two-port network equivalent for the CC-CE connection is shown in 
Fig. 3.33, where the collector resistor Rq has not been included. This small-signal equiv- 
alent can be used to represent the small-signal operation of the composite device, sim- 
plifying the analysis of circuits containing this structure. 
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flf- r n - + (Ad + *1 ) ; 'jr2 






c?Ari2 

_ (ft +■ ^ ) r 7z2 . 



Ri = rf - r 



<j 2 



Figure 3.33 Two-port representation, 
CC-CE connection. 



The Darlington configuration, illustrated in Fig. 3.34, is a composite two-transistor 
device in which the collectors are tied together and the emitter of the first device drives the 
base of the second. A biasing element of some sort is used to control the emitter current 
of Q \ . The result is a three-terminal composite transistor that can be used in place of a 
single transistor in common-emitter, common-base, and common-collector configurations. 
When used as an emitter follower, the device is identical to the CC-CC connection already 
described. When used as a common-emitter amplifier, the device is very similar to the 
CC-CE connection, except that the collector of Qj is connected to the output instead of 
to the power supply. One effect of this change is to reduce the effective output resistance 
of the device because of feedback through the r (i of Q |. Also, this change increases the 
input capacitance because of the connection of the collector-base capacitance of Q\ from 
the input to (he output, Because of these drawbacks, the CC-CE connection is normally 
preferable in integrated small-signal amplifiers. The term Darlington is often used to Tefer 
to both the CC-CE and CC-CC connections. 

As mentioned previously, Darlington-type connections arc used to boost the effective 
current gain of bipolar transistors and have no significant application in purc-MOS circuits. 
In BiCMOS technologies, however, a potentially useful connection is shown in Fig. 3.35. 
where an MOS transistor is used for Qy. This configuration not only realizes the infinite 
input resistance and current gain of the MOS transistor, but also the large iranseonductance 
of the bipolar transistor. 



■ EXAMPLE 

Find the effective , and for the composite transistor shown in Fig. 3.3 1 . For both 
devices, assume that = 100, r h = 0, and r 0 ^ For Q 2 , assume that Ic = 100 |xA 
and that Ibias — lOjmA* 




Figure 3.34 The Darlington configuration. 
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<? 



o- 





Ws 







Figure 3.35 Compound Darlington connection 
available in BiCMOS technology. 



The base current of Q 2 is 100 juA/100 = 1 jjlA. Thus the emitter curreni of Q\ is 
1 1 jllA. Then 



_ ft _ 100 

r?Tl g in 1 1 fxA/26 mV 
gmi = (2.36 kil) 1 
/V 2 = 26kfl 



= 236 m 



£* 2 = (260 li)" 1 



< T = 236 kfi + (I01)(26 kQ ) - 2.8 Mil 
j8 f = (101X100) = 10,100 
g l m = ^(0.916) = (283 O) 1 



Thus the composite transistor has much higher input resistance and current gain than a 
■ single transistor. 



3.4.2 The Cascode Configuration 

The cascode configuration was first invented for vacuum-tube circuits. 67 With vacuum 
tubes, the terminal that emits electrons is the cathode , the terminal that controls current 
flow is the grid, and the terminal that collects electrons is the anode. The cascade is a 
cascade of common-cathode and common-grid stages joined at the anode of the first stage 
and the cathode of the second stage. The cascode configuration is important mostly because 
it increases output resistance and reduces unwanted capacitive feedback in amplifiers, al- 
lowing operation at higher frequencies than would otherwise be possible. The high output 
resistance attainable is particularly useful ill desensitizing bias references from variations 
in power-supply voltage and in achieving large amounts of voltage gain. These applica- 
tions are described further in Chapter 4. The topic of frequency response is covered in 
Chapter 7. Here, we will focus on the low-frequency, small-signal properties of the cas- 
code configuration. 

3.4.2. 1 The Bipolar Cascode 

In bipolar form, the cascode is a common-cmitter-common-base (CE-CB) amplifier, as 
shown in Hig, 3,36. We will assume here that r h in both devices is zero. Although the 
base resistances have a negligible effect on the low-frequency performance, the effects of 
nonzero r b are important in the high-frequency performance of this combination, These 
effects are considered in Chapter 7. 
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Figure 3.36 The cascade amplifier using 
bipolar transistors. 



The small -signal equivalent for the bipolar cascode circuit is shown in Fig* 3,37, Since 
we are considering the low-frequency performance, we neglect the capacitances in the 
model of each transistor. We will determine the input resistance, output resistance, and 
transconductance of the cascode circuit. By inspection of Fig. 3.37, the input resistance is 
simply 



Ri = r vi (3.118) 

Since the current gain from the emitter to the collector of Qi is nearly unity, the transcon- 
ductance of the circuit from input to output is 



G m = g m i (3-119) 

The output resistance can be calculated by shorting the input v, to ground and applying a 
test signal at the output. Then vj = 0 in Fig. 3.37 and the g m \V] generator is inactive. The 
circuit is then identical to that of Fig. 3.26c for a bipolar transistor with emitter degenera- 
tion. Therefore, using (3.98) with Re = r (> \ shows that the output resistance is 



Ro “ r n 2 



1 + 



gm2r 0 \ 

- gm2^ol 

fa 



If g m 2 r„\ » ft and A) » 1, 



Ro = fa r 0 2 



(3*120) 



(3.121) 



Therefore, the CE-CB connection displays an output resistance that is larger by a factor of 
about /3o than the CE stage alone, If this circuit is operated with a hypothetical collector 
load that has infinite incremental resistance, the voltage gain is 



Ay = - = —G m R a « -g m] r o2 !3o = - — 

Vi T} 



(3.122) 




Figure 3.37 Small-signal 

equivalent circuit for the 
bipolar-transistor cascode 
connection. 
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Thus the magnitude of the maximum available voltage gain is higher by a factor j3q than 
for the case of a single transistor. For a typical npn transistor, the ratio of £ 0/17 is approx- 
imately 2 X I0 5 . In this analysis, wc have neglected As described in Chapter 1, the 
value of for integrated-circuit npn transistors is usually much larger than / 3 oA>, and 
then r !X has little effect on R 0 . For lateral pnp transistors, however, r ^ is comparable with 
jSo r 0 and decreases R a somewhat 

34.2.2 The MOS Coscode 

In MOS form, the cascode is a common-source- common- gate (CS-CG) amplifier, as 
shown in Fig. 338. The small-signal equivalent circuit is shown in Fig, 339. Since the 
input is connected to the gate of M \ , the input resistance is 

Ri “ (3.123) 

To find the transconductance, set R = 0 to short the output and calculate the current 
i a . From KCL at the output, 

- V ,/«1 

l o + gmlVdA + gmblVdA + — “ - 0 (3324) 

r 0 2 

From KCL at the source of M 2 , 

gml L + gm2Vds] + gmblVthl + = 0 (3,125) 

r m 0 2 

Solving (3.125) for substituting into (3324), and rearranging gives 



c - l ° 

t>m — — 



Smii 1 “ 



1 



vv, = 0 



i + (gm.2 + gmbl) ? o\ + 



r e>l 



r t s> 






(3326) 




Figure 3.36 Cascode amplifier using 
MOSFETs. 



i 



a 




Figure 3.39 Small-signal 
equivalent circuit for the 
MOS-tran sister caseodc 
connection. 
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Equation 3. 126 shows that the transconduelance of the simple cascode is less than g m \ . If 
(g m 2 4 gmhi) * o i ^ 1, however, the difference is small, and the main point here is that 
the cascode configuration has little effect on the transconductance* This result stems from 
the observation that R i2 , the resistance looking in the source of is much less than r 0 \ . 
From (3.54) and (3.55) with R = R& || R L , 



Ri 2 = 



*o2 + R 



+ 



R 



1 + (gm 2 + gmbl) *02 gm 2 + gmb2 ( gm2 + g m bl) *ol 



(3. 127) 



In finding the transconduetance, we set R = 0 so that v 0 — 0* Then Ra — 1 Kg m -f g m h), 
and most of the g m {Vj current flows in the source of M 2 because R i2 r ol , Finally, the 
current gain from the source to the drain of M 2 is unity. Therefore, most of the g m \ v, current 
flows in the output, and G m = g m \, as shown in (3.126). 

To find the output resistance, set \ r i = 0, which deactivates the g m \ generator in Fig. 
3.39 and reduces the model for common-source transistor M\ to simply r a \. Therefore, the 
output resistance of the cascode can be found by substituting R s - r 0] in (3.66), which 
was derived for a common-gate amplifier* To focus on the output resistance of the cascode 
itself, let /? — ► o c. The result is 



Ro - *o\ 4 *ol + (gml + gmbl) *o\ r o2 ~ ( gm2 4 gmbl) r o\ r o2 (3.128) 



Equation 3. 128 shows that the MOS cascode increases the output resistance by a factor of 
about (g m + gmh) r a compared to a common-source amplifier. 

The increase in the output resistance can be predicted in another way that provides 
insight into the operation of the cascode. Let /„ represent the current that flows in the output 
node in Fig. 3.39 when the output is driven by voltage v Q . Since — i u r 0 \ when v; = 0, 
the output resistance is 









to 



Vo 

v,— 0 OVjI^Vu) 



= 0 



= *ol 



Vo 



Vi =0 



(3.129) 



To find the ratio v^i/v £ „ consider the modified small-signal circuits shown in Fig, 3,40. 
In Fig, 3.40a, R ™ so we can concentrate on the output resistance of the cascode cir- 
cuit itself. Also, the g m \Vi generator is eliminated because v, = 0, and the two generators 
gm2Vdsi and gmhiVds\ have been combined into one equivalent generator (g m 2 + gmbl) Vdsi - 
In Fig, 3.40£, the (g m 2 + g m bi) Vds\ generator from the source to the drain of My has 
been replaced by two equal-valued generators; one from ground to the drain of M 2 and 
the other from the source of My to ground. This replacement is similar to the substitution 
made in Fig. 3.20 to convert the hybrid-7r model to a T model for a common-gate ampli- 
fier, Because the equations that describe the operation of the circuits in Fig. 3.40a and Fig. 
3.40fr are identical, the circuit in Fig. 3A0b is equivalent to that in Fig. 3.40a. Finally, in 
Fig. 3,40c, the current source from the source of My to ground, which is controlled by the 
voltage across itself, is replaced by aii equivalent resistor of value 1/(^2 4 gmbl)- The 
current (g m2 + g m bi) W/ii in Fig- 3,40c flows into the test source v 0 . The two resistors in 
Fig. 3.40c form a voltage divider, giving 



1 



v ds J = \gm 2 + gmbl 

Vo iy i 

\gnil + gmbl 



*ol 



To 1 



+ r o2 



1 

( gml 4 gmbl) * ol 



(3.130) 



Substituting (3.130) into (3.129) and rearranging gives the same result as in (3.128). 
In (3,130), the term l/(g m 2 4 gmhi) represents the resistance looking into the source of 
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Figure 3*40 Construction of a cascode model to find v ( ^\/v G . («) The dependent sources are com- 
bined* (b) The combined source is converted into two sources, (c) The current source between the 
source of M 2 and ground is converted into a resistor. 



the common-gate transistor M 2 when the output in Fig* 339 is voltage driven. The key 
point here is that the output resistance of the cascode can be increased by reducing the 
input resistance of the common-gate transistor under these conditions because this change 
reduces both v^ s \ and i 0 . 

Unlike in the bipolar case, the maximum value of the output resistance in the MOS 
cascode does not saturate at a level determined by j3$', therefore, further increases in the 
output resistance can be obtained by using more than one level of cascoding. This approach 
is used in practice* Ultimately, the maximum output resistance is limited by impact ioniza- 
tion as described in Section 1 *9 or by leakage current in the reverse-biased junction diode 
at the output. Also, the number of levels of cascoding is limited by the power-supply volt- 
age and signal-swing requirements* Each additional level of cascoding places one more 
transistor in .series with the input transistor between the power supply and ground. To oper- 
ate all the transistors in the active region, the drain-source voltage of each transistor must 
be greater than its overdrive Vcs ~ V r . Since the cascode transistors operate in series with 
the input transistor, additional levels of cascoding use some of the available power-supply 
voltage, reducing the amount by which the output can vary before pushing one or more 
transistors into the triode region. This topic is considered further in Chapter 4. 

In BiCMOS technologies, cascodes are sometimes used with the MOS transistor M 2 
in Fig. 3.38 replaced by a bipolar transistor, such as Q 2 in Fig. 3.36. This configuration 
has the infinite input resistance given by M\, Also, the resistance looking into the emitter 
of the common-base stage Q 2 when the output is grounded is R i2 = l ig m2 in this configu- 
ration. Since the transeonductance for a given bias current of bipolar transistors is usually 
much greater than for MOS transistors, the BiCMOS configuration is often used to re- 
duce the load resistance presented to M\ and to improve the high-frequency properties of 
the cascode amplifier* The frequency response of a cascode amplifier is described in 
Chapter 7* 
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■ EXAMPLE 

Calculate the transconduclanee and output resistance of the cascode circuit of Fig. 3.38. 
Assume that both transistors operate in the active region with g m = 1 mA/V, x = O h 
and r 0 = 20 kll . 

From (3.126), 



From (3.128). 



C " = ! ¥ 1 - TTTuWt 



960 



[jlA 



R 0 = 20ka + 20W2 + (Ll)(20)20ka = 480 ktt 



The approximations in (3.126) and (3. L28) give G fU — 1 mAA' and R a = 440 ki i. These 
approximations deviate from the exact results by about 4 percent and 8 percent, respec- 
■ lively, and arc usually dose enough for hand calculations. 



3.4.3 The Active Cascode 

As mentioned in the previous section, increasing the number of levels of cascoding in- 
creases the output resistance of MOS amplifiers. In practice, however, the power-supply 
voltage and signal -swing requirements limit the number of levels of cascoding that can 
be applied. One way to increase the output resistance of the MOS cascode circuit without 
increasing the number of levels of cascoding is to use the aclive-easeode circuit as shown 
in Fig. 3.41.^ 

This circuit uses an amplifier in a negative feedback loop to control the voltage from 
the gate of M 2 to ground. If the amplifier gain a is infinite, the negative feedback loop 
adjusts the gate of M 2 until the voltage difference between the two amplifier inputs is 
zero. In other words, the drain-source voltage of M\ is driven to equal V B ias- If the drain- 
source voltage of M\ is constant, the change in the drain current in response to changes in 
the output voltage V 0 is zero, and the output resistance is infinite. In practice, the amplifier 
gain a is finite, which means that the drain-source voltage of M\ is not exactly constant 
and the output resistance is finite. The effect of negative feedback on output resistance 
is considered quantitatively in Chapter 8. In this section, wc will derive the small-signal 
properties of the active-cascode circuit by comparing its small-signal model to that of the 
simple cascode described in the previous section. 



v DD 




Figure 3.41 Active cascade 
amplifier using MOSFETs. 
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Figure 3.42 Small-signal equivalent circuit for the active-eascodc connection with MOS 
transistors. 



Qualitatively, when the output voltage increases, the drain current of M 2 increases, 
which increases Lhe drain current and drain-source voltage of M\ . This voltage increase 
is amplified by —a, causing the voltage from the gate of M 2 to ground to fall. The falling 
gate voltage of M 2 acts to reduce the change in its drain current, increasing the output 
resistance compared to a simple cascodc, where the voltage from the gate of M 2 to ground 
is held constant. 

Figure 3,42 shows the low-frequency, small-signal equivalent circuit. The body-effect 
transconduetancc generator for M\ is inactive because v^-i = 0. The gate-source voltage 
of Mi is 

= V - v j2 - v ?2 - V'hi = -(a) Vdsi - v ds] = -(a + 1) v ds \ (3. 131) 

In contrast, v .,,2 — — v^-i a simple cascodc because the voltage from the gate of M 2 
to ground is constant in Fig, 338. Therefore, if a > 0, the factor (a + 1) in (3.131) 
amplifies the gate-source voltage of M 2 compared to the case of a simple cascode. This 
amplification is central to the characteristics of the aclive-cascode circuit- Since the small- 
signal diagrams of the simple and aetive-cascode circuits are identical except lor the value 
of % 2 » and since is only used to control the current flowing in the g m2 generator, the 
active-cascode circuit can be analyzed using the equations for the simple cascode with g m2 
replaced by (a + I ) g m2 . In other words, the active cascode behaves as if it were a simple 
cascode with an enhanced value of g m2 . 

To find the transconductance of the active cascode, g m2 (a + 1 ) replaces g m2 in (3. 1 26), 
giving 



0 Ht - g „ rJ 1 r - (3.132) 

\ I + Igml (fl + 1) + gmbl] j 

Again, G m =* g ml under most conditions; therefore, the activc-cascode structure is 
generally not used lo modify the transcondueiance. 

The active cascode reduces Rj 2 . the resistance looking into the source of M 2i com- 
pared to the simple cascode, which reduces the ratio given in (3.130) and in- 

creases the output resistance. Substituting (3.130) into (3J29) with g m2 (tf+ 1) replacing 
gml gives 

= r o\ + r „2 + [gml (tf + 1 ) + gmia\ r 0 \r o2 =“ [g m2 (a + 1} 4- g mb2 \ r o} r o2 (3.133) 
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This result can also be derived by substituting g m 2 (d + 1) for g m 2 in (3,128). Equation 
3.133 shows that the active-cascode configuration increases the output resistance by a 
factor of about [g m (a + 1) + g^] r (} compared to a common-source amplifier. 

A key limitation of the active-cascode circuit is that the output impedance is increased 
only at frequencies where the amplifier that drives the gate of M 2 provides some gain. In 
practice, the gain of this amplifier falls with increasing frequency, reducing the potential 
benefits of the active-cascode circuits in high-frequency applications, A potential problem 
with the active-cascode configuration is that the negative feedback loop through M 2 may 
not be stable in all cases. 

3.4.4 The Super Source Follower 

Equation 3.84 shows that the output resistance of a source follower is approximately 
y(g m + Because MOS transistors usually have much lower transconductance than 
then bipolar counterparts, this output resistance may he too high for some applications, es- 
pecially when a resistive load must be driven. One way to reduce the output resistance is 
to increase the transconductance by increasing the W/L ratio of the source follower and its 
dc bias current. However, this approach requires a proportionate increase in the area and 
power dissipation to reduce R 0 . To minimize the area and power dissipation required to 
reach a given output resistance, the super source follower configuration shown in Fig. 3.43 
is sometimes used. This circuit uses negative feedback through M 2 to reduce the output 
resistance. Negative feedback is studied quantitatively in Chapter 8. From a qualitative 
standpoint, when the input voltage is constant and the output voltage increases, the mag- 
nitude of the drain current of M] also increases, in turn increasing the gate-source voltage 
ol’ , As a result, the drain current of M 2 increases, reducing the output resistance by 
increasing the total current that flows into the output node under these conditions. 

From a dc standpoint, the bias current in M 2 is the difference between 1\ and I 2 \ 
therefore, I\ > h is required for proper operation. This information can be used to find the 
small-signal parameters of both transistors. The small-signal equivalent circuit is shown in 
Fig, 3,44, The body-effeet transconductancc generator for M 2 is inactive because = 0. 
Also, the polarities of the voltage-controlled current sources for n- and p-channel devices 
are identical. Finally, the output resistances of current sources I\ and 1 2 are represented by 
r\ and r 2 , respectively. If the current sources are ideal, r \ -> « and r 2 =°. In practice, 
these resistances arc large but finite. Techniques to build high-resistance current sources 
arc considered in Chapter 4, 

To find the output resistance, set v, = 0 and calculate the current i 0 that flows in the 
output node when the output is driven by a voltage v 0 * From KCL at the output under these 







Figure 3.43 Supcr-sourcc-followcr configuration. 
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Figure 3.44 Small-signal equivalent circuit of the super-source follower. 



conditions, 



♦ _ , V 2 

l o + 1" gm2 v 2 + — 

n r ol r-i 



From KCL at the drain of M\ with Vi = 0, 



v 2 v 2 - Vo 

— 8ml v t> ~ gmb\Vo H = 0 

r i r a \ 



Solving (3,135) for v 2 , substituting into (3.134), and rearranging gives 



Ro = T- 



= n II r 0 2 



l O lvy -0 



r 0 \ + r -1 

n + (grn\ + gmh])r tt[ J(1 + g m - 2 rz) 



(3.135) 



(3.136) 



Assume arid h are ideal current sources so that /■]—>=« and r 2 If r v2 and 
if (#ml "F f o] '^ > 1^ 



(3.137) 



gm\ 3" gmb\ 



Comparing (3.84) and (3.137) shows that the negative feedback through M 2 reduces the 
output resistance by a factor of about g m 2 r o\* 

Now we will calculate the open-circuit voltage gain of the super-source follower. With 
the output open circuited, KCL at the output node gives 



v* , v 2 

— + + gm2^2 + — = 0 

n r 0 2 r 2 

From KCL at the drain of M \ , 

v 2 v 2 — V 

— + gtni (v< - V c ) - gmh) Vo + = 0 

r 2 ^ i 

Solving (3. 138) for v 2 , substituting into (3.139), and rearranging gives 
V v I _ gmir 0 ] 



f " ° J + tgml + gmb\) f ol + 7 

(r i r tf2 )(l + g m 2 r 2 ) 



(3.138) 



(3.139) 



(3.140) 



With ideal current sources, 



Jim ^ = — 8mt r ° l 

\ {gm\ 3" gmbl) r H" 



gnQT o2 



(3.141) 
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Comparing (3.141) and (3.81) shows that the deviation of this gain from unity is greater 
than with a simple source follower. If g m 2 r fJ 2 » 1, however, the difference is small and 
the main conclusion is that the super-source-follower configuration has little effect on the 
open-circuit voltage gain. 

As mentioned earlier, the super-source follower is sometimes used in MOS technolo- 
gies to reduce the source-follower output resistance. It is also used in bipolar technologies 
in output stages to reduce the current conducted in a weak lateral pnp transistor. This 
application is described in Chapter 5. The main potential problem with the super-source- 
follower configuration is that the negative feedback loop through M 2 may not be stable in 
all cases, especially when driving a capacitive load. The stability of feedback amplifiers 
is considered in Chapter 9. 



3.5 Differential Pairs 

The differential pair is another example of a circuit that was first invented for use with 
vacuum tubes* 10 The original circuit uses two vacuum lubes whose cathodes are connected 
together. Modem differential pairs use bipolar or MOS transistors coupled at their emitters 
or sources, respectively, and are perhaps the most widely used two-transistor subcircuits 
in monolithic analog circuits. The usefulness of the differential pair stems from two key 
properties. First, cascades of differential pairs can be directly connected to one another 
without interstage coupling capacitors. Second, the differential pair is primarily sensitive 
to the difference between two input voltages, allowing a high degree of rejection of signals 
common to both inputs. 11,12 In this section, we consider the properties of emitter-coupled 
pairs of bipolar transistors and source-coupled pairs of MOS transistors in detail, 

3.5.1 The do Transfer Characteristic of an Emitter-Coupled Pair 

The simplest form of an emitter-coupled pair is shown in Fig. 3.45. The biasing circuit in 
the lead connected to the emitters of Q\ and Qi can be a transistor current source, which 
is called a tail current source, or a simple resistor. If a simple resistor /?tail is used alone, 
/tail = 0 in Fig. 3.45. Otherwise, /tail and Rj AIL together form a Norton-equivalent 
model of the tail current source. 



+ v cc. 




Figure 3.45 Emitter-coupled pair circuit 
diagram. 




216 Chapter 3* Single-Transistor and Multiple-Transistor Amplifiers 



The large-signal behavior of the emitter-coupled pair is important in part because it 
illustrates the limited range of input voltages over which the circuit behaves almost lin- 
early. Also, the large- signal behavior shows that the amplitude of analog signals in bipolar 
circuits can be limited without pushing the transistors into saturation, where the response 
time would be increased because of excess charge storage in the base region. For simplicity 
in the analysis, we assume that the output resistance of the tail current source tf TAIL 
that the output resistance of each transistor r 0 m and that the base resistance of each 
transistor r b — 0. These assumptions do not strongly affect the low-frequency, large-signal 
behavior of the circuit. From KVL around the input loop, 



Wi — Vhe 1 + Vbe 2 - Vi2 = 0 (3.142) 

Assume the collector resistors are small enough that the transistors do not operate in sat- 
uration if V n ^ V C c and V n ^ V C c- If Vbei » V r and V be2 V Tl the Ebcrs-Moll 
equations show that 

V'fei = V,-ln£i (3.143) 

*51 

V he2 = V> In ^ (3,144) 

I si 

Assume the transistors are identical so that l S \ = 1 S2 . Then combining (3.142). (3.143), 
and (3.144), we iind 



Id 



exp 



Vn ~ Vi 2 
Vr 




(3.145) 



where V id = V iX - V i2 . Since we have assumed that the transistors are identical, ce F1 - 
ap 2 = 0Lf. Then KCL at the emitters of the transistors shows 



— (/*i + I e2 ) = 7tail = 
Combining (3. 145) and (3.146), we find that 



+ h-2 

OLf 



(3.146) 



h\ 



oxtail 



1 + exp 



V r 



ho. 



^/iTAIL 

1 + exI, fe 



(3.147) 



(3.148) 



These two currents are shown as a function of Vi d in Fig. 3.46. When the magnitude of 
V ld is greater than about 3V>, which is approximately 78 mV at room temperature, the 
collector currents are almost independent oi Vm because one of the transistors turns off 
and the other conducts all the current that Hows. Furthermore, the circuit behaves in an 
approximately linear fashion only when the magnitude of V id is less than about V T . Wc 
can now compute the output voltages as 



Voi = Vcc -lc\Rc (3.149) 

V o 2 = Vcc-hiRc (3.150) 

The output signal of interest is often the difference between V tJ \ and V o2 > which wc define 
as V od . Then 



Vod = Ki ~ V o2 



<*fJtailRc tanh 



zY*] 

2V r j 



(3.151) 
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Figure 3.46 Emitter-coupled pair 
collector currents as a f unction of 
differential input voltage, 







Figure 3.47 Emitter-coupled pair, 
differential output voltage as a 
function of differential input 
voltage. 



This function is plotted in Fig. 3.47. Here a significant advantage of differential amplifiers 
is apparent: When V; ( j is zero, V 0 d is zero if Q\ and Q 2 arc identical and if identical 
resistors are connected to the collectors of Qi and Q 2 - This property allows direct coupling 
of cascaded stages without offsets. 

3-5.2 The dc Transfer Characteristic with Emitter Degeneration 

To increase the range of over which the emitter-coupled pair behaves approximately 
as a linear amplifier, emitter-degeneration resistors are frequently included in series with 
the emitters of the transistors, as shown in Fig. 3.48. The analysis of this circuit proceeds 
in the same manner as without degeneration, except that the voltage drop across these 
resistors must be included in the KVL equation corresponding to (3.1 42). A transcendental 
equation results from this analysis and a closed-form solution like thal of (3.151) does 
not exist, hut the effect of the resistors may be understood intuitively from the examples 
plotted in Fig. 3.49. For large values of emitter-degeneration resistors, Ihe linear range 
of operation is extended by an amount approximately equal to /tail Re- This result steins 
from the observation that all of /tail flows in one of the degeneration rcsislors when one 
transistor turns off. Therefore, the voltage drop is /tail^ on one resistor and zero on Ihe 
other, and the value of V ^ required to turn one transistor off is changed by the difference 
of the voltage drops on these resistors. Furthermore, since the voltage gain is the slope of 
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Figure 3.48 Circuit diagram ol 
emillcr-coupled pair with emitter 
degeneration, 



Vo, 




Figure 3.49 Output voltage as a function of input voltage, cmitter-couplcd pair with emitter 
degeneration. 



the transfer characteristic, the voltage gain is reduced by approximately the same factor 
that the input range is increased. In operation, the emitter resistors introduce local negative 
feedback in the differential pair. This topic is considered in Chapter 8. 



3.5.3 The dc Transfer Characteristic of a Source-Coupled Pair 

Consider the ^-channel MOS-transistor source-coupled pair shown in Fig. 3.50. The fol- 
lowing analysis applies equally well to a corresponding p-channel source-coupled pair 
with appropriate sign changes. In monolithic form, a transistor current source, called a tail 
current source, is usually connected to the sources of M ] and M 2 . In that case, / TA[L and 
^tail together form a Norton-equivalent model of the tail current source. 

For this large-signal analysis, we assume that the output resistance of the tail cur- 
rent source is /?tail Also, we assume that the output resistance of each transistor 
r u -> Although Ihese assumptions do not strongly affect the low-ircquency, large-signal 
behavior of the circuit, they could have a significant impact on the small-signal behavior. 
Th etc lore, we will reconsider these assumptions when wc analyze the circuit from a small- 




3,5 Differential Pairs 219 



+ V 1>D 




<«) 



Figure 3,50 n-channel MOSFET 
source-coupled pair. 



signal standpoint. From KVL around the input loop, 

Vii - V gA + V ss2 ~ Va = 0 (3J52) 

We assume that the drain resistors are small enough that neither transistor operates in 
the triode region if Vdu and Va — Vdd < Furthermore, we assume that the drain 

current of’ each transistor is related to its gate-source voltage by the approximate square- 
law relationship given in (1.157), If the transistors are identical, applying (1,157) to each 
transistor and rearranging gives 



and 



Vgs] — V r + 



2 An 

k ! (WIL) 



V g a = V* + 



2 Id2 

fc r (W/L) 



Substituting (3.153) and (3. 154) into (3.152) and rearranging gives 

Jh\ ~ 



Vid = Vn - V/2 = 



2 L 



From KCL at the source of and M z , 

Ail + A/2 — Atail 



(3.153) 



(3.154) 



(3.155) 



(3.156) 



Solving (3.156) for 2 , substituting into (3.155), rearranging, and using the quadratic 
formula gives 
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Since f d[ > /tail/2 when V ld > 0 ; the potential solution where the second term is 
subtracted from the first in (3.157) cannot occur in practice. Therefore, 



4/1 



^I'AfL / 4/ TAlL _ 2 

2 4 L Ui V k f (WIL) ld 



Substituting (3*158) into (3.156) gives 



4*2 



f 4Jta[L ^ 

2 4 L ^fk’iW/L) id 



(3*158) 



(3.159) 



Equations 3.158 and 3.159 are valid when both transistors operate in the active or satu- 
ration region. Since we have assumed that neither transistor operates in the triode region : 
the limitation here stems from turning off one of the transistors. When M\ turns off, 
4*i = 0 and ha = / TAIL . On the other hand, l dl = / TA1L and I d2 = 0 when M 2 turns off. 
Substituting these values in (3.155) shows that both transistors operate in the active 
region if 



|V/ rf | 



^ r 2 /tail 

^ Y k' (W/L) 



(3.160) 



Since l d i = ha = /tail/ 2 when V id = 0, the range in (3. 160) can be rewritten as 



= V2(V OT ) | Vki __ Q (3.161) 

Equation 3.161 shows that the range of V- ld for which both transistors operate in the ac- 
tive region is proportional to the overdrive calculated when V id = 0. This result is illus- 
trated in Fig. 3.5 1. The overdrive is an important quantity in MOS circuit design, affecting 
not only the input range of differential pairs, but also other characteristics including the 
speed, offset, and output swing of MOS amplifiers. Since the overdrive of an MOS iran- 
sistor depends on its current and WIL ratio, the range of a source-coupled pair can be 
adjusted to suit a given application by adjusting the value of the tail current and/or the 



4l' 




Figure 3.51 dc transfer characteristic of the MOS source-coupled pair. The parameter is the over- 
drive V ov = V ( 7 ^ - V t determined when V id = 0. 
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aspect ratio of the input devices. In contrast, the input range of the bipolar emitter-coupled 
pair is about ±3V> , independent of bias current or device size. In fact, the source-coupled 
pair behaves somewhat like an emitter- coupled pair with emitter-degeneration resistors 
that can be selected to give a desired input voltage range. 

In many practical cases, the key output of the differential pair is not i ( \ \ or /j 2 alone 
but the difference between these quantities. Subtracting (3.159) from (3.158) gives 



k ! W 

= ~ hn — yy k/d 



4/ TAIL _ V 2 

t (W/L) ,d 



(3.162) 



We can now compute the differential output voltage as 

V#d = V v \ ~ V ( j2 = k od ~ ~ Vdd + = — (A/rf) Rd (3.163) 

Since A l d = 0 when V id = 0, (3.163) shows that V od = 0 when V id = 0 if M\ and M 2 
arc identical and if identical resistors are connected to the drains of M\ and M 2 . This 
property allows direct coupling of cascaded MOS differential pairs, as in the bipolar ease. 



3.5.4 Introduction to the Small-Signal Analysis of Differential Amplifiers 

The features of interest in the performance of differential pairs are often the small-signal 
properties for dc differential input voltages near zero volts. In the next two sections* we 
assume that the dc differential input voltage is zero and calculate the small-signal pa- 
rameters. If the parameters arc constant, the small-signal model predicts that the circuit 
operation is linear. The results of the small-signal analysis are valid for signals that are 
small enough to cause insignificant nonlinearity. 

In previous sections, we have considered amplifiers with two input terminals (V E and 
ground) and two output terminals (V 0 and ground). Small-signal analysis of such circuits 
leads to one equation for each circuit, such as 

- Avi (3.164) 

Here, A is the small-signal voltage gain under given loading conditions. In contrast, dif- 
ferential pairs have three input terminals [Vn , vy , and ground) and three output terminals 
(V 0 \, V o2 , and ground). Therefore, direct small-signal analysis of differential pairs leads 
to two equations for each circuit (one for each output), where each output depends on each 
input: 

Voi = kin v E i + A^a (3.165) 

Voi = A 2 iv f] + A 22 v i2 (3.166) 

Here, four voltage gains, A u > A\ 2 , A 2 \, and A 22 , specify the small-signal operation of the 

circuit under given loading conditions. These gains can be interpreted as 



An = 


Vol 

Vfi 


v /? =0 


(3,167) 


A 12 = 


Vo] 

Vi2 


T'iJ 


(3.168) 


A 21 = 


v o2 

Vf| 


v i2 


(3.169) 


A 22 = 


Vy2 

Vr2 


vn =0 


(3.170) 
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Although direct small-signal analysis of differential pairs can be used to calculate these 
four gain values in a straightforward way, the results are difficult to interpret because 
differential pairs usually are not used to react to vn or v i2 alone. Instead, differential 
pairs are used most often to sense the difference between the two inputs white trying to 
ignore the part of the two inputs that is common to each. Desired signals will be forced 
to appear as differences in differential circuits. Tn practice, undesired signals will also 
appear. For example, mixed-signal integrated circuits use both analog and digital signal 
processing, and the analog signals are vulnerable to corruption from noise generated by 
the digital circuits and transmitted through the common substrate. The hope in using 
differential circuits is that undesired signals will appear equally on both inputs and be 
rejected. 

To highlight this behavior, we will define new differential and common-mode vari- 
ables at the input and output as follows, The differential input, to which differentia] pairs 
are sensitive, is 



Vid = vn - Vj2 (3.171) 

The common-mode or average input, to which differential pairs are insensitive, is 

^‘1 + v i2 



Vir = 



(3.172) 



These equations can be inverted to give and in terms of v l£ t and v ic \ 



vn = + 



2 



vn 



Vic 



V'id 

T 



(3.173) 

(3.174) 



The physical significance of these new variables can be understood by using (3. 173} and 
(3.174) to redraw the input connections to a differential amplifier as shown in Fig, 3.52. 
The common-mode input is the input component that appears equally in v,-j and v, 2 - The 
differential input is the input component that appears between v ?1 and v l2 - 

New output variables are defined in the same way. The differential output is 



v oil — V n \ V o2 

The common-mode or average output is 



Voc 



Vq I + Vq2 
2 



(3.175) 



(3.176) 








m 



Figure 3.52 A differ- 
ential amplifier with its 
inputs (a) shown as in- 
dependent of each other 
and (b) redraw n in tenns 
of the differential 
and common-mode 
components. 
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Solving these equations for v {t \ and v o2 , we obtain 



, v od 

V o\ — T- “ 2 “ 


(3. 


177) 


. . Vod 

v o2 ~ V oc ~ — 


(3. 


178) 



We have now detincd two new input variables and two new output variables. By sub- 
stituting the expressions for v ii9 v i2 , v 0 \ y and v„2 in terms of the new variables back into 
{3,1 65) and (3.166), we find 



Vorf — 



An - A 12 - A 2 1 + A 2 2 



jv/rf + (A|[ + Ai 2 - A 2 ] - Ajijvv (3.179) 



„ _ Mil - a 12 + A 2 ] ~ A 22 \ (A n + ^12 + A 2 \ + A 22 \ ,, 

v t>c - I- ^ jV;,i + I I Vic (3.180) 

Defining four new gain l'aetors that are equal to the coefficients in these equations, (3. 1 79) 
and (3.1 80) can be rewritten as 



v od ~ H" 

— Adfti—cmVitf + AcfftVic 



(3.181) 

(3.182) 



The differential-mode gain A dm is the change in the differential output per unit change in 
differential input: 



A r / nl — • 



V id K.,.-) 



Au - A 12 - A 2 i + A 22 
" 2 



(3.183) 



The common-mode gain A rm is the change in the common-mode output voltage per unit 
change in the common-mode input: 



A - — 



Aj | + A \2 + An\ + A- 



v “ ; * rw-o 



(3.184) 



The differential-mode-to-common-mode gain A^m-cm die change in the common-mode 
output voltage per unit change in the differential-mode input: 



Adm-^n 



Vit! Vir — 0 



A ii — A \ 2 + A-i\ ~ 4 22 
4 



(3.185) 



The common-mode-to-differential-mode gain A cm - dm is the change in the differential- 
mode output voltage per unit change in the common-mode input: 



Acm-diti 



— A 21 + A\2 - A 2 \ ~ A 2 



(3.186) 



The purpose of a differential amplifier is to sense changes in its differential input 
while rejecting changes in its common-mode input. The desired output is differential, and 
its variation should be proportional to the variation in the differential input. Variation in the 
common- mode output is undesired because it must be rejected by another differential stage 
to sense the desired differential signal. Therefore, an important design goal in differential 
amplifiers is to make A dm large compared to the other three gain coefficients in (3. 181) 
and (3.182). 

In differential amplifiers with perfect symmetry, each component on the side of one 
output corresponds to an identical component on the side of the other output. With such 
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perfectly balanced amplifiers, when v n = ~v, 2 , v oi = -v o2 . In other words, when the 
input is purely differential (v ic = 0), the output of a perfectly balanced differential ampli- 
fier is purely differential (v 0 c = 0). and thus = 0. Similarly, pure common-mode 

inputs (for which = 0) produce pure common-mode outputs and A rm -^ m — 0 in per- 
fectly balanced differential amplifiers. Even with perfect symmetry, however, A c . m ^ 0 is 
possible. Therefore, the ratio A llni /A cm is one figure of merit for a differential amplifier, 
giving the ratio of the desired differential-mode gain to the undesired common-mode gain. 
In this book, wc will define the magnitude of this ratio as the common-mode-rejection ratio, 
CMRR; 



CMRR = 



A 



dm 



A rn 



(3.187) 



Furthermore, since differential amplifiers are not perfectly balanced in practice, A dm - cm 
0 and A cm - dm ^ 0. The ratios A d JA t:m (Jm and A d J A dm ... cm arc two other figures of merit 
that characterize the performance of differential amplifiers. Of these, the first is particu- 
larly important because ratio determines the extent to which the differential 

output is produced by the desired differential input instead of by the undesired common- 
mode inpuL This ratio is important because once a common-mode input is converted to 
a differential output, the result is treated as the desired signal by subsequent differential 
amplifiers. In fact, in multistage differential amplifiers, the common-mode-to-differential- 
mode gain of the first stage is usually an important factor in the overall CMRR. In Section 
3.5.5, wc consider perfectly balanced differential amplifiers from a small-signal stand- 
point; in Section 3. 5. 6.9, imperfectly balanced differential amplifiers from the same stand- 
point. 



3.5.5 Small-Signal Characteristics of Balanced Differential Amplifiers 

In this section, wc will study perfectly balanced differential amplifiers. Therefore, 
Arm— dm ^ UT|d Arf/u—rm 0 here, and our goal is to calculate A dm and A cm . Although 
calculating A (im and A cm from the entire small-signal equivalent circuit of a differential 
amplifier is possible, ihese calculations are greatly simplified by taking advantage of the 
symmetry that exists in perfectly balanced amplifiers. In general, we first find the response 
of a given circuit to pure differential and pure common-mode inputs separately. Then the 
results can be superposed to find the total solution. Since superposition is valid only for 
linear circuits, the following analysis is strictly valid only from a small-signal standpoint 
and approximately valid only for signals that cause negligible nonlinearity. In previous 
sections, we carried out large-signal analyses of differential pairs and assumed that Ihe 
Norton-equivalent resistance of the tail current source was infinite. Since this resistance 
has a considerable effect on the small-signal behavior of differential pairs, however, we 
now assume that this resistance is finite. 

Because the analysis here is virtually the same for both bipolar and MOS differential 
pairs, the two cases will be considered together. Consider the bipolar emitter-coupled 
pair of Fig. 3.45 and the MOS source-coupled pair of Fig. 3.50 from a small-signal 
standpoint. Then V ti = v f \ and V i2 = These circuits arc redrawn in Fig, 3.53a and 
Fig. 3.53b with the common-mode input voltages set to zero so we can consider the effect 
ol the differential-mode input by itself. The small-signal equivalent circuit for both cases 
is shown in Fig. 3.54 with R used to replace R c in Fig. 3.53 a and R D in 3.53b. Note that 
the small-signal equivalent circuit neglects finite r„ in both cases. Also, in the MOS case, 
nonzero g mb is ignored and r n — k because /3 0 — > ® 
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+ v cc 




Figure 3,57 (a) Emittcr-couplcd 
pair with pure common-mode input. 
(£) Source-coupled pair with pure 
common-mode input. 



+ Vnn 




The circuits in Fig, 3.45 and Fig, 3,50 are now reconsidered from a small-signal, 
common-mode standpoint. Setting Vu = V& = the circuits are redrawn in Fig. 3.57a 
and Fig, 3.57!?. The small-signal equivalent circuit is shown in Fig. 3.58, but with the 
modification that the resistor !?tail has been split into two parallel resistors, each of value 
twice the original. Also R has been used to replace Rc in Fig. 3.57a and R & in 3.57!?. 
Again r 0 is neglected in both cases, and g m h is neglected in the MOS case, where jv K 
because /3o 
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Figure 3,5$ Small-signal equivalent circuit, pure common-mode input. 



Because the circuit in Fig. 3.58 is divided into two identical halves, and because each 
half is driven by the same voltage no current i x flows in the lead connecting the half 
circuits. The circuit behavior is thus unchanged when this lead is removed as shown in 
Fig. 3.59. As a result, we see that the two halves of the circuit in Fig. 3.58 are not only 
identical, but also independent because they are joined by a branch that conducts no small- 
signal current. Therefore, the response to small-signal, common-mode inputs can be de- 
termined by analyzing one half of the original circuit with an open circuit replacing the 
branch that joins the two halves of the original circuit. This simplified circuit, shown in 
Fig. 3.60, is called the common-mode half circuit. By inspection of Fig. 3.60, we recognize 
this circuit as a common-emitter or common-source amplifier with degeneration. Then 

V or = -G m RVic (3.190) 

and 

A cm ~— = -G m R (3.191) 

Vic r frf =0 

where G, „ is the Lranseonductance of a common-emitter or common-source amplifier with 
degeneration and will be considered quantitatively below. Since degeneration reduces the 
transconductance, and since degeneration occurs only in the common-mode case, (3.189) 
and (3.191) show that \A ( j m \ > \A cm \; therefore, the differential pair is more sensitive to 
differential inputs than to common-mode inputs. In other words, the tail current source pro- 
vides local negative feedback to common-mode inputs (or local common-mode feedback). 
Negative feedback is studied in Chapter 8. 



I 




Figure 3.69 Modified 
common-mode 
equivalent circuit. 
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Figure 3.60 Common-mode 
half circuit. 



Bipolar Emitter-Coupled Pair. For the bipolar case, substituting (3.93) for G m with R E = 
2/?tail into (3. 191 ) and rearranging gives 



SmR 

1 + g m (2/?tail) 



SmX 

1 + 2 gfnRjAlh 



(3*192) 



To include the effect of finite r 0 in the above analysis, R in (3.192) should be replaced 
by R || R 0 , where R 0 is the output resistance of a common-emitter amplifier with emitter 
degeneration of Re = 2J?tail» given in (3.97) or (3.98). This substitution ignores the effect 
of finite r 0 on G m , which is shown in (3.92) and is usually negligible. 

The CMRR is found by substituting (3.189) and (3.192) into (3. 187), which gives 



CMRR - 1 + 2g m R't ML 



(3.193) 



This expression applies to the particular case of a single-stage, emitter-coupled pair. It 
shows that increasing the output resistance of the tail current source J? TA[L improves the 
common-mode-rejection ratio. This topic is considered in Chapter 4, 

Since bipolar transistors have finite ft), and since differential amplifiers are often used 
as the input stage of instrumentation circuits, the input resistance of emitter-coupled pairs 
is also an important design consideration. The differential input resistance is defined as 
the ratio of the small-signal differential input voltage v ld to the small-signal input current 
k when a pure differential input voltage is applied. By inspecting Fig. 3.56, we find that 



— it 



Therefore, the differential input resistance of the emitter coupled pair is 



R'ui — 



= 2r v 



(3.194) 



(3.195) 



Thus the differential input resistance depends on the r, : of the transistor, which increases 
with increasing jSo and decreasing collector current. High input resistance is therefore 
obtained when an emitter-coupled pair is operated at low bias current levels. Techniques 
to achieve small bias currents are considered in Chapter 4. 

The common-mode input resistance R ic is defined as the ratio of the small-signal, 
common-mode input voltage v ic to the small-signal input current in one terminal when 
a pure common-mode input is applied. Since the common-mode half circuit in Fig. 3.60 
is the same as that for a common-emitter amplifier with emitter degeneration, substituting 
Re = 2 Rtajl into (3.90) gives as 



Rif: = £ 



l b I = 0 



Fir + (£o + l)(2ttj-AII_) 
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Figure 3.61 {a) General low-trcquency, small-signal, 7r-cquivalent input circuit for the differen- 
tial amplifier, (b) T-equivalenL input circuit. 

The small-signal inpul current that flows when both common-mode and differential-mode 
input voltages are applied can be found by superposition and is given by 



Vid , 


T’/r 


b[ ~ jr~ + 

Kfd 


R f , 


^id 


Vi 


l b2 = ~TT~ 


+ ^ 


Kid 


R, 



(3.197) 

(3.198) 



where i h | and i b2 represent the base currents of Q } and Q 2 , respectively. 

The input resistance can be represented by the it equivalent circuit of Fig. 3.61a or 
by the T-equivalent circuit of Fig. 3.61 b. For the model, the common-mode input re- 
sistance is exactly R ir independent of R x . To make the differential-mode input resistance 
exactly R^, the value of should be more than R^ to account for nonzero current in 
R fC . On the other hand, for the T model, the differential-mode input resistance is exactly 
Rtf independent of R y , and the common-mode input resistance is R ir if R y is chosen to be 
less than R ir /2 as shown. The approximations in Fig. 3.61 are valid if is much larger 
than R i(f . 



MOS Source-Coupled Pair. For the MOS case, substituting (3.104) for G n} with g mh - 0 
and R s = 2/?tail into (3. 191) and rearranging gives 

A ^ ('i 1QQ\ 

1 + £m (2/?TAIl) 1 + ^gm^TAiL 

Although (3. 199) and the common-mode half circuit in Fig. 3.60 ignore the body-effect 
iransconductanec g mb , the common-mode gain depends on g mb in practice because the 
body effect changes the source-body voltage of the transistors in the differentia] pair. 
Since nonzero g mb was included in the derivation of the transconductance of the common- 
source amplifier with degeneration, a simple way to include the body effect here is to allow 
nonzero g rtth when substituting (3.104) into <3.1 9 1 ) + The result is 



A -- — SmR- __ 8mR onm 

1 + igen + S^X2/?tail) 1 + 2 {g m + g mb ) tf TAlL 

To include the effect of finite r (> in the above analysis, R ill {3.1 99) and (3,200) should be 
replaced by R || /?„, where R„ is the output resistance of a common-source amplifier with 
source degeneration ol R s = 2/?t,\iLi given in (3. 1 07), This substitution ignores the effect 
of finite r v on G ltl . which is shown in (3.103) and is usually negligible. 

The CMRR is found by substituting (3.189) and (3.200) into (3,187), which gives 

CMRR - 1 h- 2 (g m + g mh ) y?TAiL (3.201) 
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Equation 3.201 is valid for a single-stage, source-coupled pair and shows that increasing 
Btail increases the CMRR. This topic is studied in Chapter 4. 

3.5.6 Device Mismatch Effects in Differential Amplifiers 

An important aspect of the performance of differential amplifiers is the minimum dc and 
ac differential voltages that can be detected. The presence of component mismatches 
within the amplifier itself and drifts of component values with temperature produce dc 
differential voltages at the output that are indistinguishable from the dc component of 
the signal being amplified. Also, such mismatches and drifts cause nonzero common- 
mode-to-differential-mode gain as well as nonzero differential-to -common- mode gain to 
arise. Nonzero A cm ~dm is especially important because it converts common-mode inputs 
to differential outputs, which arc treated as the desired signal by subsequent stages. In 
many analog systems, these types of errors pose the basic limitation on the resolution of 
the system, and hence consideration of mismatch-induced effects is often central to the 
design of analog circuits. 

3.5.6 .1 Input Offset Voltage and Current 

For differential amplifiers, the effect of mismatches on dc performance is most conve- 
niently represented by two quantities, the input offset voltage and the input offset cur- 
rent. These quantities represent the input-referred effect of all the component mismatches 
within the amplifier on its dc performance. 11,12 As illustrated in Fig + 3,62, the dc behav- 
ior of the amplifier containing the mismatches is identical to an ideal amplifier with no 
mismatches but with the input offset voltage source added in series with the input and 
the input offset current source in shunt across the input terminals. Both quantities arc 
required to represent the effect of mismatch in general so that the model is valid for 
any source resistance. For example, if the input terminals are driven by an ideal voltage 
source with zero resistance, the input offset current does not contribute to the amplifier 
output, and the offset voltage generator is needed to model the effect of mismatch. On 
the other hand, if the input terminals are driven by an ideal current source with infinite 
resistance, the input offset voltage does not contribute to the amplifier output, and the 
offset current generator is needed to model the effect of mismatch. These quantities are 
usually a function of both temperature and common-mode input voltage. In the next sev- 
eral sections, we calculate the input offset voltage and current of the emitter-coupled pair 
and the source-coupled pair. 




mismatches 







mismatches 



(*) 



Figure 3.62 Equivalent input offset voltage ( V 0 s) and current (7oi) for a differential amplifier. 
(a) Actual circuit containing mismatches, (b) Equivalent dc circuit with identically matched dc 
vices and the offset voltage and current referred to the input. 
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3-5,6. 2 Input Offset Voltage of the Emitter-Coupled Pair 

The predominant sources of offset error in the emitter-coupled pair are the mismatches 
in the base width, base doping level, and collector doping level of the transistors, mis- 
matches in the effective emitter area of the transistors, and mismatches in the collector 
load resistors. To provide analytical results simple enough for intuitive interpretation, the 
analysis will be carried oul assuming a uniform-base transistor. The results are similar for 
the nonuniform case, although the analytical procedure is more tedious. In most instances 
the dc base current is low enough that the dc voltage drop in r h is negligible, so we ne- 
glect r h . 

Consider Fig, 3,45 with dc signals so that V;i = V n , V i2 = V /2 * V 0 \ = and 
V 0 2 = Vera* Let V/p = Vji - V/ 2 - Also, assume that the collector resistors may not be 
identical. Let R c \ and Rci represent the values of the resistors attached to Qi and Q 2j 
respectively. From KVL around the input loop, 

V, D ~ Vbe\ + Vbez = 0 (3.202) 

Therefore, 

Vid = V T \n l -f-~ V T In ^ = V T In (3.203) 

ASl AS2 iC2 As l 

The factors determining the saturation current is of a bipolar transistor arc described in 
Chapter L There it was shown that if the impurity concentration in the base region is 
uniform, these saturation currents can be written 



, 

N A Vf B [(V CB ) ' 



= , 

N A W B2 (V CB ) 2 



<jn}D n 
Qbi(Vcb) 1 

QmiVcn) 2 



(3.204) 

(3.205) 



where W b (Vcb) is the base width as a function of V CBt N A is the acceptor density in the 
base, and A is the emitter area. We denote the product A^W^VV. js) as Qb{Vcb)* the total 
base impurity doping per unit area. 

The input offset voltage is equal to the value of Vjp = Vn — Vj 2 that must be 
applied to the input to drive the differential output voltage V 0D = V 0] - V 02 to zero. For 
V 0D to be zero, /ciifci = IciRa* therefore. 



hn_ = Rci 
ici Rci 

Substituting (3.204), (3.205), and (3,206) into (3.203) gives 



Vos - Vt hi 



{Rc2)(A2\( Qbi{Vcb) \ 
yRcv Ui \Qb2(Vcb) l 



(3.206) 



(3.207) 



This expression relates the input offset voltage to the device parameters and R c mismatch. 
Usually, however, the argument of the log function is very close to unity and the equation 
can be interpreted in a more intuitively satisfying way. In the following section we perform 
an approximate analysis, valid if the mismatches arc small. 



3.5, 6.3 Offset Voltage of the Emitter-Coupled Pair: Approximate Analysis 

In cases of practical interest involving offset voltages and currents, the mismatch between 
any two nominally matched circuit parameters is usually small compared with the absolute 
value of that parameter. This observation leads to a procedure by which the individual 
contributions to offset voltage can be considered separately and summed. 
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First, define new parameters to describe the mismatch in the components, using the 
relations 



AX = X) - X 2 



X = 



Xi + x 2 
2 



(3.208) 

(3.209) 



Thus AX is the difference between two parameters, and X is the average of the two nom- 
inally matched parameters. Note that AX can be positive or negative. Next invert (3,208) 
and (3.209) to give 

AY 

Xi = X+^ (3.210) 

AY 

x 3 = x-^ (3.211) 



These relations can be applied to the collector resistances, the emitter areas, and the base 
doping parameters in (3,207) to give 



Vos — VVln 




+ 



A R c 
2 

A R c 
2 



A A\/ A Q b \ 

, L A Qb 

A + -2/\ Qi) ~^r/ 



(3.212) 



With the assumptions that AR C R c , AA « A, and AQ B « Qb , (3.212) can be sim- 
plified to 



Vos — Vt iti 




— Vt 






2M + %: 



If x <sc 1 , a Taylor series can he used to show that 



x 2 x 3 

In (1 + x) = x - — + — 



(3.213) 



(3.214) 



Applying (3,214) to each logarithm in (3.213) and ignoring terms higher than first order 
in the expansions gives 



Vos “ VY 



A R c AA A Q b 
A + Qb 



(3.215) 



Thus, under the assumptions made, we have obtained an approximate expression for 
the input offset voltage, which is the linear superposition of the effects of the different com- 
ponents, It can be shown that this can always be done for small component mismatches. 
Note that the signs of the individual terms of (3.215) are not particularly significant, since 
the mismatch factors can be positive or negative depending on the direction of the random 
parameter variation. The worst-case offset occurs when the terms have signs such that the 
individual contributions add. 

Equation 3,215 relates the offset voltage to mismatches in the resistors and in the 
structural parameters A and Qg of the transistors. For the purpose of predicting the off- 
set voltage from device parameters that are directly measurable electrically, we rewrite 
(3.215) to express the offset in terms of the resistor mismatch and the mismatch in the 




234 Chapter 3 ■ Single-Transistor and Multiple-Transistor Amplifiers 



saturation currents of the transistors: 



where 



Vos — Vt 



A Rc _ A/5 
Rc h 



(3.216) 



Ms , AA _ A Q b 
h A Q$ 



(3.217) 



is the offset voltage contribution from the transistors themselves, as reflected in the mis- 
match in saturation current. Mismatch factors A R c tRc and Msth are actually random 
parameters that take on a different value for each circuit fabricated, and the distribution 
of the observed values is described by a probability distribution. For large samples the 
distribution tends toward a normal, or Gaussian, distribution with zero mean. Typically 
observed standard deviations for the preceding mismatch parameters for small-area dif- 
fused devices are 



outfit = 001 fj A lslIs = 0,05 (3.218) 

In the Gaussian distribution, 68 percent of the samples have a value within of the mean 
value. If we assume that the mean value of the distribution is zero, then 68 percent of the 
resistor pairs in a large sample will match within 1 percent, and 68 percent of the tran- 
sistor pairs will have saturation currents (hat match within 5 percent for the distributions 
described by (3.21 8), These values can be heavily influenced by device geometry and pro- 
cessing. If we pick one sample from each distribution so that the parameter mismatch is 
equal to the corresponding standard deviation, and if the mismatch factors are chosen in 
the direction so that they add, the resulting offset from (3,216) would be 

V os = (26 mV){a01 + 0.05) - 1.5 mV (3.219) 

Large ion-implanted devices with careful layout can achieve V os = 0, 1 mV. A parameter 
of more interest to the circuit designer than the offset of one sample is the standard de- 
viation of the total offset voltage. Since the offset is the sum of two uncorrelated random 
parameters, the standard deviation of the sum is equal to the square root of the sum of the 
squares of the standard deviation of the two mismatch contributions, or 

^Vos = Vt JivMz/R) 1 + (3.220) 

The properties of the Gaussian distribution are summarized in Appendix A. 3,1, 



3-5.6. 4 Offset Voltage Drift in the Emitter-Coupled Pair 

When emitter-coupled pairs are used as low-level dc amplifiers where the offset voltage 
is critical, provision is sometimes made to manually adjust the input offset voltage to zero 
with an external potentiometer. When this adjustment is done, the important parameter be- 
comes not the offset voltage itself, but the variation of this offset voltage with temperature, 
offen referred to as drift. For most practical circuits, the sensitivity of the input offset volt- 
age to temperature is not zero, and the wider the excursion of temperature experienced by 
the circuit, the more error the offset voltage drift will contribute. This parameter is easily 
calculated for the emitter-coupled pair by differentiating (3.207) as follows 



dVos __ Vqs 
dT ~ T 



(3.221) 



using Vt = kTlq and assuming the ratios in (3.207) are independent of temperature. 
Thus the drift and offset are proportional for the emitter- coupled pair. This relationship 
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is observed experimentally. For example, an emitter- coupled pair with a measured offset 
voltage of 2tnV would display a drift of 2 mV/300°K or 6.6 pV/°C under the assumptions 
we have made. 

Equation 3.221 appears to show that the drift also would be nutted by externally ad- 
justing the offset to zero. This observation is only approximately true because of the way 
in which the nulling is accomplished. 1 * Usually an external potentiometer is placed in 
parallel with a portion of one of the collector load resistors in the pair. The temperature 
coefficient of the nulling potentiometer generally does not match that of the diffused resis- 
tors, so a resistor-mismatch temperature coefficient is introduced that can make the drift 
worse than it was without nulling. Voltage drifts in the I fjuV/°C range can be obtained 
wilh careful design. 



3.S.6.5 Input Offset Current of the Emitter-Coupled Pair 

The input offset current l 0ii is measured with the inputs connected only to current sources 
and is the difference in the base currents that must be applied to drive the differential output 
voltage Vqd = V<>\ ~ Vm to zero. Since the base current of each transistor is equal to the 
corresponding collector current divided by beta, the offset current is 



hi 






Pfi 



hi 

Pf2 



(3.222) 



when Vqd = 0- As before, we can write 



hi 


_ Ale 

- Ic - 

2 


i i ~ ^ lc 

Id lc 2 


(3.223) 


Pf\ 




pF2 = j 8 r - ^ 


(3.224) 



Inserting (3,223) anti (3.224) into (3.222), the offset current becomes 



hs ~ 



lc + 



AI, 



h~ 



Al f 



Pf + 



Aft 



Pf ~ 



A p F 



(3,225) 



Neglecting higher-order terms, this becomes 

h (Ale 



hs — 



Pf \ h 



A/3f 

Jh 



(3.226) 



For Vqd to be zero, IciRci = IciRci* therefore, from (3.206), the mismatch in collector 
currents is 



■Ah _ _AR c 

h 



(3.227) 



Equation 3,227 shows that the fractional mismatch in the collector currents must be equal 
in magnitude and opposite in polarity from the fractional mismatch in the collector resistors 
to force Vqd = 0. Substituting (3.227) into (3,226) gives 



?os — 



h A R C A Pf 
Pf \ R c Pf 



(3,228) 



A typically observed beta mismatch distribution displays a deviation of about 10 per- 
cent. Assuming a beta mismatch of 10 percent and a mismatch in collector resistors of 
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1 percent, we obtain 

- I c /A R c F c 

'» ~ + ~t) = -i mt > = - a " «*> » 229 > 

In many applications, the input offset current as well as the input current itself must 
be minimized. A good example is the input stage of operational amplifiers. Various circuit 
and technological approaches to reduce these currents are considered in Chapter 6, 



3,5.6, 6 Input Offset Voltage of the Source-Coupled Pair 

As mentioned earlier in the chapter, MOS transistors inherently provide higher input re- 
sistance and lower input bias current than bipolar transistors when the MOS gate is used 
as the input. This observation also applies to differential-pair amplifiers. The input off- 
set current of an MOS differential pair is the difference between the two gate currents 
and is essentially zero because the gates of the input transistors are connected to silicon 
dioxide, which is an insulator. However, MOS transistors exhibit lower transconductance 
than bipolar transistors at the same current, resulting in poorer input offset voltage and 
common -mode rejection ratio in MOS differential pairs than in the case of bipolar transis- 
tors, In this section we calculate the input offset voltage of the source -coupled MOSFET 
pair. 

Consider Fig. 3.50 with dc signals so that V n = V n , Vn = Vii* Vo] = V^i, and 
Voi = Vo 2 - Let Vjo = Vn ~ V/ 2 * Also, assume that the drain resistors may not be iden- 
tical. Let Rpi and Roi represent the v alues of the resistors attached to M \ and M 2 , respec- 
tively, KVL around the input loop gives 

V/d — + Vqs2 = 0 (3.230) 

Solving (1 .157) for the gate-source voltage and substituting into (3.230) gives 
V/p = Vg.m - Vgs2 



= V ti + 



2/ 



m 



V k> (TOi 



- Vfi - 



2/ 02 



v *' (w/l) 2 



(3.231) 



As in the bipolar case, the input offset voltage V 0 s is equal to the value of V w = V t \~ Vn 
that must be applied to the input to drive the differential output voltage Vqd = V (} \ V 02 

to zero. For V OD to be zero, l D \R D \ = l D 2 R D2 \ therefore. 



Vos = V r3 - V i2 T 



I ^ hn ~ 

V k' (WIL) { 



2F m 

V Jt' (W/L ) 2 



subject to the constraint that ImRtn = IdiRd 2 - 



(3.232) 



3.5 6,7 Offset Voltage of the Source-Coupled Pair: Approximate Analysis 

The mismatch between any two nominally matched circuit parameters is usually small 
compared with the absolute value of that parameter in practice. As a result, (3.232) can he 
rewritten in a way that allows us to understand the contributions of each mismatch to the 
overall offset. 

Defining difference and average quantities in the usual way, we have 

A Id = Fd\ ~ F&i 



I D ™ 



Fd\ + Fdi 



2 



(3.233) 

(3.234) 
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A (W/L) = 


(W/Lh ~ (W/L) 2 


(3,235) 


(W/L) = 


(W/Lh + (W/L) 2 
2 


(3.236) 


AV, = 


Vn - v, 2 


(3.237) 


V, = 


Vt\ -h V 12 
2 


(3.238) 


A R l = 


Rl\ ~ Rl2 


(3.239) 


Rl = 


Ru + Rl2 
2 


(3.240) 



Rearranging (3.233) and (3,234) as well as (3,235) and (3,236) gives 



ln\ - Id + 



A !q 



hn — Id ~ 



Mr 



{With = (W/L) + A(W J L) (W/Lh = (WIL) - 



Substituting (3.237), (3.241), and (3.242) into (3.232) gives 
V c> s = AV, + 



2 (I D + M d !2) 



2 (J f} - M D i2) 



Rearranging (3.243) gives 



Vos = AV, + (V CS - V,) 



( 






1 + M d I2Id 



I + 



A (W/L) 

2 (WIL) \J 



1 - M d /2I d \ 
_ MWIL) 

2 (W/L) j 



(3.241) 

(3.242) 



k' [(WIL) + UWIL)12\ yj k' [(WIL) - A(W7L>/2] 



(3.243) 



(3.244) 



If the mismatch terms are small, the argument of each square root in (3,244) is approxi- 
mately unity. Using Jx ~ (1 + x)/2 when x — 1 for the argument of each square root in 
(3,244), we have 



Vos " AVf + 



(V GS ~Vt)l 1 + M d /2I d I - M d I2I d \ 
A (W/L) A (W/L) I 

* 2 (W/L)/ 



(3.245) 



2 (W/L) 

Carrying out the long divisions in (3.245) and ignoring terms higher than first order gives 

,, _ AI , . (Vcs ~ V,) (M d A(WIL)\ 

Vos ~ AV ( + — - (3.246) 



When the differential input voltage is Vqs> the differential output voltage is zero; therefore, 
Id\Ri.\ = anf l 



A/ d _ A/?/, 

~h ~ ~ rT 



(3.247) 



In other words, the mismatch in the drain currents must be equal and opposite the mismatch 
of the load resistors to set V$o = 0. Substituting (3.247) into (3.246) gives 



Vos ~ A V[ + 



(Ygs ~ 
2 



A R l _ A (W/L) 
(W/L) 



(3.248) 
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The first term on the right side of (3,248) stems from threshold mismatch. This mis- 
match component is present in MOS devices but not in bipolar transistors. This component 
results in a constant offset component that is bias-current independent. Threshold mis- 
match is a strong function of process cleanliness and uniformity and can be substantially 
improved by the use of careful layout. Measurements indicate that large-geometry struc- 
tures are capable of achieving threshold -mismatch distributions with standard deviations 
on the order of 2 mV in a modern silicon-gate MOS process. This offset component alone 
limits the minimum offset in the MOS case and is an order of magnitude larger than the 
total differential-pair offset in modem ion-implanted bipolar technologies. 

The second term on the right side of (3.248) shows that another component of the off- 
set scales with the overdrive V ov = (Vos ~ Vt) and is related to a mismatch in the load 
elements or in the device WIL ratio. Tn the bipolar emitter-coupled pair offset, the corre- 
sponding mismatch terms were multiplied by V T , typically a much smaller number than 
Vtfv/2. Thus source-coupled pairs of MOS transistors display higher input offset voltage 
than bipolar pairs for the same level of geometric mismatch or process gradient even when 
threshold mismatch is ignored. The key reason for this limitation is that the ratio of the 
iransconductance to the bias current is much lower with MOS Transistors than in the bipo- 
lar case. The quantities V T in (3.216) and ( V GS ~ V,}/2 - V ox J2 in (3.248) are both equal 
to Ibia^Sm for the devices in question. This quantity is typically in the range 100 mV to 
500 mV for MOS transistors instead of 26 mV for bipolar transistors. 

35.6.8 Offset Voltage Drift in the Source-Coupled Fair 

Offset voltage drift in MOSFET source-coupled pairs does not show the high correla- 
tion with offset voltage observed in bipolar pairs. The offset consists of several terms 
that have different temperature coefficients, Both V t and V ov have a strong temperature 
dependence, affecting Vos in opposite directions. The temperature dependence of V ov 
stems primarily from the mobility variation, which gives a negative temperature coeffi- 
cient to the drain current, while the threshold voltage depends on the Fermi potential. As 
shown in Section 1.5.4, the latter decreases with temperature and contributes a positive 
temperature coefficient to the drain current. The drift due to the AV t term in V os may 
be quite large if this term itself is large. These two effects can be made to cancel at one 
value of //>, which is a useful phenomenon for temperature-stable biasing of single-ended 
amplifiers. In differentia] amplifiers, however, this phenomenon is not greatly useful be- 
cause differential configurations already give first-order cancellation of V G s temperature 
variations. 

3. 5.6.9 Small-Signal Characteristics of Unbalanced Differential Amplifiers 11 

As mentioned in Section 3.5,4, the common-mode-to-differential-mode gain and 
differcntial-mode-to-common-mode gain of unbalanced differential amplifiers are 
nonzero. The direct approach to calculation of these cross-gain terms requires analy- 
sis of the entire small-signal diagram. In perfectly balanced differential amplifiers, the 
cross-gain terms are zero, and the differential-mode and common-mode gains can be 
found by using two independent half circuits, as shown in Section 3.5.5. With imperfect 
matching, exact half-circuit analysis is still possible if the half circuits are coupled in- 
stead of independent. Furthermore, if the mismatches are small, a modified version of 
half-circuit analysis gives results that are approximately valid. This modified half-circuit 
analysis not only greatly simplifies the required calculations, but also gives insight about 
how to reduce A cm - d m and cm in practice. 

First consider a pair of mismatched resistors R\ and shown in Fig. 3.63. Assume 
that the branch currents are q and is, respectively. From Ohm's law, the differential and 
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Figure 3.63 A pair of mismatched resistors. 



common-made voltages across the resistors can be written as 

Vd = Vi - v 2 = i\R\ - hRi 



and 



v c = 



V\ -h V 2 _ i\R\ + 12^2 
2 2 



(3.249) 

(3.250) 



Define id = i\ - i 2 , i c - (0 + h)!2, A R = R\_ - R 2 , and R = (R\ + R 2 )i 2. Then (3.249) 
and (3.250) can be rewritten as 



and 



v f / - 



+ y U + 



A R 

2 



2 




— ijR -h / r (Ay?) 



(3.251) 



v £ - 








^ (A R) 
4 



(3.252) 



These equations can be used to draw differential and common-mode half circuits for 
the pair of mismatched resistors. Since the differential half circuit should give half the 
differential voltage dropped across the resistors, the two terms on the right-hand side of 
(3.25 1 ) are each divided by two and used to represent one component of a branch voltage of 
t f d/'2. The differential half circuit is shown in Fig. 3.64a. The first component of the branch 
voltage is the voltage dropped across R and is half the differential current times the average 
resistor value. The second component is the voltage across the dependent voltage source 
controlled by the current flowing in the common-mode half circuit and is proportional to 
half the mismatch in the resistor values. The common-mode half circuit is constructed 
from (3.252) and is shown in Fig. 3.64 b. Here the total branch voltage v c is the sum of the 
voltages across a resistor and a dependent voltage source controlled by the current flowing 
in the differential hall circuit. In the limiting case where Atf = 0, the voltage across each 





Figure 3,64 (a) Differential and 
tb) common -mode half circuits 
for a pair of mismatched resistors. 
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Figure 3,65 A pair of mismatched voliagc-conlrolicd current 
sources. 



dependent source in Fig. 3,64 is zero, and each half circuit collapses to simply a resistor of 
value R, Therefore, the half circuits are independent in this case, as expected. In practice, 
however, A R ^ 0, and Fig, 3,64 shows that the differential voltage depends not only on 
the differential current, but also on the common-mode current. Similarly, the common- 
mode voltage depends in part on the differential current. Thus the behavior of a pair of 
mismatched resistors can be represented exactly by using coupled half circuits. 

Next consider a pair of mismatched voltage- control led current sources as shown in 
Fig. 3.65. Assume that the control voltages are vi and v 2 , respectively. Then the differential 
and common-mode currents can be written as 



and 



id = 12 = “ gmiv 2 



= [gm + 









V<1 

Vr - ~2 






(3.253) 






* 1 + *2 = gm2^2 

2 ” T 




gm^r 4 



b gmVd 

4 



&8m 

2 



v £ . 



Vd\ 



(3.254) 



where v d = v { - v 2 , iv = (v L + v 2 )/2, A g m = g ml - g m2 , and g m = (g ml + g m2 )tl. 

The corresponding differential and common-mode half circuits each use two voltage- 
controlled current sources, as shown in Fig, 3.66, In each case, one dependent source 



2 T 





2 



(«) 



v (f 

~2~ ~2 

Figure 3.66 (a) Differential 
and (b) common-mode half cir- 
cuits for a pair of mismatched 
voltage- control led current 




sources. 




3.5 Differential Pairs 241 



is proportional to the average tiansconductance and the other to half the mismatch in 
the transconductances, With perfect matching, the mismatch terms are zero, and the two 
half circuits arc independent. With imperfect matching, however, the mismatch terms are 
nonzero. In the differentia] half circuit, the mismatch current source is controlled by the 
common-mode control voltage* In the common-mode half circuit, the mismatch current 
source is controlled by half the differential control voltage. Thus, as for mismatched re- 
sistors, the behavior of a pair of mismatched voltage-controlled current sources can be 
represented exactly by using coupled half circuits. 

With these concepts in mind, construction of the differential and common-mode half 
circuits of unbalanced differential amplifiers is straightforward. In the differential half 
circuit, mismatched resistors arc replaced by the circuit shown in Fig. 3.64a, and mis- 
matched voltage-controlled current sources are replaced by the circuit in Fig. 3.66m Sim- 
ilarly, the circuits shown in Fig, 3*64 b and Fig. 3.66 b replace mismatched resistors and 
voltage-controlled current sources in the common-mode half circuit. Although mismatches 
change the differential and common-mode components of signals that appear at various 
points in the complete unbalanced amplifier, the differential components are still equal 
and opposite while the common-mode components arc identical by definition* Therefore, 
small-signal short and open circuits inducedby the differential and common-mode signals 
are unaffected by these replacements. 

For example, the differential and common-mode half eireuits of the unbalanced dif- 
ferential amplifier shown in Fig. 3*67 arc shown in Fig. 3.68* KCL at the output of the 
differential half circuit in Fig. 3,68a gives 



2 



+ ^T + ~ V = 0 



(3.255) 



KCL at the output of the common-mode half circuit in Fig. 3,68& gives 

A#™ v f a 



KmV + 



2 2 



+ tRc = 0 



Also, KVL around the input loop in the common-mode half circuit gives 

V = Vf C — V'raii = Vic "I" il 

Substituting (3,257) into (3.256) and rearranging gives 



iRc = 



gmVic + 



Vjd 



1 2 tail 



(3.256) 

(3.257) 



(3.258) 




Figure 3.67 The small-signal dia- 
gram of an unbalanced differential 
amplifier. 




242 Chapter 3 ■ Single-Transistor and Multiple-Transistor Amplifiers 





Figure 3.63 (a) Differential and (b) 
common-mode half circuits of the dif- 
ferential amplifier shown in Fig. 3.67. 



Substituting (3.257) and (3.258) into (3.255) and rearranging gives 



tRrf 

2 " 



'Km + 






Ag f 



1 



+ V/£ 



^8 (ft 

~r 



2 1 + 2g in ?XQ ii 



From KVL in the R branch in the differential hall circuit in Fig. 3.68a, 



1 J od _ . &R i/id 

T ~ lR( 2 + T* 



Substituting (3.258) and (3 259) into (3.260) and rearranging gives 

Vod ~ A ( fmVid + Aan-tftftVjf 

where A iim and A cm -dm ate 



A , - 0Ci 

rt-dm — 

Af-m-fint — 



Vtri 

Vui 

Vod 



— —g, n R + 



\r r P Ag m AR 



v, ( -o 



1 + '2g m r xsa 

g,„AR + 



v,, ; -o \ ^ 2g ni r la n j 

From KVL in the R branch in the common-mode half circuit in Fig. 3.68£, 



(3.25 



(3.26 



(3.26 



(3.26 

(3.26 
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Substituting (3.258) and (3,259) into (3.264) and rearranging gives 

v oc = + A ctn Vi C 

where and A. C}n are 

v r)C 

v it =o 



Arftn—crtt 



Vid 






gfffAR H- 



1 + 2 gmr^i 



A/.'fM 



V nr 



V lt : 



gmR + 



A g m &R' 
2 2 






1 lail 



(3,265) 



(3.266) 



(3.267) 



The calculations in (3.255) through (3,267) are based on the half circuits in Fig. 3.68 
and give exactly the same results as an analysis of the entire differential amplifier shown 
in Fig. 3,67, Because the half circuits are coupled, however, exact half-circuit analysis 
requires the simultaneous consideration of both half circuits, which is about as complicated 
as the direct analysis of the entire original circuit. 

In practice, the mismatch terms are usually a small fraction of the corresponding av- 
erage values. As a result, the dominant contributions to the differential signals that con- 
trol the mismatch generators in the common-mode half circuit stem from differential in- 
puts. Similarly, the dominant part of the common-mode signals that control the mismatch 
generators in the differential half circuit arise from common-mode inputs. Therefore, we 
will assume that the signals controlling the mismatch generators can be found approxi- 
mately by analyzing each half circuit independently without mismatch. The signals that 
control the mismatch generators in Fig. 3,68 are 2, v, and v^/2. We will find ap- 

proximations to these quantities, i& c , v> and v^/2 using the half circuits shown in 
Fig. 3.69, where the inpuLs arc the same as in Fig, 3.68 but where the mismatch terms 
are set equal to zero. By ignoring the second-order interactions in which the mismatch 
generators influence the values of the control signals, this process greatly simplifies the 
required calculations, as shown next. 
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Figure 3.69 (a) Differ- 
ential and ( b ) common- 
mode half circuits of 
the differential ampli- 
fier shown in Fig. 3.67 
with mismatch terms set 
equal to zero. 




244 Chapter 3 ■ Single-Transistor and Multiple-Transistor Amplifiers 



From inspection of the differential half circuit in Fig. 3.69a, 



v id _ Vid 
2 2 



From the common-mode half circuit in Fig. 3.696, 



V = v ic - gmV (2r tai |) = 



i 4 2g m K tail 



Therefore, 



gmVic 

1 4 2g m r t a j] 



(3.271) 



Now reconsider the differential half circuit with mismatch shown in Fig. 3.68a. As- 
sume that ix c =* i Ra and v ^ v. Then 



( SmVic \ Vjd R _Agm ^ 

2 V 1 + m 2 2 1+ 2g m r^n 



(3.272) 



From (3.272), 



^4/J nt — 






(3.273) 



Acm—tim 



g m AR + A g m R 

1 + 2g, n r t aii 



(3.274) 



Equation 3.274 shows that the ratio Ad m IA cm dm is approximately proportional to 1 + 
2gmT\mi* Also, (3.274) agrees exactly with (3.263) in this case because the g m generator 
in Fig, 3.68a is controlled by a purely differential signal. In other examples, the common- 
mode-to-differential-modc gain calculated in this way will be only approximately correct. 

Now reconsider the common-mode half circuit with mismatch shown in Fig. 3.686 
and assume that i R d = . From KCL at the tail node. 



„ ~ („ „ , A S m Vid\ ,, 

v tai] [ gm v + 2 J ^ r Lllil 



(3.275) 



Then 



V — Viaii — 



Ag m V id 

v ic 2 ™2 



1 + 2 g w r la ji 



(3.276) 



From KCL at the output node in Fig. 3.686, 



V fir - - 



iRd AR^ 

ix +8 , [v+ l*^„ 



(3.277) 



Assume that — i Rd . Substituting (3.269) and (3.276) into (3.277) and rearranging gives 
i> - IL APx A SmR §>nR 






(3.278) 
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From (3.278). 



Adm- cm 



_ 1 ( Q a i) I 

4 1 + 2 g m r tm[ 



(3.279) 






Vi « lv w -0 



SmR 

1 4 



(3.280) 



These equations show that increasing the degeneration to common-mode inputs repre- 
sented by the quantity 1 4 2g m r tai ] reduces the magnitude of A cm -</ m , A dm - rm , and A,, m . 
As r tail « in this case, A t . m _ f/m -► 0 and A CfH -* 0. On the other hand, A 4m - cm does 
not approach zero when r tai i becomes infinite. Instead, 

lim Ad m -cm — -^4? (3.281) 

riaii-** 4 



(3.281) 



With finite and mismatched transistor output resistances, A cm - dfn also approaches a 
nonzero value as r til ii becomes infinite. Therefore, r T aii should be viewed as an impor- 
tant parameter because it reduces the sensitivity of differential pairs to common-mode 
inputs and helps reduce the effects of mismatch. However, even an ideal tail current 
source does not overcome all the problems introduced by mismatch. In Chapter 4, we will 
consider transistor current sources for which r til n can be quite large. 

EXAMPLE 

Consider the unbalanced differential amplifier in Fig. 3.67. Assume that 

Sm i = 1.001 mA/V g m2 = 0.999 mA/V 

R } = 101 kfl Ri = 99 kfl r Tail = 1 MO 

Find A cm , A t and A dtn - cm . 

Calculating average and mismatch quantities gives 

grn\ + gm 2 _ , _ rt „ - nnm mA 

gw — 2 ” V ^8m £hi! gm2 0.UU2 ^ 



+ Ri 



From (3.269) 



From (3.271) 



= 100 kQ AR = R\ - R 2 = 2 kfl 



'[Rd_ = = v/j 

2 1 V " 2 2 k fl 



l Re - 



„ mA 

1 ^r V|e _ _ Vic 

1+2 ( L)( 1000) 2001 kO 



From (3.273), (3.274), (3.279), and (3.280), 

A dm « -1 (100) = -100 

1 ( 2 ) + 0 . 002 ( 100 ) 



Af-nt— 



cm— dm 



1 + 2 ( 1 )( 1000 ) 



- - 0.001 1 
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Ad/n-cm ~~ ^ M (2) + j + ^ 



0.002(100) \ 
(l)(1000)j ^ 



A cn 



1 ( 100 ) 



1 + 2 ( 1 )( 1000 ) 



- -0.05 



APPENDIX 

A.3.1 ELEMENTARY STATISTICS AND THE GAUSSIAN DISTRIBUTION 



From the standpoint of a circuit designer, many circuit parameters are best regarded as 
random variables whose behavior is described by a probability distribution* This view is 
particularly important in the case of a parameter such as offset voltage* Even though the 
offset may be zero with perfectly matched components, random variations in resistors and 
transistors cause a spread of offset voltage around the mean value, and the size of this 
spread determines the fraction of circuits that meet a given offset specification. 

Several factors cause the parameters of an integrated circuit to show random varia- 
tions. One of these factors is the randomness of the edge definition when regions are de- 
fined to form resistors and active devices. In addition, random variations across the wafer 
in the diffusion of impurities can be a significant factor. These processes usually give rise 
to a Gaussian distribution (sometimes called a normal distribution) of the parameters, A 
Gaussian distribution of a parameter x is specified by a probability density function p(x) 
given by 



P(x) = . — exp 

y/hrfj 



(x — m) 1 
2<x 2 



(3*282) 



where <r is the standard deviation of the distribution and m is the mean or average value 
oi x . The significance of this function is that, for one particular circuit chosen at random 
from a large collection of circuits, the probability of the parameter having values between 
x and (A + dx) is given by p{x)dx y which is the area under the curve p(x) in the range 
x to (■* + dx). For example, the probability that x has a value less than X is obtained by 
integrating (3.282) to give 



P(x < X) 



rX 

p(x) dx 

J — X 



(3.283) 



dx ( 3 . 284 ) 

In a large sample, fraction of circuits where x is less than X will be given by the 
probability P(x < X), and thus this quantity has real practical significance. The probability 
density function p(x) in (3.282) is sketched in Fig. 3.70 and shows a characteristic bell 
shape* The peak value of the distribution occurs when x = m, where m i s the mean value of 
x. The standard deviation y is a measure of the spread of the distribution, and large values 
of y give rise to a broad distribution. The distribution extends over -® < x as 

shown by (3.282)^ but most of the area under the curve is found in the range x — m ± 3a, 
as will he seen in the following analysis, 

The development thus far has shown that the probability of the parameter x having 
values in a certain range is just equal to the area under the curve of Fig* 3*70 in that range. 



x 



Jliu 



exp 



77 tT 
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Figure 3.70 Probability density function p(x) for a Gaussian distribution with mean value m and 
standard deviations. p(x) = exp[-(x - m) z A2<r 2 )]/( 



Since x must lie somewhere in the range ±oo* the total area under the curve must be unity, 
and integration of (3.282) will show that this is so. The most common specification of 
interest to circuit designers is the fraction of a large sample of circuits that lies inside a 
band around the mean. For example, if a circuit has a gain x that has a Gaussian distribution 
with mean value 100, what fraction of circuits have gain values in the range 90 to 1 10? 
This fraction can be found by evaluating the probability that x takes on values in the range 
x = m ± 10 where m = 100. This probability could be found from (3.282) if <t is known 
by integrating as follows: 



P{m 



10 < x < m + 10) = 



‘wt+10 j 

— e^p 

,m-U) 



(x — m) 2 

liT 1 



dx 



(3.285) 



This equation gives the area under the Gaussian curve in the range x — m ± 10. 

To simplify calculations of the kind described above, values of the integral in (3.285) 
have been calculated and tabulated. To make the tables general, the range of integration 
is normalized to a to give 

r n j + far j 

P(m — k<r < x < m 4- ktj) — exp 

Jm-kxr v 27T<7 



(jc - in ) 2 
2& 2 



dx (3.286) 



Values of this integral for various values of k are tabulated in Fig. 3,71 . This table shows 
that/* = 0,683 for£ = 1 and thus 68.3 percent of a large sample of a Gaussian distribution 
lies within a range x = m ± cr. For k = 3, the value of P — 0.997 and thus 99.7 percent 
of a large sample lies within a range x = m ± 3cr. 

Circuit parameters such as offset or gain often can be expressed as a linear combination 
of other parameters as shown in (3.216) and (3.248) for offset voltage. If all the parameters 
arc independent random variables with Gaussian distributions, the standard deviations and 
means can be related as follows. Assume that the random variable jc can be expressed in 
terms of random variables a, b, and c using 



x = a + b — c 



(3.287) 
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Then it can be shown that 

m x = m a + mb ~ m c (3.288) 

+ <r 2 b + ^ (3.289) 

where m x is the mean value of x and a x is the standard deviation of .v, Equation 3.289 
shows that the square of the standard deviation of^ is the sum of the square of the standard 
deviations of a, and c. This result extends to any number of variables. 

These results were treated in the context of the random variations found in circuit 
parameters. The Gaussian distribution is also useful in the treatment of random noise, as 
described in Chapter 1 1 . 

■ EXAMPLE 

The offset voltage of a circuit has a mean value of m = 0 and a standard deviation of 
& = 2 mV. What fraction of circuits will have offsets with magnitudes less than 4 mV? 

A range of offset of ±4mV corresponds to ±2o\ From Fig. 3.71, we find that the area 
under the Gaussian curve in this range is 0,954, and thus 95,4 percent of circuits will have 

■ offsets with magnitudes less than 4 mV. 



Area under the Gaussian curve 
k, in the range m ± kcr 



0,2 


0.L59 


0,4 


0.311 


0.6 


0.451 


0,8 


0,576 


1.0 


0,683 


1.2 


0.766 


1.4 


0,838 


1.6 


0.890 


1.8 


0.928 


2.0 


0.954 


2.2 


0.972 


2.4 


0.984 


2,6 


0.991 


2.8 


0.995 


3.0 


0,997 



Figure 3,71 Values of the integral in (3.286) for various values of k. This integral gives the area 
under the Gaussian curve of Fig. 3.70 in the range x = r for. 



PROBLEMS 

For the npn bipolar transistors in these 
problems, use the high-voltage bipolar device 
parameters given in Fig, 2.30, unless other- 
wise specified. 

3.1 Determine the input resistance, transeon- 
ductance, and output resistance of the CE ampli- 



fier of Fig. 3.7 if R c = 20 kil and I c = 250 p,A. 
Assume that r b = 0. 

3.2 ACE transistoris to be used in the amplifier 
of Fig, 3.72 with a source resistance R s and collec- 
tor resistor R c . First, find (he overall small-signal 
gain vjvi as a function of R s , V A , and the 
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co I lector cu rrent ! c .Next, determi ne the value o f dc 
collector bias current I c that maximizes the small- 
signal voltage gain. Explain qualitatively why the 
gain falls at very high and very low collector cur- 
rents. Do not neglect r 0 in this problem. What is 
the voltage gain at the optimum If l Assume that 
r h = 0. 




3.3 Assume that R$ - R c - 50 kD in Prob- 
lem 3.2, and calculate the optimum I c > What is 
the dc voltage drop across /?<-? What is the voltage 
gain? 

3.4 For the common- source amplifier of Fig, 

3.12, calculate the small-signal voltage gain and the 
bias values of Vfi and V 0 at the edge of the triode re- 
gion. Also calculate the bias values of Vi and V ft 
where the small-signal voltage gain is unity with 
the transistor operating in the active region. What 
is the maximum voltage gain of this stage? Assume 
Vdd = 3 V, R d = 5 kD, = 200 jjlA/V 2 , 

W = 10 p-m, E = 1 Lxm, V r = 0,6 V, and A = 0. 
Check your answer with SPICE. 

3.5 Determine the input resistance, transcon- 
ductance, and output resistance of the CB ampli- 
herofFig. 3.15 if / r = 250 p,A and R c = 10 kO, 
Neglect Fb and r v , 

3.6 Assume that is made large compared 
with r v in the CB amplifier of Fig. 3.15. Use- the 
equivalent circuit of Fig. 3.17 and add r (! between 
the input (emitter terminal) and the output (collec- 
tor terminal) to calculate the output resistance when 

(a) The amplifier is driven by an ideal current 
source. 

<b) The amplifier is driven by an ideal voltage 
source. Neglect r^. 

3.7 Determine the input resistance of the CG 
amplifier of Fig. 3.19 if the transistor operates 
in the active region with Id = 100 |jlA. Let 



R D = 10 kfi, p a C ox - 200 p.A/V 2 , A = 
0.01 V -1 , VV = 100 jam, and L - 1 pun. Ignore 
the body effect. Repeat with Rd = 1 Mfl, If the 
100 p,A current flows through Rd in this case, a 
power-supply voltage of at least 100 V would be 
required. To overcome this problem, assume that 
an ideal 100 -jjlA current source is placed in parallel 
with Rd here. 

3.8 Determine the input resistance, voltage 
gain and output resistance of the CC ampli- 
fier of Fig. 3.23a if R s = 5 kft, R L = 500 n, and 
Ic ~ 1 mA, Neglect Yb and r () . Do not include Rs 
in calculating the input resistance. In calculating 
the output resistance, however, include Ri. Include 
both Rs and /?/. in the gain calculation. 

3.9 For the common-drain amplifier of Fig. 
3.73, assume WfL = 10 and A = 0. Use Table 2.2 
for other parameters. Find the dc output voltage V 0 
and the small-signal gain vjvt under the following 
conditions: 

(a) Ignoring the body effect and with R « 

(b) Including the body effect and with R — ► 

(c) Including the body effect and with R = 
100 kD 

<d) Including the body effect and with R = 
10 kfi 



F,,„ = 5V 




3.10 Dcierminc the dc collector currents in 
Q\ and £> 2 * and then the input resistance and 
voltage gain for the Darlington emitter follower 
of Fig. 3,74, Neglect r#, rj>, and r v . Assume that 

= 0,7 V, Check your answer with SPICE 
and also use SPICE to determine the output resis- 
tance of the sLage. 

3.11 Calculate the output resistance r \ j of the 
common-emitter Darlington transistor of Fig, 3.75 
as a function of Trias- Do not neglect either r () \ or 
r 0 2 in this calculation, but you may neglect r t, and 
r^. If Ic 2 = 1 mA, what is rj.; for /bias = 1 mA? 

For /bias = 0 ? 
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V cc = 10 V 




Figure 3.74 Circuit for Problem 3,10. 




3.12 A BiCMOS Darlington is shown in Fig. 

3.76. The bias voltage V s is adjusted for a do output 
voltage of 2 V. Calculate the bias currents in both 
devices and then calculate the small-signal volt- 
age gain vjv t of the circuit. For the MOS transis- 
tor, assume W = 10 jam, L = 1 jam, = 

200 julA/V' 2 , V r = 0.6 V,y = 0.25 V 1 * <f> f = 
0,3 V, and A = 0. For the bipolar transistor, assume 
Is = 10 ]ff A, = 100, Th = 0, and V A -+ «. 
Use SPICE to check your result. Then add A = 
0.05 V"\ r b = 100 n, and V A = 20 V and com- 
pare the original result to the result with this new 
transistor data. Finally, use SPICE to compute the 
dc transfer characteristic of the circuit. 

3.13 Determine the input resistance, transcon- 
ductance, output resistance, and maximum open- 
circuit voltage gain for the CE-CB circuit of Fig, 

3.36 if /tu = k:i = 250 p,A. 

3.14 Determine the input resistance, transcon- 
ductance, output resistance, and maximum open- 
circuit voltage gain for the CS-CG circuit of Eig, 
3,38 if I Ln = I D2 = 250 p. A, Assume W/L = 100, 
A - 0. 1 V 1 , and x = 0.1 . Use Tabic 2.2 for other 
parameters. 

3.15 Find the output resistance for the active- 
cascode circuit of Fig. 3.77 excluding resistor R. 



Vcc-3V 




Figure 3.76 BiCMOS Darlington circuit for Prob- 
lem 3.12. 



Assume that all the transistors operate in the active 
region with dc drain currents of 100 p,A. Use the 
transistor parameters in Tabic 2.4. Ignore the body 
effect. Assume VP = 10 jam. La,- wn = 0.4 p,m, and 
X d = 0. 1 [am for all transistors. Check your answer 
with SPICE. 



Vnn 




Figure 3.77 Active-cascode circuit for Problem 
3.15. 

3.16 Find the short-circuit transeonduetancc of 

the super-source follower shown in Fig, 3,43. As- 
sume /] - 200 \xA , = 100 jrA, W\ = 30 |am, 

and W 2 = 10 |am. Also, assume that both transis- 
tors operate in the active region, and ignore the body 
effect. Use the transistor parameters in Table 2 A 
Assume - 0.4 jam and Xj = 0. lp.ni for all 
transistors. 

3.17 A BiCMOS amplifier is shown in Fig, 
3,78. Calculate the small-signal voltage gain vjvj. 
Assume Is = 10“ A, j3 f = 100, r b = 0, V A -* 

tt n C 0X = 200 fxA/V 2 , V ; - 0.6 V, and A = 
0. Check your answer with SPICE and then use 
SPICE to investigate the effects of velocity sat- 
uration by including source degeneration in the 




Problems 251 



5 V 




MOS transistors as shown in Fig. 1.41 using = 
1.5 X It} 6 V/m. 

3.18 Determine the differential-mode gain, 
common- mode gain, differential-mode input resis- 
tance, and common-mode input resistance for the 
circuit of Fig. 3.45 with /| A il = 20 [xA, y? TA1L = 
10 Mfi, R c = 100 kfl, and V hk = V cc = 5 V. 
Neglect r ht r (7t and Calculate the CMRR. Check 
with SPICE and use SPICE to investigate the ef- 
fects of adding nonzero r t7 and finite V A as given in 
Fig. 2.30. 

3.19 Repeat Problem 3. IS, but with the addi- 
tion of emitter-degeneration resistors of value 4 kfl 
each. 

3.20 Determine the overall input resistance, 
voltage gain, and output resistance of the CC-CB 



V i:(: = +15 V 




Figure 3.79 Circuit for Problem 3.20. 



connection of Fig. 3.79. Neglect /■„, and n,. Note 
that the addition of a 10-k fl resistor in the collec- 
tor of Q\ would not change the results, so that the 
results of the cmittcr-couplcd pair analysis can be 
used. 

3.21 Use half-circuit concepts to determine the 
differential-mode and common- mode gain of the 
circuit shown in Fig. 3.80. Neglect r t » and r^. 
Calculate the differential-mode and common-mode 
input resistance. 



+V'cc 




Figure 3.80 Circuit for Problem 3. 21. 

3.22 Consider the circuit of Fig. 3.80 except 
replace both npn transistors with n-channcl MOS 
transistors. Neglect the body effect, and assume 
A = 0. Use half-circuit concepts to determine the 
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differential-mode and common-mode gain of this 
modified circuit. 

3.23 Design an emitter-coupled pair of the type 
shown in Fig. 3.53a, Assume J TA 1L = 0 and select 
values of R c and Rjail Lo give a differenlial in- 
put resistance of 2 Mfi, a differential voltage gain 
of 500, and a CMRR of 500. What are the mini- 
mum values of V C c and V EE that will yield this 
performance while keeping the transistors biased 
in the forward-active region under zero-signal con- 
ditions? Assume that the do common-mode input 
voltage is zero, Neglect r h? r^, and r 0 , 

3.24 Determine the required bias current and 
device sizes to design a source-couplcd pair to have 
the following two characteristics. Firsl, the small- 
signal transconductancc with zero differential input 
voltage should be 1.0 mA/V. Second, a differential 
input voltage of 0.2 V should result in a differential 
output current of 85 percent of the maxi mum value. 
Assume that the devices are ^-channel transistors 
that are made with the technology summarized in 
Table 2.4. Use a drawn device channel length of 
1 pm. Neglect channel-length modulation, and as- 
sume Xj = 0. 
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/tail - 50 pA. The drawn device dimensions are 
W - 10 pan and L = 1 pm. Use the process pa- 
rameters given in Table 2.4. Assume that the worst- 
ease WfL mismatch is 2 percent and the device 
thresholds are identical. Also assume that X ( { = (> f 
^tajl ™ and the load resistors are identical. 

3.27 Use half-circuit analysis to determine 
? A cin and Atim-cm for a resistivcly 

loaded differential pair with mismatched resistive 
loads, R] and R 2 . Assume that Ri = 10.1 kfl and 
Ri = 9.9 kfl. Also assume that g m[ = g m2 = 

1 mA/V, r fA and r o2 Finally, assume 

that the equivalent resistance of the tail current 
source r tai i = 1 MO. 

3.2B Repeat Problem 3.27 but wilh matched 
loads and mismatched tran sister oulpu ires i stances. 
Assume Rj = R 2 = 10 kO, r,- A = 505 kfl, and 
r 0 2 = 495 kfl. What happens when »? 



8. B. J. Hosticka. “Improvement of the Gain 
of MOS Amplifiers/ 1 IEEE Journal of Solid-State 
Circuits , Vol. SC-14, pp. 1111-1114. December 
1979. 

9. E. Saekinger and W. Cuggenbuhl, “A High- 
Swing, High-Impedancc MOS Cascodc Circuit/' 
IEEE Journal of Solid-State Circuits, Vol. 25, pp. 
289-298, February 1990. 

10. A. D. Blumlcin. “Improvements in or re- 
lating to Thermionic Valve Amplifying Circuit Ar- 
rangements/’ British Patent 482,740, July, 1936. 

11. R. D. Middlebrook. Differential Amplifiers. 
Wiley, New York, 1963. 

12. L. J. Giacoletto. Differenlial Amplifiers. 
Wiley, New York, 1970. 

13. G. Erdi. “A Low-Drift, Low-Noise Mono- 
lithic Operational Amplifier for Low Level Sig- 
nal Processing/ 1 Fairchild Semiconductor Applica- 
tions Brief No. 136, July 1969. 




CHAPTER 

Current Mirrors, Active Loads, 
and References 



4.1 Introduction 

Current mirrors made by using active devices have come to be widely used in analog inte- 
grated circuits both as biasing elements and as load devices for amplifier stages. The use 
of current mirrors in biasing can result in superior insensitivity of circuit performance to 
variations in power supply and temperature. Current mirrors are frequently more economi- 
cal than resistors in terms of the die area required to provide bias current of a certain value, 
particularly when the required value of bias current is small. When used as a load element 
in transistor amplifiers, the high incremental resistance of the current mirror results in high 
voltage gain at low power-supply voltages. 

The first section of this chapter describes the general properties of current mirrors and 
compares various bipolar and MOS mirrors to each other using these properties, The next 
section deals with the use of current mirrors as load elements in amplifier stages. The last 
section shows how current mirrors are used to construct references that arc insensitive to 
variations in supply and temperature. Finally, the appendix analyzes the effects of device 
mismatch. 



4.2 Current Mirrors 
4.2.1 General Properties 

A current mirror is an element with at least three terminals, as shown in Fig. 4.1 . The 
common terminal is connected to apower supply, and the input current source is connected 
to the input terminal. Ideally, the output current is equal to the input current multiplied by a 
desired current gain. If the gain is unity, the input current is reflected to the output, leading 
to the name current mirror. Under ideal conditions, the current-mirror gain is independent 
of input frequency, and the output current is independent of the voltage between the output 
and common terminals. Furthermore, the voltage between the input and common terminals 
is ideally zero because this condition allows the entire supply voltage to appear across the 
input current source, simplifying its transistor-level design. More than one input and/or 
output terminals are sometimes used. 

In practice, real transistor-level current mirrors suffer many deviations from this ideal 
behavior. For example, the gain of a real current mirror is never independent of the input 
frequency. The topic of frequency response is covered in Chapter 7, and mainly dc and 
low-frequency ac signals are considered in the rest of this chapter. Deviations from ideality 
that will be considered in this chapter arc listed below. 

1. One of the most important deviations from ideality is the variation of the current- 
mirror output current with changes in voltage at the output terminal. This effect is 
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Figure 4. 1 Current- mirror block dia- 
grams referenced to (a) ground and (b) 
the positive supply. 



characterized by the small-signal output resistance, R 01 of the current mirror, A Norton- 
equivalent model of the output of the current mirror includes R 0 in parallel with a cur- 
rent source controlled by the input current. The output resistance directly affects the 
performance of many circuits that use current mirrors. For example, the common-mode 
rejection ratio of the differential amplifier depends dirccily oil this resistance, as does 
the gain of' the active-load circuits. Increasing the output resistance reduces the depen- 
dence of the output current on the output voltage and is therefore desirable. Generally 
speaking, the output resistance increases in practical circuits when the output current 
decreases. Unfortunately, decreasing the output current also decreases the maximum 
operating speed. Therefore, when comparing the output resistance of two current mir- 
rors, they should be compared at identical output currents. 

2. Another important error source is the gain error, which is the deviation of the gain of 
a currcnL mirror from its ideal value. The gain error is separated into two parts: (1 ) the 
systematic gain error and (2) the random gain error. The systematic gain error, er, is 
the gain error that arises even when all matched elements in the mirror are perfectly 
matched and will be calculated for each of the current mirrors presented in this section. 
The random gain error is Lhe gain error caused by unintended mismatches between 
matched elements. 



3. When the input current source is connected to the input terminal of areal current mirror, 
it creates a positive voltage drop, Uin, that reduces the voltage available across the 
input current source. Minimizing 1% is important because it simplifies the design of 
the input current source, especially in low-supply applications. To reduce V iN , current 
mirrors sometimes have more than one input terminal. In that case, we will calculate 
an input voltage for each input terminal. An example is the MGS high-swing caseode 
current mirror considered in Section 4.2.5. 
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4. A positive output voltage, Vout* is required in practice to make the output current de- 
pend mainly on the input current. This characteristic is summarized by the minimum 
voltage across the output branch, VouT(min> fhat allows the output device(s) to operate 
in the active region. Minimizing VouT(mir) maximizes the range of output voltages for 
which the current-mirror output resistance is almost constant, which is important in ap- 
plications where current mirrors are used as active loads in amplifiers (especially with 
low power-supply voltages). This topic is covered in Section 4.3. When current mirrors 
have more than one output terminal, each output must be biased above its louTfmmj t0 
make the corresponding output current depend mainly on the input current. 

In later sections, the performance of various current mirrors will be compared to each other 
through these four parameters: R 0i e, and Vour(min)- 



4.2.2 Simple Current Mirror 

4.2.2. 1 Bipolar 

The simplest form of a current mirror consists of two transistors. Fig. 4.2 shows a bipolar 
version of this mirror. Transistor Q\ is diode connected, forcing its collector-base voltage 
to zero. In this mode, the collector-base junction is off in the sense that no injection takes 
place there, and Q v operates in the forward- active region. Assume that Q 2 also operates 
in the forward-active region and that both transistors have infinite output resistance. Then 
/out is controlled by V BE2 , which is equal to V BE \ by KVL. A KVL equation is at the 
heart of the operation of all current mirrors. Neglecting junction leakage currents, 

V BE2 = V T In = V n e\ = Vr In ^ (4.1) 

*S2 *S\ 

where Vj- = kTIq is the thermal voltage and Isi and fo are the transistor saturation cur- 
rents. From (4.1), 



ki = t^/ci (4.2) 

*s\ 

If the transistors are identical, I S] = 1 S2 and (4.2) shows that the current flowing in the 
collector of Q i is mirrored to the collector of Q 2 * KCL at the collector of Q\ yields 

/ra - /ci -£-jg = 0 (4 - 3) 



V«: 




Figure 4.2 A simple bipolar current 
mirror. 
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Therefore, with identical transistors, 

^OUT = At2 = f C\ = ( 4 - 4 ) 

1 + Jf 

If 0f is large, the base currents are small and 

fellT = /ci — ^IN ( 4 ’5) 

Thus for identical devices Q\ and Q 2 , the gain of the current mirror is approximately unity, 
This result holds for both dc and low-frequcncy ac currents. Above the 3-dB frequency of 
the mirror, however, the base current increases noticeably because the impedance of the 
base-emitter capacitance decreases, reducing the gain of the current mirror. Frequency 
response is studied in Chapter 7, The rest of this section considers dc currents only. 

In practice, the devices need not be identical. Then from (4.2) and (4.3), 



/out = g/ci ^ (I^in 



I 



1 4- 



1 + (hilh]) 



(4.6) 



When I $2 = /si, (4.6) is the same as (4.4). Since the saturation current of a bipolar tran- 
sistor is proportional to its emitter area, the first term in (4.6) shows that the gain of the 
current mirror can be larger or smaller than unity because the emitter areas can be ratioed. 
If the desired current-mirror gain is a rational number, MIN , the area ratio is usually set by 
connecting M identical devices called units in parallel to form Q 2 and N units in parallel 
to form Qi to minimize mismatch arising from lithographic effects in forming the emit- 
ter regions. However, area ratios greater than about five to one consume a Large die area 
dominated by the area of the larger of the two devices. Thus other methods described in 
later sections are preferred for the generation of large current ratios. The last term in (4,6) 
accounts for error introduced by finite ■. Increasing lsi^s\ increases the magnitude of 
this error by increasing the base current of Q 2 compared lo that of Q\ ♦ 

In writing (4.1) and (4.2). we assumed that the collector currents of the transistors arc 
independent of their collector-emitter voltages. If a transistor is biased in the forward- 
active region, its collector current actually increases slowly with increasing collector- 
emitter voltage. Fig. 4.3 shows an output characteristic for Q 2 . The output resistance of 
the current mirroT at any given operating point is the reciprocal of the slope of the output 
characteristic at that point. In the forward-active region, 






= r v 2 = 



Va 

Id 



(4.7) 
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The point where V CE2 = Vcei and Vbe 2 = Vbe\ is labeled on the characteristic. Be- 
cause the collector current is controlled by the base-emitter and collector-emitter voltages, 
Ic 2 = {fe/fsiKn at this point. If the slope of the characteristic in saturation is constant, 
the variation in l c 2 for changes in Vcei can be predicted by a straight line that goes 
through the labeled point. As described in Chapter 1, extrapolation of the output char- 
acteristic in the forward-active region back to the Vqe 2 axis gives an intercept at -V A , 
where V A is the Early voltage. If V A » Vce\* the slope of the straight line is about equal 
to (I S2 /ls\)(Ic\fVA)- Therefore, 



/out = (l 

■*5! V 



Vrv 



CE 2 



Vcei 



hi 1 /i , Vcei ~ Vcei 

irM l + vT~ 



Va 



1 + 



1 + ihi^s 1 ) 
Pf 



(4.8) 



Since the ideal gain of the current mirror is Isifhu the systematic gain error, e, of the 
current mirror can be calculated from (4.8), 



e - 



Vce2 ~ Vcei 

1 + (hit hi) 
Pf 



~ 1 = 



Vcei ~ Vcei 1 + 



Va 



Pf 



(4.9) 



The first term in (4,9) stems from finite output resistance and the second term from fi- 
nite j3p. If Vcei > Vce\* the polarities of the two terms are opposite. Since the two terms 
are independent, however, cancellation is unlikely in practice. The first term dominates 
when the difference in the collector-emitter voltages and fie are large. For example, with 
identical transistors and V A = 130 V, if the collector-emitter voltage of Q\ is held al 
ar| d if the col lector- emitter voltage of Q% is 30 V, then the systematic gain er- 
ror (30 - 0,6)/ 1 30 - 2/200 =* 0.22. Thus for a circuit operating at a power-supply voltage 
of 30 V, the current-mirror currents can differ by more than 20 percent from those values 
calculated by assuming that the transistor output resistance and are infinite. Although 
the first term in (4.9) stems from finite output resistance, it does not depend on r o2 directly 
but instead on the collector-emitter and Early voltages. The Early voltage is independent 
of the bias current, and 



^1N “ V C E\ ~ V BE \ - (4.10) 

Since Vbe(<i n> is proportional to the natural logarithm of the collector current. Kin 
changes little with changes in bias current. Therefore, changing the bias current in a cur- 
rent mirror changes systematic gain error mainly through changes in Vcei- 

Finally, the minimum output voltage required to keep Q 2 in the forward-active 
region is 



Voui ’(min) kc/T2(sat) 



(4-11) 



4.2.2. 2 MOS 

Figure 4.4 shows an MOS version of the simple current mirror. The drain-gale voltage of 
Mi is zero; therefore, the channel does not exist at the drain, and the transistor operates 
in the saturation or active region if the threshold is positive. Although the principle of 
operation for MOS transistors does not involve forward biasing any diodes, M\ is said 
to be diode connected in an analogy to the bipolar case. Assume that M 2 also operates 
in the active region and that both transistors have infinite output resistance. Then l D2 is 
controlled by Vqsi, which is equal to Vqsi 6y KVL. A KVL equation is at the heart of 
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Figure 4.4 A simple MOS current 
mirror. 



the operation of all current mirrors. As described in Section 1 .5,3, the gate-source voltage 
of a given MOS transistor is usually separated into two parts: the threshold V t and the 
overdrive V ov . Assuming square-law behavior as in (1.157), the overdrive for M 2 is 



Vqv2 =* Vgs 2 - V t = 



2 I D2 



1 / k'(W/L) 2 



( 4 . 12 ) 



Since the transconductance parameter k' is proportional to mobility, and since mobility 
falls with increasing temperature, the overdrive rises with temperature. In contrast, Sec- 
tion 1.5.4 shows that the threshold falls with increasing temperature. From KVL and 
(1.157), 



V GS2 = V t + 



2Im = v- 

k\WfL) i 



Vt + 



2lp\ 

k f (W/L)i 



Equation 4.13 shows that the overdrive of M 2 is equal to that of M\ . 



V(tv 2 ~ V ov \ — V ov 

Tf the transistors are identical, (W/L) 2 = (W/I) 1? and therefore 



(4.13) 



( 4 . 14 ) 



Iqut = h)i = fm (4,15) 

Equation 4,1 5 shows that the current that flows in the drain of M\ is mirrored to the drain 
of M 2 . Since ftp 02 for MOS transistors, (4.15) and KCL at the drain of M { yield 

fouT = ?di = 7im (4.16) 

Thus for identical devices operating in the active region with infinite output resistance, the 
gain of the current mirror is unity. This result holds when the gate eurrents are zero; that 
is, (4.16) is at least approximately correct for de and low-frequcncy ac currents. As the 
input frequency increases, however, the gate currents of M\ and M 2 increase because each 
transistor has a nonzero gate-source capacitance. The part of the input current that flows 
into the gate leads does not flow into the drain of M\ and is not mirrored to M 2 \ therefore, 
the gain of the current mirror decreases as the frequency of the input current increases. 
The rest of this section considers de currents only. 

In practice, the devices need not be identical. Then from (4.13) and (4.16), 



r (W/L) 2r {WIL) 2i 
'OUT - TTTTTTrnn = TTTTTrr^ 



(W/L) 1 



(WIIS)\ 



(4.17) 
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Equation 4.17 shows that the gain of the current mirror can be larger or smaller than unity 
because the transistor sizes can be ratioed To ratio the transistor sizes, either the widths or 
the lengths can be made unequal in principle. In practice, however, the lengths of M\ and 
M 2 are rarely made unequal. The lengths that enter into (4.17) are the effective channel 
lengths given by (2.35). Equation 2.35 shows that the effective channel length of a given 
transistor differs from its drawn length by offset terms stemming from the depletion re- 
gion at the drain and lateral diffusion at the drain and source. Since the offset terms are 
independent of the drawn length, a ratio of two effective channel lengths is equal to the 
drawn ratio only if the drawn lengths arc identical. As a result, a ratio of unequal channel 
lengths depends on process parameters that may not be well controlled in practice. Sim- 
ilarly, Section 2.9.1 shows that the effective width of a given transistor differs from the 
drawn width because of lateral oxidation resulting in a bird's beak. Therefore, a ratio of 
unequal channel widths will also be process dependent. In many applications, however, 
the shortest channel length allowed in a given technology is selected for most transistors 
to maximize speed and minimize area. In contrast, the drawn channel widths are usually 
many times larger than the minimum dimensions allowed in a given technology. Therefore, 
to minimize the effect of the offset terms when the current-mirror gain is designed to 
differ from unity, the widths are ratioed rather than the lengths in most practical cases. 
If the desired current-mirror gain is a rational number, MIN, the ratio is usually set by 
connecting M identical devices called units in parallel to form M 2 and N units in parallel 
to form Mi to minimize mismatch arising from lithographic effects in forming the gate 
regions. As in the bipolar case, ratios greater than about live to one consume a large die 
area dominated by the area of the larger of the two devices. Thus other methods described 
in later sections are preferred for the generation of large current ratios. 

In writing (4.13) and (4.15), wc assumed that the drain currents of the transistors are 
independent of their drain-source voltages. If a transistor is biased in the active region, its 
drain current actually increases slowly with increasing drain-source voltage. Figure 4.5 
shows an output characteristic for M 2 . The output resistance of the current mirror at any 
given operating point is the reciprocal of the slope of the output characteristic at dial point. 
In the active region, 

Ro = r o2 — T = TT - (4.18) 

t D2 47 02 

The point where V PS2 ^ v ds\ and V C s 2 = Vos] is labeled on the characteristic. Be- 
cause the drain current is controlled by the gate-source and drain-source voltages, I D2 = 
l(W/L) 2 f(WIL)\]l D i at this point. If the slope of the characteristic in saturation is con- 
stant, the variation in Ip 2 for changes in V D $ 2 can be predicted by a straight line that goes 
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through the labeled point. As described in Chapter 1, extrapolation of the output char- 
acteristic in the active region back to the V DS2 axis gives an intercept at - V A — -1/A, 
where V A is the Early voltage. If V A V DS] s the slope of the straight line is about equal 
to \ (WfL) 2 j{WfL}\]\IpifV A ]> Therefore, 



^OUT 



(WiL) 1} ^ /■ + V DS 2 ~ Vds\ 



(WIL) j 






(4.19) 



Since the ideal gain ol the current mirror is (WfLfefiWfL)] 9 the systematic gain error, e, 
of the current mirror can be calculated from (4.19)* 



Vim ~ Vds] 
'Va 



(4*20) 



For example, if the drain-source voltage of M\ is held at 1.2 V, and if the drain-source 
voltage of Af 2 is 5 V, then the systematic gain error is (5 - 1 .2)/10 — 0.38 with V A = 10 V. 
Thus for a circuit operating at a power-supply voltage of 5 V, the current-mirror currents 
can differ by more than 35 percent from those values calculated by assuming that the 
transistor output resistance is infinite. Although e stems from finite output resistance, it 
does not depend on r o2 directly but instead on the drain-source and Early voltages. Since 
the Early voltage is independent of the bias current, this observation shows that changing 
the input bias current in a current mirror changes systematic gain error mainly through 
changes to the drain-source voltages. 

For the simple MOS current mirror, the input voltage is 



Fin - = V t + V ov \ = V t + V ov ( 4 . 21 ) 

With square-law behavior, the overdrive in (4.21 ) is proportional to the square root of the 
input current. In contrast, (4.10) shows that the entire Vin in a simple bipolar mirror is 
proportional to the natural logarithm of the input current. Therefore, for a given change in 
the input current, the variation in V IN in a simple MOS current mirror is generally larger 
than in its bipolar counterpart. 

Finally, the minimum output voltage required to keep in the active region is 

mr ~~ 

f'ot.Tdnin) = V m> 2 = V ov = , £'( yp ///) 2 ( 4 . 22 ) 

Equation 4.22 predicts that VouT(mm) depends on the transistor geometry and can be made 
arbitrarily small in a simple MOS mirror, unlike in the bipolar case. However, if the over- 
drive predicted by (4.22) is less than 2nV r , where n is defined in (1.247) and V T is a 
thermal voltage, the result is invalid except to indicate that the transistors operate in weak 
inversion. At room temperature with n = 1,5, 2nV r — 78 mV. If the transistors operate 
in weak inversion. 



VoilT(min) — 3V> 



(4.23) 



as shown in Fig. 1.43*. 



4.2.3 Simple Current Mirror with Beta Helper 
4.2,3. 1 Bipolar 

In addition to the variation in output current due to finite output resistance, the second term 
in (4.9) shows that the collector current l C 2 differs from the input current because of finite 
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Vn: 




Figure 4,6 Simple current mirror with 
beta helper. 



Pf . To reduce this source of error* an additional transistor can be added* as shown in 
Fig. 4.6, If Q\ and Q$ are identical* the emitter current of transistor Q 2 is 



hi 



h\ _ hi _ 2 

Pf Pf Pf 



(4.24) 



where h, I c > and h are defined as positive when flowing into the transistor, and where 
we have neglected the effects of finite output resistance. The base current of transistor Q 2 
is equal to 



hi 



hi 



2 



Pf + 1 Pf(Pf + 1 ) 

Finally, KCL at the collector of Q\ gives 

2 



/ci 



?TN ~ h 1 - 



h 1 = 0 



Pf(Pf + 1) 

Since ! C i and hs are equal when gi and Q 3 are identical. 



(4.25) 



(4,26) 



/out — hi 



f|N 2 

Pf(Pf + 1 ) 



(4.27) 



Equation 4.27 shows that the systematic gain error from finite Pf has been reduced by a 
factor of [p F + 11, which is the current gain of emitter follower Q 2 . As a result, Q 2 is often 
referred to as a beta helper . 

Although the beta helper has little effect on the output resistance and the minimum 
output voltage of the current mirror, it increases the input voltage by the base-emitter 
voltage of Q 2 : 



1% — ^BEl(on) + ^5£2(on} 



(4.28) 



If multiple emitter followers are cascaded to further reduce the gain error arising from finite 
Pf, Tin increases by an extra base-emitter voltage for each additional emitter follower, 
posing one limit to the use of cascaded emitter followers. 

Current mirrors often use a beta helper when they are constructed with pnp transistors 
because the value of Pf for pnp transistors is usually less than for npn transistors. Another 
application of the beta-helper configuration is in current mirrors with multiple outputs. An 
example with two independent outputs is shown in Fig. 4,7, At first, ignore Q 2 and imagine 
that Q 1 is simply diode connected. Also, let /?i = /?3 = R 4 . = 0 here, (The effects of 
nonzero resistances will be considered in Section 4.2.4.) Then the gain from the input to 
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Vcc 




Figure 4.7 Simple current mirror 
with beta helper, multiple outputs, 
and emitter degeneration. 



each output is primarily determined by the area ratios /^/7 51 and A 54 /^i. Because the bases 
of three instead of two transistors are connected together, the total base current is increased 
here, which increases the gain error from the input to either output arising from finite ^ , 
Furthermore, the gain errors worsen as the number of independent outputs increases. Since 
the beta helper, Q ^ reduces the gain error from the input to each output by a factor of 
+ 1 ], it is often used in bipolar current mirrors with multiple outputs. 



4.2.3.2 MOS 

Since ftp 3 = for an MOS transistor, beta helpers are not used in simple MOS current 
mirrors to reduce the systematic gain error. However, a beta-helper configuration can in- 
crease the bandwidth of’ MOS and bipolar current mirrors. 



4,2.4 Simple Current Mirror with Degeneration 
4.2.4. 1 Bipolar 

The performance of the simple bipolar transistor current mirror ofFig,4.6can be improved 
by the addition of emitter degeneration as shown in Fig. 4.7 for a current mirror with two 
independent outputs. The purpose of the emitter resistors is twofold. First, Appendix A.4.1 
shows that the matching between and outputs Ipj, and Ic 4 can be greatly improved by 
using emitter degeneration. Second, as shown in Section 3.3,8, the use of emitter degener- 
ation boosts the output resistance of each output of the current mirror. Transistors Q\ and 
Qi combine to present a very low resistance at the bases of and g 4 . Therefore, from 
(3,99), the small-signal output resistance seen at the collectors of Q 3 and g 4 is 

R ft — r 0 (l + g m Rp) (4.29) 

if r w R e . Taking Q 3 as an example and using = IcsIVp, we find 



Ro “ FoS ^ (4.30) 

This increase in the output resistance for a given output current also decreases the compo- 
nent of systematic gain error that stems from finite output resistance by the same factor. 
From (4.9) and (4,30) with infinite /3/r, 



€ — 



VcEl ~ VcE\ 



Va 



IciRi) 
Vr j 



(4.31) 




4,2 Current Mirrors 263 



The quantity /^/fj is jusL the dc voltage drop across If this quantity is 260 mV, for 
example, then is about ] 0 r 0 at room temperature, and e is reduced by a factor of about 
eleven. Unfortunately, this improvement in R 0 is limited by corresponding increases in 
the input and minimum output voltages of the mirror; 



VW = V 



falcon) 



££2(on) 



(4.32) 



^OLT(min) — VcE3(« + 



(4,33) 



The emitter areas of Q\ , Q 3 , and Q 4 may be matched or ratioed, For example, if we 
want /out 1 = /in and /out 2 — 2 /ipr, we would make Q 3 identical to Q ]f and g 4 consist 
of two copies of Q] connected in parallel so that i S4 = 2!$i . In addition, we could make 
/?3 = /?u and i ?4 consist of two copies of R\ connected in parallel so that R4 = R\i2. 
Note that all the dc voltage drops across R u /? 3 , and J ? 4 would then be equal. Using KVL 
around the loop including Q\ and Q 4 and neglecting base currents, we find 



IciRx + Vt lit ~r~ — /c4^4 + Fj-ln 



(4.34) 



from which 



/outz = /c4 = + Ujln-^-^ 

^4 V /C4 /si 



Since l s 4 = 2/ sl , the solution to (4,35) is 



/0UT2 = W“/lN = 2/ lN 
K4 



(4.35) 



(4.36) 



because the last term in (4.35) goes to zero. If we make the voltage drops I\^R\ and / C4 /? 4 
much greater than V Tl the eurrent-mirror gain to the Q 4 output is determined primarily by 
the resistor ratio RJR and only to a secondary extent by the emitter area ratio, because 
the natural log term in (4.35) varies slowly with its argument. 

4. 2.4.2 MOS 

Source degeneration is rarely used in MOS current mirrors because, in effect, MOS tran- 
sistors are inherently controlled resistors. Thus, matching in MOS current mirrors is im- 
proved simply by increasing the gate areas of the transistors , 2,3,4 Furthermore, the output 
resistance can be increased by increasing the channel length. To increase the output re- 
sistance while keeping the current and V GS ~ V r constant, the WiL ratio must be held 
constant. Therefore, the channel width must be increased as much as the Length, and the 
price paid for the improved output resistance is that increased chip area is consumed by 
the current mirror. 



4,2.5 Cascode Current Mirror 

4.2.5. 1 Bipolar 

Section 3.4.2 shows that the cascode connection achieves a very high output resistance. 
Since this is a desirable characteristic for a current mirror, exploring the use of cascodes 
for high-performance current mirrors is natural. A bipolar-transistor current mirror based 
on the cascode connection is shown in Fig. 4.8. Transistors Q$ and Q\ form a simple 
current mirror, and emitter resistances can be added to improve the matching. Transistor 
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VVx 




Figure 4.8 Cascade current mirror 
with bipolar transistors. 



Q 2 acts as the common-base part of the cascode and transfers the collector current of 
to the output while presenting a high output resistance, Transistor Q 4 acts as a diode level 
shifter and biases the base of Q 2 so that Qi operates in the forward-active region with 
Vce\ - Vcei = VB£ 3 ( an p If we assume that the small-signal resistances of diodes Qi and 
Qa are small, a direct application of (3.98) with R E = r it \ concludes that 



Ro = r v 2 



+ 



gmirgi 

“ftT 



“ j8 0 r O 2 



(4.37) 



because g m2 r 0 i = gm\r 0 \ » ft). This calculation assumes that almost all of the small- 
signal current that flows into the collector of Q 2 flows out its base because the small-signal 
resistance connected to the emitter of Q 2 is much greater than that connected to its base. 
A key problem with this calculation, however, is that it ignores the effect of the simple 
current mirror formed by Q 3 and Q\ , Let i$i and i s2 represent increases in the base and 
emitter currents flowing out of Qi caused by increasing output voltage, Then the simple 
mirror forces i e2 — hi* As a result, the variation in the collector current of Q 2 splits into 
two equal parts and half flows in r v2 . A small-signal analysis shows that R 0 in (4.37) is 
reduced by half to 



R °~ — 



(4.38) 



Thus, the cascode configuration boosts the output resistance by approximately For 
fio = 100, V A — 130 V* and /<72 = 1 mA, 



Ro 



PqVa 

21 C2 



100(130) 
2 mA 



6.5 MU 



(4.39) 



In this calculation of output resistance, we have neglected the effects of r Although 
this assumption is easy to justify in the case of the simple current minor, it must be re- 
examined here because the output resistance is so high. The collector-base resistance 
results from modulation of the base-recombination current as a consequence of the Early 
effect, as described in Chapter L For a transistor whose base current is composed entirely 
of base-recombination current, the percentage change in base current when V C e is changed 
at a constant Vbe would equal that of the collector current, and r ^ would be equal to /3 0 r fl . 
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In this case, the effect of would he to reduce the output resistance of the cascode current 
mirror given in (4.38) by a factor of 1 ,5, 

In actual integrated- circuit npn transistors, however, only a small pcrcenlagc of the 
base current results from recombination in the base. Since only this component is modu- 
lated by the Early effect, the observed values of are a factor of 10 or more larger than 
/3o r a . Therefore, r ^ has a negligible effect here with npn transistors. On the other hand, 
for lateral pnp transistors, the feedback resistance r M is much smaller than for npn transis- 
tors because most of the base current results from base-region recombination. The actual 
value of this resistance depends on a number of process and device-geometry variables, 
but observed values range from 2 to 5 times p^r 0 . Therefore, for a cascode current mir- 
ror constructed with lateral pnp transistors, the effect of on the output resistance can 
be significant. Furthermore, when considering current mirrors that give output resistances 
higher than /3or rt , the effects of r ^ musi be considered. 

In the cascode current mirror, the base of Q] is connected to a low-resistance point 
because Qi is diode connected. As a result, feedback from r^\ is greatly attenuated and 
has negligible effect on the output resistance. On the other hand, if the resistance front 
the base of Q\ to ground is increased while all other parameters are held constant, local 
feedback from r^\ significantly affects the base-emitter voltage of Q\ and reduces the 
output resistance. In the limit where the resistance from the base of Q\ to ground be- 
comes infinite, Qi acts as if it were diode connected. Local feedback is considered in 
Chapter 8. 

The input voltage of the cascode current mirror is 

Lin = V$e3 + Vbea - 2V S E{m) (4.40) 

Although Vjs is higher here than in (4. 10) for a simple current mirror, the increase becomes 
a limitation only if the power-supply voltage is reduced to nearly two diode drops. 

The minimum output voltage for which the output resistance is given by (4.38) must 
allow both Q[ and Qi to be biased in the forward-active region. Since Vce\ — Lf/T3 = 
L/i£{oim 

LoUT(min) = V C £] + V C /r 2 ( sat ) = Vfl£ fon1 + V C £2(mi) (4.41) 

Comparing (4.41) and (4. L 1) shows that the minimum output voltage for a cascode current 
mirror is higher than for a simple current mirror by a diode drop. This increase poses an 
important limitation on the minimum supply voltage when the current mirror is used as an 
active load for an amplifier. 

Since V ce i — VV;e 3, 1c\ — lc 3 , and the systematic gain error arising from finite tran- 
sistor output resistance is almost zero. A key limitation of the cascode current mirror, 
however, is that the systematic gain error arising from finite J0f is worse than for a simple 
current mirror. From KCL at the collector of Q3, 

^£4 = /cj + (4.42) 

PF 

From KCL at the collector of 

% = —Iea + -?r- (4.43) 

PF 

The collector current of Qi is 



fc2 



Pf 

Pf + 1 






(444) 
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Substituting (4,42) and (4.44) into (4,43) gives 

/in = /<"•■ + (4.45) 

Rearranging (4.45) to find I C 3 and substituting back into (4.44) gives 



/out - Ici 



fit 

fr + 1 



Equation 4.46 can be rearranged to give 



/jN 



2 1 

+ fr + $F + 1 



(4.46) 






OUT 



= 7 



TN 



4ff f +2 
/3/r 2 -h 4fif + 2 



Equation 4.47 shows that the systematic gain error is 

4fr + 2 



6 = — • 



fir 1 + 4jSf + 2 



When jB/. 1, (4.48) simplifies to 



€ — — 



fit +4 



(4.47) 



(4.48) 



(4.49) 



In contrast, the systematic gain error stemming from finite jS f in a simple current mirror 
with identical transistors is about ~2ifih, which is less in magnitude than (4.49) predicts 
for a cascode current mirror if fi r > 4, This limitation of a cascode current mirror is over- 
come by the Wilson current mirror described in Section 4.2.6. 



4.2.5, 2 MOS 

The cascode current mirror is widely used in MOS technology, where it does not suffer 
from finite fir? effects. Figure 4.9 shows the simpiest form. From (3. 107), the small-signal 
output resistance is 

~ r fl2 [l T (g m 2 Rmbl)? &]] A F 0 [ (4.50) 

As shown in the previous section, the bipolar cascode current mirror cannot realize an 
output resistance larger than fiorjl because fi$ is finite and nonzero small-signal base 
current flows in the cascode transistor. In contrast, the MOS cascode is capable of realiz- 
ing arbitrarily high output resistance by increasing the number of stacked cascode devices 
because fi G — > for MOS transistors. However, the MOS substrate leakage current de- 
scribed in Section 1.9 can create a resistive shunt to ground from the output node, which 
can dominate the output resistance for Vqut > ^ouTfmirO* 5 



■ EXAMPLE 



Find the output resistance of the double-caseode current mirror shown in Fig. 4, 10. Assume 
all the transistors operate in the active region with In = 10 jxA, V A = 50 V, and g m r 0 = 
50. Neglect body effect. 

The output resistance of each transistor is 



r 0 



V A 

h) 



50 V 
10 p,A 



= 5 MO 
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\ ^ A/-, active, M 2 in triode region 

x Both My and m 2 in triode region 

(« 

Figure 4.9 (is) Cascode current mirror using MOS transistors, (fc) I-V characteristic. 







Figure 4.10 Example of a doublc-eascode current mirror 
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From (4.50), looking into the drain ol' M y. 

Ko 2 = r 0 2(l + gttar^i) + r 0 \ (451) 

Similarly, looking into the drain of My 

Ro = nail + g m iR 0 2\ -h R 0 2 (4.52) 

Each cascode stage increases the output resistance by a factor of about (1 + g m r 0 ). 
Therefore, 

R„ = r 0 {\ + g m r 0 f = 5(5 1) 2 Mil ~ 13 Gil (4.53) 

With such a large output resistance, other parasitic leakage paths, such as the substrate 
■ leakage path, could be comparable to this resistance in practice. 

From KVL in Fig. 4.9, 

Fiwi = Vg$3 + Vgs 4 - Vcs2 (454) 

Since V £>£3 = Vgs^ (4.54) shows that V^’i = V/)^ when Vasi - Vgs*- Under this con- 
dition, the systematic gain error of the cascode current mirror is zero because M\ and 
are identically biased, and because j(3/. 5= for MOS transistors. In practice, V^s 2 

is not exactly equal to V G si even with perfect matching unless Vour = V IN because of 
channel -length modulation. As a result, Vos\ — Vd 5 ,i and 

€ = 0 (4.55) 

The input voltage of the MOS cascode current mirror in Fig. 4.9 is 



^IN - VCS3 + 

- ^3 + + F (4 + V av 4 



(4.56) 



The input voltage here includes two galc-source drops, each composed of threshold and 
overdrive components. Ignoring the body effect and assuming the transistors all have equal 
overdrives, 



ViN = 2Vr + 2V m (457) 

Also, adding extra cascode levels increases the input voltage by another threshold and 
another overdrive component lor each additional cascode. Furthermore, the body effect 
increases the threshold of all transistors with V s # >0. Together, these facts increase the 
difficulty of designing the input current source for low power-supply voltages. 

When M] and M 2 both operate in the active region, — Vosi = Vgsi- For M 2 
to operate in the active region, Vdsi > Vm 2 required. Therefore, the minimum output 
voltage for which M \ and M 2 operate in the active region is 



FouT(min) - Vnsi 4 V m 2 (4 58) 

— ^££3 4 ^ovl = Vt + Vo\'l + Vov 2 

If the transistors all have equal overdrives, 

^OUTOnin) - Vt + 2V cn , (4.59) 

On the other hand, M 2 operates in the triodc region if Vqut < Vqu rimin), and both M { and 
M 2 operate in the triodc region if Vqut < V ov \. These results are shown graphically in 
Fig. 49 b. 

Although the overdrive term in (4.59) can be made small by using large values of W 
for a given current, the threshold term represents a significant loss of voltage swing when 
Ihe current mirror is used as an active load in an amplifier. The threshold term in (4.59) 
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^DD 





W 

Figure 4. 11 (a) MOS cascode current mirror with improved biasing for maximum voltage swing. 
(b) Practical implementation, (r) J-V characteristic. 

stems from the biasing of the drain-source voltage of M\ so that 



Vdsi = Vjn~ Vgs2 (4.60) 

Ignoring the body effect and assuming that all operate in the active region with 

equal overdrives, 



Vdsi = V, + V w (4.61) 

Therefore, the drain source voltage of Af| is a threshold larger than necessary to operate 
in the active region. To reduce Va.s’i > the voltage from the gate of M 2 to ground can be 
level shifted down by a threshold as shown in Fig. 4.11a. In practice, a source follower is 
used to implement the level shift, as shown in Fig. 4. 1 1 h . 6 Transistor M$ acts as the source 
follower and is biased by the output of the simple current mirror and M 6 . Because the 
gate-source voltage of A /5 is greater than its threshold by the overdrive, however, the drain- 
source voltage of M[ would be zero with equal thresholds and overdrives on ail transistors. 
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To bias M\ at the boundary between the active and triode regions, 

Vim = Vw (4-62) 

is required. Therefore, the overdrive on is doubled by reducing its W/L by a factor of 
four to satisfy (4.62), As a result, the threshold term in (4,59) is eliminated and 

Vom'(min) — 2V av (4,63) 

Because the minimum output voltage does not contain a threshold component, the range 
of output voltages for which M\ and M 2 both operate in the active region is significantly 
improved. Therefore, the current mirror in Fig, 4.11 places much less restriction on the 
range of output voltages that can he achieved in an amplifier using this current mirror as 
an active load than the mirror in Fig. 4.9, For this reason, the mirror in Fig. 4.11 is called a 
high-swing cascode current mirror. This type of level shifting to reduce Vounmin) can also 
be applied to bipolar circuits. 

The output resistance of the high-swing cascode current mirror is the same as in (4.50) 
when both M\ and M 2 operate in the active region. However, the input voltage and the 
systematic gain error are worsened compared to the cascode current mirror without level 
shift. The input voltage is still given by (4.56), but the overdrive component of the gate- 
source voltage of M 4 has increased by a factor of two because its W/L has been reduced 
by a factor of four, Therefore, 

Vin = 2V r + 3V„ (4.64) 

Since M 3 and Mj form a simple current mirror with unequal drain-source voltages, the 
systematic gain error is 

_ VflS! - Vast _ V vvl - (V, + V ovl ) _ _\2 

~ 'V A v, r. ■ 

The negative sign in (4.65) shows that /out < /in* For example, if / EN = 100 pA, V) = 1 
V, and V A = 10 V, e =* -0.1, which means that /out = 90 ju A. 

In practice, (W/L ) 4 < ()!A){WiL) is usually selected for two reasons. First, MOS 
transistors display an indistinct transition from the triode to active regions. Therefore, in- 
creasing the drain-source voltage of M\ by a few hundred millivolts above V i>v[ is usually 
required to realize the incremental ouLput resistance predicted by (4.50). Second, although 
the body effect was not considered in this analysis, it tends to reduce the drain-source volt- 
age on Mi, which is determined by the following KVL loop 

F/XSl = VgS 3 + VgS 4 ~ VgS 5 - Vas 2 (4.66) 

Each of the gate-source voltage terms in (4.66) contains a threshold component. Since the 
source-body voltage of Ms is higher than that of A/ 4 , V t $ > V tA . Also, V& > V f 3 because 
the source-body voltage of M 2 is higher than that of M 3 . Simulations with high-accuracy 
models are usually required to find the optimum (WIL) A . 

One drawback of the current mirror in Fig. 4.1 1 is that the input current is mirrored to 
a new branch to do the level shift. Combining the input branches eliminates the possibility 
of mismatch between the two branch currents and may reduce the power dissipation. In 
a single combined input branch, some element must provide a voltage drop equal to the 
desired difference between the gate voltages of M \ and M 2 . To bias M\ at the edge of 
the active region, the required voltages from the gates M\ and M 2 to ground are V t + V ttv 
and V t + 2V ov , respectively. Therefore, Ihe desired difference in the gate voltages is V m> . 
This voltage difference can be developed across the drain to the source of a transistor 
deliberately operated in the triode region, as shown in Fig. 4.1 2a. 7 Since M 6 is diode 
connected, it operates in the active region as long as the input current and threshold are 
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Figure 4.12 (a) Circuit that forces M? to operate in the triode region, (b) Sooeh cascade current 
mirror using the circuit in (a). 



positive. However, since the gate-source voltage of Me is equal lo the gale-drain voltage of 
A/ 5 , a channel exists at the drain of Af 5 when it exists at the source of In other words. 
Me forces to operate in the triode region. 

To use the circuit in Fig. 4, 1 2 a in a current mirror, wc would like to choose the aspect 
ratios of the transistors so that the drain-source voltage of M 5 is V ov . Since operates in 
the active region, 

,K = i'('I ) (Vcm_v<)2 (4,67) 

Since M 5 operates in the triode region, 



The goal is to set 



when 



An 



V_{W 

~2\T 



| (2C V f; . v5 - V t )V nsi - (V^) 2 ) 



Voss = V w 



(4.68) 

(4.69) 



Vest = V r + V m 



(4.70) 
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From (4.69) and (4.70), 



VliSS ~ ^Gi ’6 + Vjys5 = V t + 2V mf 
Substituting (4.68) - (4.7 1 ) into (4.67) gives 



k’ W 
2\ L 



(Vo,) 2 



k'/W 



2\L 



[2{2V w )V m . - (V m .y 



2 \ 



Equation 4.72 can be simplified to 



(W 



5 



1 (W 
3\T 



*6 



(4.71) 



( 472 ) 



( 473 ) 



The circuit of Fig. 4. 1 2a is used in the current mirror of Fig. 4. 1 26, 7 which is called the 
Sooch cascade current mirror after its inventor. At first, ignore transistor M 4 and assume 
that M 3 is simply diode connected* The difference between the voltages to ground from 
the gales of M [ and M 2 is set by the drain-source voltage of Ms . By choosing equal aspect 
ratios for all devices except M 5 , whose aspect ratio is given by (4.73), the drain-source 
voltage of Ms is V av and M 1 is biased at the edge of the active region. The output resistance, 
minimum output voltage, input voltage, and systematic gain error are the same as in (4.50), 
(4.63), (4*64), and (4,65) respectively. 

Now we will consider the effecl of transistor M 4 . The purpose of M 4 is to set the drain- 
source voltage of M 3 equal to that of Mj . Without M 4 , these drain-source voltages differ 
by a threshold, causing nonzero systematic gain error. With M 4 , 



Vnsi - Vgi~ Vgsa 



(474) 



where 



Vgi = Vgm + Vnss ( 4 . 75 ) 

Ignoring channel -length modulation, 

Vci = (V, + V ov )+Vm = V t + 2V m 
Ignoring the body effect and assuming that M 4 operates in the active region, 

Vgsa — V t + V ov 

Then substituting ( 4 . 76 ) and ( 4 * 77 ) into ( 4 . 74 ) gives 

Vds 3 = Vov ( 4 , 78 ) 

II M 2 also operates in the active region under these conditions, V DS 3 - V DSl . As a result, 
the systematic gain error is 

€ = 0 ( 4 . 79 ) 

Therefore, the purpose of M 4 is to equalize the drain-source voltages of M 3 and M\ to 
reduce the systematic gain error. 

For M 4 to operate in the active region, V DS4 > V ov is required. Since 

Vdsa = Vos? - Vds 3 = iy { + V ov ) - V tJV = V t ( 4 . 80 ) 

Equation 4.80 shows that M 4 operates in the active region if V 3 > V ov , Although this con- 
dition is usually satisfied, a low threshold and/or high overdrive may cause M 4 to operate 
in the triodc region. If this happens, the gate-source voltage of M 4 depends strongly on its 
drain-source voltage, increasing the systematic gain error. Since increasing temperature 
causes the threshold to decrease, but the overdrive to increase, cheeking the region of 



(4.76) 

(4.77) 
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operation of M 4 in simulation at the maximum expected operating temperature is important 
in practice. 

The main limitation of the high-swing cascade current mirrors just presented, is that 
the input voltage is large. In Fig. 4.11, the input voltage is the sum of the gate-source 
voltages of Mj and M 4 and is given by (4.64) ignoring body effect. In Fig. 4.12, the input 
voltage is 



Fin — -F Vns5 + Fgs6 

— Vi + F m , + V vv + V t -F V ov 

= 2V, + 3V ov (4.81) 

Equation 4.81 shows that the input voltage of the high-swing cascode current mirror in 
Fig. 4. 1 2 is the same as in (4.64) for Fig. 4,11, The large input voltages may limit the min- 
imum power-supply voltage because a transistor-level implementation of the input current 
source requires some nonzero drop for proper operation. With threshold voltages of about 
1 V, the cascode current mirrors in Figs. 4,1 1 and 4.12 can operate properly for power- 
supply voltages greater than about 3 V. Below about 2 V, however, reduced thresholds or a 
new configuration is required. Reducing the magnitude of the threshold for all transistors 
increases the difficulty in turning off transistors that are used as switches. This problem 
can be overcome by using low-threshold devices in the current mirror and high-threshold 
devices as switches, but this solution increases process complexity and cost. Therefore* 
circuit techniques to reduce the input voltage are important to minimize cost. 

To reduce the input voltage, the input branch can be split into two branches, as shown 
in Fig. 4.13. If M 1 and M 2 are biased in the active region, the output resistance is still 
given by (4.50). Also, the minimum output voltage for which (4,50) applies is still given 
by (4,63). Furthermore, if A /4 operates in the active region, the drain-source voltage of M 3 
is equal to that of M\ * and the systematic gain error is still zero as in (4.79). 

Since the mirror in Fig. 4. 1 3 has two input branches, an input voltage can be calculated 
for each: 



Fini = V/xs’5 + Vgsg = Vt +2V ov (4.82) 

Fin 2 = Vgsi = Vt + V ov (4.83) 

Both VjNi and V)n 2 are less than the input voltage given in (4.64) for Fig. 4. 12 b by more 
than a threshold, allowing the input current sources to operate properly with power-supply 
voltages greater than about 2 V, assuming thresholds of about 1 V. 







Figure 4.13 MOS high-swing current mirror with two input branches. 
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Finally, in Fig, 4.13, the drain-source voltage of M$ is only used to bias the source 
of A/tf. Therefore, A/5 and Mg can be collapsed into one diode-conncclcd transistor whose 
source is grounded. Call this replacement transistor M 1 . The aspect ratio of A/ 7 should be 
a factor of four smaller than the aspect ratios of M x -M A to maintain the bias conditions as 
in Fig. 4. 13. In practice, the aspect ratio of A/7 is further reduced to bias M\ past the edge 
of the active region and to overcome a mismatch in the thresholds of A/ 7 and M 2 caused 
by body effect. 

4.2.6 Wilson Current Mirror 
4.2.6. 1 Bipolar 

The main limitation of the bipolar eascode current mirror is that the systematic gain error 
stemming from finite was large, as given in (4,49). To overcome this limitation, the 
Wilson current mirror can be used as shown in Fig. 4.14a,* This circuit uses negative 
feedback through Q activating Q 3 to reduce the base-current error and raise the output 
resistance. (See Chapter 8.) 

From a qualitative standpoint, the difference between the input current and I C3 flows 
into the base of Q 2 - This base current is multiplied by (/3 f + 1) and flows in the diode- 
connected transistor Q\, which causes current of the same magnitude to flow in £?> A 
feedback path is thus formed that regulates I c 3 so that it is nearly equal to the input current, 
reducing the systematic gain error caused by finite Similarly, when the output voltage 
increases, the collector current of Q 2 also increases, in turn increasing the collector current 
of Ci. As a result, the collector current of g 3 increases, which reduces the base current 
of Qr> The decrease in the base current of Q 2 caused by negative feedback reduces the 
original change in the collector current of Q 2 and increases the output resistance. 

To find the output resistance of the Wilson current mirror when all transistors operate 
in the active region, we will analyze the small-signal model shown in Fig. 4. 14i>, in which 
a test current source i t is applied at the output. Transistors Q\ and g 3 form a simple cur- 
rent mirror. Since Q\ is diode connected, the small-signal resistance from the base of Q\ 
to ground is (l/g rtjl )||^ 7r i||^ 7r3 ||^i. Assume that an unknown current q flows in this resis- 
tance. When gmi/Vj 1 ? gmi **7x3 ^ Landg^s^oi ^ 'L this resistance is approximately 
equal to Transistor Q 3 could be modeled as a voltage-controlled current source of 

value £0,3^3 in parallel with r o3 . Since v^3 = v^i ^ i\ig m i, the voltage-controlled cur- 
rent source in the model for Q 3 can be replaced by a current-controlled current source of 
value (gWgwjXi'i) = l(i i)> as shown in Fig. AAAh, This model represents the behavior 
of the simple current mirror directly: The input current i\ is mirrored to the output by the 
current-controlled current source. 







Figure 4.14 (a) Bipolar Wilson current mirror. ( h ) Small-signal model. 
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Using this model, the resulting voltage v r is 



Vi = + (U ~ gm2V7T2)r„2 

8 m] 



(4.84) 



To find the relationship between/] and note that the voltage acrossr 0 3 is Tv^) 
and use KCL at node © in Fig, 4. 14 b to show that 



+ VV2 

v it 2 , . t Rm\ 

H- -r 

r* 2 ? r:>3 



= 0 



(4.85) 



Rearranging (4.85) gives 



1 + 



L 



VV2 = -i\r„2\ 



gml r e>3 



*>2 

fo3 



(4.86) 



To find the relationship between 6 and / f , use KCL at node (T) in Fig. 4,14/? to show that 



h = *1 









Substituting (4.86) into (4.87) and rearranging gives 

it 



i\ 



i + 1 

1 _|_ | Rtni ffA 



(4.87) 



(4.88) 



1 + 



2 

^3 



Substituting (4.88) into (4.86) and rearranging gives 



I + 



VV2 — 



gml F o3 



2 + — + ' 



^3 gm\r Q 3 

Substituting (4.88) and (4.89) into (4.84) and rearranging gives 



(4.89) 



r„ = v 4 

h 



i + 



gml 



+ 



1 + 



gm\T 0 3 



r o2> 



2^2 1 + 

+ r (l2 + ^ gnir,*/ (4 9Q) 



2 + — 4- 1 



f t>3 gm\ r o$ 



If r a j — * the small-signal current that flows in the collector of Qj is equal to ii and 

(4.90) reduces to 



R 



o 



1 , „ , gmir^ oi P 0 r o2 

02 2 2 



(4.91) 



This result is the same as (4.38) for the cascode current mirror. In the cascode current 
mirror, the small-signal current that flows in the base of Qi is mirrored through g-* to Q\ 
so that the small-signal base and emitter currents leaving Qi are approximately equal. 
On the other hand, in the Wilson current mirror, the small-signal current that flows in the 
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emitter of Q 2 is mirrored through Q\ to Qi and then flows in the base of Q 2 . Although 
the cause and effect relationship here is opposite of that in a cascode current mirror, the 
output resistance is unchanged because the small-signal base and emitter currents leaving 
Qi are still forced to be equal. Therefore, the small -signal collector current of Q 2 that flows 
because of changes in the output voltage still splits into two equal parts with half flowing 
in r v 2 . 

For the purpose of dc analysis, we assume that V A and that the transistors are 
identical. Then the input voltage is 



V\n - Vc&3 ~ Vrfa + Vbei = 2V B e (on) (4.92) 

which is the same as in (4.40) for a cascode current mirror* Also, the minimum output 
voltage for which both transistors in the output branch operate in the forward- active 
region is 

V OUT(min> = V CE1 + VcE2(sai) = ^£( 01 .) + V C E2( sal) (4.93) 

The result in (4.93) is the same as in (4,41) for a cascode current mirror. 

To find the systematic gain error, start with KCL at the collector of Q\ to show that 



~hi — hi + hi + hi = hi 1 + 



1 



h 



il 

Pf I ' Pf 

Since we assumed that the transistors are identical and V a —> 

hi — hi 

Substituting (4.95) into (4.94) gives 

2 \ 



~h.2 = hi ^1 + 

Using (4,96), the collector current of Q 2 is then 

Pf 



Pf 



hi - ~hi\ 



Rearranging (4.97) we obtain 



1 + ftp 



= hi 1 + 



Pf 



P? fV + Pf. 



(4.94) 

(4.95) 

(4.96) 



(4.97) 



hi - / 



c 2 



1 



'1 + 



PF 



From KCL at the base of Q 2 , 



hi ~ An — 



Pf /V + PF 
h.2 



Pf 



Inserting (4.98) and (4.99) into (4,95), we find that 

i 

2 



/out — hi - An 1 - 



An 



Pf + 2p f + 2 j ] + 



(4.98) 



(4.99) 



(4.100) 



Pf (Pf h- 2) 

In the configuration shown in Fig. 4, 14a, the systematic gain error arising from finite 
output resistance is not zero because Qi and Q\ operate with collector-emitter voltages 



j 
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that differ by the base-emitter voltage of Q 2 . With finite V4 and finite 



AjITT — % ~~ 77T 

1 - 



j8 ^ + 2 jBf + 2 ( 
2 



'1 + 



Vcifi " V 



V,i 



V 



BE2 



Pp + + 2 



Therefore, the systematic gain error is 



2 



£ — — 



V A 



Vbez 



vPjr + 2£r + 2 ^ 



(4. mi) 



(4.102) 



Comparing (4.102) to (4.49) shows two key points. First, the systematic gain error arising 
from finite in a Wilson current mirror is much less than in a eascode current mir- 
ror. Second, the systematic gain error arising from finite output resistance is worse in the 
Wilson current mirror shown in Fig. 4. 14a than in the cascode current mirror shown in 
Fig. 4.9. However, this limitation is not fundamental because it can be overcome by intro- 
ducing a new diode-connected transistor between the collector of Q$ and the base of Q 2 lo 
equalize the collector-emitter voltages of Q 2 and Q L . 



4.2. 6.2 MOS 

Wilson current mirrors are also used in MOS technology, as shown in Fig, 4 . 15. Ignoring 
M 4 , the circuit operation is essentially identical to the bipolar case with (3 F —> One w ay 
to calculate the output resistance is to let ^ ^ in (4,90), which gives 

Ro = + Trfi + gnOTfail + Vr>3 — (1 + (4. 103) 

\ Km\^ol J 

Since the calculation in (4.103) is based on the small-signal model for the bipolar Wilson 
current mirror in Fig, 4,146, it ignores the body effect in transistor M 2 . Repeating the 
analysis with a body-effect generator in parallel with r o2 gives 

R<> — (2 + gm2^)^r>2 (4. 104) 

The body effect on M 2 has little effect on (4.104) because M\ is diode connected and 
therefore the voltage from the source of M 2 to ground is almost constant. 



V[>n 




Figure 4. 15 Improved MOS Wil- 
son current mirror with an addi- 
tional device such that the drain 
voltages of Mi and arc equal. 
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Although /3/ : for MOS transistors, the systematic gain error is not zero without 

M 4 because the drain-source voltage of A/3 differs from that of M\ by the gate-source 
voltage of M 2 . Therefore, without M 4 , 



€ — 

Transistor A/4 is inserted in series 
M\ so that 



” Vdss 



V, 



GS2 



(4.105) 



^ - V A 

w ith M3 to equalize the drain-source voltages of M3 and 



e - 0 (4106) 

With M 4 , the output resistance is still given by (4,104) if all transistors operate in the 
active region. Also, insertion of does not change either the minimum output voltage 
lor which (4.104) applies or the input voltage. Ignoring body effect and assuming equal 
overdrives on all transistors, the minimum output voltage is 

^oimniiiY) = Vgsi + V 0V 2 = Vi + '2Vw (4107) 

Under the same conditions, the input voltage is 

^in = ^C 5i T Vgs2 = 2V) -I- 2V av (4.108) 



4.3 Active Loads 
4.3.1 Motivation 

In differential amplifiers of the type described in Chapter 3. resistors are used as the load 
elements. For example, consider the differential amplifier shown in Fig. 3.45. For this 
circuit, the differential-mode (dm) voltage gain is 

Adm = — (4.109) 

Large gain is often desirable because it allows negative feedback to make the gain with 
feedback insensitive to variations in the parameters that determine the gain without feed- 
back. This topic is covered in Chapler 8. In Chapter 9. wc will show that the required 
gain should be obtained in as lew slages as possible to minimize potential problems with 
instability. Therefore, maximizing the gain of each stage is important. 

Multiplying die numerator and denominator of (4,109) by / gives 

Adm = -~j (4,110) 

With bipolar transistors. Jet / represeni the collector current l c of each transistor in the 
differential pain From (1.91 ), (4/1 10) can be rewritten as 

Ic^c 

A dm = -A— A (4.111) 

Vt 

To achieve large voltage gain, (4.111) shows that the l c Rc product must be made large, 
which in turn requires a large power-supply voltage, Furthermore, large values of resis- 
tance are required when low current is used to limit the power dissipation. As a result, the 
required die area for the resistors can be large. 

A similar situation occurs in MOS amplifiers with resistive loads. Let / represent the 
drain current J D of each transistor in the differential pair, and let the resistive loads be R D . 
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From (1*157) and (1.180), (4.110) can be rewritten as 






m 



IdRd 

Wes - VrV2 



2IoRd 



(4.112) 



Equation 4. 1 12 shows that the IoRd product must be increased to increase the gain with 
constant overdrive. As a result, a large power supply is usually required for large gain, and 
large resistance is usually required to limit power dissipation. Also, since the overdrive is 
usually much larger than the thermal voltage, comparing (4.111) and (4, 1 1 2) shows that the 
gain of an MOS differential pair is usually much less than the gain of its bipolar counterpart 
with equal resistive drops. This result stems from the observation that bipolar transistors 
provide much more transconductance for a given current than MOS transistors provide. 

If the power-supply voltage is only slightly larger than the drop on the resistors, the 
range of common-mode input voltages for which the input transistors would operate in 
the active region would be severely restricted in both bipolar and MOS amplifiers. To 
overcome this problem and provide large gain without large power-supply voltages or 
resistances, the r v of a transistor can be used as a load element. 9 Since the load element 
in such a circuit is a transistor instead of a resistor, the load element is said to be active 
instead of passive. 



4.3.2 Common -Emitter/Common -Source Amplifier 
with Complementary Load 

A common-emitter amplilier with pnp current- mirror load is shown in Fig. 4. \6a. The 
common-source counterpart with a /^-channel MOS current-mirror load is shown in 
Fig. 4.16 b. In both cases, there are two output variables: the output voltage, F nut , and the 
output current, f m] t+ The relationship between these variables is governed by both the input 
transistor and the load transistor. From the standpoint of the input transistor 



A>ut — h\ Or /om ~ ld\ 



and 



(4.113) 



F oor = V„, or V ULJL = V ds[ (4114) 

Equations (4. 113) and (4.1 14) show that the output I-V characteristics of T\ can be used 
directly in the analysis of the relationship between the output variables. Since the in- 
put voltage is the base-emitter voltage of T] in Fig. 4.16c* and the gate-source voltage 
of T] in Fig. 4. 16/?, the input voltage is the parameter that determines the particular curve 



v cc V t}D 





Figure 4.16 {a) Common-emitter amplifier with active load. (b) Common-source amplifier with 
active load. 
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Figure 4.17 (a) 1-V characteristics of the inpul transistor, (b) 1-V characteristic of the active load, 
(c) i-V characteristics with load characteristic superimposed, id) dc transfer characteristic of 
common-emillcr or common- source amplifier with current-mirror load. 



in the family of output characteristics under consideration at any point, as shown 
in Fig, 4.1 la. 

In contrast, the base-emitter or gate-source voltage of the load transistor T-i is fixed 
by diode-connected transistor T s- Therefore, only one curve in the family of output I-V 
characteristics needs to be considered for the load transistor, as shown in Fig, AAlb. From 
the standpoint of the load transistor, 

^out = or /out = —f(12 (4.115) 

and 

Four - Vcc + Vrel Or V nu , = Vfjf) + V t U 2 (4.1 16) 

Equation 4,115 shows that the output characteristic of the load transistor should be mir- 
rored along the horizontal axis to plot in the same quadrant as the output characteristics 
of the input transistor. Equation 4*116 shows that the toad curve should be shifted to the 
right by an amount equal to the power-supply voltage. 

We now consider the dc transfer characteristic of the circuits. Initially, assume that 
V l = 0. Then the input transistor is turned off, and the load is saturated in the bipolar case 
and linear in the MOS case, corresponding to point (T) in Fig. 4* 17c, As Vi is increased, 
the input transistor eventually begins to conduct current but the load remains saturated or 
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linear until point (2) is reached. Here the load enters the active region and a small further 
increase in Vi moves the operating point through point © to point (4), where the input 
transistor saturates in the bipolar case or enters the linear region in the MOS case. The 
change in V t required to move from point (2) to point (4) is small because the slopes of the 
output I-V characteristics in the active region are small for both transistors. The transfer 
curve ( V out as a function of Vf) is sketched in Fig. 4. I Id. 

A key point of this analysis is that the slope of the output characteristic is not con- 
stant, which is important because the slope is the gain of the amplifier Since the gain of 
the amplifier depends on the input voltage, the amplifier is nonlinear in general, causing 
distortion to appear in the amplifier output. For low Vi, the output is high and the gain is 
low because the load transistor does not operate in the active region. Similarly, for large 
Vi y the output is low and the gain is low because the input transistor does not operate in 
the active region. To minimize distortion while providing gain, the amplifier should be 
operated in the intermediate region of V,, where all transistors operate in the active re- 
gion. The range of outputs for which all transistors operate in the active region should be 
maximized to use the power-supply voltage to the maximum extent. The active loads in 
Fig. 4.16 maintain high incremental output resistance as long as the drop across the load is 
more than VouT(mm) of the current mirror, which is \ V C E 7 is-A )\ in the bipolar case and | V oy2 | 
in the MOS case here. Therefore, minimizing VouT(min) of the mirror maximizes the range 
of outputs over which the amplifier provides high and nearly constant gain. In contrast, an 
ideal passive load requires a large voltage drop to give high gain, as shown in (4. 1 1 1) and 
(4.112). As a result, the range of outputs for which the gain is high and nearly constant is 
much less than with an active load. 

The gain at any output voltage can be found by finding the slope in Fig. 4 Aid. In gen- 
eral, this procedure requires writing equations for the various curves in all of Fig. 4.17. 
Although this process is required to study the nonlinear behavior of the circuits, it is so 
complicated analytically that it is difficult to carry out for more than just a couple of tran- 
sistors at a time. Furthermore, after completing such a large-signal analysis, the results 
are often so complicated that the effects of the key parameters are difficult to understand, 
increasing the difficulty of designing with these results. Since we are ultimately interested 
in being able to analyze and design circuits with a large number of transistors, we will con- 
centrate on the small-signal analysis, which is much simpler to carry out and interpret than 
the large-signal analysis. Unfortunately, the small-signal analysis provides no information 
about nonlinearity because it assumes that all transistor parameters are constant. 

The primary characteristics of interest in the small -signal analysis here are the volt- 
age gain and output resistance when both devices operate in the active region. The small- 
signal equivalent circuit is shown in Fig. 4.18. It is drawn for the bipolar case but applies 
for the MOS case as well when r^i « and r^z — » 00 because jBq ™. Since 7r E f in 
Fig. 4.16 is assumed constant, the large-signal base-emitter or gate-source voltage of the 
load transistor is constant. Therefore, the small-signal base-emitter or gate-source voltage 
of the load transistor, V 2 , is zero. As a result, the small-signal voltage-controlled current 
Emivi — 0. To find the output resistance of the amplifier, we set the input to zero. There- 
fore, V| — 0 and g m ivq = 0, and the output resistance is 

Ro = r 0 \\\r a2 (4.117) 

Equation 4.117 together with (1,112) and (1,194) show that the output resistance is in- 
versely proportional to the current in both the bipolar and MOS cases. 

Since v 2 = 0, g m ]Vi flows in r 0 i||r 0 3 and 

Av = -gmi(r 0 i\\ro2) (4.118) 
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Figure 4.18 Small-signal equivalent circuit 
for common-emitter amplifier with active 
load. 



Substituting (1 .91) and (1.112) into (4.118) gives for the bipolar case, 

= - y, 1 V-, <4.139) 

vZi + Vai 

Equation 4. 1 19 shows that the gain is independent of the current in the bipolar case because 
the Iransconductance is proportional to the current while the output resistance is inversely 
proportional to the current. Typical values for this voltage gain are in the 1000 to 2000 
range. Therefore, the actively loaded bipolar stage provides very high voltage gain. 

In contrast, (1. 180) shows that the transconductancc is proportional to the square root 
of the current in the MOS case assuming square-law operation. Therefore, the gain in 
(4.118) is inversely proportional to the square root of the current. With channel lengths 
less than 1 p,m, however, the drain current is almost linearly related to the gate-source 
voltage, as shown in (1.224). Therefore, the transeonductance is almost constant, and the 
gain is inversely proportional to the current with very short channel lengths. Furthermore, 
typical values for the voltage gain in the MOS case are between 10 and 100, which is 
much less than with bipolar transistors. 



4.3.3 Common-Emitter/Common-Source Amplifier with Depletion Load 

Actively loaded gain stages using MOS transistors can be realized in processes that include 
only n-channel or only p-channel transistors if depletion devices are available. A depletion 
transistor is useful as a load element because it behaves like a current source when the 
transistor opcrales in the active region with the gate shorted to the source. 

The I-V characteristic of an ^-channel MOS depletion-load transistor is illustrated in 
Fig. 4.19. Neglecting body effect, the device exhibits a very high output resistance (equal 
to the device r G ) as long as the device operates in the active region. When the body effect is 
included, the resistance seen across the device drops to approximately 1 A complete 
gain stage is shown in Fig. 4.20 together with its dc transfer characteristic. The small- 
signal equivalent model when both transistors operate in the active region is shown in 
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■ Without body effect 

^ With body effect 



Active 



Triode 



(VpD-WtD') VDD 



Figure 4.19 (a) «-channcl depletion- mode load transistor, (b) I-V characteristic, 



A/h off 




{Vr>n-W<n\) 



^OS(act) ! 



JW-i active 

m 2 in triode region 



Both transistors active 



. M\ in triode region 



M 2 active 



Figure 4.20 (a) Common-source amplifier with depletion-mode transistor load, (b) dc transfer 
characteristic. 




Figure 4.21 Small-signal equivalent circuit of the common-source amplifier with depletion 
load, including the body effect in the load and the channel-length modulation in the load and the 
common-source device. 
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Fig. 4.21. From this circuit, wc find that the gain is 



v, 

Vi 



8m\ 



^1 11^2 It 



1 

8mh2 



8m I 

Sinbl 



(4.120) 



For a common-source amplifier wilh a depletion load, rearranging (4.120) and using 
(1.180) and (1.200) gives 



vv 



8tn [ 



8tnb2 
8 m2 



8 m2 



From (1.196) and (1.141). 



1 (W/L), 
X\(W/L)2 



(4.121) 



X 



2 J2$fC ox 



l + vw(24y) 

2qeNA 



(4.122) 



Since x depends on V 0 = Vsb - the incremental voltage gain varies with output voltage, 
giving the slope variation shown in the active region of Fig, 4,20b, 

Equation 4.120 applies for either a common-emitter or common-source driver with 
a depletion MOS load. If this circuit is implemented in a p-well CMOS technology, M 2 
can be built in an isolated well, which can be connected to the source of Since this 
connection sets Lhc source-body voltage in the load transistor to zero, it eliminates the body 
effect. Setting g mh2 = 0 in (4.120) gives 

4 = -gmi( r <>i\\r<>2) (4.123) 

Although the gain predicted in (4.123) is much higher than in (4.120), this connection 
reduces the bandwidth ol' the amplifier because it adds extra capacitance (from the well of 
M 2 to the substrate of the integrated circuit) to the amplifier output node. 



4.3.4 Common-Emitter/Common-Source Amplifier 
with Diode-Connected Load 

In this section, we examine the common-emitter/source amplifier with diode-connceled 
load as shown in MOS form in Fig. 4.22. Since the load is diode connected, the load 
resistance is no more than the reciprocal of the transeonductance of the load. As a result, 
the gain of this circuit is low, and it is often used in wideband amplifiers that require low 
gain. 

For input voltages that are Less than one threshold voltage, transistor M\ is off and 
no current Hows in the circuit. When the input voltage exceeds a threshold, transistor M] 
turns on, and the circuit provides amplification. Assume that both transistors operate in 
the active region. From (1.157), the drain currents of M\ and M 2 are 

7| = "2 ~ ^ (4124) 

and 

k' fW\ 

h = (4.125) 

From KVL in Fig. 4.22, 



Vo = Vnn ~ V ,, 2 



(4126) 
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Figure 4.22 («) Common-source amplifier with enhancement-mode load. ( b ) I-V characteristic of 
load transistor, (c) Transfer characteristic of the circuit. 



Solving (4. 125) for V gs2 and substituting into (4.126) gives 

v " - 141271 

Since h = h> (4.127) can be rewritten as 

14 1281 

Substituting (4,124) into (4.128) with — Vi gives 

^ ^ - ii W (v ‘~ v '" (4,29) 

Equation 4.129 shows that the slope of the transfer characteristic is the square root of 
the aspect ratios, assuming that the thresholds are constant. Since the slope of the transfer 
characteristic is the gain of the amplifier, the gain is constant and the amplifier is linear for a 
wide range of inputs if the thresholds are constant. This amplifier is useful in implementing 
broadband, low-gain amplifiers with high Linearity. 

Equation 4.129 holds when both transistors operate in the active region and when 
channel-length modulation and body effect are negligible. In practice, the requirement that 
both transistors operate in the active region leads to an important performance limitation 
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Figure 4.23 Small-signal equivalent circuit for the 
common-source amplifier with enhancemcnt-modc 
load, including output resistance and body effect in 
the load. 



in enhancement-load inverters. The load device remains in the active region only if the 
drain-source voltage of the load is at least a threshold voltage. For output voltages more 
positive than V DD - V t2f the load transistor enters the cutoff region and carries no cur- 
rent. Therefore, the amplifier is incapable of producing an output more positive than one 
threshold voltage below the positive supply. Also, in practice, channel-length modulation 
and body effect reduce the gain as shown in the following small-signal analysis. 

The small-signal voltage gain can be determined by using the small-signal equivalent 
circuit of Fig. 4.23, in which both the body effect and the output resistance of the two 
transistors have been included. From KCL at the output node, 

V 0 v„ 

UmlVi + H •" HmlVo + gmfflVo = 0 (4,130) 

r v\ r o2 

Rearranging (4.130) gives 

v '> M I, l I, n \ 

7" = ~8m] - — 1| IKiHr^ 

v i \gw2 gmb2 ! 




1 _l_ Smb2 _j_ 



1 



+ 



gw 2 gm2^o2, 

It' gmllgmh2 » 1, gm2 r o\ ^ T ^ld ^ 1 , 



v, _ _£*] _ _ l(W/Lh 
v, gna V (WIL ^ 



(4.131) 



(4132) 



as in (4. 1 29). For practical device geometries, this relationship limits the maximum voltage 
gain to values on the order of 10 to 20. 

The bipolar counterpart of the circuit in Fig. 4.22 is a common-emitter amplifier with a 
diode-connected load. The magnitude of its gain would be approximately equal to the ratio 
of the transconductanees, which would be unity. However, the current that would flow in 
this circuit would be extremely large foT inputs greater than V^ {on} because the collector 
current in a bipolar transistor is an exponential function of its base-emitter voltage. To 
limit the current but maintain unity gain, equal-value resistors can be placed in series 
with the emitter of each transistor. Alternatively, the input transistors can be replaced by a 
differential pair, where the current is limited by the tail current source. In this case, emitter 
degeneration is used in the differential pair to increase the range of inputs for which all 
transistors operate in the active region, as in Fig. 3.49. In contrast, source degeneration is 



j 
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raiely used in MOS differential pairs because their transconductance and linear range can 
be controlled through the device aspect ratios. 

4.3,5 Differential Pair with Current-Mirror Load 

4.3.5, 1 Large-Signal Analysis 

A straightforward application of the active-load concept to the differential pair would yield 
the circuit shown in Fig. 4.24*3 . Assume at first that all rc-channel transistors are identical 
and that all /^-channel transistors are identical. Then the differential-mode half circuit for 
this differential pair is just a common-source amplifier with an active-load, as in Fig. 4. 16ft. 
Thus the differential -mode voltage gain is large when all the transistors are biased in the 
active region. The circuit as it stands, however, has the drawback that the quiescent value 
of the common-mode output voltage is very sensitive to changes in the drain currents of 



Vm 




W 

y 0 n 




Figure 4.24 (a) Differential pair with active load, (ft) Common-mode half circuit for differential 
pair with active load. 
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Mi, M 4 , M 7 , and M s . As a result, some transistors may operate in or near the triode Tegion, 
reducing the differential gain or the range of outputs for which the differential gain is high. 

This fact is illustrated by the dc common-mode half-circuit shown in Fig, 4.24&. In 
the common-mode half circuit, the combination of M \ , and M s form a cascode current 
mirror, which is connected to the simple current mirror formed by Mi and M 5 . If all tran- 
sistors operate in the active region, M 3 pushes down a current about equal to /refi, and 
Mg pulls down a current about equal to /ref 2 - KCL requires that the current in M 3 must 
be equal to the current in Mg, If / REK2 = /refi, KCL can be satisfied while all transistors 
operate in the active region. In practice, however, / REF2 is not exactly equal to I REFl , and 
the current mirrors contain nonzero mismatch, causing changes in the common-mode out- 
put to satisfy KCL. Since the output resistance of each current mirror is high, the required 
change in the common-mode output voltage cafi he large even for a small mismatch in 
reference currents or transistors, and one or more transistors can easily move into or near 
the triode region. For example, suppose that the current pushed down by M 3 when it op- 
erates in the active region is more than the current pulled down by My when it opcrales in 
the active region. Then the common-mode output voltage must rise to reduce the current 
in M 3 , If the common-mode output voltage rises within of V DD , M 3 opcrales in the 
triode region. Furthermore, even if all the transistors continue to be biased in the active 
region, any change in the common-mode output voltage from its desired value reduces the 
range of outputs for which the differential gain is high. 

Since Mi and M 2 act as cascodes for M 7 and Mg, shifts in the common-mode input 
voltage have liule effect on the common- mode output unless the inputs become low enough 
that M 7 and Mg arc forced to operate in the triode region. Therefore, feedback to the inputs 
of the circuit in Fig. 4.24*3 is not usually adequate to overcome the common-mode bias 
problem. Instead, this problem is usually overcome in practice through the use of a separate 
common-mode feedback circuit, which either adjusts the sum of the currents in M 3 and M 4 
to be equal to the sum of the currents in M 7 and M s or vice versa for a given common-mode 
output voltage. This topic is covered in Chapter 12. 

An alternative approach that avoids the need for common-mode feedback is shown in 
Fig. 4.25. For simplicity in the bipolar circuit shown in Fig. 4.25a, assume that (if x 
The circuit in Fig, 4 25b is the MOS counterpart of the bipolar circuit in Fig. 4.25a be- 
cause each npn and pnp transistor has been replaced by rc-channel and p-channel MOS 
transistors, respectively. Then under ideal conditions in both the bipolar and MOS cir- 
cuits, the active load is a current mirror that forces the current in its output transistor 74 to 
equal the current in its input transistor 74 . Since the sum of the currents in both transistors 
of the active load must equal /jail by KCL, /taii/ 2 flows in each of side of the active load. 
Therefore, these circuits eliminate the common-mode bias problem by allowing the cur- 
rents in the active load to be set by the tail current source. Furthermore, these circuits each 
provide a single output with much better rejection of common-mode input signals than a 
standard resistivcly loaded differential pair with the output taken off one side only. Al- 
though these circuits can be analyzed from a large-signal standpoint, we will concentrate 
on the small-signal analysis for simplicity 

4.3.5.2 Small-Signal Analysis 

We will analyze the low-frequency small-signal behavior of the bipolar circuit shown in 
Fig. 4.2 5a because these results cover both the bipolar and MOS eases by letting x 
and /v x. Key parameters of interest in this circuit include the small-signal transcon- 
ductance and output resistance. (The product of these two quantities gives the small-signal 
voltage gain with no load.) Since only one transistor in the active load is diode connected, 
the circuit is not symmetrical and a half-circuit approach is not useful. Therefore, we will 
analyze the small-signal model of this circuit directly. Assume that all transistors operate 
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V'c'f 




M 



Figure 4*25 (a) Emitter- 
coupled pair with 
cuncnl-mirror load. 
ib) Source-coupled pair 
with current-mirror load 
{MOS counterpart). 

in the active region with -> ® and r Ir = 0. Let r, ail represent the output resistance of 
the tail current source /tail- The resulting small-signal circuit is shown in Fig. 4.26m 
Since Tj and T 4 form a current mirror, we expect the mirror output current to be 
approximately equal to the mirror input current. Therefore, we will write 

gm4^ = (3(1 - 6ffl) (4.133) 

where e m is the systematic gain error of the current mirror calculated from small-signal 
parameters. Lei represent the total resistance connected between the base or gate of 
T 3 and the power supply. Then is the parallel combination of 1 fg m $, ?v 4 , and r y3 . 
Under the simplifying assumptions that fio 1 and g m r„ 1, this parallel combination 
is approximately equal to Then the drop across /vt is 

13 

V3 = I?r3 == 

§}n?> 



Vdd 




ib) 



(4.134) 
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Figure 4.26 («) Small-signal equivalent circuit, differential pair with current-mirror load, (b) 
Simplified drawing of small-signal model of differential pair wilh current-mirror load. 

Wc wall also assume that the two transistors in the differential pair match perfectly 
and operate with equal dc currents, as do the two transistors in the current-mirror load, 

Them Rnndp) — gm\ — £m[}n ir] ” = r -nu{p) ~ r it 1 = ^V2> r w imir ) — JV3 “ 

*V4, r f *dp) - r o] - r„ 2 , and r o{mir} = /-,* = r o4 . From (4.134), the resulting voltage- 
controlled current g m4 v^ is 






(4.135) 



Rm(ntfr) 

Equations 4J 33 and 4.135 show thale m — Oand thus the active load acts as a current mir- 
ror in a small-signal sense, as expected. Using (4.133), the small-signal circuit is redrawn 







4,3 Active Loads 291 



in Fig. 4.26b with the output grounded to find thetransconduclance. Note that is omitted 
because it is attached to a small-signal ground on both ends, 

From KCL at node (T), 



(Vji - Vi + Vf2 ~ Vi) | 



r(dp) 



+ Bmidp) + 



V3 Vl 
r o(4p) 



Vl 



tail 



= 0 (4.136) 



where v y and v 3 are the voltages to ground from nodes (T) and (3). To complete an exact 
small-signal analysis, KCL equations could also be written at nodes (2) and (3), and these 
KCL equations plus (4/136) could be solved simultaneously. However, this procedure is 
complicated algebraically and leads to an equation that is difficult to interpret, To simplify 
the analysis, we will assume at first that r^i and r oU i p ) — ► °° since the transistors are 
primarily controlled by their base-emitter or gate-source voltages. Then from (4.136) 



V] = 



V([ + \>Q 



= V; 



(4. 137) 



where Vj C is the common-mode component of the input. Let = v^i — va represent the 
differential-mode component of the input. Then = v (r + v^/2 and v l2 = v iC - v^/2, 
and the small-signal collector or drain currents 






^ _ 8m(dp)Vid 



and 



■ / v, %m(dp)Vid 

n = V] ) = | — 



(4.138) 



(4139) 



With a resistive load and a single-ended output, only i 2 flows in the output. Therefore, the 
transeonductance for a differential-mode (dm) input with a passive load is 



G m [dm] = 



^out 

vu 



V.,su=(J 



_ _ *2 8m(dp) 

Vid 2 



(4.140) 



On the other hand, with the active loads in Fig. 4.25, not only i 2 but also most of 
*3 flows in the output because of the action of the current mirror, as shown by (4.135). 
Therefore, the output current in Fig, 4.26b is 






— “(1 - €m)h - h 



(4.141) 



Assume at first that the current mirror is ideal so that e m = 0. Then since sub- 

stituting (4.138) and (4.139) in (4.141) gives 



gm(dp) v id (4. 142) 

Therefore, with an active load, 

= §nt(dp) (4- 1 43) 

Voui = 0 

Equation 4.143 applies for both the bipolar and MOS amplifiers shown in Fig. 4.25. Com- 
paring (4.140) and (4.143) shows that the current-mirror load doubles the differential 
transconductance compared to the passive-load case. This result stems from the fact that 
the current mirror creates a second signal path to the output. (The first path is through the 
differential pair.) Although frequency response is not analyzed in this chapter, note that 
the two signal paths usually have different frequency responses, which is often important 
in high-speed applications. 



Ci !n [(ini] 
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Figure 4.27 Circuit tor calculation of the output resistance of the differential pair with current- 
mirror load. 



The key assumptions that led to (4.142) and (4*143) are that the current mirror is 
ideal so e m = 0 and that r tai i » and r 0[dp j Under these assumptions, the output 
current is independent of the common-mode input. In practice, none of these assumptions 
is exactly true, and the output current depends on the common-mode input, However, this 
dependence is small because the active load greatly enhances the common-mode rejection 
ratio of this stage, as shown in Section 4. 3. 5. 3. 

Another important parameter of the differential pair with active load is the output 
resistance. The output resistance is calculated using the circuit of Fig. 4.27, in which a 
test voltage source v t is applied at the output while the inputs are connected to small-signal 
ground. The resulting current i t has four components. The current in r f A is 

= — (4-144) 

The resistance in the emitter or source lead of T 2 is in parallel with the resistance seen 
looking into the emitter or source of T, , which is approximately Thus, using (3.99) 
for a transistor with degeneration, we lind that the effective output resistance looking into 
the collector or drain of 74 is 

Roi =* (l +£m 2 \ = 2r ol (4.145) 

\ 8 ml j 

Hence 

^ + ( 4 . 146 ) 

If r Lai i cs> ? this current flows into the emitter or source of 74. and is mirrored to the 

output with a gain of approximately unity to produce 

if3 = hi + l'r4 — — (4.147) 

^o2 



Thus 



If = if l T it 2 + lf3 + h4 — v i 






1 

r 0 2 



(4.148) 




4,3 Active Loads 293 



Since r ff2 = r 0{dp) and r o4 = r oimirh 

Ro — 7" ~ i i = 0 {mir) (4.149) 

l ! v (l =u 1 | L 

y , 2 =i> H- 

r o(.dp) ^o(mir) 

The result in (4*149) applies for both the bipolar and MOS amplifiers shown in Fig, 4*25, 
In multistage bipolar amplifiers, the low-frequency gain of the loaded circuit is likely to 
be reduced by the input resistance of the next stage because the output resistance is high. 
In contrast, low-frequency loading is probably not an issue in multistage MOS amplifiers 
because the next stage has infinite input resistance if the input is the gate of an MOS 
transistor. 

Finally, although the source-coupled pair has infinite input resistance, the emitter- 
coupled pair has finite input resistance because /3o is finite* If the effects of the r u of T 2 and 
2 4 neglected, the differential input resistance of the actively loaded emitter-coupled 
pair is simply 2 as in the resistively loaded case* In practice, however, the asymmetry 
of the circuit together with the high voltage gain cause feedback to occur through the output 
resistance of Ti to node (T) This feedback causes the input resistance to differ slightly from 

In summary, the actively loaded differential pair is capable of providing differential- 
to-single-endcd conversion, that is, the conversion from a differential voltage to a voltage 
referenced Lo the ground potential. The high output resistance of the circuit requires that 
the next stage must have high input resistance if the large gain is to be realized. A small- 
signal two-port equivalent circuit for the stage is shown in Fig* 4*28* 



4.3. 5.3 Common-Mode Refection Ratio 

In addition to providing high voltage gain, the circuits in Fig. 4*25 provide conversion 
from a differential input signal to an output signal that is referenced to ground. Such a 
conversion is required in all differential-input, single-ended output amplifiers. 

The simplest differential-to-single-ended converter is a resistively loaded differential 
pair in which the output is taken from only one side, as shown in Fig. 4.29a* In this case, 
A dm > 0, A vm < 0, and the output is 
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(4.150) 

(4.151) 

(4.152) 




Rj = 2 >' s 
Gjdm] = g m 

R t f = r <![d!>) II r o[mtr) 



Figure 4.28 Two-port representation of 
small-signal properties of differential pair 
with current-mirror load. The effects of 
asymmetrical input resistance have been 
neglected, 
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Figure 4.29 Differenlial-io-single-ended conversion using (a) resistively loaded differential pairs 
and (b) actively loaded differential pairs. 



Thus, common-mode signals at the input will cause changes in the output voltage. The 
common-mode rejection ratio (CMRR) is 



CMR R 



A dm 




Cr m [dftt]R 0 




G„,\dm\ 


A-cm 




G m [crn]R 0 




G m [cm] 



(4.153) 



where the common-mode (cm) transconductance is 



G m [ctn\ 



*OUt 

Vic 



= 0 



(4.154) 



Since the circuits in Fig. 4.29a are symmetrical, a common-mode half circuit can be used 
to find G m [cm]. The common-mode half circuit is a common-emitter/source amplifier with 
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degeneration. From (3.93) and (3,104), 



Gw[C7H] = 



_[ 2 _ 



8 midp) 

I 4“ 8 midp) Curtail) 



(4.153) 



where g m ^ P ) = gm l — and r ta ji represents the output resistance of the tail current 
source T$. The negative sign appears in (4.155) because the output current is defined as 
positive when it flows from the output terminal into the small-signal ground to be consistent 
with the differential case, as in Fig, 4.26&. Equation 4,155 applies for both the bipolar and 
MOS cases if the base current is ignored in the bipolar case, the body effect is ignored in 
the MOS case, and r f> \ and r u2 are ignored in both cases. Substituting (4.140) and (4.155) 
into (4.153) gives 

CMRR = 1 + 2 W' ail = £ rftall = gml r o5 (4. 156) 



Equation 4.156 shows that the common- mode rejection ratio here is about half that in 
(3.193) because the outputs in Fig. 4.29 are taken only from one side of each differential 
pair instead of from both sides, reducing the differential-mode gain by a factor of two. 
The result in (4.156) applies for both the bipolar and MOS amplifiers shown in Fig. 4,29a. 
Because g m r 0 is much higher for bipolar transistors than MOS transistors, the CMRR of a 
bipolar differential pair with resistiveload is much higher than that of its MOS counterpart. 

On the other hand, the active-load stages shown in Fig 4.29 b have common-mode 
rejection ratios much superior to those of the corresponding circuits in Fig. 4.29a. Assume 
that the outputs in Fig. 4.29 h are connected to small-signal ground to allow calculation 
of the common-mode transconductance. The small-signal model is the same as shown in 
Fig. 4.26b with v ( i = v i2 = v ic . For simplicity, let fio and r w ® at first. As with 
a resistive load, changes in the common-mode input will cause changes in the tail bias 
current z ta ii because the output resistance of 7g is finite. If we assume that the currents 
in the differential-pair transistors are controlled only by the base-emillcr or gale-source 
voltages, the change in the current in T\ and T 2 is 





i] - i 2 = 


ha il 
2 


(4.157) 


If = 0. the gain of the current mirror is unity. Then substituting (4.157) into (4.141) 
with = —ii gives 




W — ~h ~~ h - 


: i| “ h = 0 


(4.158) 


As a result. 


Gnlcm] = ^ 
v u 


= 0 

l-'oul = 0 


(4.159) 


Therefore, 


CMRR - 


-> £X 


(4.160) 



The common-mode rejection ratio in (4.160) is infinite because the change in the current 
in !Z 4 cancels that in T 2 even when is finite under these assumptions. 

The key assumptions that led to- (4.160) are that r 0 ^dp) 05 so i\ = i 2 and that the 
current mirror is ideal so e m = 0. In practice, the currents in the differential-pair transistors 
are not only controlled by their base-emitter or gate-source voltages, but also to some extent 
by their collector-emitter or drain-source voltages. As a result, i\ is not exactly equal to 
i 2 because of finite r n td P ) in T\ and 7^. Furthermore, the gain of the current mirror is not 
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exactly unity, which means that e m is not exactly zero in practice because of finite r o{fTiir) 
in T$ and T 4 , Finite ^0 also affects the systematic gain error of the current mirror when 
bipolar transistors are used. For these reasons, the common-mode rejection ratio is [mite in 
practice. However, the use of the aclive load greatly improves the common-mode rejection 
ratio compared to the resistive load case, as wc will show next. 

Suppose that 



h = hd -td) (4.161) 

where e d can he thought of as the gain error in the differential pair. Substituting (4.161) 
into (4.141) with i 3 = -i } gives 

U - *i (1 - € m ) - i 2 = rr((l - e rf )(1 - e m ) - 1) (4.162) 

Rearranging (4. 162) gives 

tmt = ~h (td - £d£m) (4.163) 

If € d 1 and € m 1 , the product term e (i € m is a second-order error and can be ne- 
glected. Therefore, 



f'oui — + € m ) (4,164) 

Substituting (4.164) into (4. 154) gives 

GJcm] = - j(e (J + € m ) (4. 165) 

Equation 4,J65 applies for the aclive- load circuits shown in Fig. 4.2%; however, the first 
term has approximately the same value as in the passive-load case. Therefore, we will 
substitute (4. 155) into (4.165), which gives 



G m [crn] =* 



Km(dp) 

I Sm{dp)(2,*\a il) 



(*d + <=in) 



Substituting (4,166) and (4.143) into (4.153) gives 



CMRR - 



G m ldm\ 

G m [cm\ 



^ “I" tail 

(€ d 4 € m ) 



(4.166) 



(4.167) 



Comparing (4.167) and (4.156) shows that the active load improves the common-mode 
rejection ratio by a taelor of 2/(e ( j 4- e m ). The factor of 2 in the numerator of this expression 
stems from the increase in the differential transconductance, and the denominator steins 
from the decrease in the common-mode transconductance. 

To find € lU we will refer to Fig. A,2tb with v a = v l2 = v i(7 . First, we write 



*'] - RmUipM'rc - V]) 4 — (4.168) 

r o{iip) 

and 

h = gm{d P )(>'ic ~ V|) - V] (4.169) 

r o(dp) 

Substituting (4.134) and i 2 = ~i ] into (4.168) gives 

■ , , vi i] 

*•1 Sm(df))\^ir Vl) 

)Ulp) Sminsir)^ o(rfp) 



(4.170) 
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Equation 4.170 can be rearranged to give 



1 4 8m(mir)^o{dp) V 



8m(mir)^o(dp) 



Substituting (4.169) into (4,171) gives 



'M ” Sm(dp)(yic v l) 



(4.171) 



( Sm(mir)l' a(dp) \ . 

f— *2 

1 “ 1 ” Sfn(mir')^o(dp) j 



Substituting (4.161) into (4.172) gives 



1 4 o(dp) 



(4172) 



(4.173) 



To find e m . we will again refer to Fig. 4,26£? with vn = v a = vu- In writing (4.134), 
we assumed that — I ig„^ We will now reconsider this assumption and write 



^3 = 11^311^411^3 

SmU 



(4174) 



We will still assume that the two transistors in the differential pair match perfectly and 
operate with equal dc currents* as do the two transistors in the active load. Then (4.174) 
can be rewritten as 



f n{mir ) T T 8m(mir)^7r(mir)^ o(rmr) 



Substituting (4.175) into (4,135) gives 



8 mm = gmAWi = 



8rn(fnif)^7r(mir)^o(mir)^ 



r i T(mir) 4 2r 4 gmtmir)!" 7r(mir) r o(mir) 

Substituting (4.133) into (4.176) gives 

^ _ firimir) 4 ^^oimir) 

e m — jT^y T ^ 

*3 Hmtr) 4/* p{mir) 4 8m(mir)f 7r{frir)^o(mir) 

For bipolar transistors, is usually much less than r c \ therefore, 



(4175) 



(4176) 



(4177) 



e in [bip] = 



2 _|_ ^Tr(mir) 

F ojmir) 1 

n . r ir{mir ) . t 8m(mir) r ir(mir) 

£ ' ' tfrrtfrnir')' tt ( mir) I _ 

F o{rnir) 4 



(4.178) 



Since for MOS transistors, , 



€ m [MOS] = 



(4179) 



| \ ,m 1 ‘ / 

t 4 8tn(mir)^o(mir) 

For the bipolar circuit in Fig. 4.29fr, substituting (4,173) and (4.178) into (4,167) gives 
CMRR = * + 28m(t!p) r tai\ /4 1Qm 



< 4 g m{mir) r (>{dp) | + 



(4180) 
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If (g m (mir) r o(dp}) ^ 1 and (g m {mir}^ 7 r{mir)^) ^ h (4,180) can be simplified to give 



CMRR = (1 + 2 gm{tip)^i\)gmSmir) \r a (£tp)\\^~ 



& , £mi.dp)Ftai[)§rn{mir) o(dp)\ 



I -Tr(tttir) 

l ~r~ 



(4.181) 



Comparing (4.181) and (4.156) shows that the active load increases the common-mode 
rejection ratio by a factor of about 2g m(mir) (r^HC^^/S)) for the bipolar circuit in 
Fig. 4.296 compared to its passive-load counterpart in Fig. 4.29a. 

On the other hand, for the MOS circuit in Fig* 4296, substituting (4,173) and (4. 179) 
into (4.167) gives 

CMRR =• ^ 1 + 2g, /- ;a ,i {4 1 g2) 

l I F gm(mir) r a{dp) 1 + gm(mtr) r v(rmr) j 



If ^ 1 and (gmCmir^mir)) ^ 1* (4.182) can be simplified to give 

CMRR — (1 + ^ I 83) 

~ j) ^tail )g G o(dp) 1 1 r o(nur) ) 

Comparing (4.183) and (4.156) shows that the active load increases the common-mode 
rejection ratio by a factor of about 2g ns{mir) (r ij{iip) \ \r a{mir) ) for the MOS circuit in Fig. 4.296 
compared to its passive-load counterpart in Fig. 4.29a. 

For these calculations, perfect matching was assumed so that g ml = g m2i g m2> = g m4 , 
Jrti = an d r o3 = ?o 4 ‘ In practice, however, nonzero mismatch occurs. With mismatch 
in a MOS differential pair using a current-mirror load, the differential-mode transeonduc- 
tance is 



G m [drn] =- g wl _ 2 



where Ag ml _ 2 - g m i - £m 2 , = (g m \ +g m 2)f2* A # m3 _ 4 = g m?! - g m4t and 4 ^ 3-4 = 

(gm?> + gm 4 )/ 2 . Sec Problem 4.1 8 . The approximation in (4.184) is valid to the extent that 
£m^o ^ i for each transistor and (g m i + g m2 )r x » 1 lor the tail current source. Equation 
4.184 shows that the mismatch between g m \ and g m 2 has only a minor effect on G m [dtn\. 
This result stems from the fact that the small-signal voltage across the tail current source, 
v lA ii, is zero with a purely differential input only when g mX = g m2 , assuming r a] « 
and r o2 For example, increasing g m] compared to g m2 tends to increase the small- 
signal drain current ij if v^j is constant. However* this change also increases which 
reduces v s . f ] for a fixed v /£ /, The combination of these two effects causes / t to be insensitive 
to gm\ ~ gmi‘ On the other hand, mismatch between g m 3 and g m 4 directly modifies the 
contribution of iy through the current mirror to the output current. Therefore, (4. 1 84) shows 
that G m [dm | is most sensitive to the mismatch between g m $ and g m4 . 

With mismatch in a MOS differential pair using a current-mirror load, the common- 
mode transconductanec is 

Gnlcm] = + € m ) (4.185) 

2 r lai i 



1 - 



2 

\%gm\-2 



1 + 



\2g?n3 4 



(4184) 
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where is the gain error in the source-coupled pair with a pure common-mode input 
defined in (4,161) and e m is the gain error in the current mirror defined in (4.133). From 
Problem 4.19, 



1 

€d “ 

gw3 r a(dp) 



L + 2r tail 

8m] -2 \ r o{dp) 



^hail & r o{dp) 
f o(dp) f tiUip) 



(4.186) 



Each term in (4.186) corresponds to one source of gain error by itself, and interactions 
between terms are ignored. The first term in (4.186) is consistent with (4.173) when 
gmifoidp) ^ 1 and stems from the observation that the drain of T\ is not connected to a 
small-signal ground during the calculation of G m [dm\ y unlike the drain of TV The second 
term in (4. 1 86) stems from mismatch between g m i and g m 2 alone. The third term in (4. 186) 
stems from the mismatch between r 0 i and r n2 alone. The contribution of this mismatch to 
G m [cm] is significant because the action of the current mirror nearly cancels the contribu- 
tions of the input g m generators to G m [cm ] under ideal conditions, causing G m [cm\ - 0 in 
(4.166), In contrast, G m [dm] is insensitive to the mismatch between r 0 \ and r ol because 
the dominant contributions to G m \dm\ arising from the input g m generators do not cancel 
at the output. From Problem 4.19, 

^ 1 _j_ (j?m3 ~ 1 1 4 ^ 187) 

1 4" 1 T gm3^ oi gm3^o3 gml—4 

Each term in (4.187) corresponds to one source of gain error by itself, and interactions 
between terms are ignored. The first term in (4.187), which is consistent with (4.179) 
when gfniroi » 1 , stems from the observation that the small-signal input resistance of the 
current mirror is not exactly l/g m ? but (l/g, H 3 )||r i> 3 . The second term in (4.187) stems from 
mismatch between g m $ and g m 4 alone. The CMRR with mismatch is the ratio of G m \dm] in 
(4.184) to Gj„Lcm] in (4.185), using (4.186) and (4.187) for ^ and respectively. Since 
the common-mode transconductance is very small without mismatch (as a result of the 
behavior of the current- mirror load), mismatch usually reduces the CMRR by increasing 
\G m [cm]\. 



4*4 Voltage and Current References 

4.4.1 Low-Current Biasing 

4.4. 1 . 1 Bipolar Widlar Current Source 

In ideal operational amplifiers, the current is zero in each of the two input leads. However, 
the input current is not zero in real op amps with bipolar input transistors because fir is 
finite. Since the op-amp inputs are usually connected to a differential pair, the tail current 
must usually be very small in such op amps to keep the input current small. Typically, the 
tail current is on the order of 5 |jlA. Bias currents of this magnitude are also required in a 
variety of other applications, especially where minimizing power dissipation is important. 
The simple current mirrors shown in Fig. 4.30 are usually not optimum for such small 
currents. For example, using a simple bipolar current mirror as in Fig. 4.30# and assuming 
a maximum practical emitter area ratio between transistors of ten to one, the mirror would 
need an input current of 50 p A for an output current of 5 pA. If the power-supply voltage 
in Fig. 4.30# is 5 V, and if V^ on ) = 0.7 V,/? = 86 kfl would be required. Resistors of this 
magnitude are costly in terms of die area. Currents of such low magnitude can be obtained 
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Figure 4.30 Simple two -transistor current mirrors where the input current is set by the suppty 
voltage and a resistor using (a) bipolar and (b) MOS transistors. 



with moderate values of resistance, however, by modifying the simple current mirror so 
that the transistors operate with unequal base-emitter voltages. In the Widlar current source 
of Fig. 4.3 la, resistor R 2 is inserted in series with the emitter of Q 2 > and transistors Q± and 
Qi operate with unequal base emitter voltages if R 2 ^ 0. 1(Ul This circuit is referred to as 
a current source rather than a current mirror because the output current in Fig. 4.3 In is 
much less dependent on the input current and the power-supply voltage than in the simple 
current mirror of Fig. 4.30a, as shown in Section 4.4.2. We will now calculate the output 
current of the Widlar current source. 

If /in > 0, Q\ operates in the forward -active region because it is diode connected. 
Assume that Q 2 also operates in the forward active region. KVL around the base-emitter 
loop gives 



Vbe\ 



V BE! ~ 



f$F + 1 

Pf 



h} UT-^2 — 0 



(4.188) 



Vdd 





Figure 4.31 Widlar current sources: («) bipolar and (b) MOS. 
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If we assume that Vbe\ — Vbei = = 0.7 V in (4, 1 88), we would predict that 

/out = 0. Although /out is small in practice, it is greater than zero under the usual bias 
conditions, which means that the standard assumption about V^ (otl) is invalid here. In con- 
trast, the standard assumption is usually valid in calculating / IN because small variations 
in V BE \ have little effect on / !N if V C c Vbei- When one base-emitter voltage is sub- 
tracted from another, however, small differences between them are important. If V A -■■■> oc 7 
(4488) can be rewritten using (1.35) as 

v, in kl - v T ]n - &_±1, out/?2 = o ( 4 . 1 89) 

/si hi PF 

If ftp (4489) simplifies to 

Vj In ^ Vr hi - IqutRi - 0 (4490) 

hi hi 

For identical transistors, h\ and I S2 are equal, and (4490) becomes 

Vt In = (44 91) 

■TOUT 

This transcendental equation can be solved by trial and error to find /ou r if Ri and 
/in aTe known, as in typical analysis problems. Because the logarithm function compresses 
changes in its argument, attention can be focused on the linear term in (4491 ), simplifying 
convergence of the Iriahand-error process. In design problems, however, the desired 7 [N 
and /qut are usually known, and (4491 ) provides the required value of R 2 . 



EXAMPLE 

In the circuit of Fig, 4, 3 la. determine the proper value of R 2 to give /qut = 5 |jlA. Assume 
that l/ C c = 5 V, *! = 4.3 kil, V BE{an) = 0.7 V, and p F - 

r 5 V- 0.7 V . A 

% = 4.3 ^ = 1 mA 

Vj In pF = 26 mV In - 137 mV 

/out \5 j 



Thus from (4491) 



and 



/out-^ 2 = 1^7 mV 



K, . , 27.4 k!l 

5 fiA 



The total resistance in the circuit is 31 .7 kfl. 



■ EXAMPLE 

In the circuit of Fig. 4.31a, assume that = 1 mA, R 2 = 5 kfi, and j(3/r — * Find 

/out* From (4491), 

V T In — 5 kii(/ou T ) - 0 
/out 
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Try 



/our - 15 fxA 
1 08 mV - 75 mV ^ 0 

The linear term Ahjt ^2 is loo small; therefore, 7 qut > 15 julA should be tried. Try 

/out = 20 |jl A 
101.7 mV - 1 00 mV — 0 

Therefore, the output current is close to 20 p,A. Notice that while the linear term increased 
by 25 mV from the first to the second trial, the logarithm term decreased by only about 
6 mV because the logarithm function compresses changes in its argument. 

4.4. 1.2 MOS Widlar Current Source 

The Widlar configuration can also be used in MOS technology, as shown in Fig. 4.31k 
If / IN > 0, M[ operates in the active region because it is diode connected. Assume 
that M 2 also operates in the forward active region. KVL around the gate-source loop gives 

Vgs\ ~ V G s2 ~ /out Ri = 0 (4.192) 

If we ignore the body effect, the threshold components of the gate-source voltages cancel 
and (4.192) simplifies to 



fomRi + V<>;2 ~ Vw 1 = 0 ( 4 . ( 93 ) 

If the transistors operate in strong inversion and V A 



/qut/?2 + 



/ 2/qut 

V k r (W/Lh 



’ Vovl 



- 0 



This quadratic equation can be solved for v "7qut- 



(4.194) 



v'7 



OUT — 



V k'{WfL) 2 y k'(W/L) 2 



+ 4 RiVo.i 



2Ri 



(4.195) 



where V ov] = j21 m I\k\WfL)i\. From (1.157), 



v / OUT - 



fkXW/L ) 2 



V 



(V<}S2 - Vt ) 



(4.1%) 



Equation 4.196 applies only when M 2 operates in the active region, which means that 
v gsi > Vt- As a result, v '7 0 ur > 0 and the potential solution where the second term in 
the numerator of (4.195) is subtracted from the first, cannot occur in practice. Therefore. 



\7out — 



v k’iWiLh V k'(Wil ) 2 



+ 4 R 2 V oyA 



2Ri 



(4.197) 



Equation 4. 1 97 shows that a closed-form solution for the output current can be written for 
a Widlar current source that uses MOS transistors operating in strong inversion, unlike the 
bipolar ease where trial and error is required to find / OUT . 
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EXAMPLE 

In Fig. 4.31 b, find /out if /in = 100 |xA, R 2 = 4 kfl, k * = 200 juA/V 2 , and (WfL) 1 = 
(M//L) 2 — 25. Assume the temperature is 27°C and that n — 1.5 in (1.247), 
Then R 2 = 0,004 Mil, V ov] = 7200/(200 x 25) V = 0,2 V, 



200(25} 



v'fQUT 



*/ 200(25) 
2(0.004) 



+ 4(0.Q04)(0.2) 



/Ia = 5 VjulA 



and /q UT = 25 |jlA. Also, 



V 0v 2 = V ovl - I out ^2 = 0.2 - 25 X 0.004 = 0.1 V > 2 nV T - 78 mV 
Therefore, both transistors operate in strong inversion, as assumed. 

4.4. 1.3 Bipolar Peaking Current Source 

The Widlar source described in Section 4,4, 1 . 1 allows currents in the microamp range to be 
realized with moderate values of resistance. Biasing integrated -circuit stages with currents 
on the order of nanoamps is often desirable. To reach such low currents with moderate 
values of resistance, the circuit shown in Fig. 4,32 can be used, 12,1314 Neglecting base 
currents, we have 



VbEI - /iN^ - y BE2 

If V A k, (4.198) can be rewritten using (1.35) as 



(4.198) 



Vr In 



Vj In 



(4.199) 



If Q\ and Qi arc identical. (4.199) can be rewritten as 



/olt - /[\ e^p 



(4200) 



Equation 4.200 is useful for analysis of a given circuit. For design with identical Q\ and 
Q- 2 , (4.199) can be rewritten as 



R = ^ lnT^L 
/in /out 



(4.201) 




Figure 4.32 Bipolar peaking current source. 
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Figure 4.33 Transfer charac- 
teristics of the bipolar peaking 
current source with T = 27°C. 



For example, for /jn = 10 juA and / 0 ut = 100 nA> (4.201) can be used to show that 
R=* 12 kil. 

A plot of /qut versus / ]N from (4.200) is shown in Fig. 4.33. When the input current 
is small, the voltage drop on the resistor is small, and Vbei — Vbei so /out — hx- As the 
input current increases, Vbei increases in proportion to the logarithm of the input current 
while the drop on the resistor increases linearly with the input current. As a result, increases 
in the input current eventually cause the base-emitter voltage of Q 2 to decrease. The output 
current reaches a maximum when Vbei is maximum. The name peaking current source 
stems from this behavior and the location and magnitude of the peak both depend on R. 



4.4. 1.4 MOS Peaking Current Source 

The peaking-eurrenl eonliguration can also be used in MOS technology, as shown in 
Fig. 4.34. If /fx is small and positive, the voltage drop on R is small and M\ operates 
in the active region. Assume that M 2 also operates in the active region. KVL around the 
gate-source loop gives 

Vast -I\nR-Vcs 2 = 0 (4202) 

Since the sources of M\ and Mi are connected together, the thresholds cancel and (4.202) 
simplifies to 

Vov2 = V m] ~ IixR (4.203) 



Vw 




Figure 4.34 MOS peaking current source. 
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From (1.157), 



'OUT 



AW/L ) 2 2 _ kXW/Lh 2 

X K V ov2) ~ ^ \ V ov l “ iDW 



(4.204) 



where V ov \ = Equation 4.204 assumes that the transistors operate in 

strong inversion. In practice, the input current is usually small enough that the overdrive of 
M\ is less than 2 n Vj, where //is defined in (1.247) and VV is a thermal voltage. Equation 
4.203 shows that the overdrive of A/ 2 is even smaller than that of M\. Therefore, both 
transistors usually operate in weak inversion, where the drain current is an exponential 
function of the gate-source voltage as shown in (1.252). If V D $\ > 3VY, applying (1.252) 
to M] and substituting into (4.202) gives 

Van -V t ~nV T In Aj-j- j 'in* (4.205) 



Then if the transistors are identical and > 3VV> substituting (4.205) into (1.252) 
gives 



r w r jy G s2-Vt 

/0UT = T /, e *P (~7^— 



- An exp - 



nVr 



(4,206) 



where I t is given by (1,251) and represents the drain current of M 2 with Vcs2 = Vt* 
WIL = 1, and V D $ » Vj. Comparing (4.206) with (4.200) shows that the output cur- 
rent in an MOS peaking current source where both transistors operate in weak inversion 
is the same as in the bipolar case except that 1.3 ^ n ^ L5 in the MOS case and n = 1 
in the bipolar case. 

Plots of (4,206) and (4.204) are shown in Fig. 4.35 for n = 1,5, T = 2TC , R = 
10 kii, k ' - 200 jjlA IV 2 , and (W/L) 2 = (WIL) \ = 25. In both cases, when the input 
current is small, the voltage drop on the resistor is small, and /out — An- As the in- 
put current increases, Vgsi increases more slowly than the drop on the resistor. As a 
result, increases in the input current eventually cause the gate-source voltage of M 2 to 
decrease. The output current reaches a maximum when Vosi is maximum. As in the 
bipolar case, the name peaking current source stems from this behavior, and the lo- 
cation and magnitude of the peak both depend on R. Because the overdrives on both 
transistors are usually very small, the strong-inversion equation (4,204) usually under- 
estimates the output current. 




^in (gA) 



Figure 4.35 Transfer characteris- 
tics of the MOS peaking current 
source assuming both transistors 
operate in weak inversion or in 
strong inversion. 
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4.4.2 Supply-Insensitive Biasing 

Consider the simple current mirror of Fig. 4.30a, where the input current source has been 
replaced by a resistor. Ignoring the effects of finite fi F and Va, (4,5) shows that the output 
current is 



/()IJT — / EM — 



Vrr ~ V 



BE( on) 



(4.207) 



If V c c ^ this circuit has the drawback that the output current is proportional to 

the power-supply voltage. For example, if Vbe{u nj = 0.7 V, and if this current mirror is 
used in an operational amplifier that has to function with power-supply voltages ranging 
from 3 V to 10 V, the bias current would vary over a four-to-one range, and the power 
dissipation would vary over a thirteen -to-onc range. 

One measure of this aspect of bias-circuit performance is the fractional change in the 
bias current that results from a given fractional change in supply voltage. The most useful 
parameter for describing the variation of the output current with the power-supply voltage 
is the sensitivity 5. The sensitivity of any circuit variable y to a parameter x is defined as 
follows: 



S* - lim ^ 
A*-»0 Ax/x 



(4.208) 



(4.209) 



Applying (4.208) to find the sensitivity of the output current to small variations in the 
power-supply voltage gives 

<A>lt _ ^SUP^OUT 

(4209) 

The supply voltage Vsup is usually called Vcc in bipolar circuits and Vdd in MOS circuits. 
If Vcc » VBEm in Fig* 430a, and if V DD V US i in Fig. 4.30 h, 

5{,™ r ; =1 (4.210) 

Equation 4.210 shows that the output currents in the simple current mirrors in Fig. 4.30 
depend strongly on the power-supply voltages. Therefore, this configuration should not be 
used when supply insensitivity is important. 



4.4.2. 1 Widlar Current Sources 

For the case of the bipolar Widlar source in Fig. 43 la T the output current is given implicitly 
by (4.191). To determine the sensitivity of /out to the power-supply voltage, this equation 
is differentiated with respect to Vcc- 



d i n An _ B Mam- 

V, mFc"'ton 



Differentiating yields 



_ 1 

/out dVcc 



^OUT ^Vcc 



-- = fo 



Mcc 



(4.211) 



(4.212) 



Solving this equation for dlouv^Vcc-^ we obtain 

d/pUT = / 1 

dVee 1 , ^OUt/?2 



/out <?/lN 
/in dV cc 



(4,213) 
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Substituting (4.213) into (4.209) gives 

1 \ V CC 

1 loUT^l I / JN kV cc 

V T / 



S{, 0UT = 

v cc 



] 



\S 



I + 



hmRi pVr 

Vt 



(4.214) 



If Vcc^> VBEiun), /in - VcdR\ and tbe sensitivity of I m to V rc is approximately unity 
as in the simple entrant mirror of Fig, 4.30a. For the example in Section 4 4 J 1 where 
/in = 1 mA, I OUI - 5 jjlA, and R 2 = 27.4 kfl, (4.214) gives 



<4<]ur _ V CC ^/qljt 
Vrr ’ 



i 



/out dVee 



1 



137 mV 



- 0.16 



(4.213) 



Thus for this case, a 10 percent power-supply voltage change results in only 1 6 percent 

change in / out- 

fA 1( ff! r J“ ase of ^ MOS W,dlar source in Fig. 4.316, the output current is given by 
(4.197). Differentiating with respect to V DD gives 



1 



dl 



OUT 



1 



1 



2 7/out 3V dd 4R 2 



A R* V "- 



V k'(W/L) 2 



+ W 2 V m!l 



'dV 



DD 



(4.216) 



where 



dV™ 



ovl 



^/iN 



V rtu i dl 



_ y<>v\ 



IN 



dV DD y k*(W/L) } 27 /in 2/jn" 

Substituting (4.216) and (4.217) into (4.209) gives 



Sv°° = 

v Of) 



'm-1 



J V i-2 + 4 /out RlVa 



:^IN 



^ Of) 



(4.217) 



(4.218) 



?io C , e s( OUT 4n SUalIy much less tllan v ^ is mual] y sma11 and 'out *2 - V 0(1 and 
(4.218) simplifies to 



c/lUT 

°V DD 



V 



ov\ 



V 4V ^1 



^ - 0.5.S), 

v Oi> Vm j 






(4.219) 



If V n n » V’ Ci i . % - VW/f, and the sensitivity of % to V) u; . is approximately unity 
as in the simple current mirror of Fig. 4.30fe. Thus for this case, a 1 0 percent power-supply 
voltage change results in a 5 percent change in / 0UT 



4-4. 2.2 Current Sources Using Other Voltage Standards 

The level of power-supply independence provided by the bipolar and MOS Widlar current 
sources is not adequate for many types of analog circuits. Much lower sensitivity can be 
obtained by causing bias currents in the circuit to depend on a voltage standard other 
than the supply voltage. Bias reference circuits can be classified according to the voltage 
standard by which the bias currents are established. The most convenient standards arc 
t e base-emitter or threshold voltage of a transistor, the thermal voltage, or the breakdown 
voltage of a reverse-biased /injunction (a Zener diode). Each of these standards can be 
used to reduce supply sensitivity, but the drawback of the first three standards is that the 
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T Figure 4.36 (a) Base-emitter referenced 

“ current source. (h) Threshold referenced 

^ ^ current source. 

reference voltage is quite temperature dependent. Both the base-emitter and threshold volt- 
ages have negative temperature coefficients of magnitude 1 to 2 mV/°C f and the thermal 
voltage has a positive temperature coefficient of kJq 86 jllV/°C. The Zener diode has 
the disadvantage that at Least 7 to 10 V of supply voltage are required because standard 
integrated-circuit processes produce a minimum breakdown voltage of about 6 V across 
the most highly doped junctions (usually npn transistor emitter-base junctions). Further- 
more. pn junctions produce large amounts of voltage noise under the reverse-breakdown 
conditions encountered in a bias reference circuit. Noise in avalanche breakdown is con- 
sidered further in Chapter 1 J . 

Wc now consider bias reference circuits based on the base-emitter or gate-source volt- 
age. The circuit in simplest form in bipolar technology is shown in Fig. 4,36#. This circuit 
is similar to a Wilson current mirror where the diodc-eonnected transistor is replaced by a 
resistor. For the input current to flow in 1\, transistor T 2 must supply enough current into 
R 2 so that the base-emitter voltage of T { is 

Vbei = V r (4.220) 



If we neglect base currents, / G ur is equal to the current flowing through R 2 . Since the 
voltage drop on R 2 is Vbfa- th £ output current is proportional to this base-emitter voltage. 
Thus, neglecting base currents, wc have 



, VbL'I Vt , /[N 

/ouT -^r = ^ ln /« 

Differentiating (4.221 ) and substituting into (4.209) gives 



^ ^ oh n 

fc ' VVr ' huvfa- cc V "■ v ’< 






(4221) 



(4.222) 



If Vcc ^ 2 V ijt'mn), /in — VccfR] and the sensitivity of /in to Wr is approximately unity. 
With V M(oriJ = 0,7 V, 



S*" - = 0.037 



(4.223) 
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Thus for this case, a 10 percent power-supply voltage change results in a 0.37 percent 
change in /out- The result is significantly better than for a bipolar Widlar current source. 
The MOS counterpart of the base-emitter reference is shown in Fig. 4.36b . Here 



Jour 



_ Vt + Vqv i 

R 2 Ri 



I 2 /) N 
k'(W/L)i 
R 2 



(4,224) 



The case of primary interest is when the overdrive of T { is small compared to the threshold 
voltage. This case can be achieved in practice by choosing sufficiently low input current 
and large (W!L) X . In this case, the output current is determined mainly by the threshold 
voltage and R 2 . Therefore, this circuit is known as a threshold-referenced bias circuit. 
Differentiating (4.224) with respect to V DD and substituting into (4,209) gives 



S 



^OL'T 

Vdd 



VqvI ^ I m 

2/out«2 ^ 2Vcsi Vdd 



For example, if V, = 1 V, V mX = 0. 1 V, and sfr DD = I 



*4>ut = 01 

2(1.1) 



=* 0.045 



(4.225) 



(4.226) 



These circuits are not fully supply independent because the base-emitter or gate- 
source voltages of T i change slightly with power-supply voltage. This change occurs 
because the collector or drain current of T\ is approximately proportional to the supply 
voltage. The resulting supply sensitivity is often a problem in bias circuits whose input 
current is derived from a resistor connected to the supply terminal, since this configura- 
tion causes the currents in some portion of the circuit to change with the supply voltage. 



4.4.2.3 Self Biasing 

Power-supply sensitivity can be greatly reduced by the use of the so-called bootstrap bias 
technique, also referred to as self biasing. Instead of developing the input current by con- 
necting a resistor to the supply, the input current is made to depend directly on the output 
current of the current source itself. The concept is illustrated in block-diagram form in 
Fig. 4.37a. Assuming that the feedback loop formed by this connection has a stable oper- 
ating point, the currents flowing in the circuit are much less sensitive to power-supply volt- 
age than in the resist! vely biased case. The two key variables here are the input current, / ]N , 



V-sup 





(«) {h) 

Figure 4.37 (a) Block diagram of a self-biased reference, (b) Determination of operating point. 
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and the output current, /out- The relationship between these variables is governed by both 
the current source and the current mirror. From the standpoint of the current source, the 
output current is almost independent of the input current for a wide range of input currents 
as shown in Fig. 431b . From the standpoint of the current mirror, / JN is set equal to iom* 
assuming that the gain of the current mirror is unity. The operating point of the circuit 
must satisfy both constraints and hence is at the intersection of the two characteristics. In 
the plot of Fig, 4.37/?, two intersections or potential operating points are shown. Point A is 
the desired operating point, and point B is an undesired operating point because /out = 

/|N = 0. 

If the output current in Fig, 4.37a increases for any reason, the current mirror increases 
the input current by the same amount because, the gain of the current mirror is assumed 
to be unity. As a result, the current source increases the output current by an amount that 
depends on the gain of the current source. Therefore, the loop responds to an initial change 
in the output current by further changing the output current in a direction that reinforces 
the initial change. In other words, the connection of a current source and a current mirror 
as shown in Fig, 4.37a forms a positive feedback loop, and the gain around the loop is the 
gain of the current source. In Chapter 9, we will show that circuits with positive feedback 
are stable if the gain around the loop is less than unity. At point A, the gain around the loop 
is quite small because the output current of the current source is insensitive to changes in 
the input current around point A . On the other hand, aL point B , the gain around the feed- 
back loop is deliberately made greater than unity so that the two characteristics shown in 
Fig. 431b intersect at a point away from the origin. As a result, This simplified analysis 
shows that point B is an unstable operating point in principle, and the circuit would ideally 
tend to drive itself out of this state. 

In practice, however, point B is frequently a stable operating point because the currents 
in the transistors at this point are very small, often in the pieoampere range. At such low 
current levels, leakage currents and other effects reduce die current gain of both bipolar 
and MOS transistors, usually causing the gain around Ihe loop to be less than unity. As a 
result, actual circuits of this type are usually unable to drive themselves out of the zero- 
current state. Thus, unless precautions are taken, the circuit may operate in the zero-current 
condition. For these reasons, self-biased circuits often have a stable state in which zero 
current flows in the circuit even when the power-supply voltage is nonzero. This situation 
is analogous to a gasoline engine that is not running even though it has a full tank of fuel. Ail 
electrical or mechanical device is required to start the engine. Similarly, a start-up circuit 
is usually required to prevent the self-biased circuit from remaining in the zero-current 
state. 

The application of this technique to the Vbe -referenced current source is illustrated 
in Fig. 4.38a, and the threshold-referenced MOS counterpart is shown in Fig. 4.38fr. Wc 
assume for simplicity that V A -» ® The circuit composed of T\, T 2 , and R dictates that 
the current / 0 ut depends weakly on as indicated by (4,221) and (4.224). Second, 
the current mirror composed of matched transistors and T 5 dictates that / IN is equal 
to /out ■ The operating point of the circuit must satisfy both constraints and hence is at 
the intersection of the two characteristics as in Fig. 431b. Except for the effects of finite 
output resistance of the transislors, the bias currents are independent of supply voltage. If 
required, the output resistance of the current source and mirror could be increased by the 
use of cascode or Wilson configurations in the circuits. The actual bias currents for other 
circuits are supplied by T& and/or 7^, which are matched to T 5 and T] s respectively. 

The zero-current state can be avoided by using a start-up circuit to ensure that some 
current always flows in the transistors in the reference so that the gain around the feedback 
loop at point B in Fig. 4.37/? does not fall below unity. An additional requirement is that 
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Figure 4.38 (a) Self-biasing reference. (&) Self-biasing V, reference. 



the start-up circuit must not interfere with the normal operation of the reference once 
the desired operating point is reached. The V^-referenced current source with a typical 
start-up circuit used in bipolar technologies is illustrated in Fig. 4.39a. We first assume 
that the circuit is in the undesired zero-current state. If this were true, the base-emitter 
voltage of 7’! would be zero. The base-emitter voltage T z would be tens of millivolts 
above ground, determined by the leakage currents in the circuit. However, the voltage 
on the left-hand end of is four diode drops above ground, so that a voltage of at least 
three diode drops would appear across R x , and a current would flow through R x into the 
Ti-T 2 combination. This action would cause current to flow in 74 and T 5 , avoiding the 
zero-current state. 

The bias reference circuit then drives itself toward the desired stable state, and we re- 
quire that the start-up circuit not affect the steady-state current values. This can be accom- 
plished by causing R x to be large enough that when the steady-state current is established 
in Tj, the voltage drop across R x is large enough to reverse bias D\. In the steady state, 
the collector-emitter voltage of T\ is two diode drops above ground, and the left-hand end 
of D\ is four diode drops above ground, Thus if wc make equal to two diode drops, 
D 1 will have zero voltage across it in the steady state. As a result, the start-up circuit com- 
posed of D 2 -D 5> and D* is, in effect, disconnected from the circuit for steady-state 
operation. 

Floating diodes are not usually available in M OS technologies. The threshold- 
referenced current source with a typical slart-up circuit used in MOS technologies is 
illustrated in Fig. 4,3%. If the circuit is in the undesired zero-current state, the gate- 
source voltage of 7i would be less than a threshold voltage. As a result, T 7 is off and T% 
operates in the triode region, pulling the gate-source voltage of T 9 up to V DD . Therefore, 
74 is on and pulls down on the gates of T 4 and T$ . This action causes current to flow in 
74 and 74, avoiding the zero-current state. 

In steady state, the gate-source voltage of T 7 rises to 7 out^ ? which turns on 77 and 
reduces the gate-source voltage of 7 9 . In other words, T 7 and 7* form a CMOS inverter 
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V DD 




Figure 4,39 (a) Self-biasing Vu± reference with start-up circuit, (b) Self-biasing V z reference with 
start-up circuit, 

whose output falls when the reference circuit turns on. Since the start-up circuit should not 
interfere with normal operation of the reference in steady slate, the inverter output should 
fall low enough to turn T$ off in steady state. Therefore, the gate-source voltage of T$ 
must fall below a threshold voltage when the inverter input rises from zero to /out^ in 
practice, this requirement is satisfied by choosing the aspect ratio of J’ 7 to be much laTger 
than that of TV 

Another important aspect of the performance of biasing circuits is their dependence 
on temperature. This variation is most conveniently expressed in terms of the fractional 
change in output current per degree centigrade of temperature variation, which we call the 
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fractional temperature coefficient TCf\ 



TC t = 



1 Sic 



(4.227) 



For the V^-referenced circuit of Fig, A3$a> 



Therefore, 



/out - 



1 #Vbjh _ Vbe\ dR 
R dT R 2 dT 



TC f = 



— /m:n 



1 dlpu 
four dT 



1 dV RE \ 1 dR 



1 dVitEi _ 1 dR 
V be\ dT R dT 



(4.228) 



(4.229) 



(4230) 



(4.231) 



Thus the temperature dependence of the output current is related to the difference between 
the resistor temperature coefficient and that of the base-emitter junction* Since the former 
has a positive and the Latter a negative coefficient, the net TCf is quite large* 



EXAMPLE 

Design a bias reference as shown in Fig* 4. 38 a to produce 100 jllA output current. Find 
the TCf. Assume that for T], Is = 10 -14 A. Assume that dVnfjdT = — 2mV/°C andlhat 
(\/R)(dR/dT) - +1500 ppm/°C. 

The current in 7\ will be equal to /out. so that 

Vbei = V T In = 598 mV 



Thus from (4.228), 



From (4.231), 



and thus 



-2 mV/°C 
598 mV 



* . ?98mV = kil 
0.1 mA 



- 1.5 X 10“ 3 - -3*3 X 10" 3 - 1.5 X IQ-' 1 



TCf - -48 X lQ-*rC = -4800 ppm/°C 

The term ppm is an abbreviation for parts per million and implies a multiplier of 10 6 , 
For the threshold-referenced circuit of Fig. 4.38 b ? 



, V, 

Fom - “ -R 

Differentiating (4*232) and substituting into (4.227) gives 



(4.232) 



TCu = 



1 $/qijt 1 dV s 1 dR 

3UT dT Vt dT R dT 



(4233) 
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Er 

Figure 4.40 Example of a V BFr 
referenced self-biased circuit in 
CMOS technology* 

Since the threshold voltage of an MOS transistor and ihc base-emitter voltage of a bipolar 
transistor both change at about -2 mV/ D C (4.233) and (4.231) show that the temperature 
dependence of the threshold-referenced current source in Fig* 4.386 is about the same as 
the Vfi£ -referenced current source in Fig. 4.38a. 

V/j/r-referenced bias circuits are also used in CMOS technology* An example is shown 
in Fig. 4.40, where the pnp transistor is the parasitic device inherent in /^-substrate CMOS 
technologies. A corresponding circuit utilizing npn transistors can be used in n-substrate 
CMOS technologies. The feedback circuit formed by M 2 , A/ 3 , M 4 , and M 5 forces the 
current in transistor Q \ to be the same as in resistor R< Assuming matched devices, Vgs 2 ~ 
V(jm and thus 

/out = (4.234) 

An alternate source for the voltage reference is the thermal voltage V>. The difference 
injunction potential between Iwo junctions operated at different current densities can be 
shown to be proportional to V r . This voltage difference must be converted to a current to 
provide the bias current. For the Widlar source shown in Fig, 4.31«, (4.190) shows that 
the voltage across the resistor R 2 is 

/OUT *2 = Vr (4.235) 

'OUT *S'\ 

Thus if the ratio of the input to the output current is held constant, the voltage across /C 

is indeed proportional to V?. This fact is utilized in the self-biased circuit of Fig. 4.41. 

Here Q 3 and Q 4 arc selected to have equal areas. Therefore, if we assume that » 

and V r \ the current mirror formed by Q 3 and Q 4 forces the collector current of Q\ to 
equal that of Q 2 . Figure 4*41 also shows that Q 2 has two emitters and Q\ has one emitter, 
which indicates that the emitter area of Q 2 is twice that of Q\ in this example. This selection 
is made to force the gain around the positive feedback loop at point B in Fig. 4*376 to be 
more than unity so lhat point/? is an unstable operating point and a stable nonzero operating 
point exists at point A. As in other self-biased circuits, a start-up circuit is required to make 
sure that enough current Hows to force operation at point A in Fig. 4.376 in practice. Under 
these conditions, Isi = -/si and the voltage across R 2 is 

/out ^2 = Vt In ----- — V T In 2 
'out 'ii 





(4.236) 
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Figure 4.41 Bias current source using the 
thermal voltage. 



Therefore, the output current is 

'out = ^ In 2 (4.237) 

u 2 

The temperature variation of the output current can be calculated as follows. From 
(4.237) 



dfa\JT 

6T 



R 2 

= (In 2) — 

= ^(Ln 2) 

Ri 



dV T 

Tf 



— yj 



*2 

1 dV T 

Vrlrf 



dRi 

ST 



1 sr 2 
r 2 ST 



Substituting (4.237) in (4.238) gives 



TC f = 



1 dfoux 

fa LJT dT 



1 dV T _ 1 SR 2 
V^~ST ~R 2 ~dT 



(4238) 



(4239) 



This circuit produces much smaller temperature coefficient of the output current than the 
Vre reference because the fractional sensitivities of both Vj and that of a diffused resistor 
R 2 are positive and tend to cancel in (4.239). We have chosen a transistor area ratio of 
two to one as an example. In practice, this ratio is often chosen to minimize the total area 
required for the transistors and for resistor R 2 . 



■ EXAMPLE 

Design a bias reference of the type shown in Fig. 4.41 to produce an output current 
of 100 fxA. Find the TCf of /out- Assume the resistor temperature coefficient 
( MR){dRfdT) = 41500 ppm/°C. 

From (4.237) 



R? = 



Vr{ ln2) ^ (26 mV)(ln 2) 
/out 100 ixA 



180ft 



100 |xA 
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From (4,239) 



1 <?Ajut 
/out dT 



~~ d J~ - 1500 x 10“ 6 = -- ^ - 1500 x 10“ 6 

Vj di Vi [ 

^ - 1500 x 10" 6 



Assuming operation at room temperature, T = 300°K and 

1 o^our ^ 330() x 10 - 6 _ l50Q x 10 -6 = 1 8QQ ppmAC 

VY-referenced bias circuits aie also commonly used in CMOS technology, A simple 
example is shown in Fig. 4,42, where bipolar transistors Qy and Q 2 are parasitic devices 
inherent in /^-substrate CMOS technologies. Here the emitter areas of these transistors dif- 
fer by a factor n, and the feedback loop forces them to operate at the same bias current. As 
a result, the difference between the two base-emiller voltages must appear across resistor 
R , The resulting current is 



/out - 



Vj ln(rt) 
R~ 



(4.240) 



In the circuit of Fig. 4.42, small differences in the gate-source voltages of M 3 and 
M 4 result in large variations in the output current because the voltage drop across R is 
only on the order of 100 mV. Such gate-source voltage differences can result from device 
mismatches or from channel-length modulation in M 3 and M 4 because they have different 
drain-source voltages. Practical implementations of this circuit typically utilize large ge- 
ometry devices for M 3 and M 4 to minimize offsets and cascode or Wilson current sources 
to minimize channel-length modulation effects. A typical example of a practical circuit 
is shown in Fig, 4.43, In general, cascoding is often used to improve the performance of 
reference circuits in all technologies. The main limitation of the application of cascoding 
is that it increases the minimum required power-supply voltage to operate all transistors 
in the active region. 







Figure 4.42 Example of a CMOS V-j - 
referenced sdi-biased circuit. 
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Figure 4.43 Example of a CMOS W- 
referenced self-biased reference cir- 
cuit with cascoded devices to improve 
power-supply rejection and initial 
accuracy. 



4.4.3 Temperature- Insensitive Biasing 

As illustrated by the examples in Section 4.4.2, the base-emitter-voltage- and thermal- 
voltage-referenced circuits have rather high temperature coefficients of output current. 
Although the temperature sensitivity is reduced considerably in the thermal-voltage cir- 
cuit, even its temperature coefficient is not low enough for many applications. Thus wc 
are led to examine other possibilities for the realization of a biasing circuit with low tem- 
perature coefficient. 

4.4.3. 1 Band-Gap-Referenced Bias Circuits in Bipolar Technology 

Since the bias sources referenced to and Vj have opposite TCf, the possibility 

exists for referencing the output current to a composite voltage that is a weighted sum of 
Vfe{ on) and Vr* By proper weighting, zero temperature coefficient should be attainable. 

In the biasing sources described so far, we have concentrated on the problem of ob- 
taining a current with low temperature coefficient. In practice, requirements often arise for 
low-temperature-cocflicient voltage bias or reference voltages. The voltage reference for 
a voltage regulator is a good example. The design of these two types of circuits is similar 
except that in the case of the current source, a temperature coefficient must be intentionally 
introduced into the voltage reference to compensate for the temperature coefficient of the re- 
sistor that will define the current In the following description of the band-gap reference, wc 
assume for simplicity that the objective is a voltage source of low temperature coefficient. 

First consider the hypothetical circuit of Fig. 4.44. An output voltage is developed that 
is equal to plus a constant M times VY. To determine the required value for M , we 

must determine the temperature coefficient of V^Eton)- Neglecting base current, 

1W, = In y (4.241) 

*s 
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Figure 4.44 Hypothetical 
band-gap reference circuit. 



As shown in Chapter 1, the saturation current l s can be related to the device 
structure by 

r qAn}D n ~ ~ 

l s = Q s = B>v;D„ = Rn~T f± n (4242) 

where «; is the intrinsic minority-carrier concentration, Q a is the total base doping per unit 
area, jl„ is the average electron mobility in the base, A is the emitter-base junction area, and 
T is the temperature, Here, the constants B and B' involve only temperature-independent 
quantities. The Einstein relation 4 ,, = ( cj/kT)D„ was used to write I s in terms of fx„ and 
n~. The quantities in (4.242) that are temperature dependent are given by 15 

£« = CT K (4.242) 

b? = J Dr 3 cxp^--^j (4.244) 

where V G u is the band-gap voltage ot silicon extrapolated to 0°K. Here again C and D are 
temperature-independent quantities whose exact values are unimportant in the analysis. 
The exponent n in the expression for base-region electron mobility fi n is dependent on the 
doping level in the base. Combining (4,241), (4.242), (4.243), and (4.244) yields 



ViiE(m) = Vt In \I[T' 7 E exp - 



Vco 



V; 



where E is another temperature-independent constant and 



(4.245) 



y = 4-n (4.246) 

In actual band-gap circuits, the current I\ is not constant but varies with temperature. We 
assume for the time being that this temperature variation is known and that it can be written 
in the form 



h = GT“ 



(4.247) 
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where G is another temperature-independent constant. Combining (4.245) and (4.247) 
gives 



^BEfon) = V'co - VV[(? - a) In T - ln{£G)] (4.248) 

From Fig, 4.44, the output voltage is 

vw = v fl£(0n) + MV t (4.249) 

Substitution of (4.248) into (4.249) gives 

Vout = V G v - Vjiy - a) In T + V t [M + ln(£G)| (4.250) 

This expression gives the output voltage as a function of temperature in terms of the circuit 
parameters G, a, and M, and the device parameters E and y. Our objective is to make V oux 
independent of temperature. To this end, we take the derivative of Vqlt with respect to 
temperature to find the required values of G, y, and M to give zero TC t Differentiating 
(4.250) gives 



dVgiiT 

dT 



T-r„ 



+ ln(EG)] 
‘ o 



Xp-iy - a)ln'T(, - X^-iy -a) (4.251) 



where Tq is the temperature at which the T C F of the output is zero and V T q is the thermal 
voltage V i evaluated at Tq, Equation 4,251 can be rearranged to give 

[M + ln(EG)] = {y - a) hi To + (7 - a) (4.252) 

This equation gives the required values of circuit parameters M, a t and G in terms of the 
device parameters E and y , In principle, these values could be calculated directly from 
(4.252), However, further insight is gained by back-substituting (4.252) into (4.25Q). The 
result is 



Vqut = Van + Vt(y ^ fl + In T ~ 



(4.253) 



Thus the temperature dependence of the output voltage is entirely described by the single 
parameter Tq, which in turn is determined by the constants Atf, E, and G. 

Using (4.253). the output voltage at the zero TC F temperature (T = T 0 ) is given by 

Vout I T=Ti] = Vm + Vtq( y - «) (4.254) 

For example, to achieve zero TC F at 27°C, assuming that y = 3.2 and a = 1 , 

Vout | 7 , -7 l (J = 2_rc = + 2.2V T q (4.255) 

The band-gap voltage of silicon is V G o = L205 V so that 



Vout [ t --t^2PC = 1205 v + (2.2)(0,G26 V) = 1,262 V (4.256) 

Therefore, (he output voltage for zero temperature coefficient is dose to the band-gap 
voltage of silicon, which explains the name given to these bias circuits. 

Differentiating (4.253) with respect to temperature yields 



dV out 
dT 



1 

T 



y T (y - a)(l 4- In 



To 

T 



= (y 





Vr 

T 



(7 



a) 



(4.257) 
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''OUT W 




Figure 4.45 Variation of band-gap reference output voltage with temperature. 



Equation 4,257 gives the slope of the output as a function of temperature. A typical family 
of oulput-vollage-variation characteristics is shown in Fig. 4.45 for different values of Tq 
for the special case in which a = 0 and I] is temperature independent* The slope of each 
curve is zero at T — TV When T < 7V the slope is positive because the argument of the 
logarithm in (4.257) is more than unity* Similarly, the slope is negative when T > T 0 , 
For values of T near 7V 



and we have 



7 

T 



In 1 + 



To ~ T 

T 



t q -t 

T 



dVouj _ , _ , vy It o - t 

dT 17 a} T \ T 



(4.258) 



(4.259) 



As shown by (4.257) and (4.259), the temperature coefficient of the output is zero 
only at one temperature T = Tq. This result stems from the addition of a weighted ther- 
mal voltage to a base-emitter voltage as in Fig* 4.44. Since the temperature coefficient of 
base-emitter voltage is not exactly constant, the gain M can be chosen to set the tempera- 
ture coefficient of the output U> zero only at one temperature. In other words, the thermal 
voltage generator is used to cancel the linear dependence of the base-emitter voltage with 
temperature. After this cancellation, the changing outputs in Fig. 4.45 stem from the non- 
linear dependence of the base-emitter voltage with temperature. Band-gap references that 
compensate for this nonlinearity arc said to be curvature compensated. 1 ^ 1 ^ 



■ EXAMPLE 

A band-gap reference is designed to give a nominal output voltage of 1.262 V, which 
gives zero TCp at 27°C. Because oi component variations, the actual room temperature 
output voltage is 1 *280 V. Find the temperature of actual zero TCf of Vqut- Also, write an 
equation for V {)U T as a function of temperature, and calculate the TCp at room temperature* 
Assume that y = 3.2 and a = 1. 
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From (4*253) at T = 2TC = 3G(TK , 



L280 V = 1.205 + (0.026 V)<2,2) 1 + In 



_JoJ 

300°K 



and thus 



r 0 = 300°K exp 



1 8 mV \ _ 



411°K 



57 mV J 

Therefore, the TCf will be zero at To = 411°K = 138°C, and we can express Vout as 

/ a~\ 1 o\r '' 

Volt = 1.205 V + 57 mV 1 + ln — 



From (4.259) with T = 300°K and r 0 = 41TK, 



tfVou’i = f2 - 26 mV / 411 -300 
dT y } 300 S K \ 300 



- 70 |xV/°K = 70 fxV/°C 



Therefore, the TCf at room temperature is 



TC f = 



1 dVour _ 20 **V/°C 
Volt ^7 1.280 V 



- 55 ppm/ n C 



To reduce the TCf, the constant M in (4.249)^(4.252) is often trimmed at one tem- 
perature so that the band-gap output is set to a desired target voltage. 19 In principle, the 
target voltage is given by (4.253). In practice, however, significant inaccuracy in (4.253) 
stems from an approximation in (4. 244). 20 As a result, the target voltage is usually deter- 
mined experimentally by measuring the T Cf directly for several samples of each band-gap 
reference in a given process. 21,22 This procedure reduces the T Cf at the reference temper- 
ature to a level of about 10 ppm/ °C. 

A key parameter of interest in reference sources is the variation of the output that is 
encountered over the entire temperature range. Since the T Cf expresses the temperature 
sensitivity only at one temperature, a different parameter must be used to characterize the 
behavior of the c ircuit over a broad temperature range. An effective temperature coefficient 
can be defined for a voltage reference as 



TCpip ff) 



1 / ^MAX ^MTN 

Vqut \7max - TmiN 



(4.260) 



where Vmax anc ^ ^min are die largest and smallest output voltages observed over the tem- 
perature range, and 7max “ Tmix is the temperature excursion. Four is the nominal output 
voltage. By this standard, TCp^ct) over the -55 to 125°C range for case (b) of Fig. 4.45 
is 44 ppm/°C. If the temperature range is restricted to 0 to 70°C, TC^h) improves to 
17 ppm/°C. Thus over a restricted temperature range, this reference is comparable with 
the standard cell in temperature stability once the zero TCf temperature has been set 
at room temperature. Saturated standard cells (precision batteries) have a TCf of about 
±30 ppm/°C. 

Practical realizations of band- gap references in bipolar technologies take on several 
forms, 15,19 ' 23 One such circuit is illustrated in Fig, 4,46a, 15 This circuit uses a feedback 
loop to establish an operating point in the circuit such that the output voltage is equal to 
a Vb£( 0TI ) plus a voltage proportional to the difference between two base-emitter voltages. 
The operation of the feedback loop is best understood by reference to Fig. 4.46/?, in which 
a portion of the circuit is shown. We first consider the variation of the output voltage V 2 as 
the input voltage Vi is varied from zero in the positive direction. Initially, with V) = 0, 
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devices Q\ and Q 2 do not conduct and V 2 = 0, As V] is increased, Q\ and Q 2 do not con- 
duct significant current until the input voltage reaches about 0.6 V. When F| < 0.6V, 
V 2 - V\ since the voltage drop on R 2 is zero. When V\ exceeds 0.6 V, however, Q { 
begins to conduct current, corresponding to point (T) in Fig. 4.46£>. The magnitude of the 
current in Q\ is roughly equal to (F| - 0.6 V)IR\. For small values of this current, Q\ and 
Q 2 carry the same current because the drop across R 2 is negligible at low currents. Since 
R 2 is much larger than R x , the voltage drop across R 2 is much larger than (Fj - 0.6 V), and 
transistor Q 2 saturates, corresponding to point (2) in Fig. 4.466. Because of the presence of 
the collector current that would flow in Q 2 if ll were in the forward-active region has 
an approximately logarithmic dependence on V u exaedy as in the Widlar source. Thus 
as V\ is further increased, a point is reached at which Q 2 comes out of saturation be- 
cause V\ increases faster than the voltage drop across R 2 . This point is labeled point (3) in 
Fig, 4.466. 

Now consider the complete circuit of Fig. 4.46a. If transistor £>3 is initially turned off, 
transistor Q 4 will drive V] in the positive direction. This process will continue until enough 
voltage is developed at the base of Q 3 to produce a collector current in Q 2 approximately 
equal to I. Thus the circuit stabilizes with voltage V 2 equal to one diode drop, the base- 
emitter voltage of Q 3 , which can occur at point (T) or point (4) in Fig. 4.466. Appropriate 
start-up circuitry must be included to ensure operation at point 

Assuming that the circuit has reached a stable operating point at point (4), the output 
voltage Vout is the sum of the base-emitter voltage of Q 2 and the voltage drop across R 2 . 
The drop across R 2 is equal to the voltage drop across R$ multiplied by R 2 /R^ because 
the collector current of Q 2 is approximately equal to its emitter current. The voltage drop 
across R 2 is equal to the difference in base-emitter voltages of Q\ and Q 2 . The ratio of 
currents in Q } and Q 2 is set by the ratio of R 2 to R x . 

A drawback of this reference is that the current / is set by the power supply and may 
vary with power-supply variations, A self-biased band-gap reference circuit is shown in 
Fig. 4.46c, Assume that a stable operating point exists for this circuit and that the op amp is 
ideal. Then the differential input voltage of the op amp must he zero and the voltage drops 
across resistors R\ and R 2 are equal. Thus the ratio of R 2 to R\ determines the ratio of/] 
to l 2 . These two currents are the collector currents of the two diode-connected transistors 
Q 2 and Q 1 , assuming base currents arc negligible. The voltage across R 2 is 

= A Vue = Vbe\ ~ V he 2 — Vt hi-^--^ ~ Ft - In— (4.261) 

h h 1 R] h 1 

Since the same current that flows in R 2 also flows in R 2 > Ihe voltage across R 2 must be 
Vm = = -it&Vre = ttW ^ n ~fry~ 2 (4.262) 

This equation shows that the voltage across R 2 is proportional lo absolute temperature 
(PTAT) because of the temperature dependence of the thermal voltage. Since the op amp 
forces the voltages across R x and R 2 to be equal, the currents /] and J 2 are both proportional 
to temperature if the resistors have zero temperature coefficient. Thus for this reference, 
o' = 1 in (4.247). The output voltage is the sum of the voltage across Q 2 , R 3 , and R 2 : 

^OUT = V BEl + + Vr 2 ~ VfiEl + |l + ^jiF^ 

= VbE2 + ^ = ^BEl + MVt 



( 4 . 263 ) 
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Figure 4.46 (a) Widlar band-gap ref- 
erence. ( b ) Band-gap subcircuit, (c) 
Improved band-gap reference* 



The circuit thus behaves as a band-gap reference, with the value of M set by the ratios of 
j an d 



4.4.3. 2 Band-Gap-Referenced Bias Circuits In CMOS Technology 

Band-gap-referenced biasing also can be implemented using the parasitic bipolar devices 
inherent in CMOS technology. For example, in a rt-well process, substrate pnp transistors 
can be used to replace the npn transistors in Fig* 4.46c, as shown in Fig. 4.47. Assume 
that the CMOS op amp has infinite gain but nonzero input-referred offset voltage Vos ■ 
(The input-referred offset voltage of an op amp is defined as the differential input volt- 
age required to drive the output to zero.) Because of the threshold mismatch and the low 
transconductance per current of CMOS transistors, the offset of op amps in CMOS tech- 
nologies is usually larger than in bipolar technologies. With the offset voltage, the voltage 
across R 3 is 



Vri - Veb\ ~ Vebi + Vos ~ &Veb + Vqs 



(4.264) 
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Figure 4.47 A band- 
gap reference in /r-well 
CMOS. 



The emitter-base voltages are used here because the base-emitter voltages of the pnp 
transistors operating in the forward-active region are negative. Then the voltage across 
Ri is 

V ri = = 7T i — Vebi + = ~ (AV^b -f VfAv) (4.265) 

A3 A3 A3 

and the output voltage is is 



Vqut - VEB2 T Vr3 + Vrz 

( J?* \ . 



(4266) 



Since the difference in the base-emitter voltages is proportional to the thermal voltage, 
comparing (4*266) with V os = 0 to (4*249) shows that the gain M here is proportional to 
(1 + R 2 /R 3 ). Rearranging (4.266) gives 



VouT — VeB2 + 



R 

R3 



(^V£if) + 



where the output-referred offset is 



(4267) 



Vos teat) - 




Vos 



(4268) 



Equations 4,267 and 4.268 show that the output contains an offset voltage that is a factor 
of (1 4- R 2 JRi) times bigger than the input- referred offset voltage. Therefore, the same 
gain that is applied to the difference in the base-emitter voltages is also applied to the 
input-referred offset voltage. 

Assume that the offset voltage is independent of temperature. To set TCp of the out- 
put equal to zero, the gain must be changed so that temperature coefficients of the V EB 
and AVTt; terms cancel. Since the offset is assumed to be temperature independent, this 
cancellation occurs when the output is equal to the target, where zero offset was assumed, 
plus the output-referred offset. If the gain is trimmed at T = 7b to set the output to a target 
voltage assuming the offset is zero, (4,267) shows that the gain is too small if the offset 
voltage is positive and that the gain is too big if the offset voltage is negative. Since the 
gain is applied to the PTAT term, the resulting slope of the output versus temperature is 
negative when the offset is positive and the gain is too small. On the other hand, this slope 
is positive when the offset is negative and the gain is too big. 

We will now calculate the magnitude of the slope of the output versus temperature at 
T = T{). With zero offset and a target that assumes zero offset, trimming R 2 and/or R$ to 
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set the output in (4,267) to the target forces the slope of the AVeb term to cancel the slope 
of the Veb term. With nonzero offset but the same target, the factor (1 + R 2 /R^) differs 
from its ideal value after trimming by - Since this error is multiplied by 

A V EB in (4.267), the resulting slope of the output versus temperature is 



^out = _ / Vos(olu) \ dAV£ S 

dT T = T n l, AVeb j dT 



(4.269) 



Since AV^ is proportional to the thermal voltage Vy, 



A Veb = HV r 



(4.270) 



where H is a temperature-independent constant. Substituting (4,270) into (4.269) gives 



dVouy 

dT 



T = T 0 



Vosfom) 

HV r 



HV r \ 



T 



T=T o 



VWfHIt) 



(4271) 



Therefore, when the gain is trimmed at one temperature to set the band- gap output to a 
desired target voltage, variation in the op-amp offset causes variation in the output temper- 
ature coefficient. In practice, the op-amp offset is usually the largest source of nonzero tem- 
perature coefficient 1 * Equation 4.271 shows that the temperature coefficient at T — Tq is 
proportional to the output-referred offset under these circumstances. Furthermore, (4,268) 
shows that the output-referred offset is equal to the gain that is applied to the AV EB term 
times the input-referred offset. Therefore, minimizing this gain minimizes the variation 
in the temperature coefficient at the output. Since the reference output at T = To for zero 
TCf is approximately equal to the band-gap voltage, the required gain can be minimized 
by maximizing the AV^ term. 

To maximize the AV^ term, designers generally push a large current into a small 
transistor and a small current into a large transistor, as shown in Fig, 4 + 48. Ignoring base 
currents, 



= V Em - V EB2 = (4.272) 

Equation 4,272 shows that maximizing the product of the ratios J\il 2 and hi^hx maxi- 
mizes AVeb- In Fig. 4.48, I\ > I 2 is emphasized by drawing the symbol for I\ larger 
than the symbol for I 2 . Similarly, the emitter area of Q 2 is larger than that of Q] to make 
hi > h\? an d this relationship is shown by drawing the symbol of Q 2 larger than the sym- 
bol of Ci. 24 In practice, these ratios are often each set to be about equal to ten, and the re- 
sulting A V EB — 120 mV at room temperature. Because the logarithm function compresses 
its argument, however, a limitation of this approach arises. For example, if the argument 
is increased by a factor of ten, AVeb increases by only V r ln(10) = 60 mV. Therefore, to 



Vdd 




Figure 4.48 A circuit that increases AVf.fi by 
increasing Idh and hiih -i ■ 
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Figure 4.49 A circuit that cascades emitter followers lu double AV EB if = I S] and 7_ u - / s - 2 . 

double to 240 mV, (h^h){h 2 ^s\) must he increased by a factor of 100 to 10,000. 
On the other hand, if Q\ and the transistors that form I 2 are minimum-sized devices when 
{h^h)(.hi Ms] ) = 100, the required die area would be dominated by the biggest devices 
(Qi and/or the transistors that form 1\). Therefore, increasing (IithWsiHsi) from tOO to 
10,000 would increase the die area by about a factor of 100 but only double A V E b- 

To overcome this limitation, stages that each contribute to AV E[i can be cascaded. 25 
For example, consider Fig, 4.49, where two emitter-follower stages are cascaded. Here 

AV/tj* = Vebz ~ VtB4 + Vf.b\ - Vebi (4.273) 

Assume the new devices in Fig. 4.49 are identical to the corresponding original devices in 
Fig. 4,48 so that / 3 — /], I 4 = fs 3 “ Ash and 7^4 = hi- Then ignoring base currents 

= ~ V eki} = 2V7 In J (4.274) 







Figure 4.50 Example of a V ^ ^-referenced self-biased reference circuit in CMOS technology 
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Thus cascading two identical emitter followers doubles AV^ while only doubling the 
required die area. 

The effect of the offset in a band-gap reference can also be reduced by using offset 
cancellation, An example of offset cancellation in a CMOS band-gap reference with cur- 
vature correction in addition to an analysis of other high-order effects arising from finite 
fir* fit mismatch, fiy variation with temperature, nonzero base resistance, and nonzero 
temperature coefficient in the resistors is presented in ReT 18. 

A high-performance CMOS band-gap reference is shown in Fig. 4.50, where cascoded 
current mirrors are used to improve supply rejection. A -dependent current from M\\ 
develops a V/ -dependent voltage across resistor xR. A proper choice of the ratio* can give 
a band-gap voltage at Vqut ■ If desired, a temperature-independent uutput current can he 
realized by choosing * to give an appropriate temperature coefficient to V 0 ut t0 cancel the 
temperature coefficient of resistor Rj. 



APPENDIX 

A.4.1 MATCHING CONSIDERARTION IN CURRENT MIRRORS 

In many types of circuits, an objective of current-mirror design is generation of two or 
more current sources whose values are identical. This objective is particularly important 
in the design of digital-to-analog converters, operational amplifiers, and instrumentation 
amplifiers* We first examine the factors affecting matching in active current mirrors in 
bipolar technologies and then in MOS technologies. 

A.4.1, 1 BIPOLAR 

Consider the bipolar currcnL mirror with two outputs in Fig. 4.5'L If the resistors and tran- 
sistors are identical and the collector voltages are the same, the collector currents will 
match precisely. However, mismatch in the transistor parameters a F and f s and in the 
emitter resistors will cause the currents to he unequal. For Qi, 

V T ln^ + — = y B (4.275) 

*S 3 



Vcc 




Figure 4.51 Matched bipolar current sources. 
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For Q 4 , 



v r In + —R 4 = V B 

*SA &F4 



Subtraction of these two equations gives 

V T In ! -P- - V T In ^ - ^-R 4 = 0 

JC4 h4 &F3 &F4 

We now define average and mismatch parameters as follows: 



Ic = 



Ics + ^C4 



A/c — hi — /c4 

, hi + h4 
h = —2— 

A/s = fe /j4 

/?3 + /?4 

2“ 

A/? = /?3 — J?4 



£E/r — 



AorTT — 



»F3 + «F 4 



F “ 3 «F4 



(4.276) 



(4.277) 



(4.278) 

(4.279) 

(4.280) 

(4.281) 
(4282) 
(4283) 

(4284) 

(4285) 



These relations can be inverted to give the original parameters in terms of the average and 
mismatch parameters. For example. 



/ C3 “ /c + 



(4286) 



/c4 ~ lc ~ 



(4287) 



This set of equations for the various parameters is now substituted into (4.277). The 
result is 



V T In 



- vvin 



Aaf 
“F + -^r- 



¥)(*-¥' 



(4288) 



The first term in this equation can be rewritten as 



Vi 
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If A/ c /2/ c ^ 1 , this term can be rewritten as 

AY C 



1 + 



V T In 



2 lc 



1 - 



2 f c 



- V T In 



h + A^Vi + 



1 



- V T In 

- V T lull -f 



2 /c 

A/c (Me 

Ic \2fc 

A/ c \ 



2/c/I 

\ 2 ~ 



(4.290) 

(4.291) 

(4.292) 



where the squared term is neglected. The logarithm function has the infinite series 



In(l + x) = x — — + ... 

lfx^< 1, 

ln(l + x) — x 

To simplify (4.292) when AY^/Yc 1, let x = AYc/Y^. Then 

A lc 



Ir + 



Vr In 



lc- 



2 

'C 



A l c 



Applying the same approximations to the other terms in (4.288), we obtain 



A ip 
lc 



1 



1 + 



$rnR I Is 



AY 5 + _ a t 



1 ± 



a F 



/ AY? Atffr 
gmR y Y? ap 

&F 



(4.293) 

(4.294) 



(4295) 



(4.296) 



We will consider two important limiting cases. First, since g m = IcJVr > when g m R <§c 1 , 
the voltage drop on an emitter resistor is much smaller than the thermal voltage. In this 
case, the second term in (4.296) is small and the mismatch is mainly determined by the 
transistor Y^ mismatch in the first term. Observed mismatches in Is typically range from 
±10 to ±1 percent depending on geometry. Second, when g m R » 1, the voltage drop 
on an emitter resistor is much larger than the thermal voltage. In this case, the first term 
in (4.296) is small and the mismatch is mainly determined by the resistor mismatch and 
transistor mismatch in the second term. Resistor mismatch typically ranges from ±2 
to ± 0.1 percent depending on geometry, and a F matching is in the ± 0.1 percent range 
for npn transistors. Thus for npn current sources, the use of emitter resistors offers sig- 
nificantly improved current matching. On the other hand, for pnp current sources, the 
at mismatch is larger due to the lower typically around ± 1 percent. Therefore, the 
advantage of emitter degeneration is less significant with pnp than npn current sources. 



A.4.1. 2 MOS 

Matched current sources are often required in MOS analog integrated circuits. The factors 
affecting this mismatch can be calculated using the circuit of Fig. 4.52. The two transistors 
M] and M 2 will have mismatches in their WfL ratios and threshold voltages. The drain 
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Vnr> 




Figure 4.52 Matched MOS current 
sources. 



currents are given by 



hj\ - 

1m - 2&nQ 



v,l)2 

'w\ 

o^ T Uv GS -v l2 y 



2 



Defining average and mismatch quantities, we have 

, 1m + Idi 

A / D = Id\ ^02 



w 

L 

4 



W_ 

L 






V t = 



Vt l + V. 



a 



AV r = V f 



V; 



a 



(4.297) 

(4.298) 

(4.299) 
(4300) 
(4301) 

(4302) 

(4 303) 
(4304) 



Substituting these expressions into (4.297) and (4.298) and neglecting high-order terms, 
we obtain 



Id 




AKj 

(V'gs - V r )/2 



(4.305) 



The current mismatch consists of two components. The first is geometry dependent and 
contributes a fractional current mismatch that is independent of bias point The second 
is dependent on threshold voltage mismatch and increases as the overdrive (V^s - Vt) 
is reduced. This change occurs because as the overdrive is reduced, the fixed threshold 
mismatch progressively becomes a larger traction of the total gate drive that is applied 
to the transistors and therefore contributes a progressively larger percentage error to the 
current mismatch. In practice, these observations are important because they affect the 
techniques used to distribute bias signals on integrated circuits. 

Consider the current mirror shown in Fig. 4.53, which has one input and two outputs. 
At first, assume that R s j = R S1 = 0. Also, assume that the input current is generated by a 
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Figure 4.53 Current mirror with two 
outputs used to compare voltage- and 
euircnl-routing techniques. 



circuit with desirable properties. For example, a self-biased band-gap reference might be 
used to make /in insensitive to changes in the power supply and temperature. Finally, 
assume that each output current is used to provide the required bias in one analog circuit 
on the integrated circuit (1C). For example, Mi and M 3 could each act as the tail current 
source of a differential pair. 

One way to build the circuit in Fig. 4.53 is to place M\ 011 the IC near the input current 
source 7^-, while M 2 and M 3 are placed near the circuits that they bias, respectively, Since 
the gate-source voltage of M\ must he routed to and M 3 here, this case is referred to 
as an example of the voltage routing of bias signals. An advantage of this approach is that 
by routing only two nodes (the gate and the source of Mi) around the IC, any number of 
output currents can be produced. Furthermore the gains from the input to each output of 
the current mirror are not affected by the number of outputs in MOS technologies because 
Pf ^ (In bipolar technologies, fir is finite, and the gain error increases as the number 
of outputs increase, but a beta-helper configuration can be used to reduce such errors as 
described in Section 4.2.3.) 

Unfortunately, voltage routing has two important disadvantages. First, the inpul and 
output transistors in the current mirror may be separated by distances that are large com- 
pared to the size of the IC, increasing the potential mismatches in (4.305). In particular, 
the threshold voltage typically displays considerable gradient with distance across a wafer. 
Therefore, when the devices are physically separated by large distances, large current mis- 
match can result from biasi ng current sources sharing the same gate-source bias, especially 
when the overdrive is small. The second disadvantage of voltage routing is that the output 
currents are sensitive to variations in the supply resistances Rm and Rsi> Although these 
resistances were assumed to be zero above, they arc nonzero in practice because of imper- 
fect conduction in the interconnect layers and their contacts. Since /out 2 flows in Rsi and 
(foun T /0UT2) flows in Rsi f nonzero resistances cause Vqs 2 < Vavi and < Vqs\ 
when 7quti > 0 and fomi > 0. Therefore, with perfectly matched transistors, the output 
currents are less than the input current, and the errors in the output currents can be pre- 
dicted by an analysis similar to that presented in Section 4.4. 1 for Widlar current sources. 
The key point here is that R Si and R S2 increase as the distances between the input and 
output transistors increase, increasing the errors in the output currents. As a result of both 
of these disadvantages, the output currents may have considerable variation from one IC 
to another with voltage routing, increasing the difficulty of designing the circuits biased 
by M 2 and M 3 to meet the required specifications even if /in is precisely controlled. 

To overcome these problems, the circuit in Fig, 4.53 can be built so that Mi -M 3 are 
close together physically, and the current outputs /outi and /out 2 are routed as required 
on the IC, This case is referred to as an example of the current routing of bias signals. 
Current routing reduces the problems with mismatch and supply resistance by reducing 
the distances between the input and output transistors in the current mirror in Fig. 4.53 
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Figure 4.54 Bias-distribution 
circuit using both current 
routing and voltage routing. 



compared to voltage routing. One disadvantage of current routing is that it requires one 
node to he routed for each bias signal. Therefore, when the number of bias outputs is large, 
the die area required for the interconnect to distribute the bias currents can be much larger 
than that required with voltage routing. Another disadvantage of current routing is that 
it can increase the parasitic capacitance on the drains of M 2 and If these nodes are 
connected to circuits that process high-frequency signals, increased parasitic capacitance 
can reduce performance in some ways. For example, if and act as the tail current 
sources of differential pairs, increased parasitic capacitance will increase the common- 
mode gain and reduce the common-mode rejection ratio of each differential pair at high 
frequencies. 

In practice, many ICs use a combination of current- and voltage-routing techniques. 
For example. Fig. 4,54 shows a circuit with five current mirrors, where the input and output 
currents are still referenced as in Fig. 4.53. If the current routing bus in Fig. 4.54 travels 
over a large distance, the parasitic capacitances on the drains of M 2 and Af 3 may be large. 
However, the parasitic capacitances on the drains of M 1 and M u are minimized by using 
voltage routing within each current mirror Although simple current mirrors are shown in 
Fig. 4,54, cascoding is often used in practice to reduce gain errors stemming from a finite 
Early voltage. In ICs using both current and voltage routing, currents are routed globally 
and voltages locally, where the difference between global and local routing depends on 
distance. When the distance is large enough to significantly worsen mismatch or supply- 
resistance effects, the routing is global. Otherwise, it is local. An effective combination 
of these bias distribution techniques is to divide an IC into blocks, where bias currents are 
routed between blocks and bias voltages within the blocks. 



A.4.2 INPUT OFFSET VOLTAGE OF DIFFERENTIAL PAIR WITH ACTIVE LOAD 
A.4.2,1 BIPOLAR 

For the resislively loaded emitler-eoupled pair, wc showed in Chapter 3 that the input 
offset voltage arises primarily from mismatches in l s in the input transistors and from 
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mismatches in the collector load resistors* In the active-load case, the input offset voltage 
results from nonzero base current of the load devices and mismatches in the input transis- 
tors and load devices. Refer to Fig* 4.25a. Assume the inputs are grounded. If the matching 
is perfect and if £?/. — * co in 7^ and T 4 * 

VW = Vcc-\V B ei\ (4306) 

Equation 4.306 holds because only this output voltage forces Vce 3 — Vce 4 , where i C i — 
1( 2 and Vbex = Vbei, which is required by KVL when Vj\ = Vn* 

The differential input required to drive the output to the value given by (4*306) is the 
inpul-referred offset voltage. With finite jS/-- in the active-load transistors and/or device 
mismatch, the offset is usually nonzero* In the active-load, KVL shows that 



Vbfa — Vbela- 

Solving (1.58) for Vbe 2 and Vqea and substituting in (4.307) gives 



W 1 

>S? I J + V CE3 
V V A*S 



ICA 

h 4 



1 + 



V C E4 

Vaa 



(4307) 



(4308) 



Assume that the Early voltages of 7’$ and T 4 are identical* Since Vce 3 = Vct 4 when 
(4*306) is satisfied, (4*308) can be simplified to 



Jc4 - ^73 



f (s± 

3.S3 



Since Jc 2 = -fc 4 > (4*309) can be written as 

f(72 

From KCL at the collector of 7^ . 

/C'l - -/C3 



- / ( isA \ 
72 - —iC3 I — 

ys 3 / 



1 + [in 



(4309) 



(4,310) 



(4311) 



where fif is the ratio of the collector to base current in the active-load devices. From KVL 
in the input loop, 

Vw = V n ~ V /2 = V BE \ ~ Vbei (4312) 

Then the input offset voltage, V^s, is the value of Via for which the output voltage Is given 
by (4306). If the Early voltages of Y] and T 2 are identical, solving (1*58) for V BE \ and 
Vbei ar| d substituting into (4.312) gives 



Vos ~ Vin - Vt In 



( fc 1 ls2 
UC 2 hi , 



(4.313) 



because V CE \ = V CE 2 when (4306) is satisfied* Substituting (4.310) and (4.311) in 
(4313) gives 



V 0 s = Vr In 



lnkil | _ 2 _ 

UsaIs\ \ fit j\ 



If the mismatches are small, this expression can be approximated as 

- ff + h) 



(4314) 



( 4315 ) 
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using the technique described in Section 3.5. 6. 3, where 




A Isp = Is3 ~ hi 


(4.316) 


r hi + /^4 

lsp 2 


(4.317) 


A/^v = h] ~ hi 


(4.318) 


x hi + hi 

{ SN j 


(4.319) 


In the derivation of (4.315), we assumed that the Early voltages of matched transistors 
are identical. In practice, mismatch in Early voltages also contributes to the offset, but the 



effect is usually negligible when the transistors are biased with collector-emitter voltages 
much less than their Early voltages. 

Assuming a worst-case value for A 1 S U S of ±5 percent and a pnp beta of 20, the 
worst-case offset voltage is 

Vos ^ VV(0.05 + 0,05 + 0.1) - 0.2Vj - 5 mV (4.320) 

To find the worst-case offset, we have added the mismatch terms for the pnp and npn 
transistors in (4.320) instead of subtracting them as shown in in (4.315) because the 
mismatch terms are random and independent of each other in practice. Therefore, the 
polarity of the mismatch terms is unknown in general. Comparing (4.320) to (3,219) 
shows that the actively loaded differential pair has significantly higher offset than the 
resistively loaded case under similar conditions. The offset arising here from mismatch 
in the load devices can be reduced by inserting resistors in series with the emitters of 
and T 4 as shown in Section A.4.1. To reduce the offset arising from finite in the 
load devices, the current mirror in the load can use a beta helper transistor as described 
in Section 4.2.3. 



A.4.2.2 MOS 



The offset in the CMOS differential pair with active load shown in Fig. 4.2 5b is similar to 
the bipolar case. If the matching is perfect with the inputs grounded, 

Vout = Vdd - \ Vgsi\ (4,321) 

Equation 4,321 holds because only this output voltage forces Vdsb = Vps4i where I\ = h 

and V G si = Vgsi> which is required by KVL when V n = Vn- 

The differential input required to drive the output to the value given by (4.321) is the 
input- referred offset voltage. With device mismatch, the offset is usually nonzero. 

Vm = Vgsy - Vgsi = V,] + V ov \ - V t 2 - V ov2 (4.322) 

Assume that the Early voltages of T\ and T 2 are identical. Since Vdsi = Vds 2 = Vd&n 
when Vj D - Vqs, applying (1.165) to V ov] and V ov2 in (4,322) gives 



Vos — V r , - V & + 



1 

1 -t- 



21 1 



k\WIL) i 



2/ 2 

k'(W/L) 2 



(4,323) 



If the mismatches are small, this expression can be approximated as 



l^s “ Vn 



V ovN fAl N A( W/L) n \ 

2 [ I N (W/L) n j 



(4,324) 
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using the technique described in Section 3. 5.6.7, where 



v nWZO.vO + KnVdsn) 

A/,v - / t - h 

h + h 



A (WfL) N = (W/L)i - (WfL ) 2 

,„„ T ^ (WfLh +(WfLh 

(W/I),v = ^ 



Since 1\ = -A* and /2 = “A 

A/jV A / p 

/p 

where 

A/p — A — Iq. 

T h+h 

Ip = ^r 

To find A Ipflp, we will use KVL in the gate-source loop in the load as follows 

0 = VcW3 - = Vfl + V^3 - v l4 - V,,4 



(4325) 



(4.326) 
(4 327) 
(4328) 
(4329) 



(4.330) 



(4331) 

(4.332) 



(4.333) 



Since 74 and 74 are ^ -channel transistors, their overdrives are negative. Assume that the 
Early voltages of 74 and 74 are identical. Since V DS i = Vdsa = V DSF when V 1D = V os 
(4.333) can be rewritten as 



0 = y r3 - v* - 



v 1 + |ApVfli T | 1 V k'(W/Lh V *'0*^)4 



(4334) 



In (4.334), absolute value functions have been used so that the arguments of the square-root 
functions are positive. If the mismatches are small, this expression can be approximated as 



A h^V*~ V* A (W/L)p 
I p |VWl (WtL)p 



(4335) 



using the technique described in Section 3. 5, 6.7, where 

IV . I = ./ 2 I'H 

mF \ k f (W/L)p( 1 + |ApV4>5j>|) 

A (WfL) P = (WfLh ~ {WfLh 

f i\i t j \ (WfLh ^ (WfLh 
{WiL)r — 

Substituting (4.335) and (4.330) into (4.324) gives 



Vos ~ V t { - V t 2 + 



VW / Vt3 - VfA KWtL) P _ MW/L) N 
2 \V m , F \ (WIDp (WfL) N 



(4.336) 



(4.337) 

(4.338) 



(4.339) 
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Comparing (4.339) to (4,315) shows that the MOS differential pair with active load in- 
cludes terms to account for threshold mismatch but excludes a term to account for finite 
beta in the active load because =o in MOS transistors. 



■ EXAMPLE 

Find the input-referred offset voltage of the circuit in Fig. 4.25fr using the transistor pa- 
rameters in the table below. 



Transistor 


VMV) 


Wfuan) 


L (jj-m) 


k' (gA IV ~) 


Ti 


0.705 


49 


1 


too 


t 2 


0.695 


51 


1 


too 


Ti 


-0.698 


103 


1 


50 


Ta 


-0.702 


97 


1 


50 



Assume that / TA il = 200 juiA and that X N V DSN 1 and |A P K D5/ >| « L From (4327) 
and KCL, 



In 



h + h /jail 



2 2 

Substituting (4.340) and (4.329) into (4325) gives 



= 100 jjlA 



'AvA “ 



200 



100(49 + 51)/2 

Similarly, from (4.332) and KCL 

h + h 7tatl 



V = 0,2 V 



Ip 2 2 
Substituting (4,342) and (4338) into (4336) gives 



= —100 |xA 



V mP - 



200 



50(103 + 97)/2 
Substituting (4337) and (4328) into (4.339) gives 

Vos - 0,705 V - 0.695 V 

, n , (—0.698 + 0.702 103 - 97 

+ 0 . 1 [ — — + 



V = 0.2 V 



49 - 51 \ 



— 1 V 



0.1 ' (103 H- 97)/2 (49 + 51)/2 j 

0.01 V +0,1(0.04 + 0.06 + 0.04) V = 0,024 V 



(4340) 



(4341) 



(4342) 



(4.343) 



(4.344) 



In this example, the mismatches have been chosen so that the individual contributions to 
the offset add constructively to give the worst-case offset. 



PROBLEMS 

For the bipolar transistors in these problems, in Fig. 230 and Fig. 235, unless otherwise 
use the high-voltage device parameters given specified. Assume that r h = 0 and r ^ -> x 
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in all problems* Assume all bipolar transistors 
operate in the forward-active region, and ne- 
glect base currents in bias calculations unless 
otherwise specified, 

4.1 Determine the output current and output 
resistance of the bipolar current mirror shown in 
Fig. 4.55* Find the output current if Voit = 
1 V, 5 V, and 30 V Ignore the effects of nonzero 
base currents. Compare your answer with a SPICE 
simulation. 



r a -=i5V 




Figure 4.55 Circuit for Problem 4. 1 . 

4.2 Repeat Problem 4. 1 including the effects of 
nonzero base currents. 

4.3 Design a simple MGS current mirror of 
the type shown in Fig. 4.4 to meet the following 
constraints: 

(a) Transistor M 2 must operate in the active re- 
gion for values of Vqitt to within 0*2 V of ground. 

(b) The output current must be 50 

(e) The output current must ehange less than 1 
percent for a ehange in output voltage of 1 V. 

Make M\ and M 2 identical. You are to minimize 
the total device area within the given constraints. 
Here the device area will be taken to be the total 
gate area (VV X L product). Assume = 0 and take 

other device data from Table 2.4. 

4.4 Calculate an analytical expression for the 

small-signal output resistance R v of the bipolar cas- 
code current mirror of Fig. 4.8. Assume that the in- 
put current source is not ideal and that the nonide- 
alily is modeled by placing a resistor /?i in parallel 
with / JN . Show that for large R \ , the output resis- 
tance approaches Calculate the value of 

if = 5 V, An - Q f aridtf| = JOkO. and esti- 
mate the value of Vout below which R fi will begin 
to decrease substantially, Use SPICE to check your 
calculations and also to investigate the ft. sensitiv- 
ity by varying ft by -50 percent and examining 



/our- Id sc SPICE to plot the large-signal / oijt-Voi.it 
characteristic, 

4*5 Calculate the output resistance of the circuit 
of Fig. 4,9. assuming that /in - 100 [jlA and the 
devices have drawn dimensions of 100 p.m/1 |xm. 
Use (he process parameters given in Table 2.4, and 
assume for all devices that X 4 = 0. Also, ignore 
the body effect for simplicity. Compare your an- 
swer with a SPICE simulation and also use SPICE to 
plot the fouT-Vom characteristic for Volt from 
0 to 3 V. 

4.6 Using (he data given in the example of Sec- 
tion 1.9, include the effects of substrate leakage in 
the calculation of the output resistance for the cir- 
cuit of Problem 4.5. Let Vout — 2 V and 3 V. 

4.7 Design the circuit of Fig. 4.11ft to satisfy 
the constraints in Problem 4.3 except the output re- 
sistance objective is that the output current change 
less than 0.02 percent for a 1 V change in the output 
voltage. Ignore the body effect for simplicity. Make 
all devices identical except for M 4 . Use SPICE to 
check your design and also to plot the /out-Volt 
characteristic for V 0 ut from i) to 3 V. 

4.6 For the circuit of Fig. 4.56, assume dial 
(U7L)s = (TV/T) Ignoring the body effect, find 
(VVV/df, and (W/L)-i so that V m(> =■ V f}y7 = VU*. 
Draw the schematic of a doublc-easeode current 
mirror that uses the circuit of Fig. 4.56 to bias both 
cascade devices in the output branch. For this cur- 
rent mirror, calculate the output resistance, the min- 
imum output voltage for which all three transistors 
in the output branch operate in the active region, 
the total voltage across all the devices in the input 
branch, and the systematic gain error. 






c 












ll — 


m 7 






— L 


** 



Figure 4.56 Circuit for 
■=■ Problem 4.8. 

4.9 Calculate the output resistance of the Wil- 
son current mirror shown in Fig. 4.57. What is 
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the percentage change in / out for a 5-V change 
in Volt? Compare your answer with a SPICE 
simulation using a full device model. Use SPICE 
to cheek the $ F sensitivity by varying fi F by 
-50 percent and examining /olt* Also, use SPICE 
to plot the large-signal /ou j - Vou r characteristic for 
Volt from 0 to 15 V. 



+ 15 V 




Figure 4.57 Cir- 
cuit for Problem 
4.9. 



4.10 Calculate the small-signal voltage gain of 
the common-source amplifier with active load in 
Hg, 4.16 b. Assume that V tm ~ 3 V and that all 
the transistors operate in the active region. Do the 
calculations for values of /ref of 1 mA. 100 p.A, 
10 piA, and 1 p,A. Assume that (he drawn dimen- 
sions of each transistor are W = 100 p,m and L = 

1 ^m. Assume X tt = 0 and use Table 2.4 for other 
parameters. 

(a) At first, assume the transistors operate in 
strong inversion in all cases. 



<b) Repeat part (a) including the effects of 
weak inversion by using (L253) with n = 1.5 
to calculate the transeonduetance of M\, Assume 
that a transistor operates in weak inversion when 
its overdrive is less than 2nV T , as given in 
(1.255). 

<c) Use SPICE to check your calculations for 
both parts (a) and (b), 

4.11 Calculate the small-signal voltage gain of 
a common- source amplifier with depletion load 
in Fig. 4.20, including both the body effect and 
channel-length modulation. Assume that V^ = 
3 V and that the de input voltage is adjusted so 
that the dc output voltage is 1 V. Assume that M\ 
has drawn dimensions of W = 100 and L = 
I p,m. Also, assume that has drawn dimensions 
of IV = 10 |am and L = 1 p,m. For both transis- 
tors, assume that X ( * = 0. Use Table 2.4 for other 
parameters of both transistors. 

4.12 Determine the unloaded voltage gain 
v t Jvi and output resistance for the circuit of 
Fig. 4.58. Check with SPICE and also use SPTCE 
to plot out the large-signal Vq-V/ transfer charac- 
teristic for Vs,; P - 2.5 V. Use SPICE to determine 
the CMRR if the current-source output resistance 
is 1 MO. 

4.13 Repeat Problem 4.12, but now assuming 
ihai 2-kii resistors are inserted in series with the 
emitters of and Q A . 

4.14 Repeat Problem 4.12 except replace Q\ 
and Q 2 with ^-channel MOS transistors M\ and 
M 2 * Also, replace Qy and Q 4 with p-ehannel MOS 
transistors My and M 4 . Assume W t! = 50 p.m 
and W p = 100 p.m. For all transistors, assume 



+ Vsup 




Figure 4.58 Circuit for Problem 4.12. 
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Figure 4.59 Cascode active-load circuit for Problem 4.16. 



Ldnvn = 1 |am and X d = 0. Use Table 2.3 for other 
parameters, 

4.15 Repeat Problem 4,14, but now assuming 
thaL 2 kO resistors arc inserted in series with the 
sources of M 2 and Mi* Ignore the body effect. 

4.16 Determine the unloaded voltage gain vjv { 
and output resistance for the circuit of Fig, 4.59. Ne- 
glect r^. Verify with SPICE and also use SPICE to 
plot the large-signal V 0 -V r transfer characteristic 
for l/$i jp = 2.5 V, 

4.17 Repeat Problem 4.16 except replace the 
npn and pnp transistors wilh ^-channel and p- 
channel MOS transistors, respectively, Assume 
W a = 50 [Jim and W p = 100 p.m> For all tran- 
sistors, assume L drwil = 1 p.m and X d — 0. Let 

= 100 p,A. Ignore the body effect. Use 
Table 2,3 for other parameters, 

4.18 Find G,„[dm] of a source -coupled pair 
with a current-mirror load with nonzero mismatch 
(Fig. 4.29b) and show that it is approximately given 
by (4, 1 K4). Calculate the value of G m [dm] using the 
following data: 



T 1 T 2 Z\ n T 5 

£„,{mA/V) 1.05 0.95 LI 0.9 2.0 

r u (Mil) 0.95 1.05 L0 1.0 0.5 



Compare your answer with a SPICE simulation. 
Also, compare your answer to the result that would 
apply whthouL mismatch. 

4.19 Although G m [crn\ of a differential pair 
with a current-mirror load can be calculated ex- 
actly from a small-signal diagram where mismatch 
is allowed, the calculation is complicated because 
the mismatch terms interact, and the results are 
difficult to interpret. In practice, the mismatch 
terms are often a small fraction of the correspond- 
ing average values, and the interactions between 
mismatch terms are often negligible. Using the 
following steps as a guide, calculate an approxi- 
mation to G nl [cm] including the effects of 
mismatch. 

(a) Derive the ratio i 2 f vu- included in (4.165) 

and show lhat this ratio is approximately Vlr^n 
as shown in (4.185) if e,/ 2, U and 

2 ^ 2^11 ^ ^ 

(b) Use (4.173) to calculate with perfect 
matching, where represents the gain error of the 
differential pair with a pure common-mode input 
and is defined in (4,161), 

<c) Calculate e,y if 1 fg m2 = 0 and if the only 
mismatch is g ml ¥• 

(d) Calculate if = 0 and if the only 

mismatch is r o] ^ 2 * 
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(e) Now estimate the total including mis- 
match by adding the values calculated in parts (b)> 
(c), and (d). Show that the result agrees with (4. 1 86) 

if Bmyr oif i P ) 1. 

(0 Calculate which represents the gain er- 
ror of the current mirror and is defined in (4.133). 
Show that the result agrees with (4.187), 

<9> Calculate the value of G nt [cm] using 
(4.185) and the CMRR for the data given in Prob- 
lem 4.18. Compare your answer with a SPICE sim- 
ulation. Also, compare your answer to the result 
that would apply without mismatch, 

4.20 Design a Widlar current source using npn 
transistors that produces a 5-p,A output current. Use 
Fig. 4,3 la with identical transistors, Vcc - 30 V ; 
and/f| = 30 kfl. Find the output resistance. 

4.21 In the design of a Widlar current source of 
Fig . 4 . 3 1 a to produce a spec i fi ed o ulp ut curre nt, two 
resistors must be selected. Resistor R] sets Jj N , and 
the emitter resistor R 2 sets /out- Assuming a supply 
voltage of V cc and a desired output current /out, 
determine the values of the two resistors so that the 
total resistance in the circuit is minimized. Your an- 
swer should be given as expressions for R\ and R 2 
in terms of Vcc and /out- What values would these 
expressions give for Problem 4.20? Are these val- 
ues practical ? 

4.22 Determine the output current in the circuit 
of Fig. 4.60. 



Yv-15V 




Figure 4.60 Circuit for Problem 4,22. 



4.23 Design a MOS Widlar current source us- 
ing the circuit shown In Fig, 4.31b to meet the fol- 
lowing constraints with V DD = 3 V: 

(a) The input current should be 100 jaA* and 
the output current should be 10 |jlA. 

(b) V ovi = 0.2 V. 



(c) Transistor M2 must operate in the active re- 
gion if the voltage from the drain of M2 to ground 
is at least 0.2 V. 

(d) The output resistance should be 50 MO. 

Ignore the body effect. Assume L dn , n = 1 |xm 

and X c t = L d = 0. Use Table 2.4 for other 
parameters. 

4.24 Design the MOS peaking current source in 
Fig, 4.34 so that / 0 ui = 0.1 p,A. 

fa) First, let l \ n = 1 p-A and find the required 
value of R. 

(b) Second, let R = 10 kO and find the re- 
quired / 1N . 

In both cases, assume that both transistors are 
identical and operate in weak inversion with I s = 
0.1 p,A and n = 1*5. Also, find the minimum WiL 
in both cases, assuming that - V, < 0 is re- 
quired to operate a transistor in weak inversion as 
shown in Fig. 1.45. 

4.25 Determine the output current and output 
resistance of the circuit shown in Fig. 4,61. 



+ 15 V 




4.26 Determine the value of sensitivity 5 of 
output current to supply voltage for the circuit of 
Fig. 4.62, where 5 = (V cc //ot:t)(<5/oltWV C( :). 

4.27 In the analysis of the hypothetical refer- 
ence of Fig. 4,44, the current /] was assumed pro- 
portional to temperature. Assume instead that this 
current is derived from a diffused resistor, and thus 
has a TCf of -1500 ppmTC. Determine the new 
value of Vout required to achieve zero TCf at 
25 Q C, Neglect base current. 
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v cc= 1 5 V 




4.28 The circuit of Fig. 4.46c is to be used as 
a band-gap reference. If the op amp is ideal, its 
differential input voltage and current are both zero 
and 



Volt 

Vqut 



(V/tr'i + I [R\) = (V BF] + hR 2 ) 



VvL] + 



R , 



- 



Assume that / 1 is to be made equal to 200 |jlA, and 
that (Vbe] VjiLi) is to be made equal to 100 mV. 
Determine R\, R 2 , and Rt, to realize zero TC t .- of 
Volt at 2 5°C, Neglect base currents. 

4.29 A band-gap reference like that of Fig. 4.47 
is designed to have nominally zero TC } . at 25°C, 
Due to process variations, the saturation current 
Is of the transistors is actually twice the nominal 



value. Assume Vos = 0* What is dVaurfdT at 
25°C? Neglect base currents. 

4*30 Simulate the band-gap reference from 
Problem 4.29 on SPICE. Assume that the amplifier 
is just a voltage-controlled voltage source with an 
open-loop gain of 1 0,(K)0 and that the resistor val- 
ues are independent of temperature. Also assume 
lhat/ sl - 1*25 X 10 17 A and = 1 X A. 
In SPICE, adjust the closed-loop gain of the am- 
plifier (by choosing suitable resistor values) so that 
the output TC { . is zero at 25X. What is the re- 
sulting target value of V oirr ? Now double I^\ and 
/v 2 - Use SPICE to adjust the gain so that Vour is 
equal to the target at 25°C. Find the new dVov.Tidl 
at 25°C with SPICE. Compare this result with the 
calculations from Problem 4.29. 

4.31 Repeat Problem 4.29 assuming that the 
values of Is, R 2 , and R[ are nominal but that /C 
is 1 percent low. Assume V^otu = 0.6 V. 

4.32 A band -gap reference circuit is shown in 
Fig* 4.63, Assume that ft », V A w, 1$ { = 

] x 10 -15 A, and = 8 X 10“ 15 A. Assume the 
op amp is ideal except for a possibly nonzero offset 
voltage V 0 s> which is modeled by a voltage source 
in Fig. 4.63. 

(a) Suppose that Ro is trimmed to set Vqut 
equal to the target voltage for which dVouiddT = 
0 at T = 25X when Vos = 0- Find dVomfdT at 
T - 25X when Vos = 30 mV. 

<b) Under the conditions in part (a), is 
dVou-rfdT positive or negative? Explain. 

4.33 For the circuit of Fig. 4.64, find the value 
of WfL for which dV^IdT = 0 at 25 D C. Assume 
that the threshold voltage falls 2 mV for each 
1°C increase in temperature. Also, assume that the 




Figure 4.63 Band-gap reference circuit for Problem 4,32. 
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mobility temperature dependence is given by 
(4,243) with n - 1.5. Finally, use Tabic 2.4 for 
other parameters at 25 D C, and let / = 200 ijlA. 



Vdd 



I 




+ 




Figure 4.64 Circuit for Problem 4.33, 

4.34 Calculate the bias current of the circuit 
shown in Fig. 4.65 as a function of R . ^t„C ox , 
(WfL)], and (W/L) 2 . Comment on the temperature 
behavior of the bias current. For simplicity, assume 
that X,j = Lj = 0 and ignore the body effect. As- 
sume M* is identical to 



Vdd 




Figure 4.65 Circuit for Problem 4.34. 

4.35 The circuit of Fig. 4.65 produces a supply- 
insensitive current. Calculate the ratio of small- 
signal variations in to small-signal variations 
in Vpv at low frequencies. Ignore the body effect 
but include finite transistor r 0 in this calculation. 

4.36 For the bias circuit shown in Fig. 4.66, 
determine the bias current. Assume that Xj = 
Ld — 0. Neglect base currents and the body 



effect. Comment on the temperature dependence 
of the bias current. Assume a channel mobil- 
ity and oxide thickness from Table 2.4. Compare 
your calculations to a SPICE simulation using a 
full circuit model from Table 2.4, and also use 
SPICE to determine the supply-voltage sensitivity 
ffilAS- 



■k3V 




Figure 4.66 Circuit for Problem 4.36. 



4.37 A pair of bipolar current sources is to be 
designed to produce output currents that match with 
+ 1 percent If resistors display a worst-case mis- 
match of ±0,5 percent, and transistors a worst-case 
Vbl mismatch of 2 mV, how much voltage must he 
dropped across the emitter resistors? 

4.38 Determine the worst-case input offset volt- 
age for the circuit of Fig. 4.58. Assume the worst- 
case 1$ mismatches in the transistors are ±5 per- 
cent and fiy = 15 for the pnp transistors. Assume 
the dc output voltage is Vsijp — | 

4.39 Repeat Problem 4.38, but assume that 
2-kfi resistors are placed in series with the emit- 
ters of Qi, and Q 4 . Assume the worst-case resistor 
mismatch is ±0.5 percent and the worst-case pnp 
pf mismatch is ±10 percent. 

4.40 Repeat Problem 4.38 but replace the bipo- 
lar transistors with MOS transistors as in Problem 
4,14. Assume the worst-case VV7L mismatches in 
the transistors are ±5 percent and the worst-case 
V t mismatches are ± 10 mV, Assume the dc output 
voltage to ground is V S up - iV^j. Also, assume 
thft(WL)i + (WfL ) 2 = 20 and (H7L)3 + (U'/I) 4 = 
60. Use Table 2.4 to calculate the transconductancc 
parameters. 
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CHAPTER 




Output Stages 



5.1 Introduction 

The output stage of an amplifier must satisfy a number of special requirements. One of 
the most important requirements is to deliver a specified amount of signal power to a 
load with acceptably low levels of signal distortion. Another common objective of output- 
stage design is to minimize the output impedance so that the voltage gain is relatively 
unaffected by the value of load impedance. A well-designed output stage should achieve 
these performance specifications while consuming low quiescent power and, in addition, 
should not be a major limitation on the frequency response of the amplifier. 

In this chapter, several output-stage configurations will be considered to satisfy the 
above requirements. The simplest output-stage configurations are the emitter and source 
followers. More complex output stages employing multiple output devices are also treated, 
and comparisons are made of power-output capability and efficiency. 

Because of their excellent current-handling capability, bipolar transistors are the pre- 
ferred devices for use in output stages. Although parasitic bipolar transistors can he used 
in some CMOS output stages, output stages in CMOS technologies are usually constructed 
without bipolar transistors and are also described in this chapter. 



5.2 The Emitter Follower as an Output Stage 

An emitter-follower output stage is shown in Fig. 5.1. To simplify the analysis, pusitive 
and negative bias supplies of equal magnitude V cc are assumed, although these supplies 
may have different values in practice. When output voltage V 0 is zero, output current I 0 
is also zero. The emitter-follower output device Q\ is biased to a quiescent current 1q by 
current source Q 2 . The output stage is driven by voltage which has a quiescent dc value 
Vbe\ for V 0 = 0 V. The bias components R\> R^ and Q 3 can be those used to bias other 
stages in the circuit. Since the quiescent current l Q in Q 2 will usually be larger than the 
reference current l R , resistor R 2 is usually smaller than R\ to accommodate this difference. 
This circuit topology can also be implemented in CMOS technologies using an MOS 
current source for bias and the parasitic bipolar-transistor emitter follower available in 
standard CMOS processes. Because any large current flow to the substrate can initiate the 
pnpn latch-up phenomenon described in Chapter 2, however, this configuration should be 
used carefully in CMOS technologies with lightly doped substrates. Extensive substrate 
taps in the vicinity of the emitter follower are essential to collect the substrate current flow. 

5.2. 1 Transfer Characteristics of the Emitter-Follower 

The circuit of Fig. 5, 1 must handle large signal amplitudes; that is, the current and voltage 
swings resulting from the presence of signals may be a large fraction of the bias values. 
As a result, the small-signal analyses that have been used extensively up to this point 
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+Vcc 




figure 5.1 Emitter-follower output stage 
with current-mirror bias. 



must be used with care in this situation. For this reason, we first determine the dc transfer 
characteristic of the emitter follower. This characteristic allows calculation of the gain of 
the circuit and also gives important information on the linearity and thus on the distortion 
performance of the stage. 

Consider the circuit of Fig. 5. 1 . The large-signal transfer characteristic can be derived 
as follows: 



Vi= Vm + V 0 (5.1) 

In this case, the hase-emitter voltage V^ei of Q\ cannot be assumed constant but must be 
expressed in terms of the collector current l f: \ of Q\ and the saturation current Is- If the 
load resistance /?/. is small compared with the output resistance of the transistors, 

= y 111 (77) (5- 2) 

if Q\ is in the forward-active region. Also 

/,i = Iq + ^ (5-3) 

if Q 2 is in the forward-active region and j3p is assumed large. Substitution of (5.3) and 
(5,2) in (5,1) gives 



= ^ln(^ ° I ^ j + V « (5 ' 4) 

Equation 5.4 is a nonlinear equation relating V 0 and V t if both Q[ and Q 2 are in the forward- 
active region. 

The transfer characteristic from (5.4) has been plotted in Fig. 5.2. First, consider the 
case where Rr is large, which is labeled Rn. In this case, the first term 011 the right-hand 
side of (5.4), which represents the base-emitter voltage of Qi, is almost constant as 
V 0 changes. This result stems from the observation that the current in the load is small for 
a large \ therefore, the current in Q 1 and V^i are both almost constant as V a changes in 
this case. As a result, the center part of the transfer characteristic for R^ = R[ \ is nearly 
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T, 




Figure 5.2 Transfer characteristic of the circuit of Fig. 5.1 fox a low (Rui) and a high {R[ \ ) value 
of load resistance, 

a straight line with unity slope that is offset on the Vi axis by V BE \ , the quiescent value 
of Vb e i. This near-linear region depends on both Q\ and Q 2 being in the forward- active 
region. However* as Vi is made large positive or negative, one of these devices saturates 
and the transfer characteristic abruptly changes slope. 

Consider V, made large and positive. Output voltage V 0 follows Vj until V 0 = V C c ~ 
VcEi^-dO at which point Q\ saturates. The collector-base junction of Q\ is then forward 
biased and large currents flow from base to collector. In practice, the transistor base resis- 
tance (arid any source resistance present) limit the current in the forward-biased collector- 
base junction and prevent the voltage at the internal transistor base from rising appreciably 
higher Further increases in V; thus produce little change in V 0 and the characteristic flat- 
tens out, as shown in Fig. 5.2. The value of Vi required to cause this behavior is slightly 
larger than the supply voltage because Vt e \ is larger than the saturation voltage Vce(s at)’ 
Consequently, the preceding stage often limits the maximum positive output voltage in a 
practical circuit because a voltage larger than Vcc usually cannot be generated at the base 
of the output stage. (The portion of the curve for V,- large positive where Q\ is saturated 
actually has a positive slope if the effect of the collector series resistance r c of is in- 
cluded. In any event, this portion of the transfer characteristic must be avoided, because 
the saturation of Q\ results in large nonlinearity and a major reduction of power gain.) 

Now consider Vi made large and negative, The output voltage follows the input until 
V 0 = -Vcc + VceXml), at which point Q 2 saturates. (The voltage drop across R 2 is as- 
sumed small and is neglected. It could be lumped in with the saturation voltage Vce 2 (sat) 
of Q 2 if necessary.) When Q 2 saturates, another discontinuity in the transfer curve occurs, 
and the slope abruptly decreases. For acceptable distortion performance in the circuit, the 
voltage swing must be limited to the region between these two break points. As mentioned 
above, the driver stage supplying V { usually cannot produce values of V, that have a mag- 
nitude exceeding V C c (if it is connected to the same supply voltages) and the driver itself 
then sets the upper limit. 

Next consider the case where in Fig. 5.1 has a relatively small value. Then when 
V tJ is made large and negative, the first term in (5.4) can become large. In particular, this 
term approaches minus infinity when V 0 approaches the critical value 

V, = -IqRl (5.5) 
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In this situation, the current drawn from the load (-VJRi) is equal to the current Jq , and 
device Q\ cuts off. leaving Q 2 to draw the current Jq from the load. Further decreases 
in Vi produce no change in V rt , and the transfer characteristic is the one labeled R L2 in 
Fig. 5.2. The transfer characteristic for positive V; is similar for both cases. 

For the case R L = R L2 , the stage will produce severe waveform distortion if V s is 
a sinusoid with amplitude exceeding JqRli- Consider the two sinusoidal waveforms in 
Fig. 53a. Waveform® has an amplitude Vi < IqRli and waveform® has an amplitude 
V 2 > IqRli- if these signals are applied as inputs at V/ in Fig. 5.1 (together with a bias 
voltage), the output waveforms that result are as shown in Fig. 53b for R L — R L 2- For the 
smaller input signal, the circuit acts as a near-linear amplifier and the output is near sinu- 
soidal. The output waveform distortion, which is apparent for the larger input, is termed 
“clipping” and must be avoided in normal operation of the circuit as a linear output stage. 
For a given Iq and R L? the onset of clipping limits the maximum signal that can be han- 
dled. Note that if IqRl is larger than V C c, the situation shown for R f , = R L \ in Fig. 5,2 
holds, and the output voltage can swing almost to the positive and negative supply voltages 
before excessive distortion occurs. 

5.2.2 Power Output and Efficiency 

Further insight into the operation of the circuit of Fig. 5.1 can be obtained from Fig, 5.4 
where three different load lines arc drawn on the I c - V ce characteristics of Q[. The equa- 
tion for the load lines can be written from Fig. 5,1 and is 

V«, = Vcc ~ (id ~ 1 q)Rl (5.6) 





Figure 5.3 («) ac input signals ap- 
plied to the circuit of Fig, 5. 1 , (b) ac 
output waveforms corresponding to 
the inputs in (a) with R 2 = if L2 . 
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when both £?i and Q 2 are in the forward-active region. The values of V cel and f cl are 
related by (5.6) for any value of V i and the line includes the quiescent point Q, where 
I c ] = Iq and V ce \ = Vqc* Equation 5.6 is plotted in Fig. 5.4 for load resistances R Lh R L2 , 
and Rj 3 and the device operating point moves up and down these lines as V t varies. As 
y i increases and decreases, Q x eventually saturates, as was illustrated in Fig. 5.2. 
As V } decreases and V cel increases, there are two possibilities as described above. If 
R l is large (R L] \ decreases and V cel increases until Q 2 saturates. Thus the maxi- 
mum possible value that V ce i can attain is [2 V^c ~ an( J this value is marked on 

Fig. 5.4. However, if R L is small (Rli), the maximum negative value of V 0 as illustrated 
in Fig. 5.2 is —IqRl 2 and the maximum possible value of V ce \ is (Ycc + !qRiji)~ 

Thus far no mention has been made of the maximum voltage limitations of the output 
stage. As described in Chapter 1 , avalanche breakdown of a bipolar transistor occurs for 
= bv ceo in the common-emitter configuration, which is the worst case for break- 
down voltage. In a conservative design, the value of V ce in the circuit of Fig. 5.1 should 
always be less than B V CE o by an appropriate safely margin. In the preceding analysis, the 
maximum value that V ce \ can attain in this circuit for any load resistance was calculated 
as approximately 2 Vex:, and thus BVceo must be greater than this value. 

Consider now the power relationships in the circuit. When sinusoidal signals are 
present, the power dissipated in various elements varies with time. We are concerned both 
with the instantaneous power dissipated and with the average power dissipated. Instanta- 
neous power is important when considering transistor dissipation with low-frequency or dc 
signals. The junction temperature of the transistor will tend to rise and fall with the instan- 
taneous power dissipated in the device, limiting the maximum allowable instantaneous 
power dissipation for safe operation of any device. 

Average power levels are important because the power delivered to a load is usually 
specified as an average value. Also note that if an output stage handles only high-frequency 
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signals, the transistor junction temperature will not vary appreciably over a cycle and the 
average device power dissipation will then be the limiting quanlily. 

Consider the output signal power that can be delivered lo load R L when a sinusoidal 
input is applied at V im Assuming that V a is approximately sinusoidal, the average output 
power delivered to is 

Pl=\vJ 0 (5.7) 

where V a and l if are the amplitudes (zero to peak) of the output sinusoidal voltage and cur- 
rent. As described previously, the maximum output signal amplitude that can be attained 
before clipping occurs depends on the value of R L . If P/..| 1TU1X is the maximum value of Pi 
that can be attained before clipping occurs with sinusoidal signals, then 



Pl 



max 



1 

2 



- V onj f om 



(5.7a) 



where V om and ! om are the maximum values of V 0 and 4 that can be attained before 
clipping. 

Consider the case of the large load resistance, Ru> Figures 5.2 and 5.4 show that 
clipping occurs symmetrically in this case, and we have 



V 



vm 



~ VcC ^C’t'(sal) 



(5.8) 



assuming equal saturation voltages in Q\ and £> 2 - The corresponding sinusoidal output 
current amplitude is l om = V om /R u . The maximum average power that can be delivered 
to j is calculated by substituting these values in (5.7a). This value of power can be inter- 
preted geometrically as the area of the triangle A in Fig. 5.4 since the base of the triangle 
equals V om and its height is I om . As Ru is increased, the maximum average output power 
that can be delivered diminishes because the triangle becomes smaller. The maximum out- 
put voltage amplitude remains essentially the same but the current amplitude decreases as 
Rn increases. 

If Ri = Ri 2 in Fig. 5.4, the maximum output voltage swing before clipping occurs is 



Vom — IqRli 



(5.9) 



The corresponding current amplitude is f imi = Iq . Using (5.7a), the maximum average 
output power that can be delivered is given by the aTea of triangle B, shown in 

Fig. 5.4. As Ri 2 is decreased, the maximum average power that can be delivered is dimin- 
ished. 

An examination of Fig, 5.4 shows that the power-output capability of the stage is 
maximized for Ri = which can be calculated from (5.6) and Fig. 5.4 as 



P.L3 



VcC 

h 



(5.10) 



This load line gives the triangle of largest area (C) and thus the largest average output 
power. In this case, V tym = IV CC - Vc£<sat)] an ^ hm ~ Iq, Using (5,7a), we have 

Pelmax = ~ ^[Vcc ~ UeEtsrtLj] (5-11) 



To calculate the efficiency of the circuit, the power drawn from the supply voltages 
must now be calculated. The current drawn from the positive supply is the collector cur- 
rent of Q\. which is assumed sinusoidal with an average value Iq. The current flowing 
in the negative supply is constant and equal to Iq (neglecting bias current Iji). Since the 
supply voltages are constant the average power drawn from the supplies is constant and 
independent of the presence of sinusoidal signals in the circuit. The total power drawn 
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from the two supplies is thus 

Supply = 2 Vccfg (5.12) 

The power conversion efficiency ( 17 c) of the circuit at an arbitrary output power level 
is defined as the ratio of the average power delivered to the load to the average power 
drawn from the supplies. 

Vc = tA- (5.13) 

'supply 

Since die power drawn from the supplies is constant in this circuit, the efficiency increases 
as the output power increases. Also, since the previous analysis shows that the power- 
output capability of the circuit depends on the value of R L , the efficiency also depends 
on /?£. The best efficiency occurs tor R ti = R L ^ since this value gives maximum average 
power output. If R L = and V„ - V otn , then substitution of (5.1 1 ) and (5.12) in (5.13) 
gives for the maximum possible efficiency 



T?max — ^ 1 1 



V< 



C£(sul) 

VCL 



(5.14) 



Thus if Vc£fsao ^ Vcc i the maximum efficiency of the stage is 1/4 or 25 percent. 

Another important aspect of circuit performance is the power dissipated in the ac- 
tive device. The current and voltage waveforms in Q\ at maximum signal swing and with 
Rl - Rli tire shown in Fig. 5.5 (assuming Vce^d — 0 for simplicity) together with their 
product, which is the instantaneous power dissipation in the transistor. The curve of in- 
stantaneous power dissipation in Q 1 as a function of time varies at twice the signal fre- 
quency and has an average value of one-half the quiescent value. This result can be shown 




Figure 5.5 Waveforms for the 
transistor Q\ of Figure 5. 1 at 
full output with R l = R u . 

(a) Collector-emitter voltage 
waveform. ( b ) Collector current 
waveform, (c) Collector power 
dissipation waveform. 
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analytically as follows. The instantaneous power dissipation in Q\ is 



P c\ — V Ce ii c [ 



(5.15) 



At maximum signal swing with a sinusoidal signal, P c \ can be expressed as (from 
Fig. 5.5) 



Pci = Vcc(l + sintui)/ Q (1 



sin (ot) = 1 + cos 2 o)t) (5.15a) 



The average value of P cl from (5. 15a) is F C c V 2 * Thus at maximum output the average 
power dissipated in Q x is half its quiescent value, and the average device temperature 
when delivering power with Ri - is less than its quiescent value. 

Further information on the power dissipated in Q\ can be obtained by plotting curves 
of constant device dissipation in the I c - T r * plane. Equation 5.15 indicates that such 
curves are hyperbolas, which are plotted in Fig. 5.6 for constant transistor instantaneous 
power dissipation values P ]f P 2 , and P 3 (where P 1 < P 2 < Pi). The power hyperbola 



of value P 2 passes through the quiescent point Q, and the equation of this curve can be 
calculated from (5,15) as 




id 


P 2 

V„i 


(5.16) 


The slope of the curve is 


did 


Pi 






dV ceX 


V 1 

v ce 1 




and substitution of (5.16) in this equation gives 






did 

d\\d 


II 

- r 


(5.17) 


At the quiescent point g, we have l = Iq and = V cc . Thus the slope is 






did 
dV ce , 


<C 

II 


(5.18) 



From (5.6), the slope of the load line with R L = R L $ is -(l/Tfo). Using (5.10) for 
Rn gives 

__L ^ -Jq_ 

Vcc 



(5.19) 



Comparing (5.18) with (5.19) shows that the load line with R L = R L2l is tangent to the 
power hyperbola passing through the quiescent point, since both curves have the same 
slope at that point. This result is illustrated in Fig. 5.6. As the operating point leaves the 
quiescent point and moves on the load line with R L = the load line then intersects 
constant-power hyperbolas representing lower power values; therefore, the instantaneous 
device power dissipation decreases. This point of view is consistent with the power wave- 
form shown in Fig. 5.5. 

The load line for Ri (open-circuit load) is also shown in Fig. 5.6. In that case, the 
transistor collector current does not vary over a period but is constant. For values of V ce \ 
greater than the quiescent value, the instantaneous device power dissipation increases. The 
maximum possible value of V ce[ is (2 V C c ~ Vceu™ t)>* At this value, the instantaneous 
power dissipation in Q y is approximately 2V C c1q if Vceh^d ^ Vcc ■ This dissipation 
is twice the quiescent value of Vcc!q> and this possibility should be taken into account 
when considering the power-handling requirements of Qi . At the other extreme of the 
swing where V ce \ - 0, the power dissipation in Q 2 is also 2VccJq- 
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Figure 5.6 Hyperbolas of constant instantaneous transistor power dissipation P j , P 2 , and in 
the/,.] - plane for emitter follower Q\ of Fig, 5.1. Load lines are included for R L = 0, 

Ri. = R f ;u and R L -> ^ Note that Pi < P 2 < Pa. 

A situation that is potentially even more damaging can occur if the load is short cir- 
cuited. In that case, the load line is vertical through the quiescent point, as shown in 
Fig. 5.6. With Large input signals, the collector current (and thus the device power dissipa- 
tion) of Q\ can become quite large. The limit on collector current is set by the abilit y of the 
driver to supply the base current to Q |, and also by the high-current fall-off in jS^ of {?|, 
described in Chapter 1. In practice, these limits may be sufficient to prevent burnout of Q i , 
but current-limiting circuitry may be necessary. An example of such protection is given 
in Section 5.4.6. 

A useful general result can be derived from the calculations above involving load 
lines and constant-power hyperbolas. Figure 5.6 shows that the maximum instantaneous 
device power dissipation for R L = R L $ occurs at the quiescent point Q (since P| < P 2 < 
P 3 ), which is the midpoint of the load line if VV/^sat) ^ Vcc- (The midpoint of the load 
line is assumed to be midway between its intersections with the I i: and V ce axes.) It can 
be seen from (5.17) that any load line tangent lo a power hyperbola makes contact with 
the hyperbola at the midpoint of the toad line. Consequently, the midpoint is the point 
of maximum instantaneous device power dissipation with any load line. For example, in 
Fig. 5.4 with Ri = R L2 , the maximum instantaneous device power dissipation occurs at 
the midpoint of the load line where V C( >i = ^{Vcc + 

An output stage of the type described in this section, where the output device always 
conducts appreciable current, is called a Class A output stage. This type of operation can 
be realized with different transistor configurations but always has a maximum efficiency 
of 25 percent. 

Finally, the emitter follower in this analysis was assumed to have a current source 
Sq in its emitter as a bias element. In practice, the current source is sometimes replaced 
by a resistor connected to the negative supply, and such a configuration will give some 
deviations from the above calculations. In particular, the output power available from the 
circuit will be reduced. 
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■ EXAMPLE 



An output stage such as shown in Fig. 5.1 has the following parameters: Vcc = 10V, i?} = 
5 Jsli, R\ = R2 = 0, V CE ^ at j - 0.2 V, R L = 1 kfl. Assume that the dc input voltage is 
adjusted so that the dc output voltage is 0 volts. 

(a) Calculate the maximum average output power that can be delivered to before clip- 
ping occurs, and the corresponding efficiency. What is the maximum possible efficiency 
with this stage and what value of R L is required to achieve this efficiency? Assume the 
signals aTe sinusoidal, 

(b) Calculate the maximum possible instantaneous power dissipation in Q\ . A] so calculate 
the average power dissipation in Q { when V a = 1.5 V and the output voltage is sinusoidal. 

The solution proceeds as follows. 

(a) The bias current Iq is first calculated. 



h - h 



V{.'C ~ V BE3 
*3 “ 



10 - 0.7 
5 



mA - 1.86 mA 



The product, IqRl, is given by 



I q R l = 1.86 X 1 = 1.S6 V 

Since the dc output voltage is assumed to be 0 volts, and since IqRl is less than V C c, the 
maximum sinusoidal output voltage swing is limited to 1.86 V by clipping on negative 
voltage swings and the situation corresponds to R r = R L 2 in Fig. 5.4. The maximum out- 
put voltage and current swings arc thus V ffm = L86 Vand/om - 1,86 mA. The maximum 
average output power available from the circuit for sinusoidal signals can be calculated 
from (5.7a) as 

PL\m^ = \ V nm /; m = 1 X 1.86 X 1.86 mW = 1.73 mW 
The power drawn from the supplies is calculated from (5.12) as 



R supply = 2 V cc Iq = 2 X 10 X 1.86 111 W = 37.2 mW 



The efficiency of the circuit at the output power level calculated above can be determined 
from (5.13) 



Vc ^ 



Pl\ 



mux. 



P. 



supply 



1.73 

3T2 



=* 0.047 



The efficiency of 4.7 percent is quite low and is due to the limitation on the negative voltage 
swing. 

The maximum possible efficiency with this stage occurs for Rl = Ru in Fig. 5.4, 
and Ru is given by (5.10) as 



Rn = VcC . VcE{, ’ a,) = 10 g ? 2 kO = 5.27 k SI 
Iq 1.86 

In this instance, the maximum average power that can be delivered to the load before 
clipping occurs is found from (5. 1 1 ) as 

= ^IVcc - VcewVq = 1(10 - 0.2)1.86 mW = 9.11 mW 

The corresponding efficiency using (5.14) is 



^Tinax — 



1 - 



Vc.fi'Qat) 

Vcc 




= 0,245 
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This result is close to the theoretical maximum of 25 percent. 

(b) The maximum possible instantaneous power dissipation in Q\ occurs at the mid- 
point of (he load line. Reference to Fig. 5.4 and the load line R fj = R L2 shows that this 
occurs for 

v cel = ^(Vcc + IqRl ) = ^(10 + 1 . 86 ) = 5.93 V 

The corresponding collector current in gi is / c i = 5.93/ R L = 5.93 mA since R L = IkO. 
Thus the maximum instantaneous power dissipation in Q ] is 

P c y = h\V C e\ = 35.2 mW 

This power dissipation occurs for Y ce \ = 5.93 V* which represents a signal swing beyond 
the linear limits of the circuit [clipping occurs when the output voltage reaches - 1 .86 V 
as calculated in (a)]. However, this condition could easily occur if the circuit is overdriven 
by a large input signal. 

The average power dissipation in Qi can be calculated by noting that for sinusoidal 
signals, the average power drawn from the two supplies is constant and independent 
of the presence of signals. Since the power input to the circuit from the supplies is constant, 
the total average power dissipated in Q\ t Q 2 , and R L must be constant and independent 
of the presence of sinusoidal signals. The average power dissipated in Qi is constant 
because Iq is constant, and thus the average power dissipated in Q\ and Rl together is 
constant. Thus as V 0 is increased, the average power dissipated in £>i decreases by the 
same amount as (he average power in R L increases. With no input signal, the quiescent 
power dissipated in Qi is 

Pcq — VccIq = 10 x 1.86 mW = 18.6 mW 
For V a = 1.5 V, the average power delivered to the load is 

IV ' 1 12 25 

?L ^ i~r l ^ 2^r mW = U3mW 

Thus the average power dissipated in Qi when V 0 = 1.5 V with a sinusoidal signal is 
■ P a . = Pcq-Pl = 17.5 mW 

5.2.3 Emitter- Follower Drive Requirements 

The calculations above have been concerned with the performance of the emitter- follower 
output stage when driven by a sinusoidal input voltage. The stage preceding the output 
stage is called the driver stage, and in practice it may introduce additional limitations on 
the circuit performance- For example, it was shown that to drive the output voltage V 0 
of the emitter follower to its maximum positive value required an input voltage slightly 
greater than the supply voltage. Since the driver stage is connected to the same supplies as 
the output stage in most cases, the driver stage generally cannot produce voltages greater 
than the supply, further reducing the possible output voltage swing. 

The above limitations stem from the observation that the emitter follower has a voltage 
gain of unity and thus the driver stage must handle Ihc same voltage swing as the output. 
However, the driver can be a much lower power stage than the output stage because the 
current it must deliver is the base current of the emitter follower, which is about lff$ F 
times the emitter current. Consequently, the driver bias current can be much lower than 
the output-stage bias current, and a smaller geometry can be used for the driver device, 
Although it has only unity voltage gain, the emitter follower has substantial power gain , 
which is a requirement of any output stage. 
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Figure 5.7 Low-frcqucncy, small- 
signal equivalent circuit for the emit- 
ter follower of Fig. 5. 1 * 



5.2.4 Small-Signal Properties of the Emitter Follower 



A simplified low-frequency, small-signal equivalent circuit of the emitter follower of 
Fig* 5.1 is shown in Fig. 5.7. As described in Chapter 7. the emitter follower is an extremely 
wideband circuit and rarely is a source of frequency limitation in the small-signal gain of 
an amplifier. Thus the equivalent circuit of Fig. 5.7 is useful over a wide frequency range 
and an analysis of this circuit shows that the voltage gain A v and the output resistance R f} 



A v = — — 



Vo 

1 7 



= 



1 as 

Rl 




(5.20) 


n 1 


Rs 


Rl + — + 






gm 


A) 




1 Rc 


8m + A) 




(5.21) 



These quantities are small-signal quantities, and since g m = ql c f \T is a function of bias 
point, both A v and R u are functions of Ic . Since the emitter follower is being considered 
here for use as an output stage where the signal swing may be large, (5*20) and (5.21) must 
be applied with caution* However, for small-to-moderate signal swings, these equations 
may be used to estimate the average gain and output resistance of the slage if quiescent 
bias values are used for transistor parameters in the equations. Equation 5.20 can also be 
used as a means of estimating the nonlinearity 1 in the stage by recognizing thal it gives 
the incremental slope of the large-signal characteristic of Fig* 5.2 at any point. If this 
equation is evaluated at the extremes of the signal swing* an estimate of the curvature of 
the characteristic is obtained, as illustrated in the following example. 



■ EXAMPLE 



Calculate the incremental slope of the transfer characteristic of the circuit of Fig. 5.1 as 
the quiescent point and at the extremes of the signal swing with a peak sinusoidal output 
of 0.6 V, Use data as in the previous example and assume that = 0. 

From (5*20) the small-signal gain with R s = 0 is 



Since Iq — 1.86 mA, l/g„. 




Rf. 






gm 



(5.22) 



14 II at the quiescent point and the quiescent gain is 



4 1000 
vQ ~ 1000 + 14 



0.9862 
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Since the output voltage swing is 0.6 V, the output current swing is 



h = 



V„ 



0.6 



= 0.6 mA 



R l 1000 

Thus at the positive signal peak, the transistor collector current is 

Iq f v = 1 . 86 + 0.6 — 2. 46 m A 

At this current. Vg m = 10.6 fl and use of (5.22) gives the small-signal gain as 

1000 






1010.6 



= 0.9895 



This gain is 0.3 percent more than the quiescent value. At the negative signal peak, the 
transistor collector current is 

Iq- L = 1.86-0,6 - 1.26 mA 

At this current, = 20.6 fl and use of (5.22) gives the small-signal gain as 



This gain is 0.7 percent Jess than the quiescent value. Although the collector- current signal 
amplitude is one-third of the bias currenl in this example, the small-signal gain variation is 
extremely small. This circuit thus has a high degree of linearity. Since the nonlinearity is 
small, the resulting distortion can be determined from the three values of the small-signal 
■ gain calculated in this example. See Problem 5.8. 



5.3 The Source Follower os an Output Stage 

The small-signal properties of the source follower are calculated in Chapter 3. Since this 
circuit has low output resistance, it is often used as an output stage. The large signal prop- 
erties of Ihc source follower are considered next. 

5.3.1 Transfer Characteristics of the Source Follower 

A source-follower output stage is shown in Fig, 5.8 with equal magnitude positive and neg- 
ative power supplies for simplicity. The large-signal transfer characteristic can be derived 
as follows: 

V; = Vo + Vj = V » + Vtl + VA, (5.23) 



1 / 

V)/) 




Figure 5.8 Source-follower output 
stage with current-mirror bias. 
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If the threshold and overdrive terms are exactly constant, the output voltage fallows the 
input voltage with a constant difference. In practice, however, the body effect changes the 
threshold voltage. Also, the overdrive is not constant mainly because the drain current is 
not constant. Substituting (1.140) with V sh = V^ + V DD and (L 166) with I dX = I Q -i-V 0 (R L 
into (5.23) gives 



Vi - Vo + V,o + y[ j24>f 4- V 0 + V DD - ) + 



2[Iq + 



Vo 

Rl 



N 



k*(W/L)i 



(5.24) 



This equation is valid provided that M\ and M 2 operate in the active region with output 
resistances much larger than Rf 

The transfer characteristic is plotted in Fig. 5.9. It intersects the x axis at the input- 
referred offset voltage, which is 




Vfo + y ( J24> f t v DD — ) + 



2Iq 

k'(W!L)\ 



(5.25) 



The slope at this point is the incremental gain calculated in (3.80). With r <} — the 
slope is 



When Rl — * co ? 



gm^L 

v i 1 + (gm + gmb)Rl 

Vo_ = gm _ 1 

Vi gm + gmh 1 + X 



(5.26) 

(5.27) 



Since x is typically in the range of 0.1 to 0.3, the slope typically ranges from about 0.7 
to 0.9, In contrast, the slope of the emitter-follower transfer characteristic is unity under 
these conditions. Furthermore, (1.200) shows that x depends on the source-body voltage, 
which is V 0 + V DD in Fig. 5.8. Therefore, the slope calculated in (5.27) changes as V 0 
changes even when Mi operates in the active region, causing distortion. Fig. 5.9 ignores 
this variation in the slope, but it is considered in Section 5.3.2. 

When the output voltage rises within an overdrive of the positive supply, Mi enters the 
triode region, dramatically reducing the slope of the transfer characteristic. The overdrive 



Vo 




Figure 5.9 Transfer characteristic of the circuit of Fig. 5.8 for a low {Ru) and a high {R L i ) value 
of load resistance. 
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at this break point is calculated using the total drain current, which exceeds Iq if R L is 
finite. Therefore, the location of the break point depends on R L , but this effect is not shown 
in Fig. 5.9. Unlike in the emitter follower, the output can pull up asymptotically to the 
supply voltage with unlimited input voltage. In practice, however, the input must be larger 
than Vod by at least the threshold voltage to bias M\ in the triodc region. If the input 
voltage is limited to Vnn, Mi never reaches the triode region. 

For negative input voltages, the minimum value of the output voltage depends on 
Rl> as in the emitter follower. If IqRl > V D d ? the slope of the transfer characteristic is 
approximately constant until M 2 enters the triode region, which happens when 



Vn ~ ■’ Vp ° + Vm2 ■ ~ ' Vdd + v « (5 - 28) 

This case is labeled as R L \ in Fig. 5.9. On the other hand, if IqR l < Vod- the slope is 
almost constant until M\ turns off. The corresponding minimum output voltage is 

Vo = -IqRl (5.29) 

This case is labeled as R L2 in Fig. 5.9. From a design standpoint, IqR l is usually set larger 
than V DD , so that the situation shown for R f _ = R Ll in Fig. 5.9 holds. Under this condition, 
the output voltage can swing almost to the positive and negative supply voltages before 
excessive distortion occurs. 



5 3,2 Distortion in the Source Follower 



The transfer function of the source-fot lower stage was calculated in (5.23), where Vi is 
expressed as a function of V a . The calculation of signal distortion from a nonlinear transfer 
function will now be illustrated using the source-follower stage as an example. 

Using a Taylor scries, the input voltage can be written as 



where f {n) 
written as 



V, (5,30) 

n-0 nm 

represents the n th derivative of/. Since — V 0 - V 0 , (5.30) can be re- 



Vi = Vt + vi = ^Wv,r (5.31) 

where h n = f [n) {V 0 = V 0 )Kn\). For simplicity, assume that R L -> From (1,140) 
and (5.23), 

Vi = f(V 0 ) — V 0 -\- V l{ ) + yi^'Vv + Vdd + 2 (fif - ) + V or \ (5.32) 

\ ' ! 

Then 

fXV 0 ) = 1 + |(V„ 4- V DD + 2 <!>[)- m (5.33) 

f"(Vo) = “^(K) + Vop + v ~ (5.34) 

f"'(y 0 ) = y(V n + V DD + 2<t> f r m (5.35) 

Therefore, 

= f (Vo = Vo) = V 0 + F r0 + y ( JV G + Vnn + 2<f>j - J2 t ) + V„ v] 

t 



(5.36) 
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b\ ■” ~ Vo) ~ 1 + + ^ dd + 20/) ]f2 (537) 

t 2 = -/ (V /= y o> = -l iVo + v UD + m (5.38) 

*3 = 1 (V °, = Vq) = ^fVo + + 2 </>/•) 5/2 (5.39) 

Since the constant bn is the dc input voltage VV, (5.31) can be rewritten as 

cc 

v* = ^ bnivoY = hv Q + b 2 v\ + b^vl + . . . (530) 

n = 1 

To find the distortion, we would like to rearrange this equation into the following form 

V„ = ^a„(vi) n = fliV,- + a 2 vf + « 3 vf + . . . (5.41) 

n^l 

Substituting (5.41) into (5.40) gives 

Vi - b\(a]V s + a 2 v] + +...) + + a 2 vf + a 3 vf + . > .) 2 

+ ^(fliV, 1 + £72 + . . 0 + . . . 

= + (h]a 2 + M|)v? + (/>i<7 3 + lb 2 a\a 2 + fr 3 ^)vf 4 - . . . (5.42) 

Matching coefficients in (5.42) shows that 



1 = b\a\ 

0 = b\&2 + b 2 al 
0 = b\&3 -h 2b 2 Q]a 2 + 



From (5.43), 



ai 



1 

b } 



Substituting (5.46) into (5.44) and rearranging gives 



«2 



bi 



Substituting (5.46) and (5.47) into (5.45) and rearranging gives 

b> b\ 

For the source follower, substituting (5.37) into (5.46) gives 

1 



2b l 

«3 = TT 

■V.' 



rtl = 



± + \(Vo + V DD +2<f>j)- U2 



Substituting (5.37) and (5.38) into (5.47) and rearranging gives 

w(Vo + Vdb + 



(5.43) 

(5.44) 

(5.45) 

(5.46) 



(5.47) 



(5.48) 



(5.49) 



/ c 
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Substituting (5.37), (5,38), and (539) into (5.48) and rearranging gives 

77(^0 + Vod + 2 <£/)~ 5/2 

*3 ^ — y (5.51) 

f 1 + ™(V 0 + V DD 4 



Equations 5.41, 5,49, 5.50, and 5.51 can be used to calculate the distortion of the 
source-follower stage. For small values of v-, such that 0-2 v; 2 a { Vi , the first term on 
the right-hand side of (5,41) dominates and the circuit is essentially linear. However, as 
Vi becomes comparable to a\fa 2 , other terms become significant and distortion products 
are generated, as is illustrated next. A common method of describing the nonlinearity 
of an amplifier is the specification of harmonic distortion , which is defined for a single 
sinusoidal input applied to the amplifier. Thus let 

Vj = t*isin*jf (5.52) 

Substituting (5.52) into (5.41 ) gives 



v 0 — a\Vi sincot 4 a 2 v\ sin 2 at 4 a 3C 3 sin 1 at 4 . + 1 

= a\Vi sin at 4 — ^-(1 - cosZwf) 4 -^-(3 sin at — sin3tu0 4 . . . 



(5.53) 



Equation 5.53 shows that the output voltage contains frequency components at the 
fundamental frequency, to (the input frequency), and also at harmonic frequencies 2a, 3a, 
and so on. The latter terms represent distortion products that are not present in the input 
signal. Second-harmonic distortion HD 2 is defined as the ratio of the amplitude of the 
output-signal component at frequency 2o> to the amplitude of the first harmonic (or funda- 
mental) at frequency a, For small distortion, the term (3/4)a 3 v? sin at in (5.53) is small 
compared to a\Vi sin at, and the amplitude of the fundamental is approximately ayVi. 
Again for small distortion, higher-order terms in (5.53) may be neglected and 



HD 2 



02 $[ J_ = 1 02. 

2 ayVj 2 ay 



(5,54) 



Under these assumptions, HD 2 varies linearly with the peak signal level 0,-. The value of 
HD 2 can be expressed in terms of known parameters by substituting (5.49) and (5.50) in 
(5.54) to give 



HD 2 



2 

16 



(Vo + Vod + 2<£/) 3/2 (^r) 

1 + 1(V 0 + Vou + 2<t> f r m 



(5.55) 



If y ^ 2 JV 0 4 Vod + 2<f>f , then 

“ tzWo + Vdd + 2i $/) 3/2 v, 



(5.56) 



This equation shows that the second-harmonic distortion can be reduced by increasing 
the dc output voltage V 0 . This result is reasonable because this distortion stems from the 
body effect. Therefore, increasing V 0 decreases the variation of the source-body voltage 
compared to Us dc value caused by an input with fixed peak amplitude. 2 Equation 5.56 also 
shows that the second-harmonic distortion is approximately proportional to y, neglecting 
the effect of y on Vo* 
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Similarly, third-harmonic distortion HDi, is defined as the ratio of the output sig- 
nal component at frequency 3oj to the first harmonic, From (5.53) and assuming small 
distortion, 



HD 3 



ayv[ _ 1 _ = a? , 2 
4 ct\Vi 4 a\ * 



(5.57) 



Under these assumptions, HD 3 varies as the square of the signal amplitude. The value of 
H L >2 can be expressed in terms of known parameters by substituting (5*49) and (5.5 1 ) in 
(5,57) to give 



HD* 



7_ 

64 



(V 0 V DD + 2<j>f) s '~(v?) 

1 F ^(Vy F Vdd F 2<j)f) V2 'J 



(5.58) 



Since the distortion calculated above stems from the body effect, it can be elimi- 
nated by placing the source follower in an isolated well and connecting the source to the 
well, However, this approach specifies the type of source-follower transistor because it 
must be opposite the type of the doping in the well. Also, this approach adds the well- 
substrate parasitic capacitance to the output load of the source follower, reducing its 
bandwidth, 



■ EXAMPLE 

Calculate second- and third-harmonic distortion in the circuit of Fig. 5.8 for a peak si- 
nusoidal input voltage Vj = 0,5 V. Assume that Vj = 0, V DD = 2.5 V, I Q =- 1 mA, and 
Rl Also, assume that OWL)] = 1000 , k f = 200|ulA/V 2 , V rf) = 0.7 V, ^ = 0.3 V. 
and y ~ 0,5 V l/2 . 

First, the dc output voltage V 0 is 

Vo = V/ ~ Ffo ~ y( y/Vo F Vod + 2*f if — v /2 4> f j - V ov \ (5.59) 

Rearranging (5.59) gives 

(V 0 F Vod F 2 <£/) F y J'v 0 + V od F 

(5.60) 

— V/ F V ov \ + Vtc ~ y J2 4>f - Vod ~ 2<f)f =0 



This quadratic equation can be solved for JV 0 F V DD F 2 <f>f. Since the result must be 
positive. 



■s No F Vod F 2<fif = 




1 

2 



2 

) + Vi - Vm\ ~ F y J2 <j> f F V DD F 2 <f>j 



Squaring both sides and rearranging gives 
Vo = — Vdd ~ 2<pf 





2 

I + v, - v„ vl 



Vto F y yj2$f F Vod F 2 tpj 



n 



(5.6 1 ) 



(5.62) 
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In this example. 



V m , - 



2 /, 



2 ( 1 000 ) 



Y k\W!L) x Y 200(1000) 
Since V DD + 2<b t =3.1 V and V t - V„ vl - V rfJ = -0.8 V, 



V = 0*1 V 



/ ; ^ \ 



Vq - -3. 1 V + |-0.25 + v'(0*25) 2 - 0.8 + 0,5 vU6 + 3.1 
= -1.117 V 



V 



Therefore, 



From (5.55), 



V 0 + V Dn + 2<t> f = (-1.117 -f 2*5 + 0.6) V = 1.983 V 



_ 0.5 (1.983)~ 3/2 (0.5) = QQQ40 

16 / 0.5 



- 1/2 



From (5.58), 



1 + —(1.983) 

L £ 



0.5 _(K983)- S2 (0.5) 2 = _ L 8x m -4 

64 / 0 ,5 



1 + —(1.983) 

i 2 



1/2 



(5.63) 



(5.64) 



(5.65) 



Thus the second-harmonic distortion is 0.40 percent and the third-harmonic distortion is 
0.018 percent. In practice, the sccond-hannonk: distortion is usually dominant.-* 
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The major disadvantage of Class A output stages is that large power dissipation occurs 
even for no ae input. In many applications of power amplifiers, the circuit may spend long 
periods of Lime in a standby condition with no input signal, or with intermittent inputs as 
in the ease of voice signals. Power dissipated in these standby periods is wasted, which 
is important for two reasons. First, in battery-operated equipment, supply power must be 
conserved to extend the battery life. Second, any power wasted in the circuit is dissipated 
in the active devices, increasing their operating temperatures and thus the chance of fail- 
ure. Furthermore, the power dissipated in the devices affects the physical size of device 
required, and larger devices are more expensive in terms of silicon area. 

A Class B output stage alleviates this problem by having essentially zero power dis- 
sipation with zero input signal. Two active devices are used to deliver the power instead 
of one, and each device conducts for alternate half cycles. This behavior is the origin of 
the name push-pull. Another advantage of Class B output stages is that the efficiency is 
much higher than for a Class A output stage (ideally 78.6 percent at full output power). 

A typical integrated-cireuil realization of the Class B output stage is shown in 
Fig. 5.1 0 in bipolar technology. This circuit uses both pnp and npn devices and is known 
as a complementary output stage. The pnp transistor is usually a substrate pnp. Note that 
the load resistance R L is connected to the emitters of the active devices; therefore, the 
devices act as einilter followers. 
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+*Vc 




Figure 5.10 Simple imegrated-circuit Class B output 
stage. 



5.4. 1 Transfer Characteristic of the Class B Stage 

The transfer characteristic of the circuit of Fig. 5.10 is shown in Fig. 5.11. For V) equal to 
zero, V a is also zero and both devices are off with V^ e = 0. As Vi is made positive, the 
base-emitter voltage of Q x increases until il reaches the value when appreciable 

current will start to flow in Q } . At this point, V 0 is still approximately zero, but further 
increases in V, will cause similar increases in V a because Q\ acts as an emitter follower. 
When Vf > 0, Q 2 is off with a reverse bias of V ^EUm) across its base-emitter junction. As V t 
is made even more positive, Q\ eventually saturates (for V-, = V cc + V he \- V C e\(^m)X and 
the characteristic flattens out as for the conventional emitter follower considered earlier. 

As Vi is taken negative from V- = 0, a similar characteristic is obtained except that 
Qi now acts as an emitter follower for V t more negative than In this region, 

Q i is held in the off condition with a reverse bias of V^on* across its base-emitter 
junction. 

The characteristic of Fig, 5.11 shows a notch for deadband) of 2Vbe(w) in Vi cen- 
tered around V t = 0. This deadband is common in Class B output stages and gives rise to 
crossover distortion, which is illustrated in Fig, 5.12, where the output waveforms from 
the circuit aie shown for various amplitude input sinusoidal signals. In this circuit, the 
distortion is high for small input signals with amplitudes somewhat larger than Vbe^o.^ 




Figure 5.11 Transfer 
characteristic of the 
Class B output stage 
of Fig. 5.10. 
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Figure 5.12 Oulpul 
waveforms for various 
amplitude inpul signals 
applied to the Class B 
circuit of Fig. 5.10. 



The effect oflhis source of distortion diminishes as the input signal becomes larger and the 
deadband represents a smaller fraction of the signal amplitude. Eventually, for very large 
signals, saturation of Q[ and Q 2 occurs and distortion rises sharply again due to clipping. 
This behavior is characteristic of Class B output stages and is why distortion figures are 
often quoted for both low and high output power operation. 

The crossover distortion described above can be reduced by using Class AB opera- 
tion of the circuit. In this scheme, the active devices are biased so that each conducts a 
small quiescent current for = 0. Such biasing can be achieved as shown in Fig. 5.13, 
where the current source Iq forces bias current in diodes Qi and £> 4 . Since the diodes are 
connected in parallel with the base-emitter junctions of Q\ and Qn , the output transistors 
arc biased on with a current that is dependent on the area ratios of Q\ r Qj ? Q 3 . and Q 4 . A 



+V,T 




Figure 5.13 Class AB output stage. The diodes reduce 
crossover distortion. 
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Vo 




Figure 1 4 Transfer characteristic 
of the circuit of Fig. 5.13. 



typical transfer characteristic for this circuit is shown in Fig. 5.14, and the deadband has 
been effectively eliminated. The remaining nonlinearities due to crossover in conduction 
from Q[ to Q 2 can be reduced by using negative feedback, as described in Chapter 8* 

The operation of the circuit in Fig. 5.13 is quite similar to that of Fig. 5,11. As V,- 
is taken negative from its quiescent value, emitter follower Q 2 forces to follow. The 
load current flows through Q ly whose base-emitter voltage will increase slightly. Since the 
diodes maintain a constant total bias voltage across the base-emitter junctions of Q\ and 
Q 2: the base-emitter voltage of Q\ will decrease by the same amount that Qt increased* 
Thus during the negative output voltage excursion, gi slays on but conducts little cur- 
rent and plays no part in delivering output power. For V; taken positive, the opposite oc- 
curs, and Qi acts as the emitter follower delivering current to Rl with Q 2 conducting only 
a very small current. In this case, the current source Iq supplies the base-current drive 
to Q i. 

In the derivation of the characteristics of Figures 5,11 and 5.14, we assumed that the 
magnitude of the input voltage V, was unlimited. In the characteristic of Fig. 5.1L the 
magnitude of V\ required to cause saturation of Q\ or Q 2 exceeds the supply voltage Vcc> 
However, as in the case of the single emitter follower described earlier, practical driver 
stages generally cannot produce values of V, exceeding V C c if they are connected to the 
same supply voltages as the output stage. For example, the current source Iq in Fig, 5.13 
is usually realized with a pnp transistor and thus the voltage at the base of Q\ cannot 
exceed (Vcc: ~ Fc^at)), at which point saturation of the current-source transistor occurs. 
Consequently, the positive and negative limits of V () where clipping occurs are generally 
somewhat less than shown in Fig. 5.11 and Fig. 5. 14, and the limitation usually occurs in 
the driver stage. This point will be investigated further when practical output stages are 
considered in later sections. 



5.4.2 Power Output and Efficiency of the Class B Stage 

The method of operation of a Class B stage can be further appreciated by plotting the 
collector current waveforms in the two devices, as in Fig, 5,15, where crossover distortion 
is ignored. Note that each transistor conducts current to R L for half a cycle. 

The collector current waveforms of Fig. 5.15 also represent the waveforms of the 
current drawn from the two supplies. If the waveforms are assumed to be half-sinusoids, 
then the average current drawn from the + V C c supply is 



'supply 



J. 

T 



r 

Ic\ (t)dt = 



1 

T 



' Tfl Vo 
0 Rl 



sin 



2lTt 



i dt 



^Vo = If 
it R[ ' t r ** 



(5.66) 
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Figure 5. 1 5 Voltage and current waveforms 
for a Class B output stage, (cr) Input volt- 
age* (b) Output voltage, (r ) Q t collector 
current, (cl) collector current. 



where 7 is the period of the input signal* Also, V a and 4> are the zero-to-pcak amplitudes 
of the output sinusoidal voltage and current* Since each supply delivers the same current 
magnitude, the total average power drawn from the two supplies is 



P supply CC ^supply 



2 Vr 



:c 



7T R L 






(5.67) 



where (5.66) has Been substituted* Unlike in the Class A case* the average power drawn 
from the supplies does vary with signal level for a Class B stage, and is directly propor- 
tional to V 0 . 

The average power delivered to R L is given by 



Pl = 



1 V 2 
_ <> 

2 R l 



(5.68) 



From the definition of circuit efficiency in (5.13) f 
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where (5.67) and (5.68) have been substituted. Equation 5.69 shows that 17 for a Class B 
stage is independent of Ri bul increases linearly as the output voltage amplitude V 0 in- 
creases. 

The maximum value that V ( , can attain before clipping occurs with the characteristic 
of Fig. 5.14 is V om = (V'c^ — Vciasatj) and thus the maximum average signal power that 
can be delivered to Rl for sinusoidal signals can be calculated from (5.68) as 



p I = 1 Occ ~ Vm ^)] 2 
L \max 2 R L 

From (5.69), the corresponding maximum efficiency is 



(5.70) 



_ ^ ( Vcc ^r£ts ar) 

4 \ Vcc 



(5.71) 



If Vc£(sat) is small compared with V cc , the circuit has a maximum efficiency of 0.786 
or 78.6 percent. This maximum efficiency is much higher than the value of 25 percent 
achieved in Class A circuits. In addition, the standby power dissipation is essentially zero 
in the Class B circuit. These advantages explain the widespread use of Class B and Class 
AB output stages. 

The load line for one device in a Class B stage is shown in Fig. 5.16. For values of 
V ce less than the quiescent value (which is V C c\ the load line has a slope of (~VR L ). For 
values of V ce greater than Vcc* the load line lies along the V ce axis because the device un- 
der consideration turns off and the other device conducts. As a result, the V ce of the device 
under consideration increases while its collector current is zero. The maximum value of 
Vce is (2Vcc “ ^CE(sat>)‘ As in the case of a Class A stage, a geometrical interpretation of 
the average power P L delivered to R L can be obtained by noting that Pi = where 

I 0 and V 0 are the peak sinusoidal current and voltage delivered to R l- Thus Pj is the area 
of the triangle in Fig. 5.16 between the V ce axis and the portion of the load line traversed 
by the operating point. 

Consider the instantaneous power dissipated in one device: 



= Vceh 



(5.72) 




Figure 5. 16 Load line for one device in a Class B stage. 
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But 



Vre - Vcc ~ IcRl 



Substitution of (5.73) in (5,72) gives 



(5.73) 



P t - = h(Vcc ~ 1 c Rl> = IrVcc ~ %Rl (5.74) 



Differentiation of (5*74) shows that P c reaches a peak for 



h 



Vcc 

2R l 



(5.75) 



This peak lies on the load line midway between the l t and V re axis intercepts and agrees 
with the result derived earlier for the Class A stage. As in that case, the load line in 
Fig. 5.16 is tangent to a power hyperbola at the point of peak dissipation. Thus, in a 
Class B stage, maximum instantaneous device dissipation occurs for an output voltage 
equal to about half the maximum swing. Since the quiescent device power dissipation is 
zero, the operating temperature of a Class B device always increases when nonzero signal 
is applied. 

The instantaneous device power dissipation as a function of time is shown in Fig. 
5.17, where collector current, collector-emitter voltage, and their product are displayed 
for one device in a Class B stage at maximum output, (Crossover distortion is ignored, 
and V't Aoiii] = 0 is assumed.) When the device conducts, the power dissipation varies at 
twice the signal frequency. The device power dissipation is zero for the half cycle when 
the device is cut off. For an open-circuited load, the load line in Fig. 5,16 lies along the V ce 
axis and the device has zero dissipation. As in the case of Class A stage, the load line in 
Fig. 5.16 becomes vertical through the quiescent point lor a short-circuited load, and the 




(fl) 



(*) 



Figure 5.17 Waveforms at maximum 
output for one device in a Class B stage 
(0 (a) Collector current waveform, (b) Col- 

lector voltage waveform, fc) Collector 
power dissipation waveform. 
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instantaneous device power dissipation can then become excessive. Methods of protection 
against such a possibility are described in Section 5.4.6, 

EXAMPLE 

A Class B stage of the type shown in Fig. 5.10 drives a load R L = 500 fl. If the positive 
and negative supplies have magnitudes of 15 V, calculate the maximum average power 
that is delivered to Ri for V 0 = 14.4 V, the corresponding efficiency, and the maximum 
instantaneous device dissipation. Assume that V fJ is sinusoidal* 

From (5.66), the average of supply current is 



F„ 



1 14-4 



Supply 



= 9.17 mA 



77 R L 77 500 

Use of (5.67) gives the average power drawn from the supplies as 

Supply = Supply x 2 Vcc = 9. 17 x 30 mW = 275 mW 
From (5.68), the average power delivered to Rl is 

1 14. 4 2 



1 V 2 

P L _ I2j> _ 

2 R l . 2 500 

From (5.13), the corresponding efficiency is 

P L 207 



= 207 mW 



VC 



P 



supply- 



275 



= 75.3 percent 



This result is close to the theoretical maximumof 78.6 percent. From (5.75), the maximum 
instantaneous device power dissipation occurs when 



Ic = 



F CC _ 15 V 

2 r l ~ iooo a 



= 15 mA 



The corresponding value of is Vcc& = 7.5 V and thus the maximum instantaneous 
device dissipation is 

Pc = IcVce = 15 X 7.5 mW = 112.5 mW 
By conservation of power, the average power dissipated per device is 

P«* = ((7* supply - Pl) = ((275 - 207) mW = 34 mW 

5.4.3 Practical Realizations of Class B Complementary Output Stages 6 

The practical aspects of Class B output-stage design will now be illustrated by considering 
two examples. One of the simplest realizations is the output stage of the 709 op amp, and a 
simplified schematic of this is shown in Fig. 5. 1 8. Transistor acts as a common-emitter 
driver stage for output devices Q\ and Q 2 + 

The transfer characteristic of this stage can be calculated as follows. In the quiescent 
condition, V a = 0 and V[ = 0. Since Q\ and Q% are then off, there is no base current in 
these devices. Therefore, for V cc ~ 10 V, the bias current in £3 is 



fc.i = 



Fee - V\ Fee 






*1 



10 V 

20 m 



= 0.50 mA 
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+Vcr 




FigureS.IS Simplified schematic uf 
the output stage of the 709 op amp. 



The Limiting values that V a can take are determined by the driver stage. When V } is taken 
large positive. V\ decreases until Q$ saturates, at which point the negative voltage limit 
V~ is reached: 

= ~VCC + VcElysi it; ’ V b<>2 (5.76) 

For values of Vj between (-V f ;c + Vc£3< sa r>} and both 03 and Qi ^ 

forward-active region, and V 0 follows V { with Q 2 acting as an emitter follower 

As Vi is taken negative, the current in Q 3 decreases and V\ rises, Turning Q\ on. The 
positive voltage limit V+ is reached when Q 3 cuts off and the base of Q 1 is simply fed 
from the positive supply via R\ . Then 



Vrc = /m*i + Vbe , + 

If fin is large then 

V 0 = h-\ Rl = /3/v i/^] 
where /3 m is the current gain of Q\ - Thus 

/ - V " 

*bl ~ 



Pf\Rl 

Substituting (5.78) in (5.77) and rearranging gives 



+ Vcc ~ Vh(>] 



V + = 

o 



1 + 



Ri 



&f\Rl 

For R l = 10 kQ and f3 Fl = 100, (5,79) gives 

Vt = 0.98(V CC - V M ) 



(5.77) 



(5.78) 



(5.79) 



In this case, the limit on V 0 is similar for positive and negative swings. However, if Rl = 
l ltf'i and /3 m = 100, (5.79) gives 



Vo = 0.83(V"cc - Vhe\) 

For this lower value of Rl . ihe maximum positive value of V 0 is reduced, and clipping on 
a sine wave occurs first for V 0 going positive. 
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Figure 5.19 SPICE-generated transfer characteristic for the circuit of Fig. 5.18 with Vcc - 10 V 
and R f , = lkiland 10 HE 

Computer-generated transfer curves using SPICE for this circuit with V cc = 10 V 
are shown in Fig, 5,19 for R L = 1 kil and R L = 10 kli. (J3f = 100 is assumed for all 
devices.) The reduced positive voltage capability for Rl = 1 kfl is apparent, as is the 
deadband present in the transfer characteristic. The curvature in the characteristic is due 
to the exponential nonlinearity of the driver Q$. In practice, the transfer characteristic may 
be even more nonlinear than shown in Fig. 5.19 because for the npn transistor is 
generally larger than for the pnp transistor Q 2 > causing the positive and negative sec- 
tions of the characteristic to differ significantly. This behavior can be seen by calculating 
the small-signal gain A VJAVi for positive and negative V 0 . In the actual 709 integrated 
circuit, negative feedback is applied around this output stage to reduce these non linearities 
in the transfer characteristic. 

A second example of a practical Class B output stage is shown Fig. 5.20, where 
SPICE-eatculated bias currents are included. This circuit is a simplified schematic of the 
741 op amp output circuitry, The output devices Q 14 and Q 2 q are biased to a collector cur- 
rent of about 0.17 mA by the diodes and Q i9 . The value of the bias current in £) 14 
and Q 20 depends on the effective area ratio between diodes £?is and Q\ 9 and the output 
devices. (Qig and are implemented with transistors in practice.) The output stage is 
driven by lateral pnp emitter-follower Q 2 $ f which is driven by common-emitter stage Q 17 
biased to 0.68 mA by current source Q\$ b- 

The diodes in Fig. 5.20 essentially eliminate crossover distortion in the circuit, 
which can be seen in the SPICE-generated transfer characteristic of Fig, 5,21. The 
linearity of this stage is further improved by the fact that the output devices are driven 
from a low resistance provided by the emitter follower Q 23 . Consequently, differences 
in between Q 14 and Q 20 produce litlle effect on the transfer characteristic because 
small-signal gain AVVAVh = 1 for any practical value of with either Qu or £>20 
conducting. 

The limits on the output voltage swing shown in Fig. 5.21 can be determined as fol- 
lows. As Vi is taken positive, the voltage Vi at the base of Q 2 3 goes negative, and voltages 
V 2 and V (f follow with Q 2 0 drawing current from When Q\ 2 saturates, the output 
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cc 

(*) 



Figure 5.20 (a) Simplified 
schematic of the 741 op amp 
output stage, {b) Schematic of 
the 741 oulpul stage showing 
the detail of Q\% and Q\$. 



voltage limit for negative excursions is reached at 

V(f = -Vcc + VcEWifiati - Vht 23 ~~ ^be 20 (5.80) 

This limit is about 1,4 V more positive than the negative supply. Thus V a is limited by 
saturation in Q\j t which is the stage preceding driver stage Qr. 

As Vi is taken negative from its quiescent value (where V 0 = 0), voltage V\ rises 
and voltages V 2 and V 0 follow with Qu delivering current to the load. The positive output 
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Volts 




Figure 5.21 SPICE-generatcd transfer curve for the circuit of Fig. 5,20a with V C c = 15 V and 
R l = 1 kH. 



voltage limit V' a is reached when current source gn A saturates and 

Vo = Vcc + VcEUAisul-} — Vhe\4 (5.81) 

This limit is about 0.8 V below the positive supply because Vcew A(satj = -O.'l V for the 
pnp device. Thus V+ is also limited by the driver stage. 

The power requirements of the driver circuits in a configuration such as shown in 
Fig. 5.20 require some consideration. The basic requirement of the driver is to supply 
sufficient drive to the output stage so that it can supply the desired power to R L . As V n is 
taken negative, draws current from the base of Q 20 with essentially no limit. In fact, 
the circuit must be protected in case of a short-circuited load. Otherwise in this case, a 
large input signal could cause Q 23 and £> 2 o to conduct such heavy currents that they burn 
out. As explained before, the negative voltage limit is reached when Qn saturates and can 
no longer drive the base of Q 23 negative. 

As V a is taken positive (by V t going negative and Vi going positive), Q 22 conducts 
less, and current source £> !3A supplies base current to 2i4- The maximum output current is 
limited by the current of 0.22 mA available for driving Q^ r As V\. V 2 , and V 0 go positive, 
the current in Qu increases, and the current in £? 13A is progressively diverted to the base 
of Gi 4 . The maximum possible output current delivered by G 14 is thus 



/o = ^14 x 0.22 mA 
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II fin* = 100. the maximum output current is 22 m A. The driver stage may thus limit the 
maximum positive current available from the output stage. However, this output current 
level is only reached if Rt is small enough so that Q\za does not saturate on the positive 
voltage excursion. 

The stage preceding the driver in this circuit is Q 17 . As mentioned above, the negative 
voltage limit of V 0 is reached when Qn saturates. The bias current of 0.68 mA in Qn is 
much greater lhaii the base current of £> 23 , and thus £23 produces very little loading on 
(?i 7 * Consequently, voltage V\ at the base of Q 22 can he driven to within Vce($ at) of either 
supply voltage with only a very small fractional change in the collector current of Q X1 . 

Finally, we w ill now examine the detail of the fabrication of diodes Q\% and Q \ 9 in the 
741 . The actual circuit is shown in Fig. 5.20 b with the output protection circuitry omitted. 
Diode Q\$ conducts only a current equal to the base current of Qis plus the bleed current 
in pinch resistor R^. Transistor Q\% thus conducts most of the bias current of current 
source iQisa- This arrangement is used for two reasons. First, the basic aim of achieving 
a voltage drop equal to two base-emitter voltages is achieved. Since Qis and Q 19 have 
common collectors, however, they can be placed in the same isolation region, reducing die 
area. Second, since Q \ 9 conducts only a small current, the bias voltage produced by Q]% 
and Q 19 across the bases of £7 14 and Q 2 { j is less than would result from a connection as 
shown in Fig, 5,20 a. This observation is important because output transistors Q 14 and G 2 Q 
generally have emitter areas larger than the standard device geometry (typically four times 
larger or more) so that they can maintain high j Gf while conducting large output currents. 
Thus in the circuit of Fig. 5,20 a, the bias current in Q \ 4 and Q 2 q would be about four times 
the current in (As and Q 19 , which would be excessive in a 741 -type circuit. However, the 
circuit of Fig. 5,20b can be designed to bias Q 14 and Q 2 q to a current comparable to the 
current in the diodes, even though the output devices have a large area. The basic reason lor 
this result is that the small bias current in £7|y in Fig. 5.20b gives it a smaller base-emitter 
voltage than for the same device in Fig. 5.20a, reducing the total bias voltage between the 
bases of Q 14 and Q 20 * 

The results described above can be illustrated quantitatively by calculating the bias 
currents in and Qiu of Fig, 5.20b. From KVL, 

+ V'e/ti^ = v BFM + |Ftf£20| 

and thus 



V T in 



fci9 

As'19 



4- Vf In 



As is 



= V r Ln ~ + V r In 

'514 



k:n) 
As 20 



(5.82) 



If we assume that the circuit is biased for V 0 — 0 V and also that fit\A ^ land ^ b 
lhen l /ci 4 | = |/c 2 o I and (5.82) becomes 

'y 

Ic 19^08 _ bl4 

Avis As 19 AshAs20 

from which 



fci4 — h 2U — vbvi^ris ./ 



As h As 20 



\ ^5 1 s As 1 9 



(5.83) 



Equation 5. 83 may be used to calculate the output bias current in circuits of the type 
shown in Fig . 5.2 0b, The output-stage bias current from (5.83) is proportional to 
v 7cis and For this specific example, the collector current in Q 19 is approx- 

imately equal to the current in R\a if fit is large and thus 



ic 



^10 



0.6 

40 



mA = 15 p,A 
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If the base currents of g 14 and Q 2 o are neglected, the collector current of Qig is 

^cis = kcml _ Ici9 = (220 - 15)[lA = 205 p.A 

To calculate the output-stage bias currents from (5.83), values for the various reverse 
saturation currents are required. These values depend on the particular IC process used, 
but typical values are /^g = I Si9 = 2x 10 _1S AJ S \a = 4/ sl8 - 8 x 10“ 15 A, and I S n) = 
4 X 10 -15 A. Substitution of these data in (5.83) gives I cl4 = -lao = 0.16 mA. 



EXAMPLE 



For the output stage of Fig. 5.20 a. calculate bias currents in all devices for V 0 = + 10 V, 
Assume that F C c = 15 V, = 2kfl,andj3f = 100. For simplicity, assume all devices 
have equal area and for each device 

' Vbt 



|/e| = 10 14 exp 



F r 



(5.84) 



Assuming that Qu supplies the load current for positive output voltages, we have 



Au4 — 



Vo 



10 V 



R l 2 kii 
Substitution in (5.84) and rearranging gives 



— 5 mA 



v , A1 /5 x 10~ 3 \ 

V be iA = (26 mV) In 



\ 



10 14 



= 700 mV 



Also 



Thus 



^M4 “ ~ 



c 1 4 



jBm 



5 mA 
100 



= 0.05 mA 



/r!9 = /riK ^ ~A:23 = (0-22 - 0.05) mA = 0.17 mA 
Substitution in (5.84) and rearranging gives 



Vbe 19 - — "7^23 = (26 mV) In 



0.17 X \0~ 3 

ftP 4 



= 613 mV 



Thus 



F&< .20 = —(Vbe 19 + Vhe 18 — VbeU) = "525 mV 



Use of (5.84) gives 

/c20 = “5.9 /iA 

and the collector current in £>20 is quite small as predicted. Finally 

h -n = 0.68 mA - = /0.68 - mA = 0.68 mA 



&F23 



100 



and also 



and 



V 2 = Vo - |V^2(>| = (10 - 0.525) V - 9.475 V 



F, = V 2 ~ |V^ 23 | = (9.475 - 0.613) V = 8.862 V 
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5.4.4 All-npn Class B Output Stage 7 ' 8 ' 9 

The Class B circuits described above are adequate for many integrated-circuit applications 
where the output power to be delivered lo the load is of the order of several hundred milli- 
watts or less. However, if output-power levels of several watts or more are required, these 
circuits are inadequate because the substrate pnp transistors used in the output stage have 
a limited current-carrying capability. This limit stems from the fact that the doping levels 
in the emitter, base, and collector of these devices are not optimized for pnp structures 
because the npn devices in the circuit have conflicting requirements. 

A circuit design that uses high-power npn transistors in both halves of a Class B con- 
figuration is shown in Fig, 5.22. In this circuit, common-emitter transistor Q\ delivers 
power to the load during the negative half- cycle, and emitter follower Q 2 delivers power 
during the positive half-cycle. 

To examine the operation of this circuit, consider V) taken negative from its quiescent 
value so that Q\ is off and = 0. Then diodes D] and D 2 must both be off and all of 
the collector current of Q 3 is delivered to the base of Q 2 . The output voltage then has its 
maximum positive value V+. If Ri is big enough, f > 3 saturates and 

V 0 + = Vc C - \V CEdim \ ~ V be2 (5.85) 

To attain this maximum positive value, transistor must saturate in this extreme condi- 
tion, In contrast, Q 2 in this circuit cannot saturate because the collector of Q 2 is connected 
to the positive supply and the base voltage of Q 2 cannot exceed the positive supply volt- 
age. The condition for Q 3 to be saturated is that the nominal collector bias current lg$ in 
Qi (when Q 3 is not saturated) should be larger than the required base current of Q 2 when 
V 0 = VJ' . Thus we require 



> hi 

Since Q 2 supplies the current to Rl for V 0 > 0, we have 

v$ = -I s 2 Rl = (02 + 



(5.86) 



(5.87) 




+ 0 












-Vs 



cc 



V; 



Figure 5.22 AU-npn Class B output 
stage. 
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Substitution of (5.87) and (5.85) in (5,86) gives the requirement on the bias current of 
Q 3 as 



f £?3 



> 



Vcc ~ ^C£3fsat) ~~ Vhel 

(02 + 1 )R L 



(5.88) 



Equation 5.88 also applies to the circuit of Fig. 5,20a, It gives limits on I C 3 , 0 2 , and R L 
for V 0 to be able to swing close to the positive supply. If Iq$ is less than the value given 
by (5.88), V 0 will begin clipping at a positive value less than that given by (5.85) and Qj 
will never saturate. 

Now consider V, made positive to turn Q\ on and produce nonzero / ( -[. Since the 
base of Q% is more positive than its emitter, diode D\ will turn on in preference to D 2 , 
which will be off with zero volts across its junction. The current / r i will flow through 
Di and will be drawn from which is assumed saturated at first. As l c \ increases, 
Q 3 will eventually come out of saturation, and voltage V 2 at the base of Q 2 will then be 
pulled down. Since Q 2 acts as an emitter follower, V 0 will follow V 2 down. This behavior 
occurs during the positive half of the cycle, and Q\ acts as a driver with Qi as the output 
device. 

When V 0 1 s reduced to 0 V, the load current is zero and l c2 = 0. This point corresponds 
to l c \ — \lc 3 l and all of the bias current in passes through Di to Q } . If is increased 
further, V v stays constant at 0 V while V 2 is reduced to 0 V also. Therefore, V\ is negative 
by an amount equal to the diode voltage drop of D \ , and thus power diode D 2 turns on. 
Since the current in D\ is essentially fixed by £? 3 i further increases in } c \ cause increasing 
current to flow through £> 2 - The negative half of the cycle consists of Q\ acting as the 
output device and feeding Rl through D 2 , The maximum negative voltage occurs when 
Q\ saturates and is 



V a — ~ Vt C + ^c£l(sat) + Vd2 



(5.89) 



where V j 2 is the forward voltage drop across D 2 . 

The sequence just described gives rise to a highly nonlinear transfer characteristic, as 
shown in Fig, 5,23, where V a is plotted as a function of l c \ for convenience. When V„ is 




Figure 5.23 Transfer characteristic of the circuit of Fig. 5.22 from I ( .\ to V 0 - 
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positive, the current I c] feeds into the base of Q 2 and the small-signal gain is 



AV* 

A'ci 



AV 2 

A/ r] 



“ r o\ || I! [r rf + (&2 + 1)^l] 



where the impedance of D\ is assumed negligible. That is, the impedance at the base of 
Q 2 is equal to the parallel combination of the output resistances of Qi and Q$ and the input 
resistance of emitter follower Q 2 . 

When V 0 in Fig. 5.22 is negative, / cl feeds Ri directly and the small-signal gain is 



&Vo 

Af,i 



= r o\ II Rl 



where the impedance of D 2 is assumed negligible. 

Note the small deadband in Fig. 5.23 where diode D 2 turns on. This deadband can be 
eliminated by adding a second diode i n series with D \ . In practice, negative feedback must be 
used around this circuit to linearize the transfer characteristic, and such feedback will reduce 
any crossover effects. The transfer characteristic of the circuit from V; to V D is even more 
nonlinear than shown in Fig. 5.23 because it includes the exponential nonlinearity of Q \ . 

In integrated-circuit fabrication of the circuit of Fig. 5.22, devices Q } and Q 2 are 
identical large-power transistors. In high-power circuits (delivering several watts or more), 
they may occupy 50 percent of the whole die. Diode D 2 is a large-power diode that also 
occupies considerable area. These features are illustrated in Fig. 5.24, which is a die photo 
of the 791 high-power op amp. This circuit can dissipate 10 W of power and can deliver 
15 W of output power into an 8-0 load. The large power transistors in the output stage 
can be seen on the right-hand side of the die. 

Finally, the power and efficiency results derived previously for the complementary 
Class B stage apply equally to the all -npn Class B stage if allowance is made for the 
voltage drop in D 2 . Thus the ideal maximum efficiency is 79 percent. 




Figure 5.24 Die photo of the 791 high-power op amp. 
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5.4.5 Quasi-Complementary Output Stages 10 

The all -npn stage described above is one solution to the problem of' the limited power- 
handling capability of the substrate pnp. Another solution is shown in Fig. 5*25, where a 
composite pup has been made from a lateral pnp Q $ and a high-power npn transistor Q 4 . 
This circuit is called a quasi-complementary output stage. 

The operation of the circuit of Fig. 5.25 is almost identical to that of Fig. 5.20. The 
pair Q-yQ$ is equivalent to a pn p transistor as shown in Fig. 5.26, and the collector current 
of Q$ is 



IC3 = CX P| 



V B t 



\ M 

The composite collector current lc is the emitter current of 04, which is 

Vbe\ 



(5.90) 



A: = (Pfi + Ofe = -(Pfa + 1)A' exp 1 



v 7 ) 



(5.91) 



The composite device thus shows the standard relationship between l c and for a pnp 
transistor. However, most of the current is carried by the high-power npn tr ansistor. Note 




-V r( : 



Figure 5.25 Quasi-complementary 
Class B output stage. 




f nr. 




Bo- 




Figure 5.26 Equivalence of 
the composite connection 
and a pnp transistor. 
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that the magnitude of the saturation voltage of the composite device is ( |Vc^( Sa ol + Vbe 4 )- 
This magnitude is higher than normal because saturation occurs when Q 3 saturates, and 
Vbea must be added to this voltage. 

The major problem with the configuration of Fig. 5.25 is potential instability of the lo- 
cal feedback loop formed by 03 and g 4 , particularly with capacitive loads on the amplifier. 
The stability of feedback loops is considered in Chapter 9. 

The qu asi -complementary Class B stage can also be effectively implemented in 
BiCMOS technology. In the circuit of Fig. 5.25, the compound bipolar device Q 3 -Q 4 . can 
be replaced by the MOS-bipolar combination 11 of Fig. 5.27, where Q A is a large-area 
high-current bipolar device. The overall transfer characteristic is 

h = 1)1 m = ~(Pf4 + 1 ) ^ j (V GS - V t f (5,92) 

Equation 5.92 shows that the composite PMOS device appears to have a W/L ratio 
T 1) times larger than the physical PMOS device A/ 3 , With this circuit, one of the 
diodes Q 5 or Q 6 in Fig. 5.25 would now be replaced by a diode-connected PMOS transis- 
tor to set up a temperature-stable standby current in the output stage. A bias bleed resistor 
can be connected from the base to the emitter of g 4 to optimize the bias current in and 
to speed up the turn-off of Q 4 in high-frequency applications by allowing reverse base 
current to remove the base charge. Such a resistor can also he connected from the base to 
the emitter of Q 4 in Fig, 5.25. 



5.4,6 Overload Protection 



The mosl common type of overload protection in integrated-circuit output stages is short- 
circuit current protection. As an example, consider the 74 1 output stage shown in Fig. 5.28 
with partial short-circuit protection included. Initially assume that /f & = 0 and ignore Q (S . 
The maximum positive drive delivered to the output stage occurs for V f large positive. If 
R l => 0 then V 0 is held at zero volts and V a in Fig. 5.28 is equal to V bel4t Thus, as Vj is 
taken positive, Q 23 , Gis> and Q\y will cut off and all of the current of is fed to 
If this is a high-/3/r device, then the output current can become destructively large: 



If 



14 — &F14 |/ci3A 



(5.93) 



Pfh = 500 

then 



/,u = 500 X 0.22 = 110 mA 



Q 



+ 



G o 



Mn 




Qi 




D 



S 

-Q 




U 



Figure 5.27 Compound high- 
current PMOS connection. 
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Figure 5.28 Schematic of the 741 op amp 
showing partial short-circuit protection. 



If Vcc = 15 V, this current level gives a power dissipation in <2i4 of 

P cl4 = VcJc = 15 X llOmW = 1.65 W 

which is sufficient to destroy the device. Thus the current under short-circuit conditions 
must be limited, and this objective is achieved using R& and Q]$ far positive V 0 . 

The short-circuit protection operates by sensing the output current with resistor R 6 of 
about 25 H, The voltage developed across R $ is the base-emitter voltage of which 
is normally off. When the current through reaches about 20 mA (the maximum safe 
level), Qi 5 begins to conduct appreciably and diverts any further drive away from the base 
of 0i4. The drive current is thus harmlessly passed to the output instead of being multiplied 
by the of 0 14 . 

The operation of this circuit can be seen by calculating the transfer characteristic of 
014 when driving a short-circuit load. This can be done using Fig, 5.29. 





A — /&I4 + h\5 


(5-94) 




T , Vbel5 

Ah 5 Avis exp ^ 


(5.95) 


Also 


VbclS = Al4^ 


(5.96) 


From (5,94) 


A>14 ~ A - A 15 




But 


A 14 = fipuhiA = £m(A ^ Ahs) 


(5.97) 
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Figure 5.29 Equivalent circuit for the calculation of the 
effect of < 2 i 5 on the transfer characteristic of £>14 in 
Fig. 5. 28 when R L = 0. 



Substitution of (5,95) and (5.96) in (5.97) gives 

h 14 + CXp V, 4 = PFIAli (5.98) 

v 1 

The second term on the left side of (5.98) steins from Q ]5 . If this term is negligible, 
then I C ]_ 4 = 14/, as expected, The transfer characteristic of the stage is plotted from 

(5.98) in Fig. 5.30, using 4 = 500, = 10 -14 A, and R — 25 fi. For a maximum 

drive of ! t 0.22 mA, the value of F c .14 is effectively limited to 24 mA. For values of 7 ( . 14 
below 20 mA, G15 has little effect on circuit operation. 

Similar protection for negative output voltages in Fig. 5.29 is achieved by sensing the 
voltage across R 7 and diverting the base drive away from one of the preceding stages. 



5.5 CMOS Class AB Output Stages 

The classical Class AB topology of Fig. 5. 1 3 can also be implemented in standard CMOS 
technology. However, the output swing of the resulting circuit is usually much worse than 
in the bipolar case. Although the swing can be improved using a common- source configu- 
ration, this circuit suffers from poor control of the quiescent current in the output devices. 
These issues are described below. 




Figure 5.30 Transfer characteristic of the 
circuit of Fig. 5.29 with and without protec- 
tion transistor g ]5 {£^14 = 500). 
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5.5.1 Common-Drain Configuration 

Figure 5.31 shows the common-drain class-AB output configuration. From KVL, 

Vsgs + Vast = V„i F V sg 2 (5.99) 

Ignoring the body effect, Vsg 5 + is constant if the bias current from M 3 is constant. 
Under these conditions, increasing decreases and vice versa. 

For simplicity, assume at first that a short circuit is connected from the drain of Af 4 to 
the drain of Then V S g 5 + Vgs 4 = 0 and - V ssl from (5.99). For A/| to conduct 
nonzero drain current, V^i > V t \ is required. Similarly, V„ s2 < V /2 is required for M 2 
to conduct nonzero drain current. With standard enhancement-mode devices, V t \ > 0 and 
V /2 < 0. Therefore, M\ and M 2 do not both conduct simultaneously under these conditions, 
which is a characteristic of a Class-B output stage. When V Q > 0, M l operates as a source 
follower and M 2 is off. Similarly, M 2 operates as a source follower and My is off when 
V, <0. 

In Fig. 5.31 , however, V SG 5 F Vcsa- > 0 and both Mi and M 2 are biased to conduct 
nonzero drain current when V 0 = 0, which is a characteristic of a Class- AB output stage. 
If V S [ = V f4 and V t2 = V [5 , using (U 57) in (5.99) with I D5 = ~J D 4 gives 



21 



D4 



k' p (W/L) 5 



F 



If 



D4 



2/rfi 



F 



2 | l,n\ 



v K(W/L) 4 V k‘ n (WL) { y k' p {WlLh 
If V 0 = 0, then Ij 2 — ~Id\ and (5. 100) can he rearranged to give 



(5.100) 



k' p (WIL), 

Id i - — f (5.101) 

+ k' p (WJL) 2 J 

where 1 D \ = with V 0 = 0. The key point of this equation is that the quiescent current 
in the output transistors is well controlled with respect to the bias current that flows in the 
diode-connected transistors, as in the bipolar case. 







Figure 5.31 Complementary source- 
follower CMOS output stage based on 
traditional bipolar implementation. 
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An important problem with this circuit is that its output swing can be much less than 
the corresponding bipolar circuit with equal supply voltages. Fot V 0 > 0, V gs] > V t [ and 
M i acts as a source follower* Therefore* 

Vo = Vod - Vsdi - Vgs i (5.102) 

The minimum V sd3 required to operate M 3 as a current source is \ V ov $\ = |Vgj 3 - V t3 \. 
From (5.102), the maximum output voltage is 

Vo = Vod “ |V„ v3 | ~ V gs \ (5.103) 

The minimum output voltage can be found by similar reasoning. (See Problem 5.21.) Al- 
though (5.1 03) appears to be quite similar to (5.81) if V C c in Fig. 5.20 is equal to in 
Fig. 5.31 , the limit in (5.103) is usually much less than in (5.81) for three reasons. First, the 
gate-source voltage includes a threshold component that is absent in the base-emitter volt- 
age. Second, the body effect increases the threshold voltage V,i as V 0 increases. Finally, 
the overdrive part of the gate-source voltage rises more steeply with increasing current 
than the entire base-emitter voltage because the overdrive is proportional to the square 
root of the current and the base-emitter voltage is proportional to the logarithm of the cur- 
rent. In practice, the output voltage swing can be increased by increasing the W/L ratios 
of the output devices to reduce their overdrives. However, the required transistor sizes 
are sometimes so large that the parasitic capacitances associated with the output devices 
can dominate the overall performance at high frequencies. Thus the circuit of Fig. 5.31 is 
generally limited to much smaller currents than its bipolar equivalent. 



■ EXAMPLE 



Au output stage such as shown in Fig. 5.31 is required to produce a maximum output volt- 
age of 0.7 V with R l = 35 ft and V DD = V v .v = 1.5 V. Using the transistor parameters 
in Table 2.4, find the required W/L of M ] . Assume \V ov3 \ = 100 mV, and ignore the body 
effect. 

From (5.103), 

VVi = Vdd - \v av3 1 - Vt = (1.5 - 0.1 - 0.7} V = 0.7 V 



Since Table 2.4 gives V t \ = 0.6 V, 



V™, = V„ 3 - V n = (0.7 - 0,6) V = 0.1 V 

With V 0 = 0.7 V, the current in the load is (0.7 V)/(35 SI) = 20 mA. K I d2 = 0 under 
these conditions, i — 20 mA. Rearranging (1.157) gives 



(W 

\L 



21 



2 ( 20000 ) 

194(0. 1 ) 2 



= 20, 000 



■ which is a very large transistor. 



(5.104) 



5.5.2 Common-Source Configuration with Error Amplifiers 

Another alternative is the use of quasi-complemcntary configurations. In this case, a 
common-source transistor together with an error amplifier replaces an output source- 
follower device. A circuit with this substitution for both output transistors is shown concep- 
tually in Fig. 5.32. 12 13 - 14 The combination of the error amplifier and the common-source 
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Figure 5.32 A complementary 
Class AB output stage using 
embedded common-source 
output devices. 



device mimics the behavior of a source follower with high dc transconduclancc. The func- 
tion of the amplifiers is to sense the voltage difference between the input and the output of 
the stage and drive the gates of the output transistors so as to make the difference as small 
as possible. This operation can be viewed as negative feedback. A key advantage of the 
use of negative feedback here is that it reduces the output resistance. Since negative feed- 
back is covered in Chapter 8, we will analyze this structure with straightforward circuit 
analysis. 

To find the output resistance, consider the small-signal model of this output stage 
shown in Fig. 5.33. The current i t is 



V, Vt 

l t ~ — + — + gm\Av t + g m 2Av t 
An To! 



Rearranging this equation to solve for v t !i t gives 



Ro = ~ 

h 



1 






3- g n ,2 )A 



Ad II r o2 



(5.105) 



(5.106) 



This equation shows that increasing the gain A of the error amplifiers reduces R„ and that 
R f} is much less than the dram-source resistance of M\ or because of the negative 
feedback. 

To find the transfer characteristic, consider the de model of the output stage shown in 
Fig. 5.34. The model includes the input-referred offset voltages of the error amplifiers as 




Figure 5.33 Small-signal 
model of die output stage 
in Fig. 5.32 used to 
find R n . 
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Figure 5.34 A dc model 
of the output stage in 
Fig. 5.32 used to find the 
transfer characteristic. 



voltage sources. Assume kp(WiL)\ - k^W/L'h = k’(WiL) and ^Vj\ = V }1 = V t . Also 
assume that the error amplifiers are designed so that -J D i = l D1 — l Q when V; = 0, 
Vosp = 0, and Foja' = 0, Under these conditions, V 0 = 0 and 



where 



V& - - Vt-Vw 
Vgs2 = Vr “h Vov 

k... OH 



(5.107) 

(5.108) 



(5J09) 



V k ! (WiL) w 

With nonzero input and offsets, the output may not be zero. As a result, the differential 
input to the top error amplifier changes from zero to V 0 - (V; - V 0 sp)- Similarly, the 
differential input to the bottom error amplifier changes from zero to V 0 - (Vi - V 0SN ). 
Assuming that the output of eaeh error amplifier ehanges by its gain A times the change 
in its input, 

V„i = -Vi-Vw + AiVo-iVi-Vaspyi (5.110) 

VV 2 = V; 4- v ov + A\V a -{Vi ~ VW>1 (5.111) 

If M\ and Mi operate in the active region, 



l ‘ n = “if ( 7 ^ (V ^ “ ^' )2 = “ + v,f 



, _ K,(w 

ldl 2 L 



{ W l) 2 v “'-- v "- > ‘- k 2T {V “>- ^ 



Also, 



From KCL at the output. 



A) + A/i + A/2 = 0 



(5.112) 



(5.113) 



(5.114) 



(5.115) 



Substituting (5. 1 1 0)— (5.1 14) into (5.1 15} and rearranging gives 



Vqsp + Vqsn 



V a = 



k'-A\2V„, - A(VW - Fo^v)]^ 



(5.116) 
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If Vqsp = V 



OSN 



= 0 , 



V* - 



Vi 



Vt 



+ 



1 



w 

k'—A2V ov R L 



1 + 



1 



= lOil- 



1 

2Ag m R L 



(1117) 



2 Ag m R L 



where g m = k\W!L)V ov as shown in (1.180). The term (2Ag m R L ) is the gain around the 
feedback loop or the loop gain and is usually chosen to be high enough to make the slope 
of the transfer characteristic to be unity within an allowable gain error, (The concept of 
loop gain is described in Chapter 8.) The gain error here is approximately U(2Ag m R^). 
The key point is that the error is reduced if A, g m , or R L are increased. 

With nonzero offsets, (5.116) shows that the circuit also displays an offset error. If 
MYosp ~ v qsn) ^ 2V av and 2 Ag m R L :» I, 



V 



o 



Vi- 

1 + 



Vqsp + 
2 
1 



W 

k’—A2V m R L 



Vqsp + Vqsn 

2 Vqsp + Vosw 

f 1 2 
2 Ag m R L 



(5.118) 



Therefore, the input offset voltage of the buffer is about + VosnV2. 

Equation 5.116 is valid as long as both M\ and M 2 operate in the active region. 
If the magnitude of the output voltage is large enough, however, one of the two output 
transistors turns off. For example, when Vi increases, V 0 also increases but the gain is 
slightly less than unity. As a result, the differential inputs to the error amplifiers both 
decrease, decreasing V gs \ and In turn, these changes increase |/*n| but reduce /^, 
and M 2 turns off for large enough Vi. To find the portion of the transfer characteristic 
with M\ in the active region but M% off, the above analysis can be repeated with U 2 = 0, 
See Problem 5.23. 

The primary motivation for using the quasi-complementary configuration is to in- 
crease the output swing. If the output transistors are not allowed to operate in the triode 
region, the output voltage can pull within an overdrive of either supply. This result is an 
improvement compared to the limit given in (5,103) for the common-drain output stage 
mostly because the threshold voltages of the output transistors do not limit the output swing 
in the common-source configuration. 

Although quasi-complementary circuits improve the output swing, they suffer from 
two main problems. First, the error amplifiers must have large bandwidth to prevent 
crossover distortion problems for high input frequencies. Unfortunately, increasing the 
bandwidth of the error amplifiers worsens the stability margins, especially in the presence 
of large capacitive Loads. As a result, these circuits present difficult design problems in 
compensation. The topics of stability and compensation arc covered in Chapter 9. Second, 
nonzero offset voltages in the error amplifiers change the quiescent current flowing in the 
output transistors. From a design standpoint, the quiescent current is chosen to be barely 
high enough to limit crossover distortion to an acceptable level. Although further increases 
in the quiescent current reduce the crossover distortion, such increases also increase the 
power dissipation and reduce the output swing. Therefore, proper control of the quiescent 
current with nonzero offsets is also a key design constraint. 

One way to control the quiescent current is to sense and feedback a copy of the 
current. 12 This method is not considered further here. Another way to limit the variation in 
the quiescent current is to design the error amplifiers to have low gain. u > 14 The concept is 
that the quiescent current is controlled by the gate-source voltages on the output transistors, 
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which in turn are controlled by the outputs of the error amplifiers. Therefore, reducing the 
error-amplifier gain reduces the variation of gate-source voltages and the quiescent current 
for a given variation in the offset voltages. 

To study this situation quantitatively, define the quiescent current in the output devices 
as the common-mode component of the current flowing from V DD to -V ss with V) = 0, 
Then 



h ~ 



Id2 ~ Idi 



(5.119) 



Subtraction is used, in the above equation because the drain current of each transistor 
is defined as positive when it flows into the transistor. Substituting (5.110M5.113) into 
(5.119) gives 



Iq = 1 X ( (V <'- + A t v <> + ^,vvT> 2 + (-Vov + A[V 0 + V 0i -p]) : 
Since V 0 = 0 if Vqsp ~ Vqsn = 0, (5.120) shows that 

K 

v OS jV 

From (5.118) with V { = 0, 

Vo + Vqsp ^ 



4 L ( {Vol ' )2 + ( V,,v)2 ) " 2l (Vw)2 



VqS P — Vqsn 



V f > + Vqsn — ~ 



2 

Vqsp ~ V , 



OSN 



(5.120) 

(5.121) 

(5.122) 

(5.123) 



Substituting (5.122) and (5.123) into (5.120) gives 






Vqsp ~ Vqsn 



i\2 



Define A Iq as the change in Iq caused by nonzero offsets; that is, 

A /^> — / g ] Vqsp = o — Iq 

v OSN =0 

Substituting (5.124) and (5,121) into (5,125) gives 



(5,124) 



(5.125) 



k' W 

= ~ Vosn) 



V™ - A 



f VoSP ~ VoSN 



(5.126) 



To evaluate the magnitude of A Iq, we will compare it to the quiescent current with zero 
offsets by dividing (5.126) by (5.121). The result is 



Mr 



= ^ 



Vqsp ~ V, 



OSN 



l Q.\ L W=*> 

Wv -0 






<?V 



1 ™ A 



Vqsp ~ Vqsn 
4 Vnv 



(5.127) 



It A(Vosr ~ Fostv) ^ AV OVt 



A/, 



Q 



~ A 



Vqsp ~ Vosn\ 



l Q\ 

Vos* 0 



You 



■ 



(5.128) 
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Therefore, to keep the fractional change in the quiescent current less than a given amount, 
the maximum error- amplifier gain is 



A < 



V a 



v OS P - V OSK 



h\ 



'■'(Kf '> 
VfK’u' ft 



(5.129) 



For example, if V ov = 200 mV, V 0SP - V 0SN = 5 mV, and up to 20 percent variation in 
the quiescent current is allowed, (5 1 29) shows that the error amplifier gain should he less 
than about S. 33 i4 

Figure 5.35 shows a schematic of the top error amplifier and M\ from Fig. 5,32, 14 A 
complementary structure used to drive M 2 is not shown. The difference between V, and V 0 
is sensed by the differential pair M u and Mu, which is biased by the tail current source 
/tail- The load of the differential pair consists of two parts: current mirror M 13 and M 14 
and common-drain transistors M 15 and M The purpose of the common-drain transistors 
is to reduce the output resistance of the error amplifier to set its gain to a well-defined low 
value. The gates of the common-drain transistors are biased by a negative feedback loop 
including Mu, M !7? /bias, and M 13 . This circuit adjusts the voltage at the gate of M {5 so 
that Mi 7 operates in the active region and conducts /bias- Although negative feedback is 
studied in Chapter 8, the basic idea can be understood here as follows. If \Iqu 1 is less than 
/bias, current source / BIAS pulls the gate voltage of M\$ down. Since operates as a 
source follower, the source of is pulled down, increasing \Ion\- Because M u and M 17 
together form a current mirror, |/ditI also increases until \lnnl = /bias- Similar reasoning 
shows that this equality is established when is initially greater than /bias- If and 
M |7 are enhancement-mode devices, Mi 7 operates in the active region because Vqdii = 
Vjgi 5 = IVVisj + IV^ijI > 0 > VA7; therefore, the channel does not exist at the drain 
ofM ]7 . 

Since M13 and Mu form a current mirror, 



bn 



(WIL) i3 = 
(W/L) I, 



/bias 



(TO, 3 

(W/L)u 



(5.130) 







Figure 5.35 Schematic of the top error amplifier and output transistor M[ ► 
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Since Afn and M\ 4 also form a current mirror, and since (WfL)\ 4 = (W/L)\i> 



, . . (W/L) 13 

/DI 4 /£>13 “'BIAS , u//r . 

(W7L)i7 


(5.131) 


With Vj = Vn 




J x /tail 

^£>11 ton 2 


(5.132) 


From KCL, 




//jig — //>i 4 + /zm 


(5.133) 


Substituting (5,131) and (5.132) into (5.133) gives 




, , (W/Z.) 13 , /tail 

1 hlAS (W/L) 17 + 2 


(5.134) 


Since I D \s = /016 when//m = / D]2 , 




K?iU 4 = VSDW = = VSG\ 


(5.135) 


Therefore, ignoring channel- length modulation. 




, , (W/Lh 

hi fD>3 (W!L) n 


(5,136) 


Substituting (5.130) into (5.136) and rearranging gives 




} m 1 ^ {W/L) ;- 


(5.137) 



This equation shows that the drain current in M i is controlled by / mAS and a ratio of 
transistor sizes if the offset voltage of the error amplifier is zero so that V,, = 0 when V { = 
0, In practice, (WiL) \ (W/L) )7 so that little power is dissipated in the bias circuits. 

Another design consideration comes out of these equations. To keep the gain of the 
error amplifier low under all conditions, Af 16 must never cut off. Therefore, from (5.1 33), 
|/j>14| should be greater than the maximum value of I D \ \ . Since the maximum value of I m 
is /tail* (5.131) and (5.133) show that 

= /bias ^^ > /tail (5.138) 

To find the gain of the error amplifier, the key observation is that the small-signal re- 
sistance from the drain of M \ 3 to ground is zero, ignoring channel-length modulation. This 
result stems from the operation of the same negative feedback loop that biases the gate of 
A/]5« If the small-signal voltage at the drain of M13 changes, the negative feedback loop 
works to undo the change. For example, suppose that the drain voltage of A/ 13 increases. 
This change reduces the gate voltage oi' M]$ because M 17 operates as a common-source 
amplifier. Then the drain voltage of Mi 3 falls because M\$ operates as a source follower. 
Ignoring channel-length modulation, the drain voltage of M u must be held exactly con- 
stant because i dll = 0 if /bias is constant. Therefore, the small-signal resistance at the 
input of the current mirror andM]4 is zero. As a result, none of the small-signal drain 
current from M \ 2 hows into the source of M 15. Instead, it is all mirrored to the output of 
the error amplifier by and M 14 . Furthermore, the small-signal drain current from M u 
flows directly to the output of the error amplifier. Therefore, the short-circuit transconduc- 
tance of the error amplifier is the same with or without the common-drain transistors Mu 
and M\fj. Without these transistors, the error amplifier is simply a differential pair with a 




5,5 CMOS Class AB Output Stages 39 1 



current -mirror load. From (4.143), 

= = £m\2 (5.139) 

Ignoring channel-length modulation, the output resistance is set by common-drain transis- 
tor From (3.84), 

R 0 = ] (5.140) 

Rai\b + gmblb 

Therefore, the gain of the error amplifier is 

A = G m R a = ^ (5.141) 

$ml6 + gmbl6 



5.5.3 Alternative Configurations 

The main potential advantage of the common-source output stage described in the last 
section is that it can increase the output swing compared to the common- chain case. How- 
ever, the common-source configuration suffers from an increase in harmonic distortion, 
especially at high frequencies, for two main reasons. First, the bandwidth of the error am- 
plifiers is usually limited, to avoid stability problems. Second, the gain of these amplifiers 
is limited to establish adequate control on the quiescent output current. 

5.5.3. 1 Combined Common-Drain Common-Source Configuration 

One way to overcome this problem is to use a combination of the common-drain and 
common-source configurations shown in Fig. 5.31 and Fig. 5.32. 15 The combined sche- 
matic is shown in Fig. 5 + 36 + The key aspect of this circuit is that it uses two buffers 
connected to the output: a Class-AB common-drain buffer and a Class-B 

quasi-complementary common-source buffer 12 and the error amplifiers A). The 

common-source buffer is dominant when the output swing is maximum, but off with zero 
output. On the other hand, the common-drain buffer controls the quiescent output current 
and improves the frequency response, as described next. 

From KVL, 

Vo = V, + V, - V (5.142) 



Vdd 




Figure 5.36 Combined common-drain, common-source output stage. 
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If V,\ — V ( 4 r this equation can be rewritten as 

Vo = Vi + Vc*-V ovl (5.143) 

Therefore, when V, is adjusted so that V\ = 0, M\-M$ force V f> - 0iXV ov[ = V^.From 
(1166), V ml - V^if 



_ 1 04 

(W!L)i ~ ( W/L) A 

Substituting (5*101) into (5.1 44) and rearranging shows that V ov \ = V ov 4 if 



(5,144) 



{WiLh __ (WILU 
(WILh XW/Lh 

We will assume that this condition holds so that V r) = 0 when V\ = 0* In this case, M\\ 
and M \2 arc designed to be cut off. This characteristic stems from small offsets designed 
into the error amplifiers. These offsets are shown as voltage sources V os in Fig. 5.36 and 
can be introduced by intentionally mismatching the input differential pair in each error 
amplifier. With V\ = V a = 0 and V os > 0 . the error amplifiers arc designed to give 
> VfU and 1^12 < V t n so that M\\ and M 12 are off. As a result, the quiescent 
output current is controlled by the common-drain stage and its biasing circuit as 

shown in (5.101). 

As Vi decreases from the value that forces V\ = 0. T, increases and V a follows but 
with less than unity gain if R L is finite. Therefore T, - V* increases, and both V ? , M and 
V&n decrease, eventually turning on M n but keeping M n off. After M n turns on, both 
hn and |7^n| increase as V v rises until V^-\ - V fl reaches ils maximum value. Such a 
maximum occurs when the output swing from the common-source stage is greater than 
that of the common-drain stage. As V 0 rises beyond this point, |/, m | increases but l tn 
decreases, and Ihc common-source stage becomes dominant. 

From (5.103), the output swing allowed by the common-drain stage in Fig, 5.31 is 
limited in part by which includes a threshold component. On the other hand, the 
output swing limitation of common- source stage in Fig. 5.32 does not include a thresh- 
old term, and this circuit can swing within an overdrive of the positive supply. So with 
proper design, wc expect the common-source stage to have a larger output swing than the 
common-drain stage. When the two circuits are combined as in Fig. 5.36, however, the 
output swing is limited by the driver stage that produces V\. Define Vf as (he maximum 
value of V\ for which M 3 operates in the active region. Then 



- V D D~\Vwl 1-^,4 



(5.146) 



Since V\ is the input to the common-source stage, the maximum output V+ can be de- 
signed to be 



Vo “ Vi = Von - |V w3 | - ^,4 (5. 147) 

Comparing (5,147) with (5.103) shows that the positive swing of the combined output 
stage in Fig. 5.36 exceeds that of the common-drain output stage in Fig. 5.31 provided 
that Vg S 4 < V g?] when V ti = V+. This condition is usually satisfied because I d4 I d \ 
when the output is maximum with finite Rj_. Therefore, the circuit in Fig. 5.36 can be 
designed to increase the output swing. 

Since the common-source stage in Fig. 5.36 is not responsible foT establishing the 
quiescent output current, the gain of the error amplifiers in Fig. 5.36 is not limited as in 
(5.129). In practice, the error amplifiers are often designed as one-stage amplifiers with a 
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gain related to the product of g m and r 0 that can be achieved in a given technology. This 
increase in gain reduces the harmonic distortion because it reduces the error between the 
input and the output of Lhe common-source stage. 

Finally, we will consider the frequency response of the circuit in Fig. 5 ,36 qualitatively. 
The circuit has two paths from Vi to the output* The path through the common-source 
transistors and M\% may be slow because of the need to limit the bandwidth of the 
error amplifiers to guarantee that the circuit is stable. (Stability is studied in Chapter 9.) On 
the other hand the path through the common-drain transistors M\ and M 2 is fast because 
source followers are high- band width circuits, as shown in Chapter 7. Since thecircuit sums 
the current from Lbc common-drain and common-source stages in the load to produce the 
output voltage, the fast path will dominate for high-frequency signals. This technique is 
called feedforward, and other instances are described in Chapter 9. It causes the circuit 
to take 011 the characteristics of the source followers lor high frequencies, reducing the 
phase shift that would otherwise be introduced by the slow error amplifiers. As a result, 
the design required to guarantee stability is simplified , 15 and the harmonic distortion for 
high-frequency signals is reduced. 

5.5 3.2 Combined Common- Drain Common-Source Configuration with High Swing 

Although the swing of the circuit in Fig. 5.36 is improved compared to the circuit in 
Fig. 53 L it can be improved even further. As shown in (5.147), the main limitation to 
the positive swing in Fig. 5.36 stems from V s &. This voltage includes a threshold compo- 
nent, which increases with increasing V\ and V 0 because of the body effect. Similarly, the 
negative swing is limited by V^, whose threshold component increases in magnitude as 
V\ and V 0 decrease. In practice, these terms alone reduce the available output swing by 
about 1,5 V to 2 V. 

Figure 537 shows a circuit that overcomes this limitation . 16 The circuit is the same as 
in Fig. 5.36 except that one extra branch is included. The new branch consists of transistors 
M~i and Ms and operates in parallel with the branch containing M^-M^ to produce voltage 
V\. The swing of V] in Fig. 536 is limited by the threshold voltages of M 4 and M 5 as 
described above. In contrast, the new branch in Fig. 537 can drive V\ within an overdrive 
of either supply while M 7 and operate in Lhe active region* Since the output swing in 
Fig, 5.36 is limited by the swing or Vu improving the swing of V\ as in Fig. 537 also 
improves the output swing. 




Figure 5.37 Combined common-drain, common-source output stage with improved swing. 
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Figure 5.3fl Output stage with a Class AB common-source buffer and a Class B common-source 
buffer 

5.5.3. 3 Parallel Common-Source Configuration 

Another circuit that overcomes the problem described in the introduction of Section 5.5.3 
is shown in Fig. 5.38J 7 Like the circuit in Fig, 5.37, this circuit combines two buffers 
in parallel at the output. The error amplifiers with gain Aj along with M\ and M 2 form 
one buffer, which controls the operation of the output stage with V t = 0. The error ampli- 
fiers with gain A 2 together with M\ ] and M\ 2 form the other buffer, which dominates the 
operation of the output stage for large-magnitude output voltages. 

This behavior stems from small offset voltages intentionally built into the A } ampli- 
fiers. These offsets are shown as voltage sources Vos in Fig. 5.38 and are introduced in 
practice by intentionally mismatching the input differential pairs in the A i amplifiers. At 
first, assume that these offsets have little effect on the drain currents of M } and M 2 be- 
cause A] is intentionally chosen to be small. Therefore, and M 2 operate in the active 
region when V/ = 0, and the buffer that includes these transistors operates in a Class-AB 
mode. On the other hand, the offsets force M\\ and M\ 2 to operate in cutoff when Vi = 0 
because the gates of these transistors are driven by the outputs of the A 2 amplifiers, which 
in turn are driven by the differential outputs of the A] amplifiers. In particular, the product 
v osA ]&2 is chosen by design to be big enough to force V g ,\ } > V tn and V gs \ 2 < Vm so 
that M\\ and Myi are off when V- t = 0, As a result, the quiescent output current of this 
output stage is controlled by M U M 2 , and the A\ amplifiers. 

Figure 5.39 shows a schematic of the top A r amplifier and from Fig. 5.38. 17 A 
complementary configuration is used for the bottom Aj amplifier but is not shown for 
simplicity. The difference between V- t and V 0 is sensed by the differential pair and Af 4 . 
The load of the differential pair consists of two parts: diode-connected transistors M 5 and 
M(y and current sources /bias* which are implemented by the outputs of p-channel current 
mirrors in practice. The purpose of the diode-connected transistors is to limit the gain of 
the error amplifier to a small value so that the output quiescent current is well controlled. 
Ignoring channel-length modulation, the gain of this error amplifier is 

At = ^ (5,148) 

where A { is the gain from the differential input to the differential output of the error ampli- 
fier. This equation shows that the gain is determined by the ratios of the transconductance 
of a differential-pair transistor to that of a Load transistor. Substituting (1.180) into (5.148) 
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Figure 5.39 Schematic of the lop A\ amplifier and output transistor M \ . 
tor each transistor, and rearranging gives 



A\ = 



'K iW/Lh Im 

K(WIL) 5 \I D5 \ 



(5.149) 



This equation shows that the gain is determined by the product of the ratios of the transcon- 
ductance parameters, the transistor sizes, and the bias currents. From KCL at the drain 
of 



~Id5 ~ *D3 ~ %AS 

where > Auas- Substituting (5.150) into (5.149) gives 



A { - 



K (W/Lh ( /D3 ) 

kp (WfL ) 5 [i D3 - y BIA s / 



(5.150) 



(5.151) 



This equation shows that the purpose of the /bias current sources is to allow the bias 
current in a transistor in the differential pair to exceed that in a diode-connected load. 
As a result, the term in parentheses in (5.151) is greater than unity and contributes to the 
required gain. 

Now consider the effect of the offset Vos in Fig. 5.38. In practice, the offset is imple- 
mented in Fig. 5.39 by choosing the width of to be less than the width of M 4 by about 
20 percent . 17 Assume that V v = 0whcnV ( = 0, Increasing Vqs reduces I D ^ making \I D $\ 
less than the value given in (5.150), Since Ms and M\ form a current mirror, a positive 
offset reduces \ f D \\. Under the assumption that V a = 0 when = 0, the differential pair 
in the error amplifier operates with V ^.3 - V^. 4 , Therefore, if V : _\ = V f 4 , V ov $ = V m , 4 . 
From (1 .166), 



Ip3 _ h>\ 

(WIL) 2 (WIL)4 

Substituting l D 3 4 7^4 = /tail into (5.152) and rearranging gives 



hi = 



(WiLh 

(W!Lh + (W!L ) 4 rAIL 



(5.152) 



(5. 153) 
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when V G - V, = 0* Similarly, a positive offset in the bottom A| amplifier as labeled in 
Fig. 5.38 reduces /^ 2 . If the tail and bias current in the top A x amplifier are identical to the 
corresponding values in the bottom A\ amplifier, and if the fractional mismatches in the 
differential pairs are identical, the reductions in \l&\ \ and 1$ 2 caused by the mismatches 
intentionally introduced into the differential pairs are equal and V 0 = 0 when V t = 0 is 
assumed. In other words, the offset of the entire output stage shown in Fig. 538 is zero 
even with nonzero in the error amplifiers. 

Because a design goal is to bias M\ in the active region when V/ = 0, the offset must 
be chosen to be small enough that I m > 0 when V 0 - Vi = 0. Also, the error ampli- 
fiers contain some unintentional mismatches stemming from random effects in practice. 
Because another design goal is to bias M\\ in cutoff, the random component must not 
be allowed to be larger than the systematic offset in magnitude and opposite in polarity. 
Therefore, Vos is chosen to be bigger than the expected random offset. 

Since the quiescent output current is controlled by the A { error amplifiers along with 
M\ and M 2 , the gain of the A 2 error amplifiers driving M\ \ and M J2 need not be small. With 
large A 2 , M\\ or Mi 2 becomes the dominant output device for large output magnitudes if 
the aspect ratios of M\\ and Mi 2 are at least as big as M\ and M 2 , respectively. Furthermore, 
increasing A 2 has the advantage of increasing the loop gain when M n or M, 2 turns on. 
This loop gain is related to the product of A 2f g m \ \ or g m i 2l and R L . Increasing the loop gain 
reduces the error between the input and output, as shown in Chapter 8. If M u conducts, 
increasing A 2 allows the output stage to drive reduced loads with constant g m] 1 and error. 
If the Load is fixed, increasing A 2 allows the transeonductance to be reduced, which in turn 
allows (WfL)ii to be reduced. One potential concern here is that reducing the transistor 
sizes also reduces the range of outputs for which the devices operate in the active region. 
If Mu operates in the triode region, its drain-source resistance r, ?] t is finite, and the loop 
gain is proportional to the product A 2 g mU (r v n || R L ). Thus, operation of M n in the triode 
region increases the error by reducing g mU and r oU . However, increasing A 2 compen- 
sates for this effect. Therefore, a key advantage ol the output-stage configuration shown in 
Fig. 5.38 is that it allows the output swing with a given level of nonlinearity to be increased 
by allowing the dominant transistor to operate in the triode region. 

The A] and A 2 amplifiers together form the two-stage error amplifiers that drive Mu 
and M 12 . The A 2 amplifiers operate on the differential outputs of the A y amplifiers. Since 
the common-mode components of the outputs of the A 1 amplifiers are well controlled by 
diode-connected loads, differential pairs are not required at the inputs of the A 2 amplifiers. 
Figure 5.40 shows a schematic of the top A 2 amplifier. 17 A complementary configuration 
used for the bottom A 2 amplifier is not shown for simplicity. The inputs are applied to 
the gates of common-source transistors M 2 i and M 22 . The cascode current mirror M 22 - 
M 2 6 then converts the differential signal into a single-ended output. Because the output 
resistance of the cascode-currcnt mirror is large compared to the output resistance of the 
common-source transistor M 22 , 

A 2 ~gm22t*v22 (5,154) 

and A 2 - 70 in Ref. 17. 

To determine the range of input voltages for which Mn and M 12 arc both off, let V gU 
represent the voltage from the gate of Mn to ground. Assuming that the gains and A 2 
are constant, 

V>>\[ = [Vo ~ (Vt ~ Vos'^Aj + K (5.155) 

where K is a constant. If the differential input voltage to the top A 2 amplifier shown in 
Fig. 5.40 is zero, V g u = ~Vss + ^25 + ^25 so that l d2 x = l dTl . Substituting this 
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no 




Figure 5.40 Schematic of the top 
A 2 amplifier. 



boundary condition into (5.155) gives K = —V$s + V /25 + Voi> 25 \ therefore, 

VgU " IV), - (V) — Vqs)]AiA 2 — Vss + Va$ + Vwis (5.156) 

Also, (5.117) with g ni = g m \ = g m 2 gives V 0 in terms of V/ for the output stage in 
Fig, 5.38 as long as the random offset is negligible, both M\ and A/ 2 operate in the active 
region, and M\ ] and M i 2 are off. Since the gates of M\ and Mi are each driven by only one 
output ofthe corresponding A] amplifiers, A = A\tl. With these substitutions, (5.1 17)gives 



V 



o 



V, 



A]g m ]Rt 



(5.157) 



To turn M\\ on, V^u < Vqd ~ jV)n|. Substituting this condition and (5.157) into (5.156) 
gives 



^(min) = V os (i + A\g m \R L ) 



{Vdd + Vss ~ |V/n! _ V t 75 ~ F m .25)(l + A\g m \Ri) 



a,a 2 



(5.158) 



where V^n) is the minimum value of Vi for which Mu conducts nonzero drain current. 
To interpret this result, let A 2 Then to turn M\ \ on, the required differential input 
voltage of the top A 2 amplifier V ^ = 0. Therefore, the required differential input of the 
top A | amplifier is zero: that is, 

Vo = Vi -Vos ( 5 - 159 ) 

This equation and (5.157) are both plotted in Fig. 5.41. As the input voltage increases, the 
output voltage follows with a slope less than unity if R L is finite, as shown by the solid plot. 
Therefore, as Vi increases, V) - V 0 also increases. To turn A/ n barely on, this difference 
must be equal to V^ so that the circuit operates at the intersection of the two lines in 
Fig. 5.41. Substituting (5.157) into (5,159) gives 

V i(min) = Vqs(\+ A l8m] R L ) (5.160) 

This equation agrees with the result that would be obtained by allowing A 2 ■-* ^ in (5. 158). 
The term in parentheses in (5,1 60) is equal to the reciprocal of the difference in the slopes 
of the two fines in Fig. 5.4 1 . 
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Figure 5.41 Graphical interpretation of W [m j n) , 
which Is the minimum lb needed to turn on M\\ 
in Fig. 5.38. 



■ EXAMPLE 

Find the minimum input voltage in Fig. 538 lor which M\\ turns on, assuming at first that 
M and then that A 2 = 10.LetV os = iOmV,^ = %, Sm] = 5 mA/V. R L = 600, 
Vdd = = 2,5 V, V m = -0.7 V, V [2 5 = 0.7 V, and V OV 2 s = 0.1 V. 

From (5.160), 

V,- {fllin ) - lOmVri + 8(0.005)(60)] - 34 mV 
when A 2 =*. On the other band : when A 2 = 70, (5.158) shows that 

^ = 10 mV[1 + 8(0.005X60)] - W + WWW „ fm mV 

8(/U) 

This example shows that the minimum input voltage required to turn on M n is reduced 
from the value given in (5.160) when A 2 is finite, because the fractional term in (5.158) is 

■ positive. 

The key point of this analysis is lhat M n and M x2 in Fig. 5.38 remain off for only a 
small range of input voltages. Therefore, the nonlinearity introduced by turning on Mn 
or M [2 occurs when |F, | is small. As a result, this circuit is well suited for the ISDN 
(Integrated Service Digital Network) line-driving application for which it was designed 
because the required four-level output code does not include zero, avoiding distortion that 
would be introduced by turning Mu and M \ 2 on or off 17 if a zero-level output pulse were 
required. 



PROBLEMS 

5.1 A circuit as shown in Fig. 5 A has 
VVc = 15 V,/?] - R 2 - 0 t fl 3 - 5 m t R L = 
2 UX Vclwu = 0.2 V. and V aum = 0.7 V, All 
device areas are equal, 

(a) Sketch the transfer charac l eristic from v ; 
to V,. 

(b) Repeat (a) if R L = 10 kH. 

(e) Sketch the waveform of V v if a sinusoidal 
iupuL voltage with an amplitude (zero to peak) of 
10 V is applied at V, in (a) and (b) above. 

<d) Use SPICE to verify (a), (b). and (c) and 
also to determine second and third harmonic distor- 
tion in V :> for the conditions in (c). 



5.2 <a) For the circuit of Problem 5.1. sketch 
load lines in the I r -V cl , plane for R, = 2 kfl and 
Hr. = 10 kfl. 

(b) Calculate the maximum average sinusoidal 
output power that can be delivered lo R L (both 
values) before clipping occurs in (aj above. Sketch 
corresponding waveforms for V <v i, and P c] . 

(c) Calculate the circuit efficiency for each 
value of R l in (b) t (NeglccL power dissipated in Q 3 
and R 3.) 

(d) Select Rj for maximum efficiency in this 
circuit and calculate the corresponding average out- 
put power with sinusoidal signals. 
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5.3 (a) Prove that any load line tangent to a 
power hyperbola makes contact with the hyperbola 
at the midpoint of the load line. 

Cb) Calculate the maximum possible instan- 
taneous power dissipation in Q [ for the circuit 
of Problem 5.1 with /?, = 2 kQ and R } = 
10 kO. 

(c) Calculate the average power dissipated in 
Q\ for the circuit of Problem 5.1 with R s . = 2 kil 
and R Ir = 10 kS2. Assume that V (t is sinusoidal 
with an amplitude equal to the maximum possible 
before clipping occurs. 

5.4 Tr fit = 100 for Q\ in Problem 5.1 , calcu- 
late the average signal power delivered to Q\ by its 
driver sLagc if V 0 is sinusoidal with an amplitude 
equal to the maximum possible before clipping oc- 
curs. Repeat for R L = 10 kii. Thus calculate the 
power gain of the circuit, 

5.5 Calculate the incremental slope of the trans- 
fer characteristic of the circuit of Problem 5,1 at 
Lhe quiescent point and at the extremes of the sig- 
nal swing with a peak sinusoidal output of 1 V and 
R l - 2 kft, 

5.6 (a) For the circuit of Problem 5.1, draw 
load lines in the V t . r plane for R L - Oand R L -+ 

Lise an I £ . scale from 0 to 30 mA. Also draw 
constant power hyperbolas for P ( = 0.1 W, 0,2 W, 
and 03 W. What is the maximum possible instan- 
taneous power dissipation in Q\ for the above val- 
ues of Rf ? Assume that the driver stage can sup- 
ply a maximum base current to Q\ of 0.3 mA and 
/v ■= 100 for <2\- 

(b) If lhe maximum allowable instantaneous 
power dissipation in Q } is 0.2 W, calculate the min- 
imum allowable value of R L . (A graphical solution 
is the easiest.) 

5.7 Calculate the incremental slope of the trans- 
fer characteristic of the circuit of Fig. 5*8 at the qui- 
escent point and at the extremes of the signal swing 
with V; = v; sintd/ and vf = 0.5 V: 

<a) Let A + = A v when v, is maximum. 

<b) Let A v q = A v whenvj = 0. 

<c) Let A, = A r when Vj is minimum. 

Assume that Vj = 0. V D d = 2.5V, 1 Q = 1 mA, 
and R? -> Also, assume that ( W/L) [ = 1000, 
C = 200 |jlA/V 2 , Vm = 0.7 V, = 03 V, and 
y = 0.5 V l/2 . 

5.6 When the distortion is small, the second and 
third harmonic -distortion terms of an amplifier can 
he calculated from the small-signal gains at the qui- 
escent and extreme operating points. Starling with 
the power series given in (5.41), 



(a) Calculate an expression for the small-signal 
gain A v = dvJdv-,> 

Cb) Let Vi = v, sinwr as in (5.52), and derive 
expressions for A ; , A vQ , and A~ as defined in Prob- 
lem 5.7. 

(c) Define two normalized differential gain er- 
ror terms as 

<i) £' - (A + A v q)IA v q 
(ii) E = (A- - A vQ )IA yQ 
and calculate expressions for (£ 1 + E ) and 
(E~ - E~). 

(d) Compare the results of part (c) with (5.54) 
and (5.57) to calculate HD 2 and HD 3 in terms of 
E~ and E~ . 

(e) Use Lhe results of part (d) and Problem 5.7 
to calculate HD 2 and HD\ for the circuit of Fig. 5.8 
under the conditions given in Problem 5.7. Com- 
pare the results to the results of the Example in Sec- 
tion 53.2. 

5.9 Calculate second-harmonic distortion in the 

common-source amplifier with a depiction load 
shown in Fig. 4,20r/ for a peak sinusoidal input 
voltage v,- = 0.01 V and V DD = 3 V, Assume that 
the dc input voltage is adjusted so that the dc out- 
put voltage is 1 V. For simplicity, assume that the 
two transistors have identical parameters except for 
unequal threshold voltages. Let W/L = 100, k' = 
200 p,A/V-, and A - 0. Assume VL L _ n = 
0.6 V, Vti\ v 0 = 0.6 V, i fif = 0 3 V, and 

y — 0.5 V 1/2 . Use SPICE to verify the result. 

5.10 The circuit of Fig. 5.10 has Vcc = 15 V, 
Rl = 2 kD, Vflftao = 0.6 V, and V C am = U.2 V. 

<d) S k etch the transfer ch arac ten s tic from V, to 
V tl assuming that Lhe transistors turn on abruptly for 
V he — L jyt('un) ■ 

(b) LSketch the output voltage waveform and 
the collector current waveform in each device for 
a sinusoidal input voltage of amplitude I V, 10 V, 
20 V. 

(c) Check (a) and (b) using SPICE with 1$ = 
10“ 16 A. ft, - 100, r fo = 100 0, and r e = 20 a 
for each device. Use SPTCE to determine second 
and third harmonic distortion in V 0 for the condi- 
tions in (b). 

5.11 For the circuit of Fig. 5.10, assume that 
Vcc = V, R l = 1 ka, and V n , ( , a0 = 0.2 V* 
Assume that there is sufficient sinusoidal input volt- 
age available at V t to drive V a to its limits of 
dipping. Calculate the maximum average power 
that can be delivered to Ri , before clipping occurs, 
the corresponding efficiency, and the maximum 
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instantaneous device dissipation. Neglect crossover 
distortion. 

5.12 For the circuit of Problem 5.1fl, calculate 
and sketch the waveforms of Ai + V vi ,\, and P t \ for 
device Q\ over one cycle. Do this for output voltage 
amplitudes (zero to peak) of 11.5 V, 6 V, and 3 V. 
Neglect crossover distortion and assume sinusoidal 
signals. 

5.13 In the circuit of Fig. 5.13, V C c = 12 V, 
/y =0.1 mA, R l ~ 1 kQ , and for all devices I s - 
10 _15 A, /V = 1^0. Calculate the value of F, and 
the current in each device for V n = 0, ±5 Y and 
± 10 V. Then sketch the transfer charac tens Lie from 
V a = 10 V to V„ = -10 V. 

5.14 For the output stage of Fig. 5.18, assume 

that Vcc = 15 V and for all devices = 

0.2 V. = 0.7 V, and fly = 51k 

(a) Calculate the maximum positive and nega- 
tive limits of V 0 for Rj = 10 kfi and R L = 2 kfi. 

(b) Calculate the maximum average power that 
can be delivered to R? before clipping occurs for 
Ry = 10 kil and R L = 2 kfl. Calculate the corre- 
sponding cireuil efficiency (tor the output devices 
only) and the average power dissipated per outpuL 
device. Neglect crossover distortion and assume si- 
nusoidal signals. 

5.15 For the output stage of Fig. 5.20a, assume 
that Vcc = 15V,j 3 F (pnp) = 5{),p r (npn) = 200. 
and for all devices VV( 01I) = 0.7 V. Vcfasaij = 
0.2 V, I s — 10 _] 1 A. Assume that the magnitudeof 
the collector current in fev\ is 0.2 mA. 



<a> Calculate the maximum positive and nega- 
tive limits of V 0 for Rj = 10 kfl, R L = 1 kfl, and 
Rl. = 200 a. 

<b> Calculate the tnaxitrium average power that 
can be delivered to Rj_ = 1 kfl before clipping oc- 
curs, and the corresponding circuit efficiency (for 
the output devices only). Also calculate the peak 
instantaneous power dissipation in each output de- 
vice. Assume sinusoidal signals. 

5.16(a) For the circuit of Problem 5. 15, calcu- 
late the maximum possible average output power 
than can be delivered to a load Ri , if (he instan- 
taneous power dissipation per device must be less 
than 1 (X) rnW, Also specify the corresponding value 
of R l and the circuit efficiency (for the output de- 
vices only). Assume sinusoidal signals. 

<b) Repeal (a) if the maximum instantaneous 
power dissipation per device is 200 raW. 

5.17 For the circuit of Problem 5. J 5. calculate 

bias currents in Q 2 3 , fen fe* fe, and g M for 
V„ - 10 V with R l = 1 m. Use la = 10 14 A 

for all devices. 

5.18 An vM-npn Darlington output stage is 

shown in Fig. 5.42. For all devices = 

0.7 Y Vemao = 0.2 V, p F = 100. The magniludc 
of the collector current in Q* is 2 mA, 

(a) If Rf — 8 ii. calculate the maximum posi- 
tive and negative limits of VV 

(b) Calculate the power dissipated in the circuit 
for V„ = 0 V. 
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Figure 5,42 AYl-npn Darlington 
output stage. 
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(c) Calculate the maximum average power that 
can be delivered to R L - 8 11 before clipping oc- 
curs and the corresponding efficiency of the com- 
plete circuit. Also calculate the maximum instan- 
taneous power dissipated in each output transistor. 
Assume that feedback is used around the circuit so 
Lhat V 0 is approximately sinusoidal. 

(d) Use SPICE to plot the dc transfer charac- 
teristic from Vi to V rt as V f) is varied over Lhe com- 
plete output voltage range with R L = 8 ft. For Q u 
Q s and D] assume A = IQ -15 A, r b = 1 ft, r t = 
0.2 ft, ft = 100, and V A = 30 V Assume Q A> ft, 
D 2 , and ft are 1/100 the size of the large devices. 
For ft assume r c = 50 ft and V A - 30 V. 

5.19 For the circuit of Fig. 5.25, assume that 
Vcc = 15 V, fij(pnp) = 30, fif(nptt) = 150, 
Is(npn) = 10“ 14 A. h(pnp) = 10“ 15 A, and for 
all devices V Iif;{0i , } = 0.7 V, V c &wl) = 0.2 V. As- 
sume that ft and Q & are npn devices and the col- 
lector current in ft is 0. 15 mA. 

(a) Calculate the maximum positive and nega- 
tive limits of V ft for R L = 1 k ft . 

(b) Calculate quiescent currents in ft -ft for 

Vo = 0V. 

(c) Calculate the maximum average output 
power (sine wave) lhat can be delivered to R f if the 
maximum instantaneous dissipation in any device 
is 100 mW. Calculate the corresponding value of 
ff/., and the peak currents in Q? and ft. 



5.20 A BiCMOS Class AB output stage 
is shown in Fig. 5.43. Device parameters arc 
pr(npn) = 80, (i, {pnp\ = 20, V r ^ (llrl = 0.8 V, 
fipCvx - 26 jxA/V 2 , and V t = -0.7 V. 

(a) Calculate bias currents in all devices for 

- 0. 

(W Calculate the positive and negative limits of 
V Cf for R f = 20t) ft. Thus calculate the maximum 
average power lhat can be delivered to R L before 
clipping occurs. 

(c) Use SPICE to check (a) and also to plot 
the complete dc transfer characteristic of the circuit 
from Vi to V a . Also plot the waveforms of ft, ft, 
and ft for a sinusoidal output voltage at V tf of 
2 V and then 4 V zero-to-peak. In the simulation, 
assume bipolar parameters as in Fig. 2.32 and MOS 
parameters as in Table 23 (apart from the values of 
fit- and p.pC ox given above). 

5.21 Find the minimum output voltage for the 
circuit in Fig* 5.31. 

5.22 Design a CMOS output stage based on the 
circuit of Fig. 531 to deliver ± 1 V before clipping 
at V 0 with R l = 1 kft and V DD = Vft =2.5 V, 
Use 10 julA bias current in Aft and 100 p,A idling 
current in M\ and Aft. Set (W/ft = 50/1 and 
(Vk/L)t, = 25/1. Specify the WiL for Aft-Aft that 
minimizes (he total chip area. Use the transis- 
tor parameters in Table 2.3 except assume that 
ftr = ftm-n for simplicity. The minimum channel 
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Figure 5.43 BiCMOS 
Class AB output stage. 
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length is 1 (im. Assume the body of each ^-channel 
transistor is connected to and the body of 

each /^-channel transistor is connected to V DD . Use 
SPICE to verify your design by plotting the V„ vs. 
Vf characteristic. 



5.23 For the circuit in Fig, 5.34, assume that 
the input voltage V, is high enough that M\ op- 
erates in the active region but Mi is cuL off. Us- 
ing the same assumptions as in the derivation of 
(5.116), show that V 0 is related to V- t by the fol- 
lowing expression 



y„ = Vi + ~ Vosp + 



k' W L A 2 R L 



1 



r 



f 1 J.'J» WA2 { T/ „ 



5.24 Using a circuit that is the complement of 
the one in Fig, 5.35, draw the schematic for the bot- 
tom error amplifier and output transistor Mi , which 
are shown in block diagram form in Fig, 5,32, In 
the error amplifier, label the transistors as M 2 [-M 2 7 , 
where M 2 1 is the complement of Mu, M 22 is the 
complement of M [2t etc. Also, label the current 
sources complementary Lo 7 rtas and / rAIL as /biasp 
and f jail/j respectively. 

5.25 Using the schematics from Fig. 5.35 and 
Problem 5.24, design the output stage shown in 
Fig. 5.32 to satisfy the following requirements. 

(a) V^ £ > = Vn = 2.5 V. 

(b) The standby power di s s i pation sho uld be no 
more than 70 mW. 



(c) R l = 100 fl. 

(d) The maxi mum allowed gain error with zero 
offsets and all transistors operating in the active re- 
gion is 1 percent. 

(e) In Fig. 5.35, (WfL ) n = (VV7L)i/100 and 
(1 T/L}i 3 = (WfL) lA = (W7L),/10. Similarly, 
in Problem 5.24, [W/Lhi = (F7L) 2 /100 and 
(W/L ) 23 = (W/L) 2A - (WfLhnO. 

(0 To control the quiescent current, the maxi- 
mum allowed error- amplifier gain is 5. 

(g) Your solution is allowed to use four ideal 
current sources, two in each error amplifier. To al- 
low these ideal current sources to be replaced by 
real transistors in a design slop not required in 
this problem, the voltage across each ideal current 
source in Fig. 5.35 must be at least 0.5 V when 
V a ^ 0. Similarly, the voltage across each ideal 
current source in the complementary circuit from 
Problem 5.24 must be at least 0.5 V when V n ^ 0, 

(h) To guarantee that M\^ and M?^ do not cut 
off under these conditions, assume 7tati. = 57bia$ 
in Fig. 5.35 and /taij .p = 5/bjas/’ in Problem 5,24. 

(i) For both n- and /^-channel transistors, as- 
sume that A = 0, L d = Xrf = 0, and ignore the 
body effect. Use Ld TW n = 1 pm for all transistors, 
and use Table 2,3 for other transistor parameters. 

(|) The distortion of the output stage should be 
minimized under the above conditions. 

Verify your design using SPICE, 
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CHAPTER 



6 



Operational Amplifiers 
with Single-Ended Outputs 



In the previous three chapters, the most important circuit building blocks utilized in analog 
integrated circuits (ICs) have been studied. Most analog ICs consist primarily of these 
basic circuits connected in such a way as to perform the desired function. Although the 
variety of standard and special-purpose custom ICs is almost limitless, a few standard 
circuits stand out as perhaps having the widest application in systems of various kinds. 
These include operational amplifiers, voltage regulators, and analog-Lo-digital (A/D) and 
digilal-lo-analog (D/A) converters. In this chapter, we will consider monolithic operational 
amplifiers (op amps) with single-ended outputs, both as an example of the utilization of 
the previously described circuit building blocks and as an introduction to the design and 
application of this import ant class of analog circuit* Op amps with fully differential outputs 
are considered in Chapter 12, and voltage-regulator circuits are considered in Chapter 8. 
The design of A/D and D/A converters is not covered, but it involves application of the 
circuit techniques described throughout the book. 

An ideal op amp with a single-ended output has a differential input, infinite voltage 
gain, infinite input resistance, and zero output resistance. A conceptual schematic diagram 
is shown in Fig, 6.1* While actual op amps do not have Ihese ideal characteristics, their 
performance is usually sufficiently good that the circuit behavior closely approximates that 
of an ideal op amp in most applications. 

In op-amp design, bipolar transistors offer many advantages over their CMOS coun- 
terparts, such as higher transeonductance for a given current, higher gain higher 

speed, lower input-referred offset voltage and lower input- referred noise voltage. (The 
topic of noise is considered in Chapter 1 1 *> As a result, op amps made from bipolar tran- 
sistors offer the best performance in many cases, including for example dc-coupled, low- 
offset, low-drift applications* For these reasons, bipolar op amps became commercially 
significant first and still usually offer superior analog performance. However, CMOS tech- 
nologies have become dominant in building the digital portions of signal -processing sys- 
tems because CMOS digital circuits are smaller and dissipate less power than their bipolar 
counterparts. Since these systems often operate on signals that originate in analog form, 
analog cireuits such as op amps are required to interlace to the digital CMOS circuits. 
To reduce system cost and increase portability, analog and digital circuits are now often 
integrated together, providing a strong economic incentive to use CMOS op amps. 

In this chapter, we first explore several applications of op amps to illustrate their ver- 
satility in analog circuit and system design. CMOS op amps are considered next. Then a 
general-purpose bipolar monolithic op amp* the 741, is analyzed, and the ways in which 
the performance of the circuit deviates from ideality are described. Design considerations 
lor improving the various aspects of monolithic op-amp low-frequency performance are 
described. The high-frequency and transient response of op amps are covered in Chapters 
7 and 9. 
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Figure 6. 1 Ideal operational 
amplifier 



6.1 Applications of Operational Amplifiers 

6.1.1 Basic Feedback Concepts 

Virtually all op-amp applications rely on the principles of feedback ♦ The topic of feedback 
amplifiers is covered in detail in Chapter 8; we now consider a few basic concepts neces- 
sary for an understanding of op-amp circuits. A generalized feedback amplifier is shown 
in Fig. 6.2. The block labeled a is called the forward or basic amplifier, and the block la- 
beled/ is called the feedback network. The gain of the basic amplifier when the feedback 
network is not present is called the open-loop gain , a, of the amplifier. The function of 
the feedback network is to sense the output signal S 0 and develop a feedback signal S fbr 
which is equal to fS 0 , where/ is usually less than unity. This feedback signal is subtracted 
from the input signal .S/ and the difference S £ is applied to the basic amplifier. The gain 
of the system when the feedback network is present is called the closed-loop gain. For the 
basic amplifier we have 



S 0 = aSc = a(Si - S f t) = a(S t - fS (f ) (6.1) 

and thus 

So a \ { a f \ 1 / T \ 

* 71tT^/7(7Tt) <“> 

where T = a f is called the loop gain. When T becomes large compared to unity, the 
closed-loop gain becomes 



S 0 ^ 1 
“ Si f 



(6.3) 



Since the ieedback network is composed of passive components, the value of / can be set 
to an arbitrary degree of accuracy and will establish the gain at a value of 1// if T » 1 , 
independent of any variations in the open-loop gain a. This independence of closedToop 
performance from the parameters of the active amplifier is the primary factor motivating 
the wide use of op amps as active elements in analog circuits. 

For the circuit shown in Fig, 6.2, the feedback signal tends to reduce the magnitude of 
S £ below that of the open-loop ease (for which / — 0) when a and/ have the same sign. 
This case is called negative feedback and is the case of practical interest in this chapter. 
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Figure 6.2 A conceptual feedback 
amplifier. 



With this brief introduction to feedback concepts, we proceed to a consideration of 
several examples of useful op-amp configurations. Because these example circuits are 
simple, direct analysis with Kirchoff’s laws is easier than attempting to consider them as 
feedback amplifiers. In Chapter 8, more complicated f eedback configurations are consid- 
ered in which the use of feedback concepts as an analytical tool is more useful than in 
these examples. 

6. 1 .2 Inverting Amplifier 

The inverting amplifier connection is shown in Fig, 63a. 1,2 ' 3 Wc assume that the op-amp 
input resistance is infinite, and that the output resistance is zero as shown in Fig. 6. 1 . From 
KCL at node X, 



V*~Vi Vo ^ 

R\ f*2 



= 0 



(6.4) 



Since is connected between the amplifier output and the inverting input, the feedback 
is negative. Therefore, V* would be driven to zero with infinite open-loop gain. On the 




Figure 6.3 (tf) Inverting amplifier configuration, (b) Nonin verting amplifier configuration, (r:) 
Voltage-follower configuration. 
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other hand, with finite open- loop gain a , 



a 

Substituting (6.5) into (6*4) and rearranging gives 



V 



o 



/f 2 r i 

R , 1 /, R 2 

1 + " 1 + 7T 
a V R i 



If the gain of the op amp is large enough that 



then the closed-loop gain is 



a 



R i 
R\ + 



» I 



Vo ^ Ri 
Vs Ri 



(6.5) 



( 6 . 6 ) 



(6.7) 



( 6 . 8 ) 



When the inequality in (6.7) holds, (6.8) shows that the closed-loop gain depends primar- 
ily on die external passive components R { and R 2 . Since these components can be selected 
with arbitrary accuracy, a high degree of precision can be obtained in closed-loop perfor- 
mance independent of variations in the active device (op-amp) parameters* For example, 
if the op-amp gain were to change from 5 X If) 4 to 10 5 , this 100 percent increase in gain 
would have almost no observable effect on closed-loop performance provided that (6,7) is 
valid. 



■ EXAMPLE 



Calculate the gain ofthe circuit Fig, 6.3a. for a = I0 4 anda = I0^,and/?i = 1 = 

lOkft. 

From (6.6) with a = 10 4 > 

-9.9890 

To 4 / 

From (6.6) with a = 10 5 , 



A = 



V* 

Vs 



- -10 



1 + 



Vo 



V s 



- 10 . 



1 




-9.99890 



The large gain of op amps allows the approximate analysis of circuits like that of 
Fig. 6*3 a to be performed by the use of summing-point constraints^ If the op amp is 
connected in a negative-feedback circuit, and if the gain of the op amp is very large, then 
for a finite value of output voltage the input voltage must approach zero since 

' V, = -— (6.10) 

a 

Thus one can analyze such circuits approximately by assuming a priori that the op-amp 
input voltage is driven to zero. An implicit assumption in doing so is that the feedback is 
negative, and that the circuit has a stable operating point at which (6.10) is valid. 
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The assumption that Vi = 0 is called a summing-point constraint * A second con- 
straint is that no current can flow into the op-amp input terminals, since no voltage exists 
across the input resistance of the op amp if V- x = 0. This summing-point approach al- 
lows an intuitive understanding of the operation of the inverting amplifier configuration of 
Fig. 6.3 a. Since the inverting input terminal is. forced to ground potential, the resistor R\ 
serves to convert the voltage V s to an input current of value V s /R\, This cuncnt cannot 
flow in the input terminal of an ideal op amp; therefore, it flows through R 2 , producing a 
voltage drop of V S R 2 /R\ . Because the op-amp input terminal operates at ground potential, 
the input resistance of the overall circuit as seen by V s is equal to R\ . Since the inverting 
input of the amplifier is forced to ground potential by the negative feedback, it is some- 
times called a virtual ground. 



6. 1 .3 Noninverting Amplifier 

The noninverting amplifier is shown in Fig. 6.3/>. l>2,3 Using Fig. 6.1, assume that no 
current flows into the inverting op-amp input terminal. If the open-loop gain is a „ V t = 
VJa and 






Rearranging (6.11) gives 

Vo 

V s 



= 1 + 



R2 



aRi 



Ri + Rz 



1 + 



aR\ 

R i + Rz 



= 1 + 



*2 

Ri 



( 6 . 11 ) 



(6.12) 



The approximation in (6.12) is valid to the extent that aR\f(R\ + R 2 ) » L 

In contrast to the inverting case, this circuit displays a very high input resistance as 
seen by V\ because of the type of feedback used. (See Chapter 8.) Also unlike the inverting 
case, the noninverting connection causes the common-mode input voltage of the op amp to 
be equal to VV An important variation of this connection is the voltage follower, in which 
oc and R 2 = 0. This circuit is shown in Fig. 6.3c, and its gain is close to unity if 
a » L 



6.1.4 Differential Amplifier 

The differential amplifier is used to amplify the difference between two voltages. The 
circuit is shown in Fig. 6A 1,2 For this circuit, = 0 and thus resistors R L and R 2 form 
a voltage divider. Voltage V x is then given by 



V, = V! 



Ri 

R[ 4- /?2 



The current l j is 



h = 



Vi-Vy 



= h 



(6.13) 



(6. 14) 



The output voltage is given by 



Vo = V y ~ hRi 



(6.15) 
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h 




Figure 6.4 Differential amplifier 
configuration. 



If the open-loop gain is infinite, the summing-point constraint that V, = () is valid and 
forces V y = V Substituting V y = V x * (6.13), and (6.14) into (6.15) and rearranging 
gives 



= 7^(V! - V 2 ) (6. 16) 

ft] 

The circuit thus amplifies the difference voltage (V\ - V 2 ). 

Differential amplifiers are often required to detect and amplify small differences be- 
tween two sizable voltages. For example, a typical application is the measurement of the 
difference voltage between the two arms of a Wheatstone bridge. As in the case of the 
noninverting amplifier, the op amp of Fig. 6.4 experiences a common-mode input that is 
almost equal to the common-mode voltage (V } + V 2 )f2 applied to the input terminals when 
/?2 ft \ - 



6.1.5 Nonlinear Analog Operations 

By including nonlinear elements in the feedback network, op amps can be used to per- 
form nonlinear operations on one or more analog signals. The logarithmic amplifier, shown 
in Fig. 6.5, is an example of such an application. Log amplifiers find wide application 
in instrumentation systems where signals of very large dynamic range must be sensed 
and recorded. The operation of this circuit can again be understood by application of the 
summing-point constraints. Because the input voltage of the op amp must be zero, ihe 



Figure 6.5 Logarithmic amplifier 
configuration. 
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resistor R serves to convert the input voltage V x into a current. This same current must 
then flow into the collector of the transistor. Thus the circuit forces the collector current of 
the transistor to be proportional to the input voltage. Furthermore, the transistor operates 
in the forward-active region because Vcn — 0* Since the base-emitter voltage of a bipolar 
transistor in Hie forward-active region is logarithmically related to the collector current, 
and since the output voltage is just the emitter-base voltage of the transistor, a logarithmic 
transfer characteristic is produced. In terms of equations, 



and 



V', 

R 



= - hi 




— Is exp 



% 



be 



Vt 



(6.17) 



Vo = -Vbe 



Thus 



Vo = - V{ In 



is* 



(6.18) 



(6.19) 



The log amplifier is only one example of a wide variety of op-amp applications in 
which a nonlinear feedback element is used to develop a nonlinear transfer characteristic. 
For example, two log amplifiers can be used to develop the logarithm of two different 
signals, These voltages can be summed, and then (he exponential function of the result 
can be developed using an inverting amplifier connection with R \ replaced with a diode. 
The result is an analog multiplier. Other nonlinear operations such as limiting, rectification, 
peak detcclion, squaring, square rooting, raising to a power, and division can be performed 
in conceptually similar ways. 



6.1.6 Integrator, Differentiator 

The integrator and differentiator circuits, shown in Fig. 6.6, are examples of using op amps 
with reactive elements in the feedback network to realize a desired frequency response or 
time-domain response. 1 2 In the case of the integrator, the resistor if is used to develop a 
current I\ thal is proportional to the input voltage. This current flows into the capacitor C, 
whose voltage is proportional to the integral oflhe current l\ with respect to time. Since Lhe 
output voltage is equal to the negative of lhe capacitor voltage, the output is proportional 
to lhe integral of the input voltage with respect to rime. In terms of equations, 

h = ^ = h ( 6 . 20 ) 

K 




Figure 6.6 {a) Integrator configuration, (/>) Differentiator configuration. 
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and 



V), - 

Combining (6.20) and (6.21) yields 



1 _ 

C 



' t 

I 2 dr + V o (0) 
o 



Vo(t) = 



1 

RC 



! V s (r )dr + V*(0) 
« 



( 6 . 21 ) 



( 6 . 22 ) 



The performance limitations of real op amps limit the range of V 0 and the rate of change 
of V„ for which this relationship is maintained. 

in the ease of the differentiator, the capacitor C is connected between V s and the invert- 
ing op-amp input. The current through the capacitor is proportional to the lime derivative 
ot the voltage across it, which is equal to the input voltage. This current flows through the 
feedback resistor R , producing a voltage at the output proportional to the capacitor current, 
which is proportional to the time rale of change of the input voltage. In terms of equations, 



/, _ c- d - f - l 2 


(6.23) 


-RC dVs 

dt 


(6.24) 



6.1.7 Infernal Amplifiers 

The performance objectives for op amps to be used within a monolithic analog subsystem 
are o(len quite different from those of general-purpose op amps that use external feedback 
elements. In a monolithic analog subsystem, only a few of the amplifiers must drive a 
signal off-chip where the capacitive and resistive loads are significant and variable. These 
amplifiers will be termed output buffers, and the amplifiers whose outputs do not go off 
chip will be termed internal amplifiers. Perhaps the most important difference is that the 
load an internal amplifier has to drive is well defined and is often purely capacitive with a 
value of a few picofarads. In contrast, stand-alone general purpose amplifiers usually must 
be designed to achieve a certain level of performance that is independent of changes in 
capacitive loads up to several hundred picofarads and resistive loads down to 2 kfl or less. 

6. 1 ■ 7. 1 Switched-Capacitor Amplifier 

In MOS technologies, capacitors instead of resistors are often used as passive elements in 
feedback amplifiers in part because capacitors are often the best available passive com- 
ponents. Also, capacitors can store charge proportional to analog signals of interest, and 
MOS transistors can act as switches to connect to the capacitors without offset and with 
little leakage, allowing the discrete-time signal processing of analog quantities. The topic 
of MOS switchcd-capacitor amplifiers is one important application of internal amplifiers. 
Here, we introduce the application to help explain the construction of MOS op amps. 

Figure 6.7 shows the schematic of an inverting amplifier with capacitive feedback in 
contrast to the resistive feedback shown in Fig. 6.3a. If the op amp is ideal, the gain from 
a change in the input A V s to a change in the output AV 0 is still given by the ratio of the 
impedance of the feedback element C 2 to the impedance of the input element C L , or 

_1 

_ _(jiC2 _ Ci 

af7 “ 31 “ ~c ~ 2 

&>C] 



(6.25) 
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Figure 6.7 Inverting amplifier configuration with 
capacitive feedback without dc bias for the 
inverting op- amp input. 



Unlike the ease when resistors are used as passive elements, however, this circuit does not 
provide dc bias for the inverting op-amp input because the impedances of both capacitors 
are infinite at dc + To overcome this problem, switches controlled by a two-phase nonover- 
lapping clock are used to control the operation of the above circuit. The resulting circuit 
is known as a switched-capacifor amplifier. 

Figure 6.8# shows the schematic of a switched-eapacitor amplifier. Each switch in the 
schematic is controlled by one of two clock phases <f>] and and the timing diagram is 
shown in Fig. 6.86. We will assume that each switch is closed when its controlling clock 
signal is high, and open w hen its dock signal is low. Since tf>\ and 4 >i are never both high at 
the same time, the switches controlled by one clock phase arc never closed at the same time as 
the switches controlled by the other clock phase. Because of this property, the clock signals 
in Fig, 6.86 are known as nonoverlapping. For example, the left side of C] is connected 
to the input V s through switch lS’i when <f>i is high and to ground through switch S 2 when <62 
is high, but this node is never simultaneously connected to both Ihc input and ground. 

To simplify the description of the operation of switchcd-capacitor circuits, they are 
often redrawn twice, once for each nonoverlapping clock phase. Figures 6.8c and 6.8d 
show the connections when 4 >\ is high (during 4 >\) and when <p2 is high (during <pi)t 
respectively. Switches that are closed are assumed to be shod circuits, and switches that 
are open arc assumed to be open circuits. 

To find the output for a given input, an analysis based on charge conservation is used. 
After switch S3 opens, the charge on the plates of the capacitors that connect to the up-amp 
input node is conserved until this switch closes again. This property stems partly from the 
fact that the passive elements connected to the op-amp input node arc capacitors, which 
conduct zero dc current. Also, if the op amp is constructed with an MOS differential input 
pair, the op-amp input is connected to the gate of one transistor in the differential pair, 
and the gate conducts zero dc current. Finally, if we assume that switch S3 conducts zero 
current when it is open, the charge stored cannot leak away while S 3 is open. 

Since both sides of C 2 are grounded in Fig. 6.8c. the charge stored 011 the plates of the 
capacitors that connect to the the op-amp input node during 4 >i is 

Q\ = (0 - V,)C, + (0 )C 2 = (0 - V S )Q ( 6 . 26 ) 

Because the input voltage is sampled or stored onto capacitor C] during this phase is 
known as the input sample phase. If the op amp is ideal, the voltage V f from the inverting 
op-amp input to ground is driven to zero by negative feedback during tfi 2 . Therefore, the 
charge stored during <f>2 is 

Qi = (0 )C, + (0 - V 0 )C 2 = (0 - V 0 )C 2 ( 6 . 27 ) 

Because the sampled charge appears on C\ during <f> 1 and on C 2 during 4*2* 4 >z * s known 
as the charge-Tunisfer phase. By charge conservation, Qi = Q\ \ therefore, 

Vo = Q 

v s c 2 



( 6 . 28 ) 




Figure 6.8 («) Schematic of a switched-capacilor amplifier with ideal switches, (b) Timing dia- 
gram of dock signals, (c) Connections during <f>^ . (d) Connections during <j> 2 . 



In (6*28), V s represents the input voltage at the end of <f > |, and V 0 represents the output 
voltage at the end of 4 > 2 . The shape of the output voltage waveform is not predicted by 
(6.28) and depends on the rates at which the capacitors are charged and discharged. In 
practice, these rates depend on the bandwidth of the op amp and the resistances of the 
closed switches. The result in (6.28) is valid as long as the op amp is ideal, the input V s is 
dc, and the intervals over which <f>i and <f >2 are high are long enough to completely charge 
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and discharge the associated capacitors. The ratio of VJV X in (6.28) is positive because if 
Vj > 0 during tf) i, the voltage applied between the left side of Ci and ground decreases 
from a positive value to zero during Therefore, this negative change in the applied 
voltage during <j) 2 is multiplied by a negative closed-loop amplifier gain, giving a positive 
ratio in (6.28). 

MOS technologies are well suited to building switchcd-capacitor circuits for two key 
reasons. First, the dc current that flows into the input terminals of MOS op amps is zero as 
long as the inputs are connected only to the gates of MOS transistors. In contrast, bipolar 
op amps have nonzero dc input currents that stem from finite j3f in bipolar transistors. 
Second, the switches in Fig. 6.8 can be implemented without offset by using MOS tran- 
sistors, as shown in Fig. 6.9 a. The arrows indicating the source terminals of M\ - Af 5 are 
arbitrarily chosen in the sense that the source and drain terminals are interchangeable. 
(Since the source is the source of electrons in ^-channel transistors, the source-to-ground 
voltage is lower than the drain-to-ground voltage.) Assume that the clock voltages alter- 
nate between — Vss and V DD as shown in Fig. 6.9 b. Also assume that all node voltages are 
no lower than -V S s and no higher than V DD . Finally, assume that the transistor threshold 
voltages are positive. Under these conditions, each transistor turns off when its gate is low. 
Furthermore, each transistor turns on when its gate is high as long as its source operates 
at least a threshold below Vod- If V* is a dc signal, ail drain currents approach zero as 
The capacitors become charged. As the drain currents approach zero, the MOS transistors 
that are on operate in the mode region, where the drain-source voltage is zero when the 





Figure 6.9 (a) Schematic of a switched-capacitor amplifier with ^-channel MOS transistors used 
as switches, (b) Clock waveforms with labeled voltages. 
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drain current is zero. Therefore, the input voltage V A . is sampled onto Cy with zero offset 
inserted by the MOS transistors operating as switches. This property of MOS transistors is 
important in the implementation of switehed-eapacitor circuits. In contrast, bipolar tran- 
sistors operating as switches do not give zero collector-emitter voltage with zero collector 

current. 

The switched-capacitor amplifier shown in Fig. C9a is important in practice mainly 
because the gain of this circuit has little dependence on the various parasitic capacitances 
that arc present on all the nodes in the circuit. These undesired capacitances stern in part 
from the drain-body and source -body junction capacitances of each transistor. Also, the op- 
amp input capacitance contributes to the parasitic capacitance on the op-amp input node. 
Furthermore, as described in Section 2.10.2, the bottom plates of capacitors Cy and C 2 
exhibit at least some capacitance to the underlying layer, which is the substrate or a well 
diffusion. Since the gain of the circuit is determined by charge conservation at the op-amp 
input node, the presence of parasitic capacitance from any node except the op-amp input 
to any node with a constant voltage to ground makes no difference to the accuracy of the 
circuit. (Such parasilics do reduce the maximum clock rate, however.) On the other hand, 
parasitic capacitance on the op-amp input node does affect the accuracy of the circuit gain, 
but the error is inversely proportional to the op-amp gain, as we will now show. 

Let Cp represent the total parasitic capacitance from the op-amp input to all nodes 
with constant voltage to ground. If the op-amp gain is a f the voltage from the inverting 
op-amp input to ground during 4> 2 is given by (6.10). Therefore, with finite op-amp gain, 
C E and Cp are not completely discharged during 4>i ■ Under these conditions, Ihe charge 
stored on the op-amp input node during cj > 2 becomes 

a ‘-(- Y i) c ‘A-^) c ‘- + (-T- v ¥- ,6w 



When the op-amp gain becomes infinite, (6.29) collapses to (6,27), as expected. Setting 
Q 2 in (6.29) equal to Q\ in (6.26) by charge conservation gives 



Vo _ C x 1 

^ Cl J + 1 (Ci±C2±Cr 

a \ C2 



(6.20) 



This closed-loop gain can be written as 

V«, C 



v, = cg fl -<> 



where e is a gain error given by 

€ = 



' C-2 

, Ci + C-2 + Cp 



( 6 . 31 ) 



(6.32) 



As a e 0, and the gain of the switehed-eapacitor amplifier approaches C\iC 2 as 
predicted in (6.28). As a result, the circuit gain is said to be parasitic insensitive lo an 
extent that depends on the op-amp gain. 

One important parameter of the switched-capacitor amplifier shown in Fig. 6.9 a is 
the minimum clock period. This period is divided into two main parts, one for each clock 
phase. The duration of 4 > 2 must be long enough for the op-amp output to reach and sLav 
within a given level of accuracy. This time is dclincd as the op-amp settling time and 
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depends on the switch resistances, the circuit capacitances, and the op-amp properties. 
The settling time is usually determined by SPICE simulations. Such simulations should 
be run for both clock phases because the op-amp output voltage during <p\ is not well 
controlled in practice. If the op amp is ideal, this output voltage is zero. With nonzero 
offset voltage, however, the output voltage will be driven to a nonzero value during <p\ 
that depends on both the offset voltage and the op-amp gain. If the op-amp gain is large, 
the offset can easily be large enough to force the output voltage to clip near one of the 
supplies. The oulpul voltage at the end of <p[ can be thought of as an initial condition for 
Ihe circuit during <p 2 . If the initial condition and the desired final output at the end of <p 2 
happen to have fm different values, the time required for the output to reach a given level 
of accuracy during tp 2 can be increased. Furthermore, nonzero offset can increase the time 
required for the op-amp output voltage to reach a constant level during <p\. Although the 
circuit output voltage defined in (6.30) only appears during <p 2 * failure to reach a constant 
output voltage during <p\ causes the initial condition defined above to vary, depending 
on the value of V„ at the end of the preceding <p 2 . As a result of this memory effect, the 
circuit can behave as a filter (which is possibly nonlinear), weighting together the results of 
more than one previous input sample to determine any given output. The key point is that 
an increase in the minimum duration of cither phase requires an increase in the minimum 
clock period. This effect should be included in simulation by intentionally simulating with 
nonzero offset voltages. 

One way to reduce the effect of nonzero offset voltage on the minimum clock period 
is to include a reset switch at the op-amp output. If the op amp has a single-ended output 
as shown in Fig. 6.9a, such a switch can be connected between the op-amp output and 
a bias point between the two supplies. On the other hand, if the op amp has differential 
outputs as described in Chapter 12, such a reset switch can be connected between the two 
op-atnp outputs. In either case, the reset switch would be turned on during <p[ and off 
during tp 2 . The main value of such a reset switch is that it can reduce both the maximum 
oulpul voltage produced by a nonzero offset voltage during (p\ and the time required to 
reach this value, in turn reducing the effect of nonzero offset on the minimum durations 
of boih phases. 

The accuracy of the switched-capacitor amplifier shown in Fig. 6.9 a is limited by 
several other factors that we will now consider briefly. First, even with an ideal op amp, 
the gain depends on the ratio of capacitors C]/C 2l which is not controlled perfectly in 
practice because of random-mismatch effects. Second, op-amp offset limits the minimum 
signal that can be distinguished from the offset in the switched-capacitor amplifier. As 
shown in Section 3.5.6, the input-referred offset of CMOS differential pairs is usually 
worse than for bipolar differential pairs. This property extends to op amps and stems partly 
from the reduced transconductanee-to-current ratio of MOS transistors compared to their 
bipolar counterparts and partly from the threshold mismatch term, which appears only 
in the MOS case. Third, the charge-conservation equation and accuracy of the switched- 
capacitor amplilicr are affected by the charge stored under the gates of some of the MOS 
transistors acting as switches in Fig. 6.9 a. For example, some of the charge stored under 
the gate of transistor M 3 in Fig. 6.9 a is injected onto the op-amp input node after M 3 is 
turned off. Techniques to overcome these limitations are often used in practice but are not 
considered here. 

6. 1.7.2 Swttched-Capacitor Integrator 

Another application of an internal op amp, a switched-capacitor integrator, is illustrated 
in its simplest form in Fig. 6.10a. This circuit is widely utilized as the basic element of 
monolithic switched-capacitor filters for two main reasons. First, the frequency response 
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Figure 6.10 (a) Schematic of a 
switehcd-eapacitor integrator, ( b ) 
Timing diagram, (c) Continuous- 
time equivalent circuit for input 
frequencies much less than the clock 
frequency. 



of the integrator is insensitive to the various parasitic capacitances that are present on all 
nodes in the circuit. Second, using switched-capacitor integrators as the basic elements, 
the synthesis of desired filter frequency responses is relatively straightforward. In this 
section, we will analyze the frequency response of the switched-capacitor integrator. 

The integrator consists of an op amp, a sampling capacitor C s , an integrating capac- 
itor C/, and four MOS transistor switches. The load capacitance shown represents the 
sampling capacitor of the following integrator, plus any parasitic capacitances that may be 
present. Typical values for the sampling, integrating, and load capacitances are labeled in 
Fig. 6. 10a, 

Figure 6.10b shows the timing diagram of two nonoverlapping clock signals, <j>\ and 
that control the operation of the circuit as well as typical input and output waveforms. 
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During the interval when dock phase <£n is high, transistors and operate in the triode 
region and serve to charge the sampling capacitor to a voltage that is equal lo the input 
voltage. Subsequently, clock signal falls. Then clock signal <f> 2 rises, causing transistors 
M 2 and Mi to turn on and the sampling capacitor to be connected between the inverting 
op-amp input, which is sometimes called the summing node T and ground. If the op amp 
is ideal, the resulting change in the summing-nodc voltage causes the op-amp output to 
move so that the summing-node voltage is driven back to ground. After the transient has 
gone to completion, the voltage across Cs is driven to zero. 

To find the relationship between the input and output, a charge-conservation analysis 
is used. After transistor M\ opens in Fig. 6.10a, the charge on the plates of the capaci- 
tors connected to node Top and the inverting op-amp input is conserved until M\ closes 
again. Define points [h] and [n + 1/2] as the time indexes at which tfq and $2 lirsl fall in 
Fig. 6.10/?, respectively. Point [n + 1] is defined as the next time index at which (p i falls. 
The points [m] and [n+ 11 are separated by one clock period T. If the switches and the op 
amp arc ideal, the charge stored at time index [a] is 



GM - CO - V s \n])Cs + (0 - V 0 [n\)Q (6.33) 

Under the same conditions, the charge stored at time index + 1/2] is 

Q[n + 1/2] = ('O)Cv + (0 - V f} [n + 1/2])Cj (6.34) 

From charge conservation, Q[n + 1/2] = Q[n\. Also, the charge stored on C { is constant 
during <f>i under these conditions; therefore, V 0 [n + 1] = V 0 [n + 1/2]. Combining these 
relations gives 

V„[n + 1J = VJn] + f^Wnl (6.35) 



Thus, one complete clock cycle results in a change in the integrator output voltage that is 
proportional to the value of the input voltage and to the capacitor ratio. 

Equation 6.35 can be used to find the frequency response of the integrator by using 
the fact that the operation of delaying a signal by one clock period T in the time domain 
corresponds to multiplication by the factor e~^ tyT in the frequency domain. Thus 



VoU”) = V„(»e J6>r + (§- )v s (jco)e-i aT 

\W / 



Therefore, the integrator frequency response is 
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Using the identity 
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in (6.37) with a = <u7/2we find 
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where r is the time constant of the integrator. Here/ is the clock frequency, equal to l/T. 
For inpuL frequencies that are much less than the clock frequency, the quantity coT is 
much less than unity, and the right most term in parentheses in (639) reduces to unity, 
The remaining term is simply the frequency response of an analog integrator, as desired 
In practical designs, the excess phase and magnitude error contributed by the term in 
pareniheses in (639) must often be taken into account. From a conceptual standpoint, 
however, the circuit can be thought of as providing an analog integration of the signal. 
Note that the time constant of the integrator is the same as would occur if the sampling 
capacitor and switches were replaced by acontinuous-value resistor of value l/(/Cv). This 
equivalence is illustrated in Fig, 6.10c. 

A key advantage of a swilehed-capacitor integrator compared to its continuous-time 
counterpart is that the time constant of the switched-capacitor integrator can be much 
better controlled in practice. The time constant of a continuous-time integrator depends 
on the product of a resistance and a capacitance as in (6,22). In monolithic technologies, 
resistance and capacitance values do not track each other. Therefore, the time constant of 
a continuous-time integrator is not well controlled over variations in process, supply, and 
temperature in general. However, the time constant of a switched- capacitor integrator is 
determined by the ratio of two capacitor values and the clock frequency, as in (6.40). If the 
two capacitors have the same properties, the ratio is well controlled even when the absolute 
values are poorly controlled. Since the clock frequency can be precisely determined by a 
crystal-controlled clock generator, the time constant of a switched-capacitor integrator can 
he well controlled in monolithic technologies. 

A key requirement for the op amps in Figs. 6.9a and 6.10a is that dc currents at the 
input terminals must be extremely small to minimize the loss of charge over the time when 
the above analyses assumed that charge was conserved. Therefore, switched-capacitor 
amplifiers and integrators arc ideally suited to the use of op amps with MOS transistors in 
the input stage. 



6.2 Deviations from Ideality in Real Operational Amplifiers 

Real op amps deviate from ideal behavior in significant ways. The main effects of these 
deviations are to limit the frequency range of the signals that can be accurately amplified, 
to place a lower limit on the magnitude of dc signals that can be detected, and to place an 
upper limit on the magnitudes of the impedance of the passive elements that can be used 
in the feedback network with the amplifier. This section summarizes the most important 
deviations from ideality and their effects in applications. 

6.2.1 Input Bias Current 

An input stage for a bipolar transistor op amp is shown in Fig. 6.11. Here Q\ and Qi 
are the input transistors of the amplifier. The base currents of Q\ and Qi flow into the 
amplifier input terminals, and the input bias current is defined as the average of the two 
input currents: 



An as 



An + hi 
2 



(6.41) 



Nonzero bias current violates the assumption made in summing-point analysis that the 
current into the input terminals is zero. Typical magnitudes for the bias current arc 10 to 
100 nA for bipolar input devices and less than 0.001 pA for MOS input devices. In dc 
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Figure 6. 1 1 Typical op- amp inp u L 
stage. 



inverting and noninverting amplifiers, this bias current can cause undesired voltage drops 
in the resistors forming the feedback network, with the result that a residual dc voltage 
appears at the output when the amplifier is ideal in all other ways and the external input 
voltage is zero. In integrator circuits, the input bias current is indistinguishable from the 
current being integrated and causes the output voltage to change at a constant rate even 
when V s is zero. To the extent that the currents are equal in the two input leads, how- 
ever, their effects can be canceled in some applications by including a balancing resistor 
in series with one of the input leads so that the same resistance is seen looking away from 
each op-amp input. For example, the differential amplifier of Fig. 6,4 produces zero output 
with Vi = V 2 = 0 if identical currents flow in both op-amp input leads. In practice, how- 
ever, the two input currents are not exactly equal because of random mismatches, causing 
nonzero output in Fig. 6,4 when V[ = V 2 - 0. 

6.2,2 Input Offset Current 

For the emitter-coupled pair shown in Fig, 6.11, the two input bias currents will be equal 
only if the two transistors have equal betas. Geometrically identical devices on the same 
IC die typically display beta mismatches that are described by a normal distribution with 
a standard deviation of a few percent of the mean value. Since this mismatch in the two 
currents varies randomly from circuit to circuit, it cannot be compensated by a fixed 
resistor. This aspect of op-amp performance is characterized by the input offset current, 
defined as 



I os = h\ ~ hi (6,42) 

Consider the differential amplifier in Fig. 6.4, Repeating the analysis in Section 6. 1 A 
for that circuit with nonzero I os and V[ — Vi — 0 gives a dc output voltage of 

Vo = (hi ~~ h\)^i = ~FqsR 2 (6.43) 

If I os = 0, then Vq = 0 here. This equation shows that the error in the dc output voltage 
is proportional to both the input offset current and the feedback resistance under these con- 
ditions. The key point is that the size of the feedback resistance is limited by the maximum 
offset current that can arise and by the allowed error in the dc output voltage in practice. 
See Problem 6.6. 
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6.2.3 Input Offset Voltage 

As described in Chapter 3, mismatches result in nonzero input offset voltage in amplifiers. 
The input offset voltage is the differential input voltage that must be applied to drive the 
output to zero. For untrimmed monolithic op amps, this offset is typically 0.1 to 2 mV for 
bipolar input devices and l to 20 mV for MOS input devices. This offset can be nulled 
with an external potentiometer in the case of stand-alone op amps; however, the variation 
ol offset with temperature (called drift) does not necessarily go to zero when the input 
offset is nulled. In dc amplifier applications, the offset and drift place a lower limit on 
the magnitude of the dc voltage that can be accurately amplified. In some sampled-data 
applications such as switched-capaeitor filters, the input offset voltage of the op amp is 
sampled and stored on the capacitors every clock cycle. Thus the input offset is effectively 
canceled and is not a critical parameter. This same principle is used in chopper-stabilized 
op amps. 

6.2.4 Common-Mode Input Range 

The common-mode input range is the range of dc common-mode input voltages for which 
all transistors in the first stage of an op amp operate in the forward-active region. Over this 
range, the op amp behaves normally with its offset voltage and input bias current within 
specifications. Including one or both power-supply voltages in the common-mode input 
range is sometimes important. 



6.2.5 Common-Mode Rejection Ratio (CMRR) 

If an op amp has a differential input and a single-ended output, its small-signal output 
voltage can be described in terms of its differential and common-mode input voltages (y i({ 
and Vi C ) by the following equation 



Atf m V k j ~f A cm Vj c (6.44) 

where is the differential-mode gain and A cm is the common-mode gain. As defined in 
(3. 1 87), the commommodc rejection ratio of the op amp is 



CMRR = 



Adh 



A, 



(6,45) 



From an applications standpoint, the CMRR can be regarded as the change in input 
offset voltage that results from a unit change in common-mode input voltage. For example, 
assume that we apply zero common-mode input voltage to the amplifier and then apply just 
enough differential voltage to the input to drive the output voltage to zero. The dc voltage 
we have applied is just the input offset voltage V os . If we keep the applied differential 
voltage constant and increase the Common-mode input voltage hy an amount the 
output voltage will change, by an amount 



v a AVfj — A fm v k - 



(6.46) 



To drive the output voltage back to zero, we will have to change the differential input 
voltage by an amount 



Vid = &Vid = 



AV 0 A au AV k , 






Mm 



(6.47) 



Thus we can regard the effect of finite CMRR as causing a change in the input offset 
voltage whenever the common-mode input voltage is changed. Using (6,45) and (6.47), 
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we obtain 



CMRR = 
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(6,48) 



In circuits such as the differential amplifier of Fig, 6,11, an offset voltage is produced that 
is a function of the common- mode signal input, producing a voltage at the output that is 
indistinguishable from the desired signal. Fur a common-mode rejection ratio of 10 4 (or 
80 dB), (6.48) shows that a 10- V common-mode signal produces a 1-mV change in the 
input offset voltage. 



6.2.6 Power-Supply Rejection Ratio (P5RR) 

In (6*44), wc assumed that the power-supply voltages are constant so that the op-amp 
output voltage depends only on the differential and common-mode input voltages provided 
to the op amp. In practice, however, the power-supply voltages are not exactly constant, 
and variations in the power-supply voltages contribute to the op- amp output. Figure 6*12 
shows a block diagram of an op amp with varying power-supply voltages. The small-signal 
variation on the positive and negative power supplies is and respectively. If = 0 
is assumed for simplicity, the resulting small-signal op-amp output voltage is 

= AdmVitj -h A + vtf t f + A Vi- 4 - (6,49) 



where A + and 4“ are the small-signal gains from the positive and negative power- 
supplies to the output, respectively. Since op amps should be sensitive to changes in their 
differential -mode input voltage but insensitive to changes in their supply voltages, this 
equation is rewritten below in a form that simplifies comparison of these gains: 
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(6.50) 



where 
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(6.51) 
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Figure 6.13 Block diagram of an op amp with supply variations modeled in the input differential 
loop and with v tt = 0. 

Figure 6. 1 3 shows one way to interpret (6.50), where the diagram in Fig. 6. \ 2 is redrawn 
using an op amp with constant power supplies. To set the output in Fig, 6.13 equal to that in 
Fig. 6.12, the power-supply variations from Fig. 6.12 are included as equivalent differen- 
tial inputs in Fig. 6.13. Equation 6.50 and Fig. 6. 13 show that the power-supply rejection 
ratios should be maximized to minimize the undesired contributions to the op-amp output 
voltage. In practice, the power-supply rejection ratios are functions of frequency and often 
decrease for increasing frequency. 

Power-supply rejection ratio has become an increasingly important parameter in MOS 
amplifier design as the level of integration increases. With small-scale integration, few 
transistors could be integrated on one integrated circuit. Therefore, analog and digital func- 
tions were isolated from each other on separate chips, avoiding some coupling from the 
digital circuits to the analog supplies. Also, such separation provides an opportunity to 
filter interference generated by the digital circuits at the pdnted-circuit-board level with 
external capacitors connected in parallel with the supplies. With large-scale integration, 
however, many transistors can be integrated on one integrated circuit. Integrating analog 
and digital functions on the same chip reduces cost but increases the coupling from the 
digital circuits to the analog supplies, in principle, monolithic filter capacitors can be used 
to reduce the resulting supply variations; however, the required areas of such capacitors 
are large in practice. For example, if the oxide thickness is 100 A, the capacitance per unit 
area is 3.45 IF/fxm 2 . For a capacitor of 0.01 jaF (a commonly used value to filter supplies 
on printed-circuit boards), the required area is 1.7 mm 2 . Since many integrated circuits oc- 
cupy areas less than 100 mm 2 , this single capacitor would account for a significant fraction 
of the cost of many integrated circuits. 

To reduce the cost, instead of concentrating only on reducing supply variations through 
filtering, another option is to build circuits with low sensitivities to power-supply varia- 
tions. The use of fully differential circuit techniques has emerged as an important tool in 
this effort. Fully differential circuits represent all signals of interest as differences between 
two corresponding quantities such as voltages or currents. If two identical signal paths are 
used to determine corresponding quantities, and if the coupling from supply variations to 
one quantity is the same as to the other quantity, the difference can be independent of the 
supply variations and the coupling in principle. In practice, mismatches cause differences 
in the two signal paths, and the coupling may not be identical, causing imperfect cancella- 
tion. Also, if the power-supply noise is large enough, nonlinearity may result and limit the 
extent of the cancellation. Although the op amps considered in this chapter have differ- 
ential inputs, they are not fully differential because their outputs are single-ended. Fully 
differential op amps are considered in Chapter 12. 
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6.2.7 Input Resistance 

In bipolar transistor input stages, the input resistance is typically in the 100 kO to 1 Mil 
range. Usually, however, the voltage gain is large enough that this input resistance has 
little effect on circuit performance in closed- Loop feedback configurations. 

Op amps whose inputs are connected to the gates of MOS transistors have essentially 
infinite input resistance in principle. In practice, however, MOS-transistor gates connected 
through package pins to the outside world must be protected against damage by static elec- 
tricity. This protection is typically achieved by connecting back-biased clamping diodes 
from V DD and V ss to the gate, and thus the effective input leakage currents are determined 
by junction Leakage and are of the order of picoamps. However, protection is required only 
at the inputs and outputs of integrated circuits. In internal applications, where op-amp in- 
puts arc not connected to the external pins of an integrated circuit, protection is not required 
and op amps with MOS transistor gates as inputs do realize ultra-high input resistance. 

6.2.8 Output Resistance 

General-purpose bipolar op amps usually use a buffer as an output stage, which typically 
produces an output resistance on the order of 40 ST to 100 H, On the other hand, in MOS 
technologies, internal op amps usually do not have to drive resistive loads. Therefore, 
internal MOS op amps usually do not use a buffer output stage, and the resulting output 
resistance can be much larger than in the bipolar case. In both cases, however, the output 
resistance does not strongly affect the closed-loop performance except as it affects stability 
under large capacitive loading, and in the case of power op amps that must drive a small 
load resistance. 

6.2.9 Frequency Response 

Because of the capacitances associated with devices in the op amp, the voltage gain dc- 
creases at high frequencies. This fall-off must usually be controlled by the addition of extra 
capacitance, called compensation capacitance, to ensure that the circuit does not oscillate 
when connected in a feedback loop. (Sec Chapter 9.) This aspect of op-amp behavior is 
characterized by fhe unity-gain bandwidth, which is the frequency at which the magni- 
tude of the open-loop voltage gain is equal to unity. For general-purpose amplifiers, this 
frequency is typically in the 1 to 100 MHz range. This topic is considered in detail in 
Chapters 7 and 9. 

A second aspect of op-amp high-frequency behavior is a limitation of the rate at which 
the output voltage can change under large-signal conditions. This limitation stems from 
the limited current available within the circuit to charge the compensation capacitor. This 
maximum rate, called the slew rate, is described more extensively in Chapter 9. 

6.2.10 Operational- Amplifier Equivalent Circuit 

The effect of some of these deviations from ideality on the low-frequency performance of 
an op amp in a particular application can be calculated using the equivalent circuit shown 
in Fig. 6. 14. (This model does not include the effects of finite PSRR or CMRR.) Here, the 
two current sources labeled /bias represent the average value of dc current flowing into the 
input terminals. The polarity of these current sources shown in Fig. 6.14 applies for an npn 
transistor input stage. The current source labeled los represents the difference between the 
currents flowing into the amplifier terminals. For example, if a particular circuit displayed 
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Figure 6.14 Equivalent circuit for the operational amplifier including input offset voltage and 
current, input and output resistance, and voltage gain. 

a current of L5 jllA flowing into the noninverting input terminal and a current of 1 |xA 
flowing into the inverting input terminal, then the value of J B ias in Fig- 6.14 would be 
1.25 p.A> and the value of Iq$ would be 0.5 p.A, 



6.3 Basic Two-Stage MOS Operational Amplifiers 

Figure 6.15 shows a schematic of a basic two-stage CMOS op amp. 4 5 6 A differential input 
stage drives an active load followed by a second gain stage. An output stage is usually not 
used but may be added for driving heavy loads off-chip. This circuit conliguration provides 
good common-mode range, output swing, voltage gain, and CMRR in a simple circuit that 







Figure 6. IS Basic two-stage CMOS 
operational amplifier. 
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Figure 6.16 More- 
detailed schematic 
diagram of a typical two- 
stage CMOS operational 
amplifier. 



can be compensated with a single capacitor* The circuit is redrawn in Fig. 6. 16, where the 
ideal current sources are replaced with transistor current mirrors. In this section, we will 
analyze the various performance parameters of this CMOS op-amp circuit 



6.3. 1 Input Resistance, Output Resistance, and Open-Circuit Voltage Gain 

The first stage in Fig. 6.16 consists of a ^-channel differential pair with an n- 

channcl current mirror load A/3-/W4 and a p-channel tail current source M$. The second 
stage consists of an ^-channel common-source amplifier M 6 with a ^-channel current- 
source load Mj. Because the op-amp inputs are connected to the gates of MOS tran- 
sistors, the input resistance is essentially infinite when the op amp is used in internal 
applications* which do not require the protection diodes described in Section 6.2.7. For 
the same reason, the input resistance of the second stage of the op amp is also essentially 
infinite. 

The output resistance is the resistance looking back into the second stage with the 
op-amp inputs connected to small-signal ground: 

R 0 = r f ^\\r ttl (6.52) 

Although this output resistance is almost always much larger than in general-purpose bipo- 
lar op amps* low output resistance is usually not required when driving purely capacitive 
loads. 

Since the input resistance of the second stage is essentially infinite, the voltage gain of 
the amplifier in Fig. 6.16 can be found by considering the two stages separately. The first 
stage is precisely the same configuration as that considered in Section 4*3*5. The small- 
signal voltage gain is 



A v 1 



Vol 

Vi 



^f>l 



( 6 . 53 ) 
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where G m \ and arc the transconductance and output resistance of the first stage, re- 
spectively. From (4.143) and (4.149). 

A-vi — iv a2 |i^f>4) (6,54) 

Similarly, the second-stage voltage gain is 

^v2 = (6.55) 

where R 0 is given in (6.52). As a result, the overall gain of the amplilier is 

Ay = Ay t A l2 = - t ? n ,i(f t , 2 ||r u 4 )g m( ,(/-„ 6 ||/-, )7 ) (6.56) 

This equation shows that the overall gain is related to Ihe quantity (,£„,»■«)“. Recall from 
(3.27) that 

2V A „ 

Sn,r,j = -rr— (6.57) 

* r?v 

Therefore, the overall voltage gain is a strong function of the Early voltage (which is 
proportional to the effective channel length) and the overdrive (which is set by the bias 
conditions). 



■ EXAMPLE 

Calculate the gain of the op amp in Fig. 6.16 assuming that it uses the 0.8-|xm process 
technology described in Tabic 2.3. Also, assume that L cfr = 0.8 jam and \ V ov \ = \V G $ 

V t \ = 0.2 V for all devices. 

Let I& 2 * Ida, and l^i represent the bias currents flowing into the drains of M 2 , 
M 4 , A/ 6 , and M 7 , respectively. Since I D4 = -If }2 and J D1 - -f D ^, (6.56) shows that 



/ |K 12 | V M 



= - 




(6.58) 



where the absolute- value function has been used so that each quantity in (6,58) is positive. 
From (1.181), 



_2 2 _ / \v a2 \Vaa y e 46 |f, 7 ; 

V„ v] \V l)y ^\V^\ + V M {v A(> + \V A1 



(6.59) 



because 



lj -)2 with zero differential input. From (1.163), 






(6.60) 



Substituting (6.60) into (6.59) with the given data and dX d !dV DS from Table 2.3 gives 



2 2 






0.2 0.2 



0.8 v 0.S 

004 X 008 
08 OS 

0.04 + 008 



- -4400 
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The overall gain can be increased by either increasing the channel lengths of the de- 
vices to increase the Early voltages or by reducing the bias current lo reduce the overdrives* 

6.3.2 Output Swing 

The output swing is defined to be the range of output voltages V 0 = V 0 -h v 0 for which all 
transistors operate in the active region so that the gain calculated in (6.56) is approximately 
constant. From inspection of Fig* 6*16, operates in the triodc region if the output voltage 
is less than V av ^ — VA, iS + Similarly, M 1 operates in the triode region if the output voltage is 
more than V do — \ V (n q\, Therefore, the output swing is 

Vent} ~ Kss — Vo — VdL> ~ \Vovl\ ( 6 . 61 ) 

This incqualily shows that the op amp can provide high gain while its output voltage 
swings within one overdrive of each supply. Beyond these limits, one of the output tran- 
sistors enters the triode region, where the overall gain of the amplifier would be greatly 
diminished. As a result, the output swing can be increased by reducing the overdrives of 
the output transistors* 

6.3.3 Input Offset Voltage 

In Sections 3.5*6 and 6.2.3, the input offset voltage of a differential amplifier was defined 
as the differential input voltage for which the differential output voltage is zero. Because 
the op amp in Fig* 646 has a single-ended output, this definition must be modified here. 
Referring to the voltage between the output node and ground as the output voltage, the 
most straightforward modification is to define the input offset voltage of the op amp as 
the differential input voltage for which the op-amp output voltage is zero* This definition 
is reasonable if V dd — Vvs because setting the output voltage to zero maximizes the 
allowed variation in the output voltage before one transistor operates in the iriode region 
provided that V ov6 = |F, >l , 7 |. If Vnn ^ V S y, however, the output voltage should be set 
midway between the supply voltages to maximize the output swing. Therefore, we will 
define the input offset voltage of op amps with differential inputs and single-ended out- 
puts as the differential input voltage for which the de output voltage is midway between 
the supplies. 

The offset volt age of an op amp is composed of two components: the systematic offset 
and the random offset. The former results from the design of the circuit and is present 
even when all the matched devices in the circuit are identical. The latter results from 
mismatches in supposedly identical pairs of devices. 

Systematic Offset Voltage, In bipolar technologies, the gain of each stage in an op amp 
can be quite high (on the order of 500) because the g m r (l product is usually greater than 
1000. As a result, the input-referred offset voltage of a bipolar op amp usually depends 
mainly on the design of the first stage. In MOS technologies, however, the g m r fJ product 
is usually between about 20 and 100, reducing the gain per stage and sometimes causing 
the oil set ol the second stage to play an important role in deleimining the op-amp offset 
voltage. 

To study the systematic offset, Fig. 647 shows the op amp of Fig. 6. 16 split into two 
separate stages. If the inputs of the first stage are grounded, and if the matching is perfect 
then the de drain-source voltage of M 4 must be equal Lo the dc drain-source voltage of 
M*, This result stems from the observation that if V DS ^ = V DS 4 , then ^ V DS2 and 
h)\ = f /_)2 = Therefore, with = VY^a, h# = Ida = — fosf2. As a result, 

Vos: t must be equal to V DS4 because this operating point is the only point for which the 
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Vdd 




Figure 6.17 Two-stage ampli- 
fier with first and second stages 
disconnected to show the effect 
of interstage coupling on input- 
referred offset voltage. 



current flowing out of the drain of M 2 is equal to the current flowing into the drain of 
For example, increasing the drain-source voltage of would increase the current flowing 
into the drain of but decrease the current flowing out of the drain of M2 because of the 
effects of channel-length modulation. Therefore, the dc drain-source voltages of M 3 and 
M4 must be equal under these conditions. 

On the other hand, the value of the gate-source voltage of M& required to set the am- 
plifier output voltage midway between the supplies may differ from the dc output voltage 
of the first stage. If the first stage gain is 50, for example, each 50-mV difference in these 
voltages results in 1 mV of input-referred systematic offset. Ignoring channel-length mod- 
ulation in M, and M 7 , the current in these transistors is independent of their drain-source 
voltages if they operate in the active region. To set the output voltage midway between 
Ihe supplies, the gate-source voltage of M 6 should be chosen so that the drain current 
of Af(> is equal to the drain current of M 7 while both transistors operate in the active re- 
gion. When the input of the second stage is connected to the output of the first stage* 
Vgs 6 = Vd$ 4 * With perfect matching and zero input voltages, V DSA . - V ns3 = Vcs3 and 
V r 3 = Vj 4 = V /(> . Therefore, 

^ovZ — ^ vvA — f^tn'6 

is required. Substituting (1*166) into (6.62) gives 

hn . _ Ida = Ip6 
(With (W/L) 4 (WfL) f , 



(6.62) 

(6.63) 



In other words, requiring that the transistors have equal overdrives is equivalent to requir- 
ing that they have equal drain-current-to-W/L ratios (or current densities). Since Im = 
hn = |/d 5|/2 and 7/56 = Vdi\> 

1^5 1 = \1P5\ = \hl\ 

2 (WILh 2(WILU (WiL)^ V ‘ } 



Since M, and M 7 have equal gate-source voltages, 

ljn = (WfL), 
l D1 (W/L) 7 



(6.65) 
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Substituting (6.65) into (6.64) gives 

(W/Lh _ (W/Lh _ 1(U7L) 5 

(W!L) 6 (W/L) 6 2 (W/Lh ib ‘ tb 

With the aspect ratios chosen to satisfy (6.66). and operate with equal 

current densities, in the active region, the current density of a device depends not only 
on its gate-source voltage, but also on its drain-source voltage to some extent. Since the 
gate-source voltages and current densities of M 4 , and M 6 are equal, the drain-source 
voltages of these transistors must also be equal. Therefore, the dc output voltage under 
these conditions is 

Vo = Vds 6 ~ \'ss ~ Vdsi ~ Vss = Vgsi ~ ^'ss = Vt3 + ~ Vss (6.67) 

To find the systematic offset voltage at the op-amp output, a voltage midway between the 
supplies should he subtracted from the output voltage in (6.67). To refer the systematic 
offset voltage to the op-amp input, this difference should be divided by the op-amp gain. 
The result is 



4 - - Vss — — - 



V, 



rtV.I 



SS 



Vno ~ Vss 



OS{sys) 



A v 



(6.68) 



where A v is the op-amp gain given in (6.56), In most cases, the dc output voltage will not 
be midway between the supplies because V GS3 = V & + ¥> (V DD + V^)/2. Therefore, 

the systematic offset is usually nonzero. Although the systematic offset voltage is nonzero 
in general, the choice of aspect ratios as given in (6,66) can result in an operating point 
that is insensitive to process variations, as explained next. 

Equation 2.35 shows that the effective channel length of a MOS transistor differs from 
its drawn length by offset terms caused by the side diffusion of the source and drain (L d ) 
and the depletion region width around the drain (Xj). Similarly, the effective width of a 
MOS transistor differs from the drawn width by an offset term dW caused by the bird’s- 
beak effect in the oxide described in Section 2.9. 1 . To keep the ratio in (6.66) constant in the 
presence of process-induced variations in L (U Xj, and dW f the drawn channel lengths and 
widths of the ratioed transistors can each be chosen to be identical. In this case, the ratio in 
(6.66) can be set equal to any rational number J/K by connecting / identical devices called 
n-ckcmnel units in parallel to form and M 4 while K n-channel units in parallel form 
A/ft. Then ii M$ is constructed of 2 J identical devices called p-channei units, M? should be 
constructed from K p-channel units. In practice for matched devices, the channel lengths 
are almost never ratioed directly because the use of small channel lengths for high-speed 
operation would result in a large sensitivity to process variations. On the other hand, the 
channel widths of matched devices are sometimes ratioed directly when the width is large 
enough to make the resulting sensitivity to process variations insignificant, 

A key point of this analysis is that the use of identical channel lengths for Af^ M 4 , and 
conflicts with a combination of other requirements. First, for stability reasons described 
in Chapter 9, M 6 should have a large Lransconductance and thus a short channel length. 
Second, for low noise and random input offset voltage, Mi and should have a small 
transconduetance and therefore a Long channel length. Noise is considered in Chapter 1 1, 
and random input offset voltage is considered next. 



Random Input Offset Voltage. As described in Section 3.5.6, source-coupled pairs gener- 
ally display a higher random offset than their bipolar counterparts. Ignoring (he contribu- 
tion of the second stage in the op amp to the input-referred random offset, a straightforward 
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analysis for the offset voltage of the circuit of Fig* 6.16, which is analogous to the analysis 
leading to (3.248), gives 



V os — AV)( i — 2 ) + AVf^- 4 ) 



8m 3 
Sml 



V 



+ - 



ov(\ — 2 ) 
2 





(6*69) 



The first term represents the threshold mismatch of the input transistors* The second is the 
threshold mismatch of the current-mirror-load devices and is minimized by choosing the 
WIL ratio of the load devices so that their transconductancc is small compared to that of 
the input transistors. For this reason, selecting a longer channel Length for M % and M 4 
than for M\ and M 2 reduces the random input offset voltage. The third term represents the 
effects of WiL mismatches in the input transistors and loads and is minimized by operating 
the input transistors at low values of overdrive, typically on the order of 50 to 200 mV* 



6.3.4 Common-Mode Rejection Ratio 

For the op amp in Fig* 6.16, (6*45) gives 



CMRR = 



A dm 

A cm 



Vir Voi 

V rt ] Vid 
Vg Vfl] 

V 0 i Vic 



CMRRi 



(6*70) 



where CMRR| is the common-mode rejection ratio of the first stage* The second stage 
does not contribute to the common-mode rejection ratio of the op amp because the sec- 
ond stage has a single-ended input and a single-ended output. In (4.1 82) and (4.183), the 
common-mode rejection ratio of a stage with a differential pair and a current-mirror load 
was calculated assuming perfect matching. Applying (4. 183) here gives 

CMRR — {2g m (^ > jr ta ii)^ [m ; r )(^(^ } ||r ( ,( w i r y) (6.71) 

where g^/p) and r oidp) are the transconductance and output resistance of M\ and M 2 , 
g m{m ir) and » are the transconductance and output resistance of M 3 and M 4 , and r^\ 1 is 

the output resistance of M 5 * By a process similar to the derivation of (6.59), this equation 
can be simplified to give 



CMRR =* 



2 ‘ 2 



V t 



ov(dp) V(?v(mir) 



V Mdp)V A{mir) 
|K4(^j)| + |FA(m^)| 



(6*72) 



where V ov i(ip) and V A ( {jp ) are the overdrive and Early voltage of the differential pair, and 
V 0 \-(mir) and V A(mir ) are the overdrive and Early voltage of the mirror* Equation 6,72 shows 
that the common-mode rejection ratio of the op amp can be increased by reducing the 
overdrive voltages. 

Another way to increase the common-mode rejection ratio is to replace the simple cur- 
rent mirror M 5 and with one of the high-output-resistance current mirrors considered 
in Chapter 4* Unfortunately* such a replacement would also worsen the common-mode 
input range* 
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6.3.5 Common-Mode Input Range 

The common-mode input range is the range of dc common-mode input voltages for which 
all transistors in the first stage of the op amp operate in the active region. To operate in 
the active region, the gate-drain voltages of ^-channel transistors must be less than their 
thresholds so that their channels do not cxisL at their drains. Similarly, p-channel transistors 
operate in the active region only if their gate-drain voltages are more than their thresholds, 
again so that their channels do not exist at their drains. With a pure common-mode input 
V IC applied to the inputs of the op amp in Fig. 6.16, 

Vd$ 4 = VdS3 = = V'rt + V 0V 2 (6.73) 

The gate-drain voltage of M \ and M 2 is 

Vgdi = VGD 2 = Vic ~ Vt3 ~ + Vss (6.74) 

When V lc ; is reduced to the point at which V G m = Vgdz = V t \ ~ V" f 2 , ^1 and M 2 oper- 
ate at the edge between the the triode and active regions. This point defines the lower end 
of the common-mode range, which is 

Vic > V,i + V i3 + V ovl - V SS (6-75) 

If Vic is too high, however, operates in the triode region. The drain-source voltage 
of is 

Voss = Vic ~ V G51 - Vdd - V /c ~ V fl - V m1 ~ V DD (6.76) 

From the standpoint of drain-source voltages, ^-channel transistors operate in the active 
region only if their drain-source voltage is more than their overdrive. On the other hand, 
p-channel Transistors operate in the active region only if their drain-source voltage is less 
than their overdrive. Therefore, the upper end of the common-mode input range is 

Vic < V n + V m} + V^s + Vdd (6-77) 

Since A/j and are p-channel transistors, their overdrives are negative; that is, their 
gate-source voltages must be less than their thresholds lor the channel to exist at the source. 
Furthermore, if M[ is an enhancement-mode device, its threshold is negative because it is 
p-type. Under this assumption, the common-mode range limits in (6.75) and (6.77) can be 
rewritten as 

V& — |v„l + V^i "■ l/.sw < V/c < Vdd ~ |^i| ~~ |VVl| ~ iFyitfl (6.78) 

This inequality shows that the magnitudes of the overdrive terms should be minimized to 
maximize the common-mode range. Also, the body effect on the input transistors can be 
used to increase the range. If the bodies of M 1 and M 2 are connected to Vdd as implied in 
Fig, 6,16, the source-body voltage of these transistors is low when V/c is high. Therefore, 
the upper limit in (6.78) can be found approximately by using the zero-bias value of V t \. 
On the other hand, when Vjc decreases, the source-body voltage of M\ and M 2 becomes 
more negative, widening the depletion region around the source and making the threshold 
voltage of these transistors more negative. Therefore, the body effect can be used to include 
the negative supply in the common-mode range, 

■ EXAMPLE 

For the two-stage CMOS op amp in Fig. 6, 1 6, choose the device sizes to give a do voltage 
gain greater than 5000 and a peak output swing of at least l V. Use the 0.4 juim CMOS 
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model parameters in Table 2.4. Use bias currents of |//)] | = \lni\ = 100 [jlA, and Ifx, — 
400 |jlA. Assume V^d = VVv = L65 V ± 0. 15 V. Assume perfect matching and that all 
transistors operate in the active (or saturation) region with de voltages Vic = 0 (where 
Vic is the common- mode input voltage), Vi = 0 and Vo — 0. Ignore the body effect. 

To simplify the design, a drawn channel length L = 1 jam will be used for all transis- 
tors. This selection avoids short-channel effects that degrade output resistance and cause 
transistor operation to deviate from the square-law equations* 

Since the peak output swing should be 1 V and the magnitude of each supply is at 
least 1 .5 V, (6.61 ) shows that 

= |VV. 7 | ^ 0.5 V 

To maximize the transition frequency ])■ of each device subject to this constraint, we will 
choose V ov ft = j V'^ v 7 1 = 0.5 V. Using (1,157) with j l m \ = //*, = 400 jjlA gives 

fw\ = 2\l m \ = 2(400) = 50 

U-/7 k' p {V m 7 ) 2 64.7(-0.5) 2 

and 

(W\ = 2I du = 2(400) ^ J6 
UA K(V m ,<,) 2 194(0.5) 2 

Since V„ 5 = V„, 7 by KVL and I LU + hn = h> 7 ^ 



From (6.66), 
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2{W/L) 7 iWL)f ‘ 2 ( 50 ) 6 



Since the common-mode input range should include Vjc — 0 ? the allowed overdrives 
on Mi and Mo are limited by (6,77). and rearranging this equation with V/c = 0 and 
Voi. ) = 1*5 V gives 



Wi > VV; - F rl - V w5 ~ V DD = 0 - (-0.8 V) - (-0.5 V) - 1.5 V = -0.2 V 
Therefore. 



(W\ = fW\ > 2|Jjj, | = 2(100) ^ 7? 

U/i U/ 2 ' k' p ( V t>vl ) 2 64.7(-0.2) 2 

From (6*59) and (6.60) with - 2 L ( j, and using data from Table 2,4, 
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This calculation assumes that dX^/dV^s and L^y are constant lor each type of transis- 
tor, allowing us to use constant Early voltages* In practice, however, dX^hlVus and L c jr 
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both depend on the operating point, and accurate values of the Early voltages are rarely 
available to circuit designers when channel lengths are less than about 1 .5 pan, As a result, 
circuit simulations arc an important part of the design process. SPICE simulation of the op 
amp under the conditions described above gives a gain of about 6200, which shows that 
■ the hand calculations are accurate within about 20 percent. 



6.3.6 Power-Supply Rejection Ratio (PSRR) 

To calculate the PSRR from the V d( f supply for the op amp in Fig, 6,16, we will divide 
the small-signal gain A + = v 0 lv d(f into the gain from the input. For this calculation, as- 
sume that the V ss supply voltage is constant and that both op-amp inputs in Fig. 6. 16 are 
connected to small-signal grounds. The current in is equal to /bias* If this current is 
constant, the gate-source voltage of Mg must be constant because M& is diode connected. 
Therefore, g „ v8 = iy v5 = v ?j7 = 0, and the g m generators in M 5 and A / 7 are inactive. As 
a result, if r„ 5 = r lai | “ and r 0l v<Jv iid = 0, To find the gain with finite r Ll] \ and 
r ol , consider the small-signal diagrams shown in Fig, 6.18, where the g m generators for 
M 5 and M 7 are omitted because they are inactive. In Fig. 6.18a. the output is defined as 
iW and the v dff supply variation is set equal to zero at the point where r U(1 1 is connected. In 
Fig. 6.18k the output is defined as v i}b , and the v dd supply variation is set equal to zero at 
the point where r ol is connected. We will find v oa and v 0 t separately and use superposition 
to (ind the total gain vJv (U{ = (v ocl + v tfh )h dd . 

In Fig, 6. 18a, the first stage experiences no variation, and - 0. Therefore, g mf} is 
inactive, and the output stage appears as a simple voltage divider to the supply variation. 
Since the dc drain current in Mf> is equal and opposite to that in 
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Figure 6.1S Small -signal diagrams at" the two-stage op amp used to calculate the coupling from 
v t ut to the output {a) through the second stage and (7?) through the first stage. 
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In Fig. 6.18b ? 

^ = ^ (6.80) 
v dd v dd 

where the first term on the right side represents the gain of the first stage, and the second 
term represents the gain of the second stage. The v dd input to the first stage in Fig. 6. 1 8 b 
is applied between the top of and ground while the gates of Af i and M 2 are grounded. 
This situation is equivalent to grounding the lop of and applying a voltage of — v^a 
between the gates of M\ and M 2 and ground. In other words, the v ( ui input in Fig. 6.18 b 
appears as a common- mode input v iC = ~\'dd to the first stage, Therefore, the gain of the 
first stage can be expressed as 



^ = -M = - ClB [ cm] /f 0l 
Vdd v ic 



( 6 . 81 ) 



where G m [cm] is the common-mode transconductance of the first stage and R 0 \ is the 
output resistance of the first stage. Substituting (4,149), (4. '166), (4.173), and (4.179) into 
(6.81) gives 



v g-^6 

Vdd 






1 + -8m(dp) r \ri\ 



1 



+ 



1 



1 T gni{mir)F n(dp) 1 T o(mir) 



(6.82) 



II 2gmidp) r iin[ ^ K 8m(mir) r o(dp) ^ ^ ^ U 



(6.83) 



(6.84) 



V(id ^t&Wg m(mir)(yo(dp)\\F oimir)) ^gm(mir) r iSiil 

Substituting (6.83), (6.55), and (6.52) into (6.80) gives 

v c >b _____ _ gm6bo6 

11 V ^.3 = V vv £ as in (6.62) to control the systematic offset, gm6fgm{mir) = bdbi- Since 
the dc drain current in Af& is equal and opposite to that in Mj, 

/ Va6 IV^7[ \ 

Vob ffJ6 / lp6 Id6 \ fel _ _ l^s| f \ \VAl\ 

21o3 1 W ai\ J \Va$\ 2Id? i \Va(; + \Vai\J\Va5\ 



Vdd 



bt 1 



06 



( 635 ) 



VA6 



+ VA7 

because Va5 = v ai and |/^s| = 2lm- Combining (6,79) and (6.85) gives 



,4+ = = v °" + Vob = 0 (6.86) 

Vdd Vdd 

Therefore, from (6.51), PSRR + & for low frequencies with perfect matching because 
the coupling from v (i d to the output through the first stage cancels that through the second 
stage. In practice, mismatch can increase the common-mode trans conductance of the first 
stage as shown at the end of Section 43.5.3, disrupting this cancellation and decreasing 
the low-frequency PSRR + . 

To calculate the PSRR from the V ss supply for the op amp in Fig. 6,16, we will cal- 
culate the small-signal gain A~ - vjv, is and then normalize to the gain from the input. 
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For this calculation, assume that the V dd supply voltage is constant and that both op-amp 
inputs in Fig. 6.16 are connected to small-signal grounds. Under these conditions, M\ 
and M 2 act as common-gate amplifiers, attempting to keep the bias current in and 
M 4 constant If the drain current of is constant, the gate-source voltage of M 3 must be 
constant because M 3 is diode connected. Therefore, = 0* Since v f / s2 = and since 
v,i.v 4 = v th 3 tinder these conditions, 1^,4 — = 0. Therefore, g m ( } is inactive, and the 

output stage appears as a simple voltage divider to the supply variation. Since the drain 
current in M& is equal and opposite to thal in A/ 7 , 



A" = 



V A1 

v <> _ r o7 _ Art 
vw r 06 + r ol Va 6 , |K 



+ 



1 D6 h>6 



Substituting (6*59) and (6.87) into (6.51) gives 
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PSRR“ = ^ = 

A~ v <> 



2 2 / |V^|V 
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V^il V pv 6 l|V A2 | + V AA 



|V A 6 



(6.87) 



( 6 . 88 ) 



This equation gives the Low-frequency supply rejection from the negative supply. This 
rejection worsens as frequency increases. The topic of frequency response is covered in 
detail in Chapters 7 and 9, but the essence of this behavior can be understood without a 
complete frequency-response analysis. As the applied frequency increases, the impedance 
of the compensation capacitor Cc in Fig. 6. 16 decreases, effectively shorting the gate of 
to its drain for high-frequency ac signals. If the gate-source voltage on M 6 is constant, the 
variation on the negative supply is fed directly to the output at high frequencies. Therefore, 
A~ — 1 at frequencies high enough to short circuit assuming that C c » C L , where Cl 

is the load capacitance of the op amp connected between the op-amp output and ground. 
The same phenomenon causes the gains A dm and A~ to decrease as frequency increases, so 
that the PSRR + remains relatively constant with increasing frequency. Since A increases 
to unity as A dm decreases, however, PSRR - decreases and reaches unity at the frequency 
where |A^, n | = 1 . 



Power-Supply Rejection and Supply Capacitance. Another important contribution 
to nonzero gain between the power supplies and the op-amp output is termed supply 
capacitance. 7 * This phenomenon manifests itself as a capacitive coupling between one 
or both of the power supplies and the op-amp input leads when the op amp is connected 
with capacitive feedback C/ as shown in Fig. 6.19. For simplicity, assume that the op- 
amp open-loop gain is infinite. If the supply -coupling capacitance is C au p , the gain from 
Qup Lo the op-amp output is -C sup /C/. Figure 6.19 shows two possible sources of supply 
capacitance, which arc the gate-drain and gate-source capacitance of M\. Fout important 
ways in which supply capacitance can occur arc described below. 

1. If the drain current of M 3 is constant, a variation on V ss causes the voltage from the 

drain of M\ to ground to vary to hold the gate-source voltage of M 3 constant. This 
variation couples to the summing node through the gate-drain capacitance of M { ; that 
is, the supply capacitance C sup = ■ This problem is usually overcome by the use 

of cascode transistors in series with the drains of the input transistors, 

2. A variation on V (U1 or V ss causes the current flowing in the tail current source to vary. To 
understand the effect of this bias-current variation, consider Fig. 6.20a, which shows a 
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Figure 6.19 Supply capacitance in a two-stage MOS amplifier with capacitive feedback. 

/^channel source follower whose biasing current source / ta ii = /tail + ban is not con- 
stant. The source follower models the behavior of Mi in Fig. 6.19 from the standpoint of 
variation in lor two reasons. First, the voltage from the gate of Af i to ground is held 
to small-signal ground by negative feedback. Second, MOS transistors that operate in 
the active region are controlled mainly by their gate-source voltages. For simplicity, 
ignore the body effect because it is not needed to demonstrate the problem here. The 
small-signal diagram of the source follower is shown in Fig. 6.20 b. From KCL at the 
source, 



► - _L V * 

hail — gm^s T 



r 0 



Rearranging this equation gives 



hail^o huil 

i + gmro gm 



(6.89) 



(6.90) 



Therefore, nonzero /^ii arising from supply variations causes nonzero v* in the source 
follower. Similarly, in Fig. 6.19, the voltage from the source of M\ to ground varies 
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Figure 6.20 (a) Source follower 
and ( b ) small-signal diagram to 
calculate the dependence of v s 
on hail . 
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with /ia ii, and this variation couples to the summing node through the gate-source ca- 
pacitance of M\; that is, the supply capacitance C sup = C ss i. A supply-independent 
bias reference is usually used to overcome this problem. 

3. If the substrate terminal of the input transistors is connected to a supply or a supply- 
related voltage, then the substrate bias changes as the supply voltage changes. In turn, 
substrate bias variation changes the threshold through the body effect, which changes 
the gate-source voltage. Again, this mechanism can be studied with the help of a source 
follower, as shown in Fig. 6.21 a. Here / TAIL is assumed to be constant, but V dd = 
Vdd + is assumed to vary. The small-signal diagram is shown in Fig. 6.216. From 
KCL at the source, 



gmb^dd ~~ Strips “b ~b ' 

ro 

Rearranging this equation gives 



(6,91) 



Sm b^ ^ gmb ? 

J + (gm + gmt>)ro ^ gm + gmb M 



(6.92) 



Therefore, nonzero v dd in the source follower in Fig. 6.21 causes nonzero v s . Similarly, 
in Fig. 6.19, the voltage from the source of M x to ground varies with V M , and this 
variation couples to the summing node through the gate-source capacitance of M \ ; that 
is, the supply capacitance C SU p = C gs \ . 

A solution to this problem is to place the input transistors in a well and connect the 
well to the sources of the input transistors to eliminate the body effect. This solution 
has two potential disadvantages. First, it disallows the use of the body effect on the 
input devices to increase the common- mode input range of the op amp, as described 
in Section 6.3.5. Second, this solution dictates the polarity of the input transistors in a 
given process. For example, in a /7-well process, the input devices must be ^-channel 
devices to place them in a p well. This requirement might conflict with the polarity 
of the input transistors that would be chosen for other reasons. For example, p-channel 
input transistors would be used to minimize the input-referred flicker noise. (See Chap- 
ter 11.) 

4. Interconnect crossovers in the op-amp and system layout can produce undesired ca- 
pacitive coupling between the supplies and the summing node. In this case, the supply 
capacitance is a parasitic or undesired capacitance. This problem is usually overcome 
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Figure 6.21 (a) Source follower and ( b ) small-signal diagram to calculate the dependence of v, on 
Vrfj through the body effect. 
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with careful layout. In particular, one important layout technique is to shield the op-amp 

inputs with metal lines connected to ground. 

The result of supply capacitance can be quite poor power-supply rejection in switched- 
capacitor filters and other sampled-data analog circuits that use capacilivc feedback. In 
addition to the solutions to this problem mentioned above, another solution is to use fully 
differential op amps, which have two outputs. The output voltage of interest is the volt- 
age difference bclween these outputs. Fully differential op amps, which are considered in 
Chapter 12, overcome the supply capacitance problem to the extent that the coupling from 
a given supply to one output is the same as to the other output. 

6.3.7 Effect of Overdrive Voltages 

The overdrive of a MOS transistor can be reduced by reducing the ratio of its drain 
current to its W/L. Reducing the overdrive voltages in the op amp in Fig. 6. J 6 improves 
the op-amp performance by increasing the voltage gain as shown by (6.59). increasing 
the swing as shown by (6.61), reducing the input offset voltage as shown by (6.69), 
increasing the CMRR as shown by (6.72), increasing the common-mode range as shown 
by (6.78), and increasing the power-supply rejection ratio as shown by (6,88), These 
observations arc valid provided that the transistors in the op amp operate in strong in- 
version. Also, increasing the channel lengths increases the corresponding Early voltages 
as shown by (1.163), and thereby increases the op-amp gain, common-mode rejection 
ratio, and power-supply rejection ratio as shown by (6,59), (6.72), and (6,88). Unfor- 
tunately, the transition frequency of MOS transistors is proportional to the overdrive 
and inversely proportional to the square of the channel length from (1,209). Therefore, 
reducing overdrives and increasing the channel lengths degrades the frequency re- 
sponse of the transistors and in turn the amplifier. Thus we find a fundamental trade- 
off between the frequency response and the other measures of performance in CMOS 
op-amp design, 

6.3.8 Layout Considerations 

A basic objective in op-amp design is to minimize the mismatch between the two signal 
paths in the input differential pair so that common-mode input signals arc rejected to the 
greatest possible extent. Mismatch affects the performance of the differential pair not only 
at dc, where it causes nonzero offset voltage, hut also at high frequencies where it reduces 
the common-mode and power-supply rejection ratios. 

Figure 6.22a shows a possible layout of a differential pair. Five nodes are labeled: two 
gates, two drains, and one source. Connections to each region are omitted for simplicity. 
The sources of the two transistors are connected to each other by merging the two sources 
together into one diffusion region. Although such a layout saves area and minimizes unde- 
sired capacitance connected to the sources, this layout is not optimum from the standpoint 
of matching in part because it is sensitive to alignment shifts between masks that define 
various layers in an integrated circuit. The key problem is that the layout in Fig. 6.22a 
uses only mirror symmetry in the sense that each transistor is a mirror image of the other. 
For example, suppose that two additional grounded segments of metal arc added to Ihc 
layout to produce the layout shown in Fig. 6.22b, In exactly these locations, the parasitic 
capacitance Cy i from D\ to ground is equal to the parasitic capacitance Cp 2 from Di to 
ground. However, if the mask that defines the metal shifts to the right compared to the 
mask that defines the diffusion, C>] increases but Cp 2 decreases, creating mismatch. In 
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Figure 6.22 Differential -pair layouts 
with mirror symmetry. 



practice, balancing the parasitica in a way that is insensitive lo alignment shifts is most 
important in amplifiers that have both differential inputs and differential outputs. Such 
amplifiers are considered in Chapter l 2, 

Figure 6,23 shows layouts that overcome Ihese problems. In Fig. 6.2 3a-6, the transis- 
tors are drawn using translational symmetry; that is, each transistor is a copy of the other 
without rotation. Another option is shown in Fig. 6.23c, where each transistor has been 
split into two pieces. To maintain the same width/length ratio as in the previous drawings, 
the width ol each transistor in Fig. 6.23c has been reduced by a factor of two. This struc- 
ture has both translational and mirror symmetry. Structures with translational symmetry 
are insensitive to alignment shifts. 

One limitation of these layouts is that they are sensitive to process gradients perpen- 
dicular to the line of symmetry. For example, in Fig. 6.23c. suppose the oxide thickness 
increases from left to right. Then the gate stripes connected to C] have thinner oxide than 
those connected to C 2 , causing the transistors Lo have unequal thresholds and unequal 
Lransconductance parameters. The effects of process-related gradients across the die can be 
partially alleviated by use of common-centroid geometries. Figure 6,24 shows a common- 
centroid layout of the differential pair. Each side of the differential pair is split into two 
components that arc cross connected in the layout. In a geometric sense, the centroid of 
both composite devices lies at center of the structure. Because any gradient can be decom- 
posed into horizontal and vertical components, this layout overcomes the effect of linear 
process gradients in any direction. 

Figure 6.24 also shows two layers of metal used to cross connect the devices. One 
layer of metal is drawn with solid lines. The other is drawn with dashed lines. The two 
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Figure 6.23 Differential-pair layout 1 ? with translational symmetry. 

layers connect at intersections only where dots are drawn. The interconnect drawn here 
is shift insensitive and balanced in the sense that any signal line that crosses a node on 
one side of the differential pair also crosses the corresponding node on the other side. This 
balance helps to keep undesired signals in common-mode form so they can be rejected 
by the differential pair. Finally, the only Line that crosses the metal connected to the two 
input gates is the metal line to the sources of the differential pair. This characteristic is 
important because such crossings create a small parasitic capacitance between the two 
layers that cross, and can allow undesired signals to couple to the op-amp inputs. Since 
op amps are designed to have high gain, op-amp inputs are the most sensitive nodes in 
analog integrated cireuiLs. Therefore, if any signal line is allowed to cross one gate, it 
should also cross the other to balance the parasitic capacitances. Since the parasitics may 
not be perfectly matched in practice, however, avoiding crossings is better than balancing 
them. In Fig. 6.24, the gates are allowed to cross the source of the differential pair because 
the transistors themselves already provide a large capacitance between each gate and the 
source in the form of the gate-source capacitance of each transistor. 

A disadvantage of common-centroid layouts is also apparent in Fig. 6.24, That is, the 
need to cross-conncct the devices increases the separation between matched devices and 
may worsen matching in cases where linear process gradients are not the main limitation. 
Therefore, the value of a common-centroid layout must be determined on a case-by-case 
basis. 
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structure for the MOS differen- 
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6.4 Two-Stage MOS Operational Amplifiers with Cascodes 

The basic two-stage op amp described above is widely used with many variations that 
optimize certain aspects of the performance* In this section, we consider an important 
variation on the basic circuit to increase the voltage gain. 

The voltage gain that is available from the basic circuit shown in Fig. 6.16 may be 
inadequate in a given application to achieve the required accuracy in the closed-loop gain. 
For example, suppose the basic op amp uses transistors with £ 7 ^ = 20 and is connected in 
the voltage-follower configuration shown in Fig. 6.3c. The op-amp gain is given in (6.56) 
and is less than (g ffJ r w )' 6 in practice. For simplicity, assume that the op-amp gain is about 
(gm^o) ■> or 400 in this case. The closed-loop gain is given by (6.12) and is approximately 
unity because R 2 = 0 in the follower configuration. The error in this approximation is one 
part in the op-amp gain or at least 0.25 percent. In precision applications, this error may 
be too large to meet the given specifications, requiring an increase in the op-amp gain. 
One approach to increasing the op-amp gain is to add another common-sourc'’ gain 

■5 ^ 

stage to the op amp so that the overall gain is approximately (g m r„) instead of 
An important problem with this approach, however, stems from the fact that op amps are 
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intended to be used in negative-feedback configurations. In practice, op-amp frequency 
response is Dt constant. If the op amp introduces an additional phase shift of 180° at 
some frequency, the negative feedback that was intended becomes positive feedback at 
that frequency, and the op amp may be unstable. The topics of frequency response and 
stability are covered in detail in Chapters 7 and 9, respectively. The key point here is that 
if an op amp is unstable in a given feedback configuration, it does not act as an amplifier 
but as a latch or oscillator. To avoid this problem, op amps arc usually designed with no 
more than two gain stages because each stage contains a node for which the impedance to 
ground is high and as a result contributes a significant pole to the op-amp transfer function. 
Since the phase shift from one pole approaches -90° asymptotically, an op amp with no 
more than two poles cannot provide the 1 80° phase shift that is required to convert negative 
feedback into positive feedback. 

To increase the voltage gain without adding another common-source gain stage, 
common-gate transistors can be added. Together with a common-source transistor, a 
common-gate transistor forms a cascode that increases the output resistance and gain of 
the stage while contributing a less significant pole to the amplifier transfer function than 
would be contributed by another common-source stage. Figure 6.25 illustrates the use of 
cascodes to increase the voltage gain of a two-stage amplifier. Here, a series connection 
of two transistors, one in the common-source connection and one in the common-gate 
connection, replace each common-source transistor in the first stage. Therefore, M\ and 
M[a in Fig. 6.25 replace M \ in Fig. 6.16. Similarly, M 2 and M 2A in Fig, 6.25 replace M 2 
in Fig. 6.16. Transistor and current source I c have also been added to bias the gates 
of and M 2A , In practice, the WIL of M 9 is chosen so that M\ and M 2 are operated 
barely in the active region. The effect of these replacements is to increase the unloaded 
output impedance of the differential pair by a factor that is approximately equal to g m r a 
of the cascode device. 

If the current mirror M 3 - M 4 were not also cascoded, however, the output resistance 
of the first stage including the current-mirror load would be limited by the mirror. To over- 
come this limitation, a cascode current mirror shown in Fig. 4.9 is used instead. As aresult, 



v»t> 
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Lhe stage gain and output resistance including the load are increased by approximately a 
factor g m r 0 . In this circuit, M U ) and M u arc included to level shift the output of the first 
stage down by l^io 80 that the second stage input is driven by a signal whose dc level is 
Vcs3 above - V^.Tfthe aspect ratios are chosen to satisfy (6*66), and if each common-gate 
transistor is identical to its common-source counterpart, the systematic offset voltage with 
this level shift is given by (6-68), where the op-amp gain here is on the order of (gm^) 3 
instead of (g m r € ) 2 in Fig. 6.16, One disadvantage of this circuit is a substantial reduction in 
the common-mode input range, (See Problem 6,16.) To overcome this problem, cascading 
could be added instead to the second stage. In that case, however, the output swing of the 
op amp would be degraded by the cascades. 



6.5 MOS Telescopic -Case ode Operational Amplifiers 

As mentioned in the previous section, cascode configurations may be used to increase the 
voltage gain of CMOS transistor amplifier stages. In many applications, the stage gain 
can be increased enough so that a single common-source-common-gate stage can provide 
enough voltage gain to meet the accuracy requirements. The first stage of Fig. 6.25 is 
sometimes used by itself as an op amp and provides a gain comparable to the gain of 
the two-stage op-amp in Fig. 6.16. This structure has been called a telescopk-cascode op 
amp 9 because the cascodes arc connected between the power supplies in series with the 
transistors in the differential pair, resulting in a structure in which the transistors in each 
branch are connected along a straight line like the lenses of a refracting telescope. The 
main potential advantage of telescopic cascode op amps is that they can be designed so 
that the signal variations are entirely handled hy the fastest- polarity transistors in a given 
process. Such designs use fully differential configurations and are considered in Chap- 
ter 12. 

In addition to the poor common- mode input range calculated in Problem 6.16, another 
disadvantage of the telescopic-cascode configuration is that the output swing is small. For 
example, ignore M^M lt M 10 , M 1U and C c in Fig, 6.25 and define the dc op-amp output 
voltage as the voltage Vqi from the drains of M 2A and to ground. For simplicity, 
assume that all transistors are enhancement mode with identical overdrive magnitudes. To 
calculate the output swing, first consider the cascode current mirror by itself. If V S s = 0, 
the minimum output voltage for which M A and M AA operate in the active region would be 
given by (4.59). With nonzero Vss, this condition becomes 

^01 train) = —Vss + Vtn ■+■ 2V ov (6.93) 

The presence of a threshold term in this equation is an important limitation because it 
causes a substantial reduction in the allowed output swing. Fortunately, this limitation can 
be overcome by using one of the high-swing cascode current mirrors shown in Figs. 4.1 1 
and 4.12, which would eliminate the threshold term from (6,93) and give 

= — 4- 2V ov (6,94) 

With this change, we can see that to achieve a gain comparable to (g m r 0 ) 2 in one stage, 
the swing is limited at best to two overdrives away from the supply. In contrast, the basic 
two-stage op amp in Fig. 6.16 gives about the same gain but allows the output to swing 
within one overdrive of each supply, as shown by (6.6 1 ). 

To find the maximum output voltage swing of the telescopic-cascode op amp, consider 
the caseoded differential pair shown in Fig. 6.25. Assume that the common-mode input 
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from the gates of M\ and Mi to ground is V/c- The voltage from the source of M] and Mi 
to ground is 

Vs = Vfc + | V’jjj! + |V m ,| (6,95) 



To operate A/5 i n the active region, its source-drain voltage should be at least , ! V m \. Therefore. 

v DD - v s ■ |v, )V | (.6.%) 

Substituting (6,95) into (6.96) and rearranging gives 



V/c Vdd-]V, p \- 2\V vv \ (6.97) 

[f we assume that M<) and lc are chosen to operate M\ and Mi at the edge of the active 
region, the maximum output voltage for which M 2 and Mia operate in the active region is 



Vfll(max) = Vs ~ 2|VV| 

Substituting (6,95) into (6,98) gives 

Wj 1 (may) = V[£ ~\~ -Vt p\ ~ \ V ov . 



(6.98) 

(6.99) 



This equation shows another limitation of the telescopic-cascode op amp from the stand- 
point of output swing; that is, the maximum output voltage depends on the common-mode 
input. However, this limitation as well as the limitation on the common-mode input range 
calculaled in Problem 6.16 can be overcome in switched-capacitor circuits. Such circuits 
allow the op-amp common-mode input voltage to be set to a level that is independent of all 
other common-mode voltages on the same integrated circuit. This property holds because 
the only coupling of signals to the op-amp inputs is through capacitors, which conduct 
zero dc current even with a nonzero dc voltage drop. Assuming that the op-amp inputs are 
biased to the maximum common-mode input voltage for which Ms operates in the active 
region, the maximum output voltage can be found by substituting the maximum Vjc from 
(6.97) into (6.99), which gives 



VVjl(max) - V DD ~ 3 V (> v 



(6.100) 



This equation shows that the maximum output voltage of a telescopic op amp that consists 
of the first stage of Fig. 6,25 with optimum common-mode input biasing is three overdrives 
less than the positive supply. This result stems from the observation that three transistors 
(M5, M 2 , and M 2 a) are connected between Vdd and ihe output. In contrast, (6.94) shows 
that the minimum output swing is limited by two overdrives. 

To determine the minimum required supply voltage difference, we wall subtract (6.94) 
from (6.100), which gives 

Vflnmax) “ VtfKmjn) = V DD ~ ("V&y) “ 5|V„ v | (6.101) 

assuming that the magnitudes of all the overdrives arc all equal. Rearranging this equation 
gives 

Vdd ~ (~Vss) = Vm^ ~ V m{m in) + 5|V fl ,j (6.102) 

This equation shows that the minimum difference between the supply voltages in a tele- 
scopic cascode op amp must he at least equal to the peak-to-peak output signal swung plus 
five overdrive voltages to operate all transistors in the active region. For example, with a 
peak-to-peak output swing of I V and \ V ov \ = 100 mV for each transistor, the minimum 
difference between the supply voltages is 1.5 V. 

In practice, this calculation has two main limitations, First, if transistors arc delib- 
erately biased at the edge of the active region, a small change in the process, supply, or 
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temperature may cause one or more transistors to operate in the Inode region, reducing the 
output resistance and gain of the op amp. To avoid this problem, transistors in practical op 
amps are usually biased so that the magnitude of the drain-source voltage of each transistor 
is more than the corresponding overdrive by a margin of typically at least one hundred 
millivolts. The margin allowed for each transistor directly adds to the minimum required 
supply voltage difference. Second, this calculation determines the supply requirements 
only for transistors between the output node and each supply, and other branches may 
require a larger supply difference than given in (6,102). For example, consider the path 
from one supply to the other through M 5 , M u and M :s in Fig. 6.25. Ignore the 

body effect for simplicity. Since M^a and M 3 are diode connected, the drain-source voltage 
of each is V, + V mt . Furthermore, if the W/L of is reduced by a factor of four to build 
the high-swing cascode current mirror shown in Fig. 4. 1 1, the voltage drop from the drain 
ol M_v 1 to the source of M 3 is 2V { + 3VV-. If the other three transistors in this path arc biased 
so that |Vd l v| = l Vovl the required supply difference for all the transistors in this path to 
operate in the active region is 2V, + 6 | V m ,|. This requirement exceeds the requirement given 
in ( 6 . 102) if 2V t T \ V (K \ is more than the peak-to-peak output swing. However, this result 
docs noL pose a fundamental limitation to the minimum required power-supply voltage 
because low-threshold devices are sometimes available. 

The minimum supply voltage difference in (6.102) includes five overdrive terms. In 
contrast, the corresponding equation for the op amp in Fig. 6.16 would include only two 
overdrive terms, one for M$ and the other for M 7 . Tire presence of the three extra overdrive 
terms increases the minimum required supply difference or reduces the allowed overdrives 
for a given supply difference. The extra three overdrive terms in ( 6 . 102) stem from the two 
cascode devices and the tail current source. The overdrives from the cascodes should be 
viewed as the cost of using cascodes; however, the overdrive of the tail current source can 
be eliminated from Ihe minimum required supply difference using the circuit described in 
the next section. 



6.6 MOS Folded-Cascode Operational Amplifiers 

Figure 6.26 shows two cascode circuits where V DD - 0 for simplicity. In Fig. 6.26a, both 
M j and Mia are ^-channel devices. In Fig. 6.26 /j, M[ is still a ^-channel device but Af^ 
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Figure 6.26 (a) Standard cascode configuration, (b) Folded-caseode configuration. 
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i s now an n-channel device- In both cases, however, M\ is connected in a common-source 
configuration, and M XA is connected in a common-gate configuration. Small-signal varia- 
tions in the drain current of Mi are conducted primarily through M 1A in both cases because 
/bias is it constant current source* Therefore, both circuits are examples of eascodes. The 
cascode in Fig. 6*266 is said to be folded in the sense that it reverses the direction of the 
signal flow back toward ground. This reversal has two main advantages when used with 
a differential pair. First, it increases the output swing. Second, it increases the common- 
mode input range. 

Figure 6.27 shows a simplified schematic of a circuit that applies the folded-cascode 
structure to both sides of a differential pair. As in Fig. 6,266, M\ and M\ A form one cascode 
structure in Fig. 6.27. Also, Mi and M 2A form another. The current mirror converts the 
differential signal into a single-ended output by sending variations in the drain current of 
M xa to the output. The resulting op amp is called a folded cascode op amp. 5AG A complete 
schematic is shown in Fig. 6.28. Bias is realized by making the currents in current sources 
Mu and Mu larger than |/^|/2. Thus 

?dia = Idia = /mi - = l dm ~ = /bias - (6.103) 

Compared to the other op-amp configurations we have considered, the folded-cascode 
configuration improves the common-made input range. The upper end of the range is the 
same as in the basic two-stage op amp and the telescopic cascode op amp. On the other 
hand, the lower end of the range can be reduced significantly compared to both other 
configurations if Vbias 2 ^ adjusted so that M\\ and M\ 2 operate at the edge of the active 
region. Under this condition, the bias voltage from the drain of M\ to - V ss is V ovU , which 
can be much less than in the other configurations. See (6.75), (6.77), and Problem 6.18. 

To calculate the output swing* first consider the p-type cascode current mirror by it- 
self. Since M 3 and M 2A are diode connected, the voltage from V D d to the gate of is 
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Figure 6.27 Simplified schematic of a folded-cascode op amp. 
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Figure 6.28 More detailed schematic of a folded-cascode op atnp. 

2| V tp \ +2\V ov \. Therefore, the source-drain voltage of M 4 is |v%l + | V) n .|, and the maximum 
output for which both M 4 and M 4A operate in the active region is 

VoUTYmaxj = V DD ~ | V,,| - 2| Vj (6. 104) 

This equation is analogous to (6.93) where an rt-type cascode current mirror limits the 
minimum output swing of the telescopic op amp. The threshold term in this equation can 
be eliminated by using a p-type version of one of the high-swing cascode current mirrors 
shown in Figs. 4.1 1 and 4*12. The result is 



VWiYiini.v) = Vdd - 2|V^| (6,105) 

To lind the minimum output voltage, assume that Vbias 2 is adjusted so that M] 2 operates at 
the edge of the active region. Then the drain-source voltage of M ]2 is V ov and the minimum 
output voltage for which both M 2 a and M operate in the active region is 

^OUTlmin) = -V$s + 2l / m . (6.106) 

Therefore, a folded-cascode op amp can provide nearly constant voltage gain while its 
output swings within two overdrives of each supply. In contrast, the output of a teleseopic- 
caseode op amp can swing within two overdrives of one supply and three overdrives of 
the other while providing nearly constant gain* 

The small-signal voltage gain of this circuit at low frequencies is 

A v =G m R a (6,107) 

where G m is the transconductance and R f} is the output resistance. When all the transistors 
operate in the aclive region, the range of typical gain magnitudes is from several hundred 
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to several thousand. Because of the action of the current mirror M 3 - A/ 4 , variation in the 
drain current of My and M 2 contribute constructively to the transconductance. Therefore, 

= $mV = Hm2 (6. 1D8) 

To find R 0 , both inputs arc connected to ac ground. Although the input voltages do 
not move in this case, the sources of - M 2 do not operate at ac ground. However, 
connecting this node to small-signal ground as shown in Fig. 6.29a causes little change in 
R 0 because of the action of the current mirror M 3 — as explained next. 

Let id\ and i d2 represent the small-signal drain currents of M\ and M 2 respectively. 
Also, let Ajji and A i d2 represent the corresponding changes in i dl and i d 2 caused by con- 
necting the sources of M x ~ M 2 to a small-signal ground as shown in Fig + 6 + 29a. If r 0 -> » 
A id 1 = A 1^2 because this connection introduces equal changes in the gate- source voltages 
of M 1 and A/ 2 . Then A/<#| flows in the source of where it is mirrored to the out- 
put with a gain of unity if r 0 in M 3 ~ M*. Therefore, KCL at the output shows 
that A^i and A ^ 2 cancel, causing no change to the output current i x or the output resis- 
tance R 0 > As a result, R y can be found, assuming that the sources of — M 2 operate 
at ac ground. In practice, r 0 in all the transistors is finite, and R 0 is altered slightly by 
connecting this point to ac ground for two reasons. First, Ai^ and Ai d2 are not exactly 
equal with finite r v because v fM and v ^ 2 are not exactly equal. Differences between v dA 
and Vrf .,2 stem from finite r 0 in M\ A and M 2A because M 3 and M$ A are diode connected 
but their counterparts and are not diode connected. Second, the small-signal cur- 
rent gain of the current mirror is not exactly unity with finite r 0 because v ^ 3 and v ^ 4 
are not exactly equal. However, the change in the output resistance introduced by these 
considerations is usually negligible. (These effects are related to the explanation of how a 





Figure 6.29 (a) Test voltage source applied to the output to calculate the output resistance, (h) 
Simplified circuit. 
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curTent-mirror load increases the common-mode rejection ratio of a differential pair pre- 
sented in Section 4.3.5. 3.) 

With the sources of My - M 2 connected to ac ground, the drain current of M\ is 
constant. Furthermore, the Thevenin equivalent resistances presented to the gates of 
and M 4 A are small because M 3 and are diode connected. So little error is intro- 
duced by assuming that the gates of M 4 and M AA are connected to small -signal ground. 
Therefore, the calculation of R 0 can be carried out using the circuit of Fig. 6.29£, By 
inspection. 



~ (^oul M2A ) (^out M4A) 



(6.109) 



The output resistance of transistor current sources with nonzero source resistance was 
considered in Chapter 4. The result is the same as for a common- source amplifier with 
source degeneration. The incremental resistance in the source of M 2A is the r c of M 2 in 
parallel with the r 0 of M\ 2 while the incremental resistance in the source of M AA is the r 0 
of M 4 . From (3.107), 

^out|M2/i = (r 0 2lk„iz) + ^[l + (g,n2A + g„ib2A)(r„2 Ik„12)] (6 ] 10) 

= [gm2A(r o2 II r on )]r o2 A 



and 



^ulu|m4A — f*o4 + r o4AU- + igm4A + gniMA^o 4)1 
~ (gm4A^o4)^ o4A 



(6.111) 



An important advantage of this circuit is that the load capacitance performs the 
compensation function (see Chapter 9). Thus no additional capacitance (such as C c in 
previous circuits) need be added to keep the amplifier from oscillating when connected 
in a feedback loop. Furthermore, in the basic two-stage op amp, Cc feeds the variation 
from one power supply forward to the op-amp output at high frequencies, as described in 
Section 6.3.6. This feedforward docs not occur in one-stage op amps such as the folded 
cascode and telescopic cascode structures, improving their high-frequency power-supply 
rejection ratios from the supply. 



6.7 MOS Active-Cascode Operational Amplifiers 

One way to increase the gain of the folded- cascode op amp without cascading additional 
stages is to add another layer of cascodes. See Problem 6.21. Although this approach gives 
a gain on the order of (g m r 0 ) 1 , it reduces the output swing by at least another overdrive in 
each direction. This reduction becomes increasingly important as Lhe difference between 
the power-supply voltages is reduced in scaled technologies. To increase the op-amp gain 
without reducing the output swing, the active-cascode technique described in Chapter 3 
can be used , 11 

Fig. 6.30*3 shows the schematic of a folded-cascode op amp with active cascodes. 
The gates of each of the four cascode transistors My A , M 2A , and M AA are no longer 
connected to a constant bias source but instead to the output of an amplifier. These auxiliary 
amplifiers are themselves connected in negative feedback loops to increase the resistance 
looking into the drain of each cascode transistor. As shown by (3.133), the active-cascode 
configuration increases the output resistance by increasing the effective transconductancc 
of the cascode transistor by ( a 4- 1). where a is the voltage gain of Lhe auxiliary amplifier. 
Let the gains of the auxiliary amplifiers driving and M AA be A\ . Applying (3. 1 33) to 
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Figure 6.30 (a) Folded-cascode op amp with active-cascode gain-enhancement auxiliary ampli- 
fiers. 



(6.1 1 1 ) to find the output resistance looking into the drain of M 4/i gives 

^utUaA = foA + f^oAA{ 1 + [£™4a(Ai + 1) + ^ 

“ (Ai + UigfjAA^r^A 

Let the gains of the auxiliary amplifiers driving M ]A and M 2A he A 2 . Applying (3. 1 33) to 
(6.110) to find the output resistance looking into the drain of gives 

^outLv/2A = (rnl\\rn]2) + Aj2a{1 + IgmlAiAl + 1) + ^ 

- (Ai + l)[gm2A(ro2 l| r fy \ 7 )]r o2 A 

To find the overall op-amp gain, (6.112) and (6.113) can be substituted into (6. 109) and 
the result in (6.107). This analysis shows that the gain enhancement in the folded-cascode 
op amp does not rely on the use of auxiliary amplifiers driving the gates of Af M and 
However } these auxiliary amplifiers are included in Fig. 6.30a because they reduce the 
systematic offset of the folded-cascode op amp. Also, using identical auxiliary amplifiers 
to drive the gates of both M\ A and M 2 a balances the two signal paths until the differential 
signal is converted into single-ended form by the current mirror. 

In Fig. 6.30a, the auxiliary amplifiers with gain A] drive the gates of M$ A and M 
so that the voltages from the drains of M3 and M4 to ground are approximately equal to 
^srAS2- For simplicity, assume that the overdrive voltages for all p- and rc-channel tran- 
sistors operating in the active region arc V ovp and V ovn , respectively. Also assume that all 
n-channel transistors have positive thresholds and all p-channcl transistors have negative 
thresholds. To maximize the positive output swing of the folded-cascode amplifier, the 
voltage drop from V od to Vbtas2 * s chosen to be about Therefore, the A] amplifiers 
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Figure 6,30 (b) Auxiliary amplifier with gain A\, (c) Auxiliary amplifier with gain (d) Bias 
circuit. 



must operate wilh a high common-mode input voltage, If these amplifiers use a p-channel 
differential inpul pair, the maximum common-mode input voltage would be no more than 
Vnn ~ W)p\ ~ 2|V r/vp |, To overcome this limitation, the A\ amplifiers use an n-channel 
differenlial pair Mi \ and M 12 as shown in Fig. 6.30 b. In operation, the dc voltage from 
V DD to the output of the A\ amplifiers is about \V fp \ + 2\V (>vp \ so that the source-drain 
voltages of A /3 and M 4 are \V (np l Therefore, the gate-drain voltage of M 2 i is approximately 
|V%| + and A /22 operates in the active region only if its threshold (wilh the body 

effect) is greater than this value* 

A similar argument can be made lo explain the use of /^-channel differential pairs 
in Ihc auxiliary amplifiers with gain A 2 . The schematic is shown in Fig* 6.30c, and the 
common-mode inputs are dose to in this ease. 

Figure 6.30rf shows a circuil thal produces the bias voltages needed in Fig. 6.30n-c. 
The voltage from V DD to T B ia$i is 'V^| + |T m7J |, and the voltage from F a i AS4 to V ss is 
V ffI A V (n n- Transistor M 105 forces A / Uf 6 to operate in the triode region, and the voltage 
from V DD to V BlA s 2 is at least \V <rvj/ \ if 

/I00 



105 



(6.114) 
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ignoring body effect as in (4,73)* Similarly, the voltage from V mA ^ to V S s is at least V ovn if 



\^/l ]4 ^\L J m 



(6,115) 



One potential problem with the structure shown in Fig, 6.30d is instability in the feed- 
back loops around the auxiliary amplifiers. To avoid instability, a compensation capacitor 
can be placed from each auxiliary-amplifier output to a small-signal ground. Since the 
A i amplifiers are used lo improve the performance of a p-channel current mirror, where 
signals are referenced to V DD , compensation capacitors for the Ay amplifiers C c[ are con- 
nected to V DD . Similarly, compensation capacitors for the A 2 amplifiers Cci are connected 
to Vss* The need for such capacitors stems from the observation that the capacitance look- 
ing into the gates of M\ A , M 2 a , M 34 . and Af 4A can be quite small because the gate-source 
capacitances of these transistors are bootstrapped . This expression means that the source 
of each of these transistors follows its gate when the corresponding drain current is con- 
stant. If the gate-source voltages are exactly constant, zero ac current flows into the gate- 
source capacitances, and the capacitances looking into the gates of the cascode transistors 
are independent of their gate-source capacitances. In practice, the gate-source voltages 
are not exactly constant because of variations in the drain currents caused by variations in 
the differential input voltage of the folded-cascode op amp, but the bootstrapping effect is 
significant. As a result, the load capacitances of the auxiliary amplifiers are dominated by 
parasitics that may vary considerably over variations in processing unless a capacitor is 
added at the output of each auxiliary amplifier. The issue of stability in feedback amplifiers 
is considered in detail in Chapter 9, 



6.8 Bipolar Operational Amplifiers 

The basic topology used for most bipolar- transistor op amps is shown in simplified form 
in Fig. 6.31. As in the case of the basic two-stage MOS op amp, it consists of an input 
stage with a differential pair and a current-mirror load followed by a second stage with a 
common-emitter amplifier and an active load. Most MOS technologies are complementary 
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Figure 6*3 1 Basic two-stage bipolar operational 
amplifier 
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in the sense that the performance of the ^-channel transistors is almost as good as the 
/ 2 -channel transistors in the same technology. However, as mentioned in Section 2.5.2, 
most bipolar transistor technologies produce pnp transistors that arc far inferior to the npn 
transistors in the same process because the lightly doped n-type epitaxial material is used 
to form the base of the pnp transistors. As a result, the collector-base depletion region 
extends mostly into the base, and the base must he made wide enough to accommodate this 
depletion region. Since (1,21 1) shows that the transition frequency of a bipolar transistor 
is inversely proportional to the square of its base width, the fr of pnp transistors is usually 
much lower than for npn transistors in the same process. Although the performance of 
the pnp transistors can be improved by increasing the complexity of the integrated -circuit 
processing, such changes increase cost. To minimize cost, a key challenge in bipolar op- 
amp design is often to produce high-performance op amps with fast npn transistors but 
slow pnp transistors. One example of such circuit design is the 741 op amp, where the pnp 
devices are used in a way that reduces their impact on the frequency response of the op 
amp. 

In this section, wc analyze the 741 op amp. It is a widely used stand-alone op amp, 
and its popularity stems from the fact that it is internally compensated (see Chapter 9) 
and is a relatively simple circuit that can be made to fit on a die less than 1 mm (40 mils) 
on a side. It has large voltage gain and good common-mode and differential-mode input 
voltage ranges. 

The 741 circuit is shown in Fig, 631a? The analysis is carried out in three parts. First 
the operation of the circuit is described qualitatively, and then a dc analysis is carried out to 
determine the quiescent currents and voltages in the circuit. Finally, a small-signal analysis 
is carried out to determine the voltage gain, input resistance, and output resistance, 

Qualitative Description of Circuit Operation. A simplified conceptual circuit diagram is 
shown in Fig. 6.32i>. The input transistors Q\ and Q 2 are emitter followers that maintain 
high input resistance and low input current. They drive the emitters of the common-base 
differential pair of pnp devices and £> 4 . The transistors Q 5 and Q ( , form an active 
load for Q ^ and Q 4 . These .six transistors taken together actually perform three separate 
functions that must be carried out in monolithic op-amp realizations. 

L They provide a differential input that is relatively insensitive to common-mode volt- 
ages, has high input resistance, and provides some voltage gain. The realization of some 
voltage gain in the input stage is desirable since the noise and offset voltage associated 
with the second and later stages are divided by this gain when referred to the input. 

2. Level shifting. The pnp transistors produced by standard 1C technology have poor fre- 
quency response, as described in Section 2.5.2. Thus the most desirable approach to an 
op-amp realization would be to use only npn transistors. Somewhere in the amplifier, 
however, the dc level of the signal path must be shifted in the negative direction to 
maximize the range of possible op-amp output voltages. In general-purpose amplifiers 
Like the 741, this shift is usually accomplished by inserting lateral pnp transistors in 
the signal path. In the 741, the emitters of the pnp devices 2? and Q A operate near the 
input voltages while the collectors rest at a potential very near the negative supply. 

3. Differential to single-ended conversion. The op amps considered in this chapter have 
differentia] inputs and single-ended outputs, so within the circuit a conversion must 
be made to single-ended operation. The simplest approach would be to simply take 
one of the outputs of an cmi Iter- coupled pair and feed that into a single-ended circuit. 
However, this approach lends to result in high sensitivity to common-mode input volt- 
ages, as described in Chapter 4. To reduce the sensitivity to common-mode inputs, an 
active-load circuit is used, as realized by transistors Q$ and Q (y . 
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Figure 6.32 (a) 741 operational-amplifier circuit. 
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Figure 6.32 (b) Simplified, conceptual schematic diagram of the 741 amplifier. 

Transistor Q ^ is an emitter follower that reduces the loading effect of Q\ 7 on the 
output of the actively loaded first stage. Transistor Qn is a common-emitter amplifier that 
also has an active load formed by Qub- This amplifier stage provides large voltage gain. 
Transistor Q 23 is another emitter follower that prevents the output stage from loading the 
output of the gain stage. Transistors Q 14 and Q 2 Q form the Class AB output stage. 

Transistor is a multicollector lateral pnp The geometry of the device is shown in 
Fig. 6.33. Note that the collector ring has been split into two parts, one that faces three- 




Where 1 $ = saturation current of structure with both 
collectors connected together 

Figure 6.33 Electrical equivalent for multicollector lateral pnp. 
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fourths of the emitter periphery and collects the holes injected from that periphery, and a 
second that faces one-fourth of the emitter periphery and collects holes injected from that 
face. Thus the structure is analogous to two pnp transistors whose base-emitter junctions 
are connected in parallel and one of which has an I s that is one-fourth that of a standard 
pnp transistor and the other an I s that is three-founhs that of a standard pnp with fully 
enclosed emitter. This equivalence is depicted in Ftg. 6.33. 

6.8. 1 The do Analysis of the 741 Operational Amplifier 

The first step in evaluating the performance of the circuit is to determine the quiescent 
operating current and voltage of each of the transistors in the circuit. This dc analysis 
presents a special problem in op-amp circuits because of the very high gain involved. If 
we were to begin the dc analysis with the assumption that the two input terminals are 
grounded and then try to predict the output voltage, wc would find that a small variation 
in the beta or output resistance of the devices in the circuit would cause large changes in 
the output voltage we predict. In fact, the calculation would usually show lhat the output 
stage would not operate in the active region but would be saturated in one direction or the 
other. This problem exists in practice; for a voltage gain of 1 0 5 , only 0. 1 mV of input offset 
voltage is required to drive the output into saturation with ± 10- V power supplies when the 
input voltage is zero. Thus the dc analysis must start with an assumption that the circuit 
is enclosed in a feedback loop that forces the output to some specified voltage, which is 
usually zero. We can then work backward and determine the operating points within the 
circuit. 

A second assumption that simplifies the analysis is to assume that for the dc analysis, 
the output resistance of the transistors does not greatly affect the dc currents flowing in 
the circuit. This assumption results in 10 to 20 percent error in the calculated currents. Of 
course, the output resistance must be included in the small-signal analysis since it strongly 
affects the gain for the active-load amplifiers. 

We first calculate the currents in the biasing current sources Q 10 and Q\^n in 
Fig. 632a. This subcircuit is shown in Fig. 6.34. Neglecting base currents and assum- 
ing that all transistors are in the forward-active region, we can calculate the reference 
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Figure 6.34 Bias circuitry for the 741. 
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current as 



' REF = m = a73mA 

where wc have assumed that ^ 0,7 V. 

The combination of Q \ \ and Q[$ forms a Widlar current source, as described in Chap- 
ter 4 . The output currcnl 1 \ must be found by Irial-and- error solution of the relation 

Vi- In ^ = (5 kU V, 

M 

The result is 

h = 19 iaA 

The currents fa and 1$ are three-fourths and one-fourth of the reference current, re- 
spectively. 

fa = 0.55 mA fa = 0.18 mA 

The circuit can now be simplified to the form shown in Fig. 6*35* We first deter- 
mine the bias currents in the input stage. For this analysis, we will neglect the effects 
of the dc base currents flowing in the npn transistors since these transistors typically 
have betas of several hundred. Since the betas of the lateral pnp transistors are typ- 
ically much lower than tor the npn transistors, however, we will consider the effects 
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Figure 6.35 Simplified schematic of the 741 with idealized biasing current sources, 
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of the pnp base currents. Since Q s and Q<t are identical, and since the effect of fi- 
nite Early voltage is ignored, J cs = I c0 . Therefore, from KCL at the collector of Q % , 



l a = -/ CT 1 1 + 



£ 



(6.116) 



pup 



It' we neglect tlic base current of Q } and Q 2 , then KCL at the collectors of Q x and Q 2 
together with (6,116) gives 



lc i + lei - 1 a — Irt, + Ira = 1 + 






(6.117) 
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From KCL at the collector of Q 9r 



19 jaA = -I C9 + — + Iea 
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where (6.117) has been used. Substitution of (6,1 IS) in (6,116) gives 
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(6.119) 



+ Ppnp 

Substitution of (6,119) into (6,117) with / £3 + I E4 = (I C3 + / C4 )(l + \fp pnp ) gives 

19 |xA 



*C3 + ?C4 - 



1 + 



PpnpiPpnp "I" 2) 



- 19 pA 



( 6 . 120 ) 



Equation 6.120 shows that the input stage of the 741 op amp is biased so that the sum of 1 C 3 
and Ica is insensitive to /3 pnp and about equal to /^io in magnitude. This result can also be 
predicted by observing that the input stage of the 741 uses a structure similar to a Wilson 
current mirror. In Fig. 4.14, transistors Q\ and Q 3 sense and feedback the current in Q 2t 
which is the output current of Ihc Wilson current mirror. In Fig. 6.35, transistors g 8 and Q 9 
sense and feed back the sum of the currents in Q 2 and Q 4 . As a result, i!I c $ + Ar 4 in the 741 
op amp is viewed as the output of a Wilson current mirror whose input is I C w = 19 |xA, 
(6. 120) agrees with (4.100). 

If the differential op-amp input voltage is zero, the base-emitter voltages of Q\ and 
Qi are equal and the current l A splits into two equal parts. As a result, Q { - Q 6 each 
have collector current magnitudes of about 9,5 pA if the pnp beta is reasonably large. On 
the other hand, if the differential input voltage is nonzero, the basc-emitter voltages and 
collector currents of Q x and Q 2 are unequal. However, from KCL at the collector of £>8, 
Ici + ?c .2 is still given by (6,119). 

Because the feedback in the input stage of the 741 op amp acts to stabilize the 
sum ol and it is an example of a common-mode negative-feedback loop , The 
19 pA current source pulls down on the bases of g 3 and Q 4 f increasing dc currents 
in Qa, Qu Qi, and Q 9 until |/ c <)| = 19 pA and equilibrium is established. This 
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feedback action affects the common-mode (bias) quantities only and is not felt by differ- 
ential signals in the circuit, since the bases of Q 3 and Q 4 and the collectors of Q\ and Q 2 
are differential -mode ae grounds* Common-mode feedback is studied in Chapter 12. 

The magnitudes of the collector currents of transistors Qs and Q& are equal to those 
of transistors Q 3 and Q 4 if base currents are neglected* We must now calculate the dc 
collector current in transistor Q 7. The emitter current of Qj consists of the base current 
of and which we will neglect, and the current flowing in the 50-kfi resistor. The 
voltage across this resistor is the sum of the base-emitter drop of Qs or Q (> and the drop 
across the 1-k-Ii resistors in series with the emitters of Q5 and Q&. The base-emitter drop, 
assuming an Is of 10 14 A and a collector current of 9.5 juA, is 537 mV* The voltage 
drop across the l-kfl resistors is 9*5 mV, so that the current in the 50-kil resistor is 
547 mV/50 kfl or 11 |^A* Thus the collector current of Q-j is equal to 11 p.A. 

We next consider transistor in Fig. 6.35. The voltage from the base of Q \ 7 to - V ££ 
is equal to the base-emitter voltage of Q\-f plus the drop across the 100-0 resistor. If the 
output voltage of the amplifier is to be zero as we have assumed, the collector current of 
Q ] 7 must be equal to the current supplied by current source Q\ 3 b* which is 550 jllA. Then 
the voltage at the base of Q\j with respect to — V ££ is 

550 x 10 6 

V m7 = (550 juiA)(100) + V r In — = (55 4- 642) mV = 697 mV (6. 121) 
Assuming a beta of 250, the base current of Q \ 7 is 



, 550 t 

hM - -25(p = 2 - 2 M-A 



( 6 . 122 ) 



Thus the collector currenL of 2 k, is the sum of the current in the 50-kil resistor in its 
emitter and the base current of C17, or 



. 697 mV _ 

A 16 = kfi + 2.2 p,A ^ 16 p,A 



(6.123) 



We now consider the output stage shown in Fig. 6*36, assuming for the time being 
that base currents are negligible. If this is tme, all of the 180-juA from the current source 
flows through transistor Q 23 . We must now determine the dc bias currents in Q 14, 

Qi9, and Q 2 o- Wc assume that the circuit is connected with feedback in such a way that 
the output is driven to zero volts, and the output current is zero. Thus la* and ici u are 
equal in magnitude. To find l C ]% and 7^19, we will use an iterative approach. First, neglect 
the base current of transistor Then the collector current of Q\y will be approximately 
0*6 V/40 kfl or 15 jaA* Under this assumption, the collector current of Qw would be 
approximately (180 - 15) p,A or 165 |uA* Second, recalculating the collector current of 
£>19 taking the base current in Q]% into account gives 



165 |xA Vrln io-14a 



165 m*A 



h: \ 9 — 



Pf 



40 kO 



= 16 jllA 



( 6 * 124 ) 



Then lew = (ISO - 16) p,A or 164 \iA t Further iterations could be used to improve the 
accuracy; however* since the second iteration produced little change from the first, this 
result is satisfactory. 

Now that we know the currents in Q]$ and Q 19, we can estimate the output transistor 
bias current using (5,83), repeated below for convenience: 



'04 



Jc'20 - 






fls\4^S20 

\ J*S']8Jsi*> 



( 6 . 125 ) 
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V cc =+15 V 




Figure 6.36 Schematic of output 
stage of the 741. V OLT is zero for 
the bias current calculation. 



Here we have neglected the voltage drops across the small resistors in series with the 
emitters of Qu and Q 2 o* The actual quiescent current that flows in the output transistors 
depends on their Is values, which depend on their physical geometry. Both of these tran- 
sistors must carry large currents while maintaining good beta when a small value of load 
resistance is attached to the output, so they are made with larger geometry than the other 
transistors in the circuit. The specilic geometry used varies with manufacturer but the Is 
of these devices is typically about three times as large as a small geometry device. Thus 

Icm = -Icm = v(16 /xA)(164 p,A) X 3 = 154 p. A (6.126) 

Referring lo the schematic diagram of Fig. 6.32a, we can sec that the circuit con- 
tains several devices that are active only during overload conditions. Transistors Q 15 , Q 2i , 
£? 22 i Qia , and Qi 3 B are normally off. Transistor Qi$ turns on only when the voltage drop 
across exceeds about 550 mV. When Q\$ turns on, it limits the emitter current of Q u 
to VBFA5ion)/R6’ Further increases in the output current are conducted through Q 15t which 
provides a current gain of about unity from its collector to its emitter. Since the maximum 
current that can be provided to the collector of Q {5 is limited by = 180 jxA, the 
maximum output current flows almost entirely in the emitter of Q { 4 and is approximately 
0,55 V / 27 11 — 20 mA. Thus Q 15 performs short-circuit protection, preventing damage 
to the amplifier due to excess current flow and power dissipation should the output be 
shorted, for example, to the negative power supply. 

Transistors Q 2 i, £> 22 * and Q 2 4 perform a similar function for the case of the output 
sinking current, such as when the output is shorted to the positive power supply. As in 
the previous case, Q 21 turns on only when the voltage drop across R 7 exceeds about 
550 mV. In this case, however, the collector of Q 2 \ is not simply connected to the base of 
G 20 because Qz$a does not operate as a current source, instead Q 2 ia operates as an emitter 
follower that sinks an increasing emitter current as its base voltage is decreased. To limit 
the maximum current that can flow in £>20 to a level that will not destroy this device, the 
current in Q 2 m must also be limited under these conditions. Therefore, when current flows 
in G 2 i* it is mirrored through Q 2 4 to g 2 2 * where it pulls down on the base of Q 16 . Because 
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the gain is noninvcrting from the base to the emitter of gi6 hut inverting from the base to 
the collector of 0n, pulling the base of Q [(f down increases the base voltage on &3A* This 
feedback loop sets the maximum current in 0 3O to V Esmond ^7 or 25 mA, 

Finally, an extra emitter on the substrate pnp transistor Q 23 is included to prevent 0 I6 
from burning out if Qn were allowed to saturate. The extra emitter can be thought of as a 
separate transistor ■ Assume that the inverting input terminal is overdriven so as to make 

it more positive than the noninverting terminal by enough voltage to turn off Q \ . Without 
£> 233 = the current into the base of 0 ^ would be 19 fxA. This current would be amplified by 
the beta of 0 J6 , which can be as high as 1000, giving an emitter current of up to 19 mA, 
This current would flow into the base of 017 (which would saturate) and finally to - V EE 
through the 100-0 resistor in the emitter of Q17. As a result, the power dissipation in 0i6 
would be (19 mA) (30 V), or about 600 mW. The extra emitter on 02? prevents 0 i7 from 
saturating by diverting the base drive away from 0 i6 when V C s of Qm reaches zero volts. 
Since 0| 7 cannot saturate, its base current remains small under all conditions, limiting the 
power dissipation in 0 ]6 to approximately (16 |jlA){ 30V), or about 0.5 mW. 

6.8.2 Small-Signal Analysis of the 741 Operational Amplifier 

Our next objective is to determine the small-signal properties of the amplifier. We will 
break the circuit up into its three stages — the input stage, gain stage, and output stage — and 
determine the input resistance, output resistance, and transconductance of each stage. 
Consider first the ac schematic of the input stage as shown in Fig. 6.37. Here we have 
assumed a pure differential- mode input to the circuit; wc will consider common-mode 
inputs later. As a result, the collectors of 0! and 0 2 as well as the bases of 0 3 and 0 4 
operate at ac ground. We first calculate the trans conductance of the stage by shorting the 
output to ground and calculating the output current that results when a differential input is 




Figure 6.37 Input stage ac schematic and small-signal, two-port equivalent circuit. 
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applied. With the output of the first stage connected to a small-signal ground, the active- 
load circuit - Q 1 produces a current that is approximately equal in magnitude and 
opposite in sign to the collector current of Q Thus i oul is equal to ~{i c 4 - i^fand to 
calculate the transconductance G m we need only consider the circuit shown in Fig. 6.38tf. 
Since the resistance presented to the collector of ft is relatively small compared to r (> of 
£?3, wc need not consider the output resistances of the devices in this calcul ation . The small- 
signal equivalent half-circuit for Fig. 6.38a is shown in Fig. 638b. For the half-circuit. 

Vid 

-y = v, - (6.127) 

+ i)- + i) < 61 ® 

where 0oi is the 0 O of Q\ and is the 0 O of Combining these equations gives 



and KCL at the emitters gives 

V]£*| fl 



Vid 

2 



-v 3 



gm% 1 F 



gmi 1 F 



00.1 



001 



(6.129) 




jj. 




Figure 6.38 (a) ac schematic and (b) 
small-signal equivalent half circuit 
for calculation of the transeonduo 
lance of the input stage. 
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Assuming j/^i | = |/c 3 1? then = g in y We also assume that j 8 m> fe ^ 1 ■ Thus 



Vq = 



and 



From the symmetry of the circuit. 



and, referring to Fig. 6.37. 



C3 



ViJ 



-gmlVjd 



i c 4 = -h 



gm3 v irf 

A 



Cul “ *r4 F A.l — 



H m3 ^id 



Thus the overall iransconduclance of the input stage is 

law gm 1 9.5}±A 



O m \ — — 



1 



Vut 



2 V r 5.4 k a 



(6.130) 



(6.131) 



(6.132) 



(6.133) 



(6.134) 



This calculation also yields the differential input resistance of the stage. From 
Fig. 6.38fr. the resistance R CC{ seen looking into the emitter of Q 3 is given by 



ft™ = 



1 



*"■’(' + it) 

This resistance appears in the emitter of Q \ , so that using (3.90) we find that 

(An + 1) 



Vid 

2 



t; 



~ >Vl + (ft)l F l)ftcq - CtI + 



gm3 l F 



1 

Pm 



(6. \ 35) 



Assuming again that /3 qi » 1. jS ( >3 » K and g m[ = g m3 , 



v i<i _ { . , Ah V _ / . . ■ 

'"n ' FttI F m H" 

^ \ j 



(6,136) 



Solving for R iif yields 






= R id = 4r ff , = 2.7 Mft 



(6.137) 



where A) = 250 is assumed. 

The differential-mode input resistance of the amplifier is thus four times the input 
resistance of one of the input transistors. In this calculation, we have neglected the fact 
that when v hl changes, the output voltage of the first stage changes and produces feedback 
to the input through the output resistance of Q 4 , This effect produces a difference between 
the input resistances seen at the two input terminals. 

We now calculate the output resistance R 0 \ of the input stage. To find R A , both in- 
puts arc connected to ac ground. Although the input voltages do not move in this case, 
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Figure 6.39 (a) Test voltage source v., applied to the output of the input stage for calculation of 
the output resistance. ( h ) Simplified circuit. 



the collectors of Q { — Q 2 as well as the bases of Qt, - Q 4 do not operate at ac ground. 
However, connecting these nodes to small-signal grounds as shown in Fig. 639a causes 
little change in R 0 \ because of the action of the current mirror Q$ — Q-?, as explained 
next. 

Let i Cfl represent the small-signal collector current of Q n , where n is an integer 
and 1 2 ! n ^ 7. Also, let represent the change in i cn caused by connecting the 
collectors of Q\ - Q 2 and the bases of Qi - Q 4 to a small-signal ground as shown 
in Fig. 6.39a, If r 0 ^ in Q] — Q 4 , A i t: ^ = A *' t 4 because these connections intro- 
duce equal changes in the base-emitter voltages of Q 3 and Q 4 . Ignoring base currents, 
A i c3 Hows ill the collector of where it is mirrored to the stage output with a gain 
of unity if r ft » in Q 5 - g 6 . Therefore, KCL at the stage output shows that Ai c4 
and Af (6 cancel, causing no change to the output current i x or the output resistance 
R 0 \. As a result, R o] can be found assuming that the collectors of Q\ - Qi and the 
bases of Q 3 — Q 4 operate at ac ground. In practice, po and r 0 in Q] - Q 1 are finite, 
and R a i is altered slightly by connecting these points to ac ground for two reasons. 
First, A and \i c4 are not exactly equal with finite r 0 because v re 3 and v ce4 are un- 
equal. Second, the small-signal current gain of the current mirror is not exactly unity 
with finite r rf because v ce s and are unequal. Also, finite p$ introduces a current- 
mirror gain error because not all of A/V 3 flows in £> 5 , where it can be mirrored to the 
output. However, the change in the output resistance introduced by these considera- 
tions is usually negligible. (These effects are related to the explanation of how a current- 
mirror load increases the common-mode rejection ratio of a differential pair presented in 
Section 43.5.3.) 
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With the collectors of Q\ - Q 2 and the bases of Q 3 - Q 4 connected to ac ground, 
the collector current of Q 3 is constant. Furthermore, the Thevenin equivalent resis- 
tance presented to the base of Q 5 is small compared to r ^ of Q (J . so little error is 
introduced by assuming that the base of Qfi is connected to a small-signal ground. 
Therefore, the calculation of R 0 1 can be carried out using the circuit of Fig. 639b. By 
inspection. 



flyl — (Aout|@4 ll AouiIqg) (6.138) 

The incremental resistance in the emitter of Q& is equal to 1 kO, while the incremental 
resistance in the emitter of Q 4 is the r e of Q 2 . The output resistance of transistor current 
sources with a resistance in the emitter was considered in Chapter 4. The result is the same 
as for a common-emitter amplifier with emitter degeneration. Equation 3.98 can be used 
to give 
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(6.139) 



Assuming J804 » 1 and 5 g, fl 6(i kO), wc obtain 

fl y 1 = 2r f>4 || 1.36I-0& (6.140) 

For T] np{} = 2 X ]0“ 4 , j c = 9.5 /a A. 17 w = 5 x 10“ 4 wc find 

R 0] = 6.8 Mil (6.141) 



Thus the equivalent circuit for the input stage is as shown in Fig. 6.40. 

We now turn to the second stage, shown in Fig. 6.41a. Again we must calculate the 
input resistance, transconductance, and output resistance of the stage. Wc begin by cal- 
culating the input resistance. We first calculate the Thevenin equivalent resistance seen 
looking into the base of transistor £?n, designated fl cq i in Fig. 6.41a. Utilizing the results 
from Chapter 3 for the input resistance of a common-emitter amplilier with a resistance in 
the emitter. 



fl^i - r 77 -n + (Po\j + 1)100 H (6. 142) 

Here we have neglected the effects of the output resistance of gn. The positive feedback 
contributed by r y 17 actually decreases /? eq i slightly. 

The circuit can now be reduced to the form shown in Fig. 6.4 \h. The input resistance 
of the stage is 

fl, 2 = r ffl6 + (flow + l)(fl eq i |l 50kft) (6.143) 



+ o- 
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— o 



Figure 6.40 Two-port equivalent cir- 
cuit for the input stage. 
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Figure 6.41 (a) Small-signal equivalent circuit for second stage, (b) Circuit for calculation of in- 
put resistance, (r) Two-port equivalent circuit for second stage. 



Combining (6,142) and (6,143) gives 

Ri 2 = r w ,6 + (ft + lML^n + (ft + 1X10012)1 || '50 kfl]} (6.144) 

We assume that the transistors have a ft of 250. Transistor Q \ ^ operates at a current of 
16 |jlA whereas Q [7 operates at 550 |xA. Evaluating (6.144), we find 



Rt 2 - 406 kfl + 251 X (37 kfl || 50 kfl) 

= 5.7 Mil (6.145) 

We next calculate the transconductance of the stage. If we assume that the voltage gain of 
the emitter follower is nearly unity, the trans conductance G m2 of the stage is just that 
of transistor Qn with the 100-0 resistor in the emitter: 



Gml 



Sm]7 



1 



1 + gmwRs 147 O 



(6.146) 



The output resistance of the stage R<>t is the output resistance of Q in parallel with 
that seen Looking into the collector of Qyj. Again utilizing (3,98), we find 
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Assuming ft gmllRE yields 



Roi — [^i3jj] II {c>i7[i + te wl7 )(ioon)]} 



(6,147) 



(6.148) 



Vi>np = 5 X 10 -4 (6.149) 

Vtlpn = 2 X 10- 4 (6.150) 



Assuming that 
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(6.148) can be evaluated to give 

R o2 - 83 k£l (6.151) 

Thus we have developed R^, and G m2 for the second stage. A two-port equivalent 
circuit is shown in Fig. 6.41c. 

We now turn to the output stage, A schematic diagram is shown in Fig* 6,42* The 
output either sources or sinks current, depending on the output voltage and load* As a 
result, the input resistance and output resistance of the output stage is heavily dependent 
on the particular value of output voltage and current. As will become evident, the input 
resistance of the output stage is much larger than the output resistance of the preceding 
stage, and as a result the actual value of the input resistance of the output stage does not 
strongly influence the voltage gain of the circuit. Thus we simply assume, for example, 
the output current is 2 mA and that this current is flowing out of the output terminal. We 
further assume that the load resistance is 2 kll* Since the output current is flowing out of 
the output stage, transistor Q \ 4 operates in the active region and transistor Q 20 conducts 





Figure 6.42 (u) Simplified output-stage circuit of the 741. ( b ) Small-signal circuit when sourcing 
current, (c) Circuit for calculation of R iml . 




6.8 Bipolar Operational Amplifiers 469 

only a small amount of current. The small-signal equivalent circuit for this case is shown 
in Fig. 6 Alb. The voltage gain is approximately unity since the circuit consists of two 
emitter followers in series. 

We now calculate the input resistance of the output stage. We first calculaic the 
resistance seen looking into the base of transistor g i4 , which is designated R Ci]2 in Fig. 
6 Alb. Using the results from Chapter 3 on emitter followers, we find 

flcq 2 = Ftt 14 + (Ah 4 + l)(2kll) (6.152) 

We next calculate the Thevenin equivalent resistance seen at the emitter of Q 2 3 , looking 
toward diodes Q 1S and Q iy . This resistance is designated in Fig. 6,42h, and is seen 
by inspection to be 



- *^18 + 19 + CU3 A II Rccfi (6.153) 

Finally, the inpul resistance of the stage is that of emitter follower Q23 with a resistance 
R e q 3 in its emitter, or 



R;3 — *>23 + (^023 + l)^q3 (6,154) 

Transistor Q 22t and the two diodes operate a current of 180 [xA, while operates at 
2 mA. Assuming an npn jSq of 250 and a pnp of 50, (6,154) can be evaluated to yield 

Rn = ^23 + 51^3 (6,155) 

and thus 

R 3 = 9.1 MU (6.156) 

This input resistance is much larger than the output resistance of the preceding stage, and 
as a result the gain of the amplifier is not strongly affected by variations in load resistance 
attached to the output of the amplifier. 

We now calculate the output resistance of the output stage, Wc must include the output 
resistance of the preceding stage in this calculation; the small-signal equivalent circuit for 
performing the calculation is shown in Fig. 6.42c, 

The resistance seen looking to the left from the base of g 14 is 

^cq4 = fo\3A 

= 2.06 kH (6.157) 

The resistance seen looking into the output terminal is then 

iU = + f 7 ) 4 = 21 Q (6.158) 

P014 + 1 

To this resistance we must add the series current-limiting resistance tf 6 , which is 27 H, 
The actual value of R out is thus 48 H. The output resistance will change with operating 
point and is heavily dependent on the current flowing in the output transistor. 



fdl9 + r dl8 + 



R-al + *V23 

fiim + 1 I 



Small-Signal Performance of the Complete Circuit. The small-signal equivalent circuit 
for the complete amplifier is shown in Fig. 6.43. The voltage gain is 

A- = (G m] )(R o] || R n )(G m 2 )(R„2 II Rr3) 

= 574 X 564 - 324, 000 



(6,159) 
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Figure 6.43 Small-signal equivalent circuit for the complete 741 . 



Note that both stages contribute about the same gain. The second stage loads the first, 
reducing its gain by about hal f. This loading gives the gain of the circuit a beta dependence 
that will cause the gain to vary with temperature and process variations. However, the 
output stage does not significantly load the output of the second stage and the voltage gain 
is almost independent of the load resistance attached to the output. The input and output 
resistances of the complete amplifier are 

Rid = 2.7 Mil (6.160) 

R 0 = 48 11 (6.161) 



Inclusion .of Second-Order Effects in the Analysis; Computer Analysis, The objective of 
the first-order approximate analysis procedure just carried out for the 741 was to develop an 
insight into the factors that are most important in affecting circuit performance. However 
the simplifying assumptions made in the analysis limit the accuracy of the results related 
to dc operating points and voltage gain. The principal violations of the assumptions made 
are as follows: 



1. The output resistance of the transistors was neglected in the dc analysis. Actually, 
the collector current of a typical lateral pnp transistor increases about 30 percent 
when V C f increases from zero to 15 V assuming that the base-emitter voltage is 
held constant and that is about 50 V. For the npn devices, the figure is 12 per- 
cent, assuming a V& of 130 V. As a result, the bias currents in the circuit increase by 
from 10 lo 30 percent over those calculated, reducing the calculated small-signal re- 
sistance levels. 

2. The v aria lion of transistor beta with current has been neglected. As described in Chap- 
ter 1, the transistor current gain falls at low collector current levels due to recombina- 
tion in the emitter-base depletion region. As a result, the input stage devices Q\ to Qj 
and device Q\& have substantially lower small-signal current gain than was assumed 
in the analysis. The principal effect of this fall-off is to reduce the voltage gain of the 
amplifier and increase the input bias current. 

When a detailed quantitative prediction is required regarding the performance of such 
circuits, a SPICE computer analysis is generally less time consuming than attempting a 
hand analysis, taking into account the second-order effects. Such an analysis applied lo 
the 741 yields the bias levels shown in Fig. 6.44. 



6.8.3 Input Offset Voltage, Input Offset Current, and Common- Mode Rejection 
Ratio of the 741 

Two important aspects of the performance of op amps are the input offset voltage and 
current. These deviations from ideality limit the ability of the circuit to amplify small dc 
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F igure 6 .44 Comp u ter- predicted dc b i as 1 evel s 
of the 741 operational amplifier obtained from 
SPICE, 

signals accurately, since the offsets are indistinguishable from the signal. The calculation 
of these quantities is somewhat tedious J 2 In this section, we describe the factors influenc- 
ing the offset voltage and current of the 741 circuit qualitatively. 

The input offset voltage of differential amplifiers can be shown to be primarily depen- 
dent on the offset voltage of the first stage, provided that the voltage gain of the first stage 
is reasonably high . 1 The input stage of the 741 is somewhat complex, consisting of three 
pairs of transistors. Q\ Q 4 , and Q 5 - Q 6 . The stage provides level shifting and 

diflerenlial-lo-singlc-cnded conversion as well as differential amplification. As a result, 
mismatches in each of the three device pairs, as well as mismatches in the resistor pair 
R] — contribute to the input offset voltage of the circuit. A typical offset voltage of 
about 2.6 mV would be expected for the 741 assuming typical transistor mismatch and 
resistOT mismatch data . 12 

The input offset current of the circuit results primarily from mismatches in the 
beta of the two input transistors £?i and Qi- A typical input offset current of about 
4 nA would be expected for the circuit . 12 This value is highly dependent on the actual 
matching of transistor beta achieved in the circuit for the low current level at which the 
input stage operates. As described in Section 6.2,5, the common-mode rejection ratio 
can be regarded as the change in input offset voltage that results from a unit change 
in common-mode input voltage. This change in input offset voltage stems from two 
separate effects. First, when the common-mode input voltage changes, current-source 
transistors Q$ and Qi$ experience a change in collector-emitter voltage. Because of the 
finite output resistance of these devices, their collector current changes, which results 
in a change in the bias current in the input stage. If resistors R L and Ri were not 
present, this change in the bias current would not change the input offset voltage, but 
the presence of these resistors results in a change in the ratio of the collector currents 
of Q$ and Q& if a mismatch exists between Q$ and Q 5 , or if a mismatch exists between 
R\ and Ri. This change in the ratio of the collector currents of Q$ and Q§ results in a 
change in the ratio of the currents flowing in Q\ ~ Q 2 and in Q 3 ~ Q 4 , and a change 
in the input offset voltage. 

The second source of input offset voltage change is caused by changes in the collector- 
emitter voltages of Qi.QirQ^, and when the input common-mode voltage is 
changed. As a result, if a base-width mismatch exists in these devices, the ratio of the 
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saturation currents of Q\ and Q 2 and the ratio of the saturation currents of £>3 and will 
vary also. These ratio variations result in changes in the input offset voltage. 

Comparison of Calculated Performance Parameters and Experimentally Observed 
Values. The calculated and observed values of typical performance parameters of the 741 
are shown in the following table. 





Calculated 


Observed 

{typical) 


Open-loop gain 
Tnput resistance 
Input bias current 
Input offset current 
Input offset voltage 
Output resistance 


324,000 

2.7 Mfl 
38 nA 

3.8 nA ]2 
2.6 mV 12 

48 n 


200,000 
2.0 Mfl 
80 nA 
10 nA 
2 mV 

75 n 



The differences between the calculated and observed parameters result from differences 
between typical device parameters obtained in production and those assumed in the analy- 
sis, and from the approximations made in the hand analysis. We now turn from the analysts 
problem to that of improving the performance parameters of the 741 by circuit modifica- 
tions. 



6.9 Design Considerations for Bipolar Monolithic Operational Amplifiers 

Operational-amplifier design involves trade-offs between the various dc, small-signal* and 
transient performance parameters as well as the die size and resultant cost. In the 741, the 
principal design objective was to obtain an internally compensated circuit with moderate 
dc and ac performance while maintaining a small inexpensive die. However, by the use of 
more complex circuitry, the dc, small-signal, and transient performance of the circuit can 
be greatly improved. Frequently, steps taken to improve the transient behavior degrade dc 
parameters such as input offset voltage and input bias current. Jn this section we explore 
design approaches to the improvement of the input parameters: input offset voltage, input 
bias current, and input offset current of the 741 . Since the frequency response and com- 
pensation of op amps are described extensively in Chapter 9, we defer the description of 
optimization of transient behavior and slew rate until then. 

Applications of Precision Operational Amplifiers. The input characteristics of op amps, 
including the input offset voltage and drift, input bias current and drift, and input offset 
current and drift, determine the lower limit of the magnitude of dc signals that can be ac- 
curately amplilicd. These performance parameters arc most important in instrumentation 
applications where very small dc potential differences must often be measured. A typical 
example is the thermocouple amplifier shown in Fig. 6.45. A thermocouple is a junction 
of two dissimilar metals that produces a potential difference that varies with temperature. 
When used as temperature sensors, two junctions are used in scries with one held at a 
reference temperature. The potential difference produced by the series combination of the 
junctions is then proportional to the temperature difference between them. These devices 
have a usable sensing temperature range that extends to several thousand degrees, and 
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Figure 6.45 Differential temperature 
sensing amplifier using thermocou- 
ples. 




they are useful in furnace controllers and other such systems. For iron-cons tan tan thermo- 
couples, the output voltage is about 50 p,V/°C. 

The offset voltage and current of the op amp used will limit the resolution of this 
temperature-measuring system. The equivalent circuit with these imperfections included 
is shown in Fig. 6.46. By use of the summing-point constraints the output can be calculated 
lobe 



Vu* = -ttCAV', + + I 0S Ri) (6.162) 

where AT, = ( V\ — V 2 ) and we have assumed for simplicity that R 2 » The output 
contains an error term that depends on the input characteristics of the amplifier In this case, 
the input offset current and voltage, and not input bias current, are the critical quantities. 
For example, if we use a 741 in this circuit with an iron-constantan thermocouple, the 
input offset voltage of 2.6 mV alone will give an error in the measured temperature of 



T< 



2,6 mV 
50 \lV/°C 



52°C 



(6.163) 



In such a critical application, an external potentiometer would be used to null the 
offset voltage of the 741 Lo zero to eliminate this large error. This nulling is accomplished 
by connecting an external potentiometer between R[ and R 2 in the 741 circuit. However, 
the limiting factor would then become the drift of the input offset voltage with temperature. 
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This drift can be calculated by differentiating the equation for the offset with respect 
to temperature. 12 The result shows that nulling the offset reduces hut does not eliminate 
the drift In particular, the resistor mismatch term AJ?i will generally have nonzero 
temperature dependence because of the presence of the nulling potentiometer with a dif- 
ferent temperature coefficient than that of the diffused resistors. The actually observed be- 
havior is that nulling the 741 improves the drift somewhat over the unnulled state, and the 
residual offset voltage temperature coefficient has a typical value of about 3 to 5 julV/°C. 
This level of drift in the thermocouple temperature-sensor application would result in an 
error of 0. 1 °C in the sensed temperature for every degree change in the ambient tempera- 
ture experienced by the op amp. This sensitivity of sensed temperature to ambient temper- 
ature would be unacceptable in many precision process control systems. Therefore, a need 
exists for op amps with substantially better input offset voltage and input offset current 
drift than the 741 . While in this particular example the offset voltage was most important, 
many applications involve high source impedances so that the input bias and offset current 
arc also important. 

6.9. 1 Design of Low- Drift Operational Amplifiers 

The offset voltage of multistage differential amplifiers depends primarily on the offset of 
the first stage, provided that the stage has sufficiently high voltage gain. Thus the design 
of low-offset amplifiers is primarily a problem of designing an input stage in which as few 
component pairs as possible contribute to the stage offset voltage. In the 741, the input 
stage is relatively complicated since it provides gain, level shifting, and differential-to- 
single-ended conversion. A more optimum circuit from the standpoint of drift and offset is 
one that contains fewer devices to contribute to the offset voltage. 13 The simplest differen- 
tial stage is the resistively loaded emitter-coupled pair shown in Fig. 6.47, From (3.216), 
the offset of this stage is 



Vos — Vt 



AIs 

Is 



A Rc 

Rc 



The drift of this offset with temperature is given by 

dVps _ Vos 
dT ~ T 



(6.164) 



(6.165) 



Vcc 




Figure 6.47 Resistively loaded emitter- 
coupled pair. 
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Assume that the standard deviation of resistor matching is 1 percent and that of I s matching 
is 5 percent, Using (3.220), the standard deviation of the offset of the resistively loaded 
emitter-coupled pair alone is about 1.3 mV and the unnulled drill at room temperature is 
4*4 p,V/ Q C These results are about half of the corresponding values for the 74 1 op amp. 
Therefore, this circuit is advantageous for use as the input stage of low-drift op amps. 

One approach to the incorporation of this stage in the op amp is to simply use an 
emitter-coupled pair followed by a 741 or equivalent* An example of such an approach 
is the 725 op amp. 1212 The gain of the input stage is chosen to be large enough that the 
second-stage does not contribute significantly to the offset and drift, yet the collector re- 
sistoTs must be kept small enough that the frequency response of the overall circuit is not 
excessively degraded by the response of the first stage. 

If the collector resistors R c * n Fig- 6.47 could be adjusted to null the offset in the 
emitter-coupled pair input stage, then nulling of the offset would in principle simultane- 
ously null the offset drift. However, the external potentiometer used Lo adjusL the collector 
resistor ratio generally displays different temperature dependence than the diffused resis- 
tors so that anew drift component is introduced because the Rq mismatch factor becomes 
temperature dependent. In practice, temperature drifts of offset on thcordcrof 1 lo2 |_lV/ q C 
are achievable with external potentiometer nulling. 



Offsei Trimming Techniques. An alternate approach to the realization of very low' drift is 
the nulling of the offset voltage using on-chip resistances that are inserted or removed from 
the circuit under the control of an on-chip programmable read-only memory* 14 A schematic 
diagram of such a circuit is shown in Fig. 6*48* The collector resistors consist of a large 
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Figure 6.46 Inpul-slage circuit, 
for on-chip discrete (rimming 
using fusible or shoriable links. 
Resistance R* is much smaller 
than Rc. 
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portion (R c ) in scries with a smaller portion that is divided up into binary-weighted seg- 
ments {R\ 2 R ! . and 4/2'). The single-pole switches shown connected across the resistors 
are fusible links of aluminum that can be opened by a current pulse* The offset can be 
nulled when the devices are tested in wafer form, and the nulling does not introduce ad- 
ditional drift components because the collector resistances are all monolithic components 
of the same type. Since the resistors are binary weighted, the number of discrete steps 
into which the adjustment range is divided is proportional to 2 n where n is the number 
of fusible links in one collector. This technique is a powerful and low-cost method for 
improving the input characteristics of precision monolithic op amps. With this technique, 
input offset voltages of less than 50 p,V can be realized. 

Layout Considerations. A basic objective in the design of precision circuits is the min- 
imization of the input offset voltage, which requires the minimization of the mismatch 
between the collector resistors and the input devices. One factor that limits the attainable 
matching is the photolithographic resolution* Therefore, an important parameter is the size 
of the resistor or transistor being defined in relation to the resolution. If the width of a re- 
sistor or the emitter area of a bipolar transistor is increased, then the effect of a constant 
amount of edge-location uncertainty decreases proportionately, improving matching. 

The second factor limiting the matching is process-related gradients across the die. 
The effects of this factor can be partially alleviated by use of appropriate geometries that 
cause the device mismatch to be insensitive to certain types of process gradients. Such 
geometries arc termed common centroid, and Fig, 6,49 shows a common-centroid layout 
for a bipolar differential pair. Here the transistors making up the pair are formed from 
cross-connected segments of a quad of transistors* In a geometric sense* the centroid of 
both composite devices lies at center of the structure. An example of the use of such a 
geometry is in the first stage of the 725 op amp, 12 ’ 13 where the input devices in Fig. 6.47 
are split into a quad and cross-connected to provide the common-ccntroid geometry. The 
725 op amp achieves a typical input offset voltage of 500 p*V, which is about a factor of 
four lower than for the 741 op amp. 

6.9.2 Design of Low- Inpul-Current Operational Amplifiers 

In instrumentation applications in which the signal source has a low internal impedance, 
the input offset voltage and its associated drift usually place a lower limit on the dc voltage 
than can be resolved. When the source impedance is high, however, the input bias current 
and input offset current of the op amp flowing in the source resistance or the gain-setting 
resistors can be important in limiting the ability of the circuit to resolve small dc signals. 
Furthermore, many applications involve the direct sensing of currents; a good example is 
the photodiode amplifier shown in Fig* 6*50. Such photodetectors are used in a variety of 
applications where the level of ambient light must be sensed. Typical photodiode output 
currents vary from the picoampere level to the microampere level over the light flux range 
of interest, so that the input current ol the op amp in Fig, 6.50 will limit the lower level of 
light 11 ux that can be resolved. A need thus exists in this application as well as others for 
op amps with input currents much lower than that of the 741* 

In the 741 . the input bias current is the average base current of the input devices. 
To reduce this value, we might consider several alternatives, including reduction of the 
bias current in the input stage, insertion of a current source to cancel the input current, 
an increase in the beta of the input devices, or Ihe use of MOS input transistors* Unfortu- 
nately, reducing the bias current of the stage degrades the frequency response of ihe cir- 
cuit, as will be described in Chapter 7. Furthermore, the current gain of integrated-circuit 
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Figure 6.49 Common-centroid geom- 
etry for the emitter-coupled pair. 



npn transistors tends to fall rapidly at current levels below 1 piA unless special steps arc 
added to the fabrication process. The techniques that have gained wide acceptance arc the 
use of a canceling current source (bias-current cancellation), an increase in the beta of the 
input devices (superbeta transistors), and the use of MOSFETs as the input transistors. We 
will describe each of these approaches. 

Bias-Current Cancellation. Since Ihe input bias current of the 741 op amp is equal to 
the average collector current of the input transistors divided by the average beta of the 
input transistors, a second current equal to the input current is derivable from the collector 



C 




Figure 6.50 Integrating photodiode 
amplifier. 
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Figure 6.5 1 Concep- 
tual schematic of input- 
current cancellation 
scheme. The /bias cur- 
rent sources are equal in 
value to the base current 
of the input devices. 



current of the input transistors by performing a division by beta. This current then can be 
fed back into the input terminal via a current mirror, completely canceling the input bias 
current in principle. A conceptual schematic of such an input stage is shown in Fig. 6. 51. 
This technique indeed does result in a large reduction in the input bias current, the amount 
of the reduction being limited by the matching of the betas of the npn transistors in the 
circuit. Unfortunately, however, it does not improve (he input offset current. 

A practical input-current-cancellation circuit is shown in Fig. 6.52. In this circuit, 
transistor Qg, together with diodes Q m and Q n , serve to bias the emitters of and at 
a potential three diode drops more positive than the emitters of Q { and Q 2+ Diodes Q-? and 



Ur 
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Q 5 arc forward biased since they carry the base currents of Q 2 and Q 4 , and so the bases of 
Q 3 and Q A are two diode drops above the emitters of Q { and Q 2 , The emitters of Q 3 and 
Q\ are then one diode drop above the emitters of Q\ and Q 2 , and these input transistors 
operate at approximately zero collector-base bias. Assuming the beta of the npn devices is 
large, the collector current of Q 3 and Q 4 is approximately equal to that of input transistors 
Q\ and Q 2 . If the npn betas are all the same, then the base currents of and Q 4 arc the 
same as the base currents ofQ\ and Q 2 . The pnp current mirrors, Q 5t Q& Q 7 and then 
take this base current and supply a nearly identical current back into the base of Qi and 
Qi> With perfect matching, the extent of the cancellation depends on the magnitudes of 
the pnp and npn betas. 

In practice, the npn betas are high but the pnp betas are rather low in this circuit 
because the pnp devices themselves operate at very low current level. Also, the betas 
of the npn transistors do not match precisely. As a result, a mismatch of from 5 to 20 
percent typically exists between the base current of Qi and the collector current of 
The resulting residual input current is typically one-fifth to one-twentieth of the original 
uncompensated input current. 

The input offset current, on the other hand, is made worse by the presence of the 
cancellation circuitry. The input offset current is the sum of the original mismatch in the 
base currents Q\ and Q 2 , plus the mismatch in the collector currents of Q$ and Q$. The 
latter depends on the beta matching of the pairs — Q 4 , Q 5 - £) 6 , and Qj - Q&, and on the 
Is matching of Q$ — and Q 7 — The offset current will be worsened by a factor of two 
to four compared with the uncompensated case. The input noise current is also increased, 
as described in Chapter 11. An example of a typical bias current compensated amplifier 
is the OP-07, H which also incorporates offset trimming as described in Section 6.9.1 and 
shown in Fig. 6.48. The resulting circuit has a typical input offset voltage of 50 julV, a 
typical input bias current of 4 nA, and a typical offset current of 4 nA. 

Superbeta Transistors. A second approach to decreasing the input bias current is to in- 
crease the current gain of the input-stage transistors. 15 A practical method of achieving 
this result is the use of superbeta transistors as described in Section 2.7.2. From a circuit 
standpoint, application of these devices requires the design of an input stage in which the 
input devices arc never subjected to a collector-emitter voltage of more than 1 or 2 V. This 
restriction can be satisfied using a caseode configuration as shown in Fig. 6.53. The diodes 
D\ and D 2 , together with current source fi, bias the bases of & and Q A at a potential two 
diode drops above the emitters of Q\ and Q 2 . This results in zero collector-base voltage in 
Q\ and Q 2 . The 108 is a typical super-beta op amp 15 and has an input bias current of 3 nA 
and an offset current of 0.5 nA. 

Operational Amplifiers with MOS Input Transistors. A third practical alternative for 
achieving low input bias current is the use of MOS transistors as the input devices. As 
described in Section 6.2, MOS transistors have intrinsic gate currents on the order of 
femtoamps, giving ultra-low input bias currents in internal applications, where protection 
diodes are not required. 

One way to use MOS transistors al the op-amp inputs is simply to replace the bipo- 
lar differential pair with an MOS differential pair. Since MOS transistors give a low 
transconductance-to-current ratio, however, this direct substitution reduces the transcon- 
ductance for a fixed tail bias current as shown by { 1 . 1 8 1 ) and (1.1 82). As a result, source- 
coupled pairs ol MOS transistors inherently display higher input-referred random offset 
voltage than bipolar pairs for the same level of geometric mismatch or process gradient 
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Figure 6.53 Super-j3 input stage us- 
ing cascode configuration. 



as described in Section 3. 5. 6.7. To avoid the reduction in the transconductanec, an al- 
ternative is to drive a bipolar differential pair with MOS source followers. In this case, 
the transconductance is determined by the bipolar transistors and the input-referred bias 
and offset currents are zero, but the MOS transistors contribute significantly to the input- 
referred random offset voltage* See Problem 6.31. Therefore, the use of MOS devices at 
the inputs of an op amp overcomes the problems associated with nonzero input currents at 
the expense of worsening the offset voltage. 



PROBLEMS 

6.1 For the circuit of Fig. 6.54, determine the 
output current as a function of the input voltage* As- 
sume that the transistor operates in the active region. 




6.2 Determine the output voltage as a function 
of the input voltage for the circuit of Fig. 6.55, As- 
sume the op amp is ideal. 

6.3 In the circuit of Fig. 6.56, determine the 
correct value of R y so that the output voltage is zero 



when the input voltage is zero. Assume a nonzero 
input bias current, but zero input offset current and 
input offset voltage. 



1 kn 1 kn 




Figure 6.55 Circuit for Problem 6.2, 



6.4 The differential instrumentation amplifier 
shown in Fig, 6.57 must have a voltage gain of !()■■ 
with an accuracy of 0.1 percent. What is the mini- 
mum required open-loop gain of the op amp? As- 
sume the op amp open-loop gain has a tolerance 
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of + 100 percent, -50 percent, Neglect the effects of 
Kin and Won, in the op amp, 

6.5 Once the offset voltage of the differential 
amplifier in Problem 6.4 is adjusted to zero, the 
input referred offset voltage must remain less than 
1 mV in magnitude for common-mode input volt- 
ages between ± 10 V. What is the minimum CMRR 
allowable for the amplifier to meet this require- 
ment? 

6.6 Consider the differential amplifier shown 
in Fig. 6.4. Choose values of R\ and Rz for which 
the gain is equal to - 10 and the magnitude of the 
de output voltage is less than or equal to - 10 mV 
with V | = Vi = 0. Assume that the op amp is ideal 
except that /as I = 100 nA. 

6.7 Suppose an op amp with PSRR + = 10 
is connected in the voltage-follower configuration 
shown in Fig. 6.3c. The input V K is set to s zero, 
but a low-frequency ac signal with peak magnitude 
v\ up = 20 mV is is superimposed on the positive 
power supply. Calculate the peak magnitude of Ihc 
output voltage. 

6.8 In the switched-capacitor amplifier of Fig. 
6.9ft, assume that the source of M,\ is connected to 
Vi instead of to ground. Calculate the output volt- 
age that appears during fa for a given V?. Assume 
the op amp is ideal except that it has a finite gain a 
and a nonzero input capacitance Cr Assume ideal 



MOS switches with zero on-rcsistance and infinite 
off-resistancc, 

6.9(a) Calculate and sketch the output volt- 
age waveform of the switched-capacitor integrator 
of Fig. 6,10a from / = 0 to i - 20 assuming a 
fixed V, = 1 V and aclock rate of ! MHz. Assume 
an ideal MOS op amp with infinite gain and zero 
output rise lime. Assume ideal MOS sw itches w ith 
zero oii-rcsistanec and infinite off-resistancc, 

(b) Compare the result for (a) with the output 
waveform of the continuous-time equivalent circuit 
of Fig. 6,10c. 

(c) Investigate the effect on the output voltage 
waveform in (a) of a finite voltage gain of 1000 in 
the MOS op amp. 

6.10 Calculate the low-frequency PSRR from 
the Vjj and Vh, power supplies for the common- 
source amplifier shown in Fig. 6.58. Assume the 
transistor is biased in the active region. 



Vnt> + v .m 




Figure 6.58 Circuit for Problem 6. J 0. 

6. 1 1 Draw a t wo-stage op amp similar to the op 
amp in Fig, 6, 16 except reverse the polarity of every 
transistor. For example, the resulting op amp should 
have an ^-channel input pair. Calculate the follow- 
ing parameters: (a) low-frequency voltage gain, (b) 
output swing, (c) systematic input offset voltage as- 
suming (6,66) is satisfied, (d) common-mode rejec- 
tion ratio, (e) common-mode input range, and (f) 
low-frequency power-supply rejection ratio from 
both supplies. 

6.12(a) Equation 6.69 gives the random input 
offset voltage of the op amp in Fig. 6. 1 6. Explai n the 
polarity of each term in (6.69) by assuming that the 
matching is perfect except for the term under consid- 
eration. Keep in mind Lhal the overdrive is negative 
for /z-ehanncl transistors. Therefore, (6,69) predicts 
lhal the offset stemming from HA > HA is negative. 
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(b) Repeal (a) tor an op amp that uses an n- 
channcl differentia] pair and a /^channel current- 
minor load. Equation 6.69 still applies in Ihis case. 

6.13(a) Calculate the random input offset volt- 
age for the op amp in Fig. 6.16. Assume the match- 
ing is perfect except that V,\ - VA = lOmV. Also 
assume that all transistors have equal W/L and op- 
erate in the active region. Ignore short- channel ef- 
fects and use the data in Table 2.4, 

(b) Repeal (a) for an op amp (hat uses an n- 
ehanncl differential pair and a ^-channel current- 
minor load. 

(c) Which of these two configurations gives 
lower input offset voltageV Explain. 

6.14 List and explain at least three reasons to 
select a two-stage op amp with an /^-channel in- 
put pair instead of with a /^-channel input pair for 
a given application. 

6.15 Calculate bias currents and the low^ 
frequency small-signal voltage gain for the CMOS 
op amp of Fig. 6.59. Use the parameters given 
in Table 2.4* and assume that Ah = 0.1 |um and 
dX'ifdVus = 0,04 i^m/V for all the transistors at 
the operating point. Calculate the input common- 
mode range assuming that the wells of M, and Mz 



arc connected to their common-source point. Calcu- 
late (he low-frequency gain from each supply to the 
output. Check these calculations with SPICE simu- 
lations, 

6.16 Calculate the common-mode input range 
of the op amp in Fig, 6,25. Assume that all the tran- 
sistors arc enhancement-mode devices with |Vh| = 
1 V* and ignore the body effect. Also assume that 
the biasing is arranged so that \V tlv - 0,2 V for 
each transistor except Finally, assume that M\ 
and M< are biased at the edge of the active region 
by Ml) and fc , 

6. 17 Draw' a tclescopic’caseode op amp similar 
to the first stage in Fig. 6.25 except use an ^-channel 
input pair and a high-swing p-type cascode currcnt- 
mirror load. Calculate the maximum output swung 
in terms of the common-mode input voltage. Dc 
lerrmnc the optimum common-mode input voltage 
for maximizing the output swing, and calculate the 
swing with this common- mode input voltage under 
the same assumptions given in Problem 6.16. 

6.18 Calculate the common-mode input range 
of the folded-caseodc op amp in Fig. 6,28. Assume 
that all the transistors are enhancement-mode de- 
vices with :V f | = 1 V, and ignore the body effect. 




-V^ = -1,5V 



Figure 6.59 Circuit for Problem 
6.15. 
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Also assume that the biasing is arranged so that 
|V rjk | = 0.2 V for each transistor. Finally, assume 
that Mn and M ] 2 arc biased at the edge of the ac- 
tive region. 

6.1 9 Find the low-frequency voltage gain from 
variation on each power supply to the op-amp out- 
put in Fig. 6.28. Assume that the bias voltages 
Vbiasi. VtfiASs* *ind Vuiasj are produced by the cir- 
cuit shown in Fig. 6.60, where is the only tran- 
sistor that operates in the Iriodc region. Assume that 
the W7L ratios are chosen so that all transistors in 
the op amp operate in the active region. Compare 
your calculations to SPICE simulations. Use mod- 
els and supply voltages of your choice provided that 
the above conditions are satisfied. 

6.20 Design a CMOS op amp based on the 
folded-cascode architecture of Fig. 6.28 using sup- 
ply voltages of ±'1*5 V. Use the bias circuit of 
Fig. 4.42 (with M3 and A/4 cascoded) to gener- 
ate the bias current /was- Then design an exten- 
sion to this bias circuit that produces the bias volt- 
ages VWsi 1 U B ias 2, and U B1A s3 based on /bias- The 
output current- drive capability is to be ±100 pA, 
the output voltage-swing capability 1.5 Volts peak- 
peak, and the input common-mode range should 
extend from 0,5 V to the negative supply. Match- 
ing requirements dictate a minimum effective chan- 
nel length of 1 jam. To make the gain insensitive 
to small shifts in the operating point, design the 



circuit so that the magnitude of the drain-source 
voltage for each transistor operating in the active 
region exceeds the magnitude of its overdrive by 
at least 100 mV, Specify all device geometries and 
bias currents. The process is the n-well process with 
parameters given in Table 2,4. Assume Xd = Oand 
y = 0.25V 1/2 for both n- and p-channel transistors, 
but ignore the body effect in the hand calculations. 
Use SPICE to verify and refine your design as well 
as lo determine the gain. 

6.21 Draw the schematic of a folded-cascode op 
amp similar to the op amp in Fig. 6.28 except with 
two layers of both n- and j>typc cascodes. Choose a 
current mirror that maximizes the output swing. As- 
sume that all transistors have equal overdrive mag- 
nitudes except where changes are needed to maxi- 
mize the output swing. Use the models in Table 2,4 
and ignore the body effect. Specify the W!L ratios 
in multiples of (W/L) 1 * 

6.22 For the folded- act ive-cascode op amp in 
Fig. 6.30, choose the device sizes to give a peak- 
peak output swing of at least 2*5 V Use the 
0.4 \im CMOS model parameters in Table 2.4 
except let y = 0.25 V 112 and X l( = 0 for all 
transistors and VVi = 0.7 V and -0.7 V for n- 
ehanncl and ;>ehanncl transistors, respectively. 
Assume the drawn channel length is L = 1 p.m 
is used for all transistors to simplify the design. 
With h fas = 25 |xA, the bias currents should be 



V DD 




Figure 6.60 Bias circuit for Problem 6. 19. 




484 Chapter 6 ■ Operational Amplifiers with Single-Ended Outputs 



■^135 1 — II 1d\ 2 — ifXlfy — j/z).15| = 200 JJlA. 
Assume V DD = = 1.65 V and that the match- 

ing is perfect. When the dc input voltage V f = 0, 
assume that all transistors except M\% and M\\* 
operate in the active region with equal overdrive 
magnitudes. To make the gain insensitive to small 
shifts in the operating point, design the circuit so 
that the magnitude of the drain-source voltage for 
each transistor operating in the active region ex- 
ceeds the magnitude of its overdrive by at least 
100 mV. Ignore the body effect in the hand cal- 
culations. Use SPICE to verify your design, to 
choose the widths of and M u . x , and to deter- 
mine the gain. Also, use SPICE to determine the 
gain if V r o — 0,6 V for ^-channel transistors and 
Vo = “0.8 V for p-channel transistors, as given 
in Table 2.4. Explain Ihc resulting change in the 
op-amp gain. 

6.23 Suppose that the peak-peak output swing 
requirement in Problem 6.22 is reduced while the 
other conditions are held constant. This change 
allows the overdrive magnitude to be increased. 
Which transistor in the bias circuit of Fig. 6,3 Od 
enters the Inode region first if the overdrive mag- 
nitudes are increased uniformly? Explain, Exclude 
Mu* ar| d Afn 4 from consideration because they 
are deliberately operated in the triode region. How 
can the bias circuit be redesigned to increase the 
allowed overdrive magnitude while operating all 
transistors except M ]M and Mn 4 in the active re- 
gion? What are the disadvantages of the modified 
bias circuit ? 



6.24(a) Figure 6.61 a shows a folded version 
of the op amp in Fig. 6*15, A differential inter- 
stage level-shifting network composed of voltage 
sources V has been inserted between the first and 
second stages. Assume that current source 7i is im- 
plemented using an ra channel transistor with over- 
drive of V/vvn which is equal to the overdrives of 
the other ^-channel transistors shown in Fig. 6.61a. 
Assume that current sources h and I $ are each im- 
plemented using one p-channel transistor with an 
overdrive of V ttvp . In the resulting op amp, only n - 
channel transistors conduct time-varying currents. 
Find the input common-mode range and the maxi- 
mum output swing of the op-amp in terms of V&d, 
- Vii the level- shift voltage V, the threshold volt- 
ages of individual transistors, and the overdrives 
V t}vn and V m . p . 

(b) Figure 6.61/? shows a realization of an ac- 
tive floating level shift (active battery). Design this 
level-shift circuit Lo give a battery voltage of L.5 
V with a small-signal resistance less than 1 kfl at 
I = 100 p,A dc. Ignore the body effect. Use I R = 
100 [c A and V DD = V xs = 1.65 V, Use SPICE to 
plot the large -signal J — V characteristic for V = 0 
to 1.65 V. Use /i B C ux = 194 p, A/V 2 , A = 0, and 
V? = 0.6 V, For SPICE simulations, connect the 
lower end of Lhc battery to the negative supply. 

6.26 Tn the input stage of the 741, calculate 
the collector current change in Q ] and when 
the power-supply voltage is reduced from ±15 V 
to ±10 V, Neglect the effects of finite output re- 
sistance in the transistors. Check with a SPICE 



P/j/j 




V DD 




w 



Figure 6.61 Circuits for Problem 6.24. 
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Vcc Vcc 





Figure 6.62 Circuits for Problem 6.26. 



simulation and then add finite output resistance in 
the transistors and compare the results. 

6.26 Shown in Fig. 6.62 are two alternate 
schemes for biasing the 741 input stage. In each 
case determine the required values of f^pp to give an 
input transistor collector current of 10 /xA. Neglect 
npn base currents. Assume that the pnp beta is 50 
and Va —> 30 lor all devices. Assume that devices of 
the same type arc identical. Check your results with 
SPICE and also use SPICE to compare the small- 
signal transconductance of the stages for a differ- 
ential input voltage drive. (Use a dc bias voltage of 
1.6 V relative to -Vef. on the output ) Discuss any 
differences. 

6.27 Shown in Fig. 6.63 is an alternate output- 
stage biasing scheme using a V he multiplier. Deter- 
mine l he bias current as afunction of the resistor ratio 
R 2 JR ] . Determine the resistor ratio required to give 
a bias current of 50 julA. Does /was remain constant 
over temperature? Assume that the output transistors 
Qi and £) 4 have a saturation current that is five times 
that of the small-geometry devices. Neglect the por- 
tion of the 200 ^jlA flowing through /?: and R\ T and 
neglect base currents. Assume A = 10 -15 A, Use 
SPICE to calculate bias currents in the circuit using 
yourcaleulated resistor ratio and R\ = lOQkfEPloi 
the variation in /bi as from 55°C to + 125 G C* 

6.28 Determine the gain of the 741 if the bias 
current level in the input stage is doubled. 

6.29 How is the gain of the 741 affected if the 
1O0-S7 resistor in the emitter of Q ] 7 is removed? 
Find the new value of voltage gain. 



Vcr 




Figure 6.63 Circuit for Problem 6.27. 



6.30 Determine the common-mode input volt- 
age range of the 741. By connecting the 741 in 
a unity-gain feedback configuration such as in 
Fig. 6.3c, use SPICE to investigate the effect of the 
common-mode input voltage limits by plotting out 
the overall dc transfer characteristic of the voltage 
follower and relating the features of the plot to the 
741 parameters* 
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Vdd ~ v cc 




6.31 Calculate the input referred random off- 
set voltage of a bipolar differential pair with resis- 
tive loads driven by source followers, as shown in 
Fig. 6.64. Assume nonzero mismatch occurs in the 
following parameters: the thresholds of the MOS 



transistors, the VWLofthc MOS transistors, the bias 
currents, the saturation currents of the bipolar tran- 
sistors, and the load resistors. Ignore (he body ef- 
fect. 
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CHAPTER 



7 



Frequency Response of 
Integrated Circuits 

7.1 Introduction 

The analysis of intcgruted-circuiL behavior in previous chapters was concerned with low- 
frequency performance, and the effects of parasitic capacitance in transistors were not 
considered. However, as the frequency of the signal being processed by a circuit increases, 
the capacitive elements in the circuit eventually become important. 

In this chapter, the small-signal behavior of integrated circuits at high frequencies is 
considered. The frequency response of single-stage amplifiers is treated first, followed by 
an analysis of multi stage amplifiers. Finally, the frequency response of the 741 operational 
amplifier is considered, and those parts of the circuit that limit its frequency response are 
identified. 



7.2 Single-Stage Amplifiers 

The basic topology of the small-signal equivalent circuits of bipolar and MOS single-stage 
ampli (iers are similar. Therefore in the following sections, the frequency-response analysis 
for each type of single-stage circuit is initially carried out using a general small- signal 
model that applies to both types of transistors, and the general results are then applied 
to each type of transistor. The general small-signal transistor model is shown in Fig. 7.1. 
Tabic 7 . 1 lists the parameters of ibis small-signal model and the corresponding parameters 
that transform it into a bipolar or MOS model For example, C in in the general model 
becomes CV in the bipolar model and C« ¥ in the MOS model. However, some device- 
specific small-signal elements are not included in the general model. For example, the 
gmb generator and capacitors and C R)y in the MOS models are not incorporated in the 
general model. The effect of such device-specific elements will be handled separately in 
the bipolar and MOS sections. 

The common-emitter and common-source stages are analyzed in the sections below 
on differential amplifiers. 

7,2.1 Single-Stage Voltage Amplifiers and the Miller Effect 

Single-transistor voltage-amplifier stages arc widely used in integrated circuits. Figures 
12a and 12b show the ac schematics for common-emitter and common -source amplifiers 
with resistive loads, respectively. Resistance R s is the source resistance, and R L is the load 
resistance. A simple linear model that can be applied to both of these circuits is show n in 
Fig. 7.2c. The elements in the dashed box form the general small-signal transistor model 
from Fig. 7.1 without r 0 . We will assume that the output resistance of the transistor r (} is 
much larger than R L . Since these resistors are connected in parallel in the small-signal 
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Figure 7. 1 A general small-signal 
transistor model, 



circuit, r 0 can be neglected. An approximate analysis of this circuit can be made using 
the Miller-effect approximation. This analysis is done by considering the input impedance 
seen looking across the plane AA in Fig. 12c . To find this impedance, we calculate the 
current z'] produced by the voltage v j i. 



h = Oh - v 0 )sC f 



KCL at the output node gives 



g m V\ + ^ - V]_ )sCf = 0 

From (7.2), the voltage gain A v from to v 0 can be expressed as 

l-.v^ 

A v (s) = — = -g^Rd 1 , „ f r 

Vi 1 1 +sR L Cf 



(7.1) 

(7.2) 



(7.3) 



Using v 0 = A r (\)vi from (7.3) in (7.1) gives 

it = fl -A v (s)]sC f vi (7.4) 

Equation 7.4 indicates that the admittance seen looking across the plane AA has a value 
[1 — A v (j)]sCy. This modification to the admittance sC/ stems from the voltage gain 
across C f and is referred to as the Miller effect. Unfortunately, this admittance is com- 
plicated, due to the frequency dependence of A v (s). Replacing the voltage gain A v (s) 
in (7.4) with its low-frcqucncy value A v q = A v (0), (7.4) indicates that a capacitance of 
value 

Cm = (1 - A v0 )C> (7.5) 



Table 7. 1 Small-Signal Model Elements 



General Model 


Bipolar Model 


MOS Model 


r x 


n 


0 


fin 


Gt 


QO 


C in 


a 


c, s 


Cf 


C* 




fl 


r n 
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Figure 7.2 (a) An at schematic of a common -emitter amplifier, {b) An ac schematic of a common- 
source amplifier, (c) A general model for both amplifiers. 



is seen looking across plane AA. The use of the low-frequency voltage gain here is called 
the Miller approximation > and Cm is called the Miller capacitance. From (73), A y0 = 
^v(O) — -g m RL, therefore, (7.5) can be written as 



Cm = (1 + gmRDCf (7,6) 

The Miller capacitance is often much larger than C y because usually g m R L » 1 . 

We can now form a new equivalent circuit that is useful for calculating tine forward 
transmission and input impedance of the circuit. This is shown in Fig. 7.3 using the Miller- 
effect approximation. Note that this equivalent circuit is not useful for calculating high- 
frequency reverse transmission or output impedance. From this circuit, we can see that at 
high frequencies the input impedance will eventually approach r x . 

The physical origin of the Miller capacitance is found in the voltage gain of the circuit. 
At low frequencies, a small input voltage vy produces a large output voltage = A v $v i = 
~gmRiy\ of opposite polarity. Thus the voltage across Cf in Fig. 7.2c is (1 + g m Ri)v\ 
and a correspondingly large current i, flows in this capacitor. The voltage across C M 







Figure 7.3 Equivalent circuit for Fig, 7.2c using the Miller approximation. 
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in Fig. 7.3 is only v h but Cm is larger than C } by the factor (1 + g m R L ); therefore, C M 
conducts the same current as Cj . 

In Fig, 7,3, the Miller capacitance adds directly to C m and thus reduces the band- 
width of the amplifier, which can be seen by calculating the gain of the amplifier as 
follows: 



vi = 



1 4 -'‘An C t 



net 



-Vi 



+ Rs 4- r x 



\ + sr m C t 
V'o = -gm^LV 1 

where 

Ct — Cm "f C in 

Substitution of (7.7) in (7,8) gives the gain 

_ Tir, 



Ms) = ^ = -g m R L 



1 



Rs 4- r x + An 



= K- 



1 + sC t 



(R s + r x )r m 
Rs 4- r x + r in 



A’ 

Pi 



(7.7) 

(7.8) 

(7.9) 

(7.10a) 

(7.10b) 



where K is the low-frequency voltage gain and p\ is the pole of the circuit. Comparing 
(7.10a) and (7. 10b) shows that 



Pi = 



K ~ ~gmRt 
Rs + fx 4- r„ 



r; 



in 



Rx + r» + r it 



(7.11a) 



1 



(Rs 4" jt )^*m Cf 



1 



[(Rs + r x ) r in 1C, 



1 



[(i?5 4- rj)||rjn] ‘ [C in + C/(l 4- £, n i?/.)3 



(7.11b) 



This analysis indicates that the circuit has a single pole, and setting s = jw in (7.1 Ob) 
shows that the voltage gain is 3 dB below its low-frequency value at a frequency 



^ _ i„ | _ R s 4- r, + n 

w -3dB - IPlI - m 



1 



(Rs r*V"m \( R S + r x ) l^in] ‘ [Cj n + C/ (l + g m Ri_)] 



(7.12) 



As C h Ri , or Rs increase, the -3-dB frequency of the amplifier is reduced, 

The exact gain expression for this circuit can be found by analyzing the equivalent 
circuit shown in Fig. 7.4. The poles from an exact analysis can be compared to the pole 
found using the Miller effect. In Fig. 7.4, a Norton equivalent is used at the input where 



R = (R s + r*)lkio 

Vi 



i; = 



Rs + r x 



(7.13) 

(7.14) 



KCL at node X gives 



u = 



vi 

R 



4" Vl^Cin + (V] - V 0 )sCj 



(7.15) 
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*/ 




+ 



Figure 7.4 Figure 7.2c redrawn 
using a Norton equivalent circuit 
at the input. 



KCL at node Y gives 



gmVl + -£~ + (V 0 - Vl )sC f = 0 

AL 



Equation 7. 1 6a can be written as 



V|(g m sCf) — — j 



and thus 



V| = -v 0 



k + ^ 

g m ~ sCf 



Substitution of (7.17) in (7.15) gives 



/l \ y~ + sCf 

U = “ hj + + sC f \-t——v 0 sCf v e 



and the transfer function can be calculated as 



RRii&m ~ sC f ) 



ii 1 + + C f R + Q n R + g m R L RC f ) + s 1 R L RC f C il 

Substitution of U from (7.14) in (7.18) gives 

Cf 



Vo 

Vi 



gmRl.R 



1 - s- 



gfri 



(7.16a) 



(7.16b) 



(7.17) 



(7.18) 



*3 + ^1 + s(C,R l + C f R + Q„R + g,„ R L RCf) + s 2 R,RC f C n 
Substitution of R from (7.13) into (7.19) gives, for the low-frequency gain, 



(7.19) 



-1L 

v* 



= -gmRh 



r,« 



o) =0 



Rx T /*r + r; T 



(7.20) 



as obtained in (7.10). 

Equation 7,19 shows that the transfer function v fl /v; has a positive real zero with mag- 
nitude g m iCf. This zero stems from the transmission of the signal directly through Cj to 
the output. The effect of this zero is small except at very high frequencies, and it will be 
neglected here. However, this positive real zero can be important in the stability analysis 
of some operational amplifiers, and it will be considered in detail in Chapter 9. The denom- 
inator of (7. 19) shows that the transfer function has two poles, which are usually real and 
widely separated in practice. If the poles are at p ] and p 2 , we can write the denominator 
of (7.19) as 



D(s) = \ 1 - — )(l - — 
Pi \ P2 



( 7 , 21 ) 
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and thus 



D(s) = 1 - j(— + —) + (7.22) 

\P J M Pl/>2 

We now assume that the poles aTc real and widely separated, and we let the lower 
frequency pole be p\ (the dominant pole) and the higher frequency pole be p 2 (the non- 
dominant pole). Then \p 2 \ \p\ | and (7.22) becomes 

.1 

Ms) ~ 1 — — T (723) 

P i Pi Pi 

If the coefficient of s in (7.23) is compared with that in (7.19), we can identify 



P\ 



1 

C m R + Cf(R + gmRtR + Rl) 
1 



(724) 



R 



C jn + Cf ' 1 + % m Rt. -h 



Rl 

R 



If the value of R from (7,13) is substituted in (7.24), then the dominant pule is 

Ks + Tv + ^in 1 



Pi 



(Rs + rrVir 



j C m + Cf I 1 + gniRL + 



Rl 

R 



(725) 



[(R* + rOlkinl 



Qn + Cf 1 T g m RL + 



Rl. 

R 



This value of py is almost identical to that given in (7J lb) by the Miller approximation. 
The only difference between these equations is in the last term in the denominator of (725), 
RrJR, and this term is usually small compared to the (1 H- term. This result shows 

that the Miller-effect calculation is nearly equivalent to calculating the dominant pole of 
the amplifier and neglecting higher frequency poles. The Miller approximation gives a 
good estimate of tn-idR m many circuits. 

Let us now calculate the nondominant pole by equating the coefficient of s 2 in (723) 
with that in (7.19), giving 

/>> = - (7.26) 

1 P^iRC f C, n 

Substitution of p\ from (724) in (726) gives 



P2 = 



1 1 

[RiCf 



+ 



RCu 



+ 



R,.C„ 



G 



(7.27) 



The results in this section were derived using a general small-signal model. The gen- 
eral model parameters and the corresponding parameters for a bipolar and MOS transistor 
are listed in Table 7.1 . By substituting values from Table 7.1, the general results of this sec- 
tion will be extended to the bipolar common-emitter and MOS common-source ampli tiers, 
which appear in the half-circuits for differential amplifiers in the following sections. 



7.2 .1.1 The Bipolar Differential Amplifier: Differential-Mode Gain 

A basic building block of analog bipolar integrated circuits is the differential stage shown 
in Fig. 7.5. For small-signal differential inputs at v*. the node E is a virtual ground, and we 
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VVr 



Figure 7.5 Bipolar differential 
amplifier circuit. 

can form fhc differential -mode (DM) ae haif-circuil of Fig. 1.6a. The gain of this common- 
emitter circuit is equal to the DM gain of ihe full circuit. The circuit analysis that follows 
applies to this DM half-circuit as well as any single-stage common-emitter amplifier of 
the form shown in Fig. 7.6 a. The small-signal equivalent circuit of Fig. 7.6# is shown 
in Fig. 1.6b and, for compactness, the factor of 1/2 has been omitted from the input and 




<*) 

Figure 7.6 {a\ Differential -mode ac half-circuit for Fig. 7,5. (b) Small-signal equivalent circuit 
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output voltages. This change does not alter the analysis in any way. Also, for simplicity, 
the collector-substrate capacitance of the transistor has been omitted. Since this capaci- 
tance would be connected in parallel with /?/,, its effect could be included in the following 
analysis by replacing R^ with Zi , where Zj j equals R t in parallel with C cs . 

The small-signal circuit in Fig. 7.2c becomes the circuit in Fig. 1M when the bipolar 
model parameters in the second column of Table 7. 1 are substituted for the general model 
parameters in Fig. 7,2c. Therefore, the analysis results from the previous section can be 
used here. Substituting the values in the second column of Table 7,1 into (7.19), the voltage 
gain is given by 



L __ ^ 

_ _ __ As + r b \ gm J 

v ? 1 + s(C^R l + C^R + C^R + g M R L RCr) + s 2 R L RC fX C 7T 

where R = {R s + r*)||r T7 ._ Using (7.25), the dominant pole is given by 



P i = “ 

i Ws + riJlK] 





Cir + 



1 + g m RL + 




(7.28) 



(7.29) 



Calculation of p\ using (7.11b), which is based on the Miller-effect approximation, gives 

1 1 



Pi = 



L(Rs + r h )\\r v ] [C v + 1 + g m R L )] [(R s + r h )\\r v MC v + C M ) 



(7,30) 



where 



Cm - C M (1 + g m RO (7.31) 

is the Miller capacitance. Equation 7.30 gives virtually the same p\ as (7.29) if RifR 
( I +1^^), which is usually true. This result shows that the Miller approximation is useful 
fot finding the dominant pole. From (7.27), the nondominant pole is given by 



P 2 = ~ 



1 

RlC^ 



1 

RCfr 



RlC* 



+ 



gm 

c; 



(7.32) 



The last term of (7,32) is gnJC^ > + C A ) = oj t and thus \p 2 \ > oj Tt (Recall that 

(x)t is the transition frequency for the transistor, as defined in Chapter 1.) Consequently, \p 2 \ 
is a very high frequency; therefore, |pi| is almost always much less than \p 2 \, as assumed. 
Tn the 5 plane, the poles of the amplifier arc thus widely separated, as shown in Fig. 7,7. 



J(D 



s plane 



-x- 

P2 



-x- 

Pi 



<7 



Figure 7.7 Typical pole posi- 
tions for the circuit in Fig. 7.4. 
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■ EXAMPLE 

Using the Miller approximation, calculate the -3-dB frequency of a common-emitter tran- 
sistor stage using the following parameters: 

R s = 1 kfl r b = 200 a 7 C - 1 mA . ft = 100 

fr = 400 MHz (at l c = 1 mA) C „ = 0,5 pF R L = 5 kfl 

The transistor small-signal parameters are 

^ = — = 100 x 26 0 = 2.6 kO 

8m 



T T = 



277/^- 



= 398 ps 



Using (1.129) gives 



Crr “I" Cm — gmTy — 



( 1 mA 
i26mV 



398 ps 



Thus 



15.3 pF 



Q = 148 pF 

Substitution of data in (731) gives for the Miller capacitance 

1 mA 



Cm - {I + g m RL)Cn = 1 



26mV (5kfl)J(03pF) = 96.7 pF 



This term is much greater than and dominates the frequency response. Substitution of 
values in (730) gives 



/-BdB 



h 



I 1000 + 200 + 2600 10 12 



= 1.74 MHz 



2t t 2t r (1000 + 200)2600 14.8 + 96.7 

For comparison, using (7.29) gives \pi\ = 10.7 Mrad/s and /_ 3dB = J .70 MHz, which is 
in close agreement with the value using the Miller effect. The low-frequency gain can be 
calculated from (7.28) as 



V/ 



— Sin^L 



5000 



2.6 



to =0 



Rs + n + r 7 



26 5 + 0.2 



26 " - 64 ' 1 



The gain magnitude at tow frequency is thus 36.1 dB and the gain versus frequency on 
log scales is plotted in Fig. 7.8 for frequencies below and slightly above | p \ |. 



7.2. 1.2 The MOS Differential Amplifier: Differential-Mode Gain 

A MOS differential amplifier with resistive loads is shown in Fig. 7.9. The differential- 
mode (DM) ac half-circuit and the corresponding small-signal circuit are shown in 
Figs. 7.10 e and 7.10/?, respectively. For compactness, the factor of 1/2 has been omitted 
from the input and output voltages in Fig. 7.10/?, but this change does not alter the analysis 
in any way. This circuit is a common-source amplifier. The g mb generator and source-body 
capacitance C si) are not shown; they have no effect because = 0 here. For simplicity, 
the drain-body capacitance C dh of the transistor has been omitted. Since this capacitance 
would be connected in parallel with R Lr its effect could be handled in the following anal- 
ysis by replacing R L with Z L , where Z L equals R h in parallel with For simplicity, 
the gate-body capacitance C s h is ignored. It could be included by simply adding it to 
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Figure 7.8 Gain magnitude versus frequency for the circuit in Fig. 7,3 using typical bipolar 
transistor data. 



since C^ } appears in parallel with in the common-source amplifier. However, usu- 
ally C yj » C sb , so C gs + C g h ™ C$ s . The analysis of this ac circuit applies to this DM 
half-circuit as well as any single-stage common-source amplifier of the form shown in 
Fig. 7 + 10 g. The small-signal circuit in Fig. 7.10& is the same as the circuit in Fig. 7.2c if 
we rename the model parameters as listed in Table 7.1. Therefore, we can use the results 
of the analysis of Fig. 7.2c. Substituting the values from the third column in Table 7. 1 in 
(7.19), the exact transfer function is given by 



Vo 

Vi 



gruR^l-s^ij 
1 + s(C st fRi + CgdRg + Cg S Rs + g m RiRsCpi) + ^RlRsC^C^ 



(7.33) 



Vix> 




Figure 7.9 MOS differential 
amplifier circuit. 
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Figure 7. 10 (a) Differential-mode ac half-circuit for Fig. 7.9. (fc) Small-signal equivalent circuit 
for (a\ 



Using (7.25), the dominant pole is given by 

Pi = 



1 



Rs 



+ Ctf{ 1 + g m Rh + -j^) 

j 



(7.34) 



Calculation of p\ using (7.11b), which is based on the Miller-effect approximation, 



gives 



Pi 



1 



1 



tfsfCgs + Rs(Cgs + C M ) 



(7.35) 



where 



Cm = C gd ( 1 + (7.36) 

is the Miller capacitance. Equation 7.35 gives nearly the same value lor p { as (7.34) if 
RjJRs ^ ( 1 + which shows that the Miller approximation is useful for finding the 

dominant pole. From (7.27), the nondominant pole is given by 



P2 “ - 



1 



P-LCftf 



+ 



1 1 

R$C gs RlC ss 



+ 



gw 

C S s 



(7.37) 



The last term of (7.37) is g m /C gs > gJ{C gx + C sd -F C g t) = <wj- and thus \p 2 \ > oj t . 
(Recall that oj t is the transition frequency for the transistor, as defined in Chapter L) 
Consequently, \p 2 \ is a very high frequency; therefore, |pi| is almost always much less 
than \p2 1. In the s plane, the poles of the amplifier are thus widely separated, as shown in 
Fig. 7.7. 
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EXAMPLE 

Using the Miller approximation, calculate the -3-dB frequency of a common-source tran- 
sistor stage using l he following parameters: 

W mA 

Rs = 1 kft I D = 1 mA k ! — = 100 ^ 

I— A V “ 

h = 400 MHz (at l D = 1 mA) C sd = 0.5 pF C gb = 0 R L = 5 kft 
The small-signal transconductance is 



U = yl 2 ( 1 ° 0V ^)° mA )=14-l^ 



Using ( l .207) from Chapter 1 and C u t = 0 gives 

gm 141mA/V 






w T 2 tt( 400 MHz) 



5.6 pF 



Thus 



C 8 s — 5.6 pF - = 5. 1 pF 

Substitution of data in (7.36) gives for the Miller capacitance 



Cm - 0 + gmRDCgd ~ 



i + (i4,i^](5kn) 



(0.5 pF) = 35.7 pF 



This capacitance is much greater than C gs and dominates the frequency response, Substi- 
tution of values in (7.35) gives 



/- 3dB = 



1 



w = j 

2t t 2t t (1000 n)(S. I pF + 35.7 pF) 



= 3.9 MHz 



For comparison, using (7.34) gives |/q| = 23.1 Mrad/s and / 3dB = 3.7 MHz, which is 
close to the result using the Miller effect. The low-frequency gain can he calculated from 
(733) as 



V/ 






o>=() 



14,1 



mA 



(5000 ft) - -70.5 



7.2.2 Frequency Response of the Common-Mode Gain 
for a Differential Amplifier 

In Chapter 3, the importance of the common-mode (CM) gain of a differential amplifier 
was described. It was shown that low values of CM gain are desirable so that the circuit 
can reject undesired signals that are applied equally to both inputs. Because undesired CM 
signals may have high-frequency components, the frequency response of the CM gain is 
important. The CM frequency response of the differential circuits in Figures 7.5 and 7.9 
can be calculated from the CM half-circuits shown in Figs. 7.11a and 7.1 16. In Fig. 7.11, 
Rj and C T are the equivalent output resistance and capacitance of the tail current source. 
Since impedances common to the two devices are doubled in the CM half-circuit, R r 
and C r become 2% and Cj/2, respectively, A general small-signal equivalent circuit for 
Fig. 7.1 la-6 is shown in Fig. 7.11e. The parallel combination of 2 R r and C/V2 will be 
referred to as Zj . 
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Figure 7. 1 1 (a) Common-mode ae half-circuit for Fig, 7.5, (b) Common-mode ac half-circuit for 
lig, 7.9. (c) A general model for btah half-circuits. 



The complete analysis of Fig. 7.11c is quite complex. However, the important aspects 
of the frequency response can be calculated by making some approximations. Consider 
the time constant RjCj . The resistance Rr is the output resistance of the current source 
and is usually greater than or equal to the r 0 of a transistor. Let us assume that this resis- 
tance is on the order of 1 MO. The capacitor Ct includes C cs of the bipolar current-source 
transistor or of the current-source transistor plus of the input transistors in the 
MOS circuit. Typically, C T is 1 pF or less. Using R T = 1 Mil and C 7 = 1 pF, the time 
constant R t Ct is 1 [xs, and the break frequency corresponding to this time constant is 
U{2ttRtCt) = 166 kHz, Below this frequency the impedance Z t is dominated by R r , 
and above this frequency Cj dominates. Thus as the frequency of operation is increased, 
the impedance Zj will exhibit frequency variation before the rest of the circuit. We now 
calculate the frequency response assuming that C 7 is the only significant capacitance. 
Since (he impedance Z 7 is high, almost all of v, r appears across Zt if R s is small. There- 
fore, we can approximate the CM gain as 



A 



CfV 




Rl 

Z t 



where 



(7.38) 



Zr 



2 R r 



1 T .fCY^r 



(7.39) 
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Substitution of (7,39) in (7.38) gives 

- —(s) = -,2f (1 + sCtRt) (7.40) 

Vic ZKj 

Equation 7,40 shows that the CM gain expression contains a zero, which causes the CM 
gain to rise at 6 dB/octave above a frequency oj = MRjCj. This behavior is undesir- 
able because the CM gain should ideally be as small as possible. The increase in CM 
gain cannot continue indefinitely, however, because the other capacitors in the circuit of 
Fig. 7.1 lc eventually become important. The other capacitors cause the CM gain to fall at 
very high frequencies, and this behavior is shown in the plot of CM gain versus frequency 
in Fig. 7.12c;. 

The differential-mode (DM) gain A dm of the circuit of Fig. 7.5 or 7.9 is plotted versus 
frequency in Fig. 7,12ft using (7.10). As described earlier, \A dm \ begins to fall off at a 
frequency given by / - U2?rRC h where R = (R s + r*)||r in and Q = C in + As 
pointed out in Chapter 3. an important differential amplifier parameter is the common- 
mode rejection ratio {CMRR) defined as 



CMRR = 




(7.41) 



The CMRR is plotted as a function of frequency in Fig. 7.1 2c by simply taking the mag- 
nitude of the ratio of the DM and CM gains. This quantity begins to decrease at frequency 




Figure 7. 12 Variation with fre- 
quency of the gain parameters 
for the differential amplifier in 
Fig. 7.5 or 7.9. (a) Common- 
mode gain, (ft) Differential- 
mode gain, (c) Common-mode 
rejection ratio. 
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/ = MIttRjCj when |A rm | begins to increase. The rale of decrease of CMRR further 
increases when \A dm \ begins to fall with increasing frequency. Thus differential amplifiers 
are far less able to reject CM signals as the frequency of those signals increases. 



7.2,3 Frequency Response of Voltage Buffers 

Single-stage voltage buffers are often used in integrated circuits. The ac circuits for bipolar 
and MOS voltage buffers are shown in Figs. 7.13c? and7 + 13£, respectively. A small-signal 
model that can be used to model both of these circuits is shown in Fig. 7. 1 3 c\ Resistance 
R s is the source resistance, and R L is the load resistance. We will assume that the output 
resistance of the transistor r 0 is much larger than R L . Since these resistors are in parallel 
in the small-signal circuit, r a can be neglected. The series input resistance in the transistor 
model and the source resistance are in series and can be lumped together as R* s — Rs + r r . 
For simplicity, the effect of capacitor Cf in Fig. 7.1 is initially neglected, a reasonable 
approximation if ^ is small. The effect of Cf is to form a low-pass circuit with R' s and to 
cause the gain to decrease at very high frequencies. From Fig. 7.13c f 

v? = tiR's + Vi v fl (7.42) 

(7.43) 

(7.44) 



i) — 



V|_ 

£in 

'‘in 



1 H" J (fin fii- 




X 



J*s 

M/V — I 








X 



m 



R s r 




Figure 7.13 (a) An ac schematic of an emiUer-followcr amplifier, (b) An ac schematic of a 
source-follower amplifier, (c) A general mode] for both amplifiers. 
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« . 

H + gmV 1 = — 
£<L 

Using (7-43) and (7.44) in (7.45) gives 

(1 + sCj n ri n ) + g M v i 

nn 



and thus 



Rl 



Vi = 



1 

L gm + —(1 4- sC m r[ n ) 

f\r 



' in 



Using (7,46) and (7.43) in (7.42) gives 

f R's 



V; 



Cin + 1 }Rl 



1 

i + Vo 

8m 4" (1 + J'Cjn/'jn) 

f in 



Collecting terms in this equation, we find 



Vo 

V( 



gmRi, + 



Rl 



1 - 



1 + gm Rl + 



R’ s + Rl 



r ir 






Pi 



where 



with 



31 - 



Pi 



8m 



1 

*m 



Q n 

1 



^lQn 



(7.45) 



(7.46) 



(7.47) 



(7.48) 

(7.49) 



Ri 



R' s + R l 
1 + gmRl , 



(7.50) 



Equation 7.47 shows that, as expected, the low-frequency voltage gain is about unity 
if gmRL ^ 1 and s^Rl ^ (R's + The high-frequency gain is controlled by the 

presence of a pole at p\ and a zero at z \ . 



7.2.3. 1 Frequency Response of the Emitter Follower 

The small-signal circuit for the emitter follower in Fig. 7.1 3c? is shown in Fig. 7.14. We 
initially ignore C M , as in the general analysis in Section 7.2.3. The transfer function for 
the emitter follower can be found by substituting the appropriate values in Table 7.1 into 
(7.47) thmugh (7.50). If g m R L 1 and g m R L ( R ! s + where R' s = R s 4- r f} , the 

low-frequency gain is about unity. The zero and pole are given by 



gn 



C, 



Pi = 



gm 

Ctt 



Ct>T 



Cr^Rl 



(7.51) 

(7.52) 
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Figure 7.14 Small-signal 
model for the emitter 
follower in Fig. 7.13a. 



where 



R[ — Kir 



R ! s + Rl 
1 + g m Rt 



(7.53) 



Typically, the zero has a magnitude that is slightly larger than the pole, and both are ap- 
proximately equal to oj j of the device. In particular, if g m R L » 1 and R' s R L in (7.53), 
then Ri « 1 ig m and (7*52) gives « ~g m !C n - -w T . However, if R s is large, then 
in (7.53) becomes large compared to R L , and the pole magnitude will be significantly less 
than (oj. 



■ EXAMPLE 



Calculate the transfer function for an emitter follower with C n = 10 pF, = 0, Ri = 
2 kO, R s = 50 -ft, r b = 150 j 8 = 100, and I c - 1 mA. 

From the data, g m = 38 mA/V, r„ = 2.6 kft, and R' s = R s + r {> = 200 SI. Since 
C A = 0, (*>t of the device is 

= ^ = ^ ^ = 3-85x10^ (7.54) 

and thus fj = 612 MHz. From (7.51 ) and (7.54), the zero of the transfer function is 

Z] =* j - = -3,85 X 10 9 rad/s 

From (7.53) 



Ri = 2,6 kil 



Using (7.52), the pole is 



200 + 2000 



l + 



2000 

26 



n 



28 a 



= _l o1 :± 
Pl - ' 10“28 



rad/s = -3.57 x 10 9 rad/s 



The pole and zero are thus quite closely spaced, as shown in the s-plane plot of Fig. 7J 5a. 
The low-frequency gain of the circuit from (7.47) is 



Vo 

Vi 



gmRh + 



Rl 



1 -f g m RL + 



R'v + Rl 



2000 2000 

26 + 2600 
2000 2200 

f 26 + 2600 



- 0*986 
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^4 



-3 



-2 



}<*> 

2 - a 1 plane 
x 1 0 9 rad/s 

1 - 

<j 

-1 - 



(«) 




figure 7.15 (a) Pole-zero plot for a voltage buffer. (6) Voltage gain versus frequency for the volt- 
age buffer. 

The parameters derived above arc used in (7.47) to plot the circuit gain versus frequency 
in Fig, 7.15&. The gain is flat with frequency until near f r - 612 MHz where a decrease 
of 0.4 dB occurs. The analysis predicts that the gain is then flat as frequency is increased 
further. 

By inspecting Fig. 7.14 we can see that the high-frequency gain is asymptotic to 
RiKRl + #$) since C n becomes a short circuit. This forces iq = 0 and thus the con- 
trolled current g m v\ is also zero, [f a value of C (Sr — 1 pF is included in the equivalent 
circuit, the more realistic dashed frequency response of Fig. 7.15£> is obtained. Since the 
collector is grounded, C ^ is connected from B f to ground and thus high-frequency signals 
are attenuated by voltage division between R ! s and C M . As a result, the circuit has a — 3-dB 
frequency of 725 MHz due to the low-pass action of R‘ s and C fjL . However the bandwidth 
of the emitter follower is still quite large, and bandwidths of the order of the f r of the 
■ device can be obtained in practice. 

The preceding considerations have shown that large bandwidths are available from 
the emitter-follower circuit. One of the primary uses of an emitter follower is as a voltage 
buffer circuit due to its high input impedance and low output impedance. The behavior of 
these terminal impedances as a function of frequency is thus significant, especially when 
driving large loads, and will now be examined. 

In Chapter 3, the terminal impedances of the emitter follower were calculated using a 
circuit similar to that of Fig, 7A4b except that C4 was not included. The results obtained 
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there can be used here if r ^ is replaced by z*, which is a parallel combination of r ^ and 
CV- In the low-frequency calculation, j8o was used as a symbol for g m r^ and thus is now 
replaced hy g m Zir- Using these substitutions in (3.73) and (3.76), including r ^ and letting 
r (f *>, we obtain for the emitter follower 



— Oj + Zn + (gmZir T 1)^L 

_ Ztj + Rs + n? 

Z{> ' H 

t ' gmZrr 



where 



= r 7T 

" 1 + sCrr„ 

Consider first the input impedance. Substituting (7.57) in (7*55) gives 



(7.55) 

(7.56) 



(7.57) 



where 



and 



r*+ ., T .. +f .. +1 )R L 



= 0? 

= O; + 

= + 



1 + \ \ + hVCtj-T 7 

(1 + gmRj.) r^ R 
1 + sC v r v ~ Z ' 

(1 + 

I ^ C - 

1 + S- 



1 + gm^L 



(t + gmRL)^ 



R 

l + sCR 



4* Rf 



Rl 



g m R L )r* 



C = 



[ + gm^L 



(7.58) 



(7.59) 



(7.59a) 



(7.59b) 



Thus n can be represented as a parallel R-C circuit in series with and R{ t as shown in 
Fig. 7. 16. The effective input capacitance is C^/(l + g m Rh} and is much loss than CV for 
typical values of g fn Ri. The collector-base capacitance C M may dominate the input capac- 
itance and can be added to this circuit from B ' to ground. Thus, at high frequencies, the 
input impedance nf the emitter follower becomes capacitive and its magnitude decreases. 




Figure 7.16 Equivalent circuit 
for the input impedance of an 
emitter follower with = 0. 
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The emitter- follower high-frequency output impedance can be calculated by substi- 
tuting (7.57) in (7.56). Before proceeding, we will examine (7*57) to determine the high 
and low frequency limits on |z f> |, At low frequencies, Zrr = r ^ and 



„ i __ 1 , Rs + 

<'0\a>=Q “I T\ — 

gm A) 

At high frequencies, 0 because C v becomes a short circuit and thus 



(7.60) 



z f }\to=* — Rs + (7.61) 

Thus Zo is resistive at very low and very high frequencies and its behavior in between 
depends on parameter values, At very low collector currents, 1 Ig m is large. If 1 fg m >(R S + 
a comparison of (7*60) and (7.61) shows that \z 0 \ decreases as frequency increases 
and the output impedance appears capacitive. However, at collector currents of more than 
several hundred micro amperes, we usually find that 1 jg m < ( R s + r h ). Then \z 0 \ increases 
with frequency, which represents inductive behavior that can have a major influence on 
the circuit behavior, particularly when driving capacitive loads* If l/g m *= ( R s + r b ) then 
the output impedance is resistive and independent of frequency over a wide bandwidth. 
To maintain this condition over variations in process, supply, and temperature, practical 
design goals are R$ « 1 fg m and r b « R s > 

Assuming that the collector bias current is such that z 0 is inductive, we can postulate 
an equivalent circuit for z 0 as shown in Fig. 7.17. At low frequencies the inductor is a 
short circuit and 



Zo \of-Q ~ Ri ||J?2 

At high frequencies the inductor is an open circuit and 

R 2 

If we assume that ^ then R } <£: R 2 , and we can simplify (7.62) to 

ZoL =0 “ ^ 1 

The impedance of the circuit of Fig. 7.17 can be expressed as 

^ (R { + sL)R 2 ^ (/?i + sL)R 2 
R\ + + xL> R 2 + sL 



(7.62) 

(7.63) 
(7*64) 

(7.65) 



assuming that R\ R 2 . 

The complete emitter-follower output impedance can be calculated by substituting 
(7.57) in (7*56) with R r s — r b -h R$, which gives 



Zo — 



- ^ + Rg 

1 T 



S/nF tt 

1 + 



rn + R' s + sC^r^R's 
/3q + 1 + sC^r^ 



Os 

A) 



+ ~ + xC^r^-r- 



*5 

'ft 



D' I r /"' y R S 
-tt n 

P0 



(7.66) 



where jS 0 » 1 is assumed. 

Comparing (7.66) with (7,65) shows that, under the assumptions made in this analysis, 
the emitter- follower output impedance can be represented by the circuit of Fig. 7.17 with 
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■v 



Figure 7. 1 7 Equivalent circuit for the output impedance 
of an emitter follower at moderate current levels. 



*1 - — + «- 
Mrtl /?0 

R 2 ^ R' s 

L = C r — 

PO 



(7.67) 

(7.68) 
(7-69) 



The effect of was neglected in this calculation* which is a reasonable approximation 
for low to moderate values of 

The preceding calculations have shown that the input and output impedances of the 
emitter follower are frequency dependent. One consequence of this dependence is that the 
variation of the terminal impedances with frequency may limit the useful bandwidth of 
the circuit. 



■ EXAMPLE 

Calculate the elements in the equivalent circuits for input and output impedance of the 
emitter follower in the previous example. In Fig. 7. 1 6 the input capacitance can be calcu- 
lated from (7 .59) 



1 + ginR-L 



1 + 



10 

2000 



pF = 0. 1 3 pF 



26 



The resistance in shunt with this capacitance is 

( I + g„,R L )r w = ^1 + ^ j(2.6 kfl) = 202 kll 

In addition* rj } = 150 fl and/?/, = 2 kfl. The elements in the output equivalent circuit of 
Fig, 7 + 17 can be calculated from (7.67), (7.68), and (7.69) as 

R 1 = ( 26+ fSSo) n = 2811 



R 2 = 200 12 



— in-n 



L = 10 



x 2600 x 



200 

Too 



H = 52 nH 



Note that the assumption R] <£i R 2 is valid in this case. 
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Figure 7.18 Small-signal model 
for the source follower in 
Fig. 7.13b. 



7, 2.3.2 Frequency Response of the Source Follower 

The small-signal circuit for the source follower in Fig. 7.13fr is shown in Fig. 7.18. Here, 
C H d, C sh , and are ignored initially. One key difference between Figures 7.18 and 
7.13c is the g mb generator. Since the current through the g^b generator is controlled by 
the voltage across it, this generator can be replaced with a resistor of value 1 Zg mb from 
Vo lo ground, which is in parallel with R L . Therefore, the total effective load resistance is 
R' l = J? /_ 1 1 ( 1 igmb)- The transfer function for the source follower can be found by substi- 
tuting the appropriate values from Table 7,1 into (7.47), (7.48), and (7.49), If g m R l L » I, 
the low-frequency gain is about unity. The zero and pole are given by 

zi = -^~-u T (7.70) 



where 



P ] 



CgsR i 



R\ 



Rs + R\. 

1 + gntR' L 



(7.71) 



(7.72) 



Typically, the zero has a magnitude that is slightly larger than the pole. If g m R ! L » 1 and 
Rs ^ R' L in (7.72), then 7?] =* lfg m and (7.71) gives p-\ — —gmfC gs ~ —Mr- However, 
if R s in (7.72) becomes large compared to R L or if g m Rj is not much larger than one, the 
pole magnitude will he significantly less than oj t . 



■ EXAMPLE 



Calculate the transfer function for a source follower with C gs . = 7.33 pF, jt'W/L = 
100 mA/V 2 , Ri = 2 kQ, R$ = 190 fi, and 1& = 4 mA. Ignore body effect, and let 
C&j = 0, C s b = 0, and C, h = 0. 

From the data, g m = v '2( 100)4 mA/V = 28.2 mA/V. Ignoring body effect, we have 
R), = RiMVgtnb) = Rt.* Since = 0, , of the device is 



to j = 



gm 



28.2 



mA 



7.33 pF 



= 3.85 x 10 9 rad/s 



(7.73) 



and thus fj — 612 MHz. From (7.70) and (7.73), the zero of the transfer function is 



gm 

Q.f 



= — 3,85 x 10 9 rad/s 



z 1 
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From (7.72) 

The pole from (7.71 ) is 
P\ 



R i - 



190 4 2000 
1 4 0.0282 X 2000 



ft = 38.2 ft 



10 12 1 
733 3&2 



rad/s = -3.57 x 10 9 rad/s 



The pole and zero are thus quite closely spaced, as shown in Fig. 7,15a. 
The low-frequency gain of the circuit from (7.67) is 



Vo 

Vi 



28,2 x 10" 3 x 2000 



1 + g m R' L 1 + 28.2 x IQ” 3 x 2000 



= 0.983 



The parameters derived above can be used in (7.47) to plot the circuit gain versus fre- 
quency, and this plot is similar to the magnitude plot shown in Fig. l.\5b for C g<l = 0. 
The gain is flat with frequency until near fj = 612 MHz, where a decrease of about 
0.4 dB occurs. The analysis predicts that the gain is then flat as frequency is increased 
further because the input signal is simply fed forward to R ! L via at very high frequen- 
cies. In practice, capacitors C^, C gbt and C sb that were assumed to he zero in this example 
m cause the gain to roll off at high frequencies, as will be demonstrated in the next example. 

When capacitors C gd , C gb , an d C sb that were ignored above are included in the analy- 
sis, the voltage-gain expression becomes more complicated than (7.47). An exact analysis, 
with all the capacitors included, follows the same steps as the analysis of Fig. 7.13c and 
yields 



Vo 

Vi 



gtn R l 



1+^ 



1 4- g m R\ 1 4- as 4 bs 1 



(7.74a) 



with 



a 



_ R ! l {C ,, 4 Q,) 4 Rs{C 8S + qj + Rsg m R' L C' 






b - 



1 + gmRl 

_ + Csb) + R$C gs + Rsg m R* L Cg d 

* + gmR'i 

R s R' L [C sb (Cg S 4 C gd ) 4 C gs C gd ] RsR' L \C sb C gx 4 q,,C^] 



(7.74b) 



(7.74c) 



1 gmR £ 1 + gmRi 

where C gd = C gi] 4 C sb . The approximations for a and b use C$ s 4 C' d — C K , since 
C g!S '» C' d . This exact transfer function has a zero at —g m /C gx , in agreement with (7.70). 
and two poles. li'C^ and C sb are set to zero, (7.74) has one pole as given by (7.71). Making 
approximations in (7,74) that lead to simple, useful expressions for the poles is difficult 
since a dominant real pole does not always exist. In fact, the poles can be complex. 



■ EXAMPLE 

Calculate the transfer function for a source follower with C g , = 7.33 pF, = 0.1 pF, 
C gb = 0,05 pF, C sb = 0.5 pF. k’WIL = 100 mA/V 2 , R L = 2 kfT R s = 190 ft, and 
Id = 4 mA. Ignore body effect. 

These data are the same as in the last example, except we now have nun-zero 
C gb , and C sb . From the data, g m = 28.2 mA/V and C l gd = C gd 4 C gb = 0*15 pF. Also, 
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ignoring body effect, we have R ! L = = Rr- The low-frequency gain of the 

circuit, as calculated in the previous example* is 0.983. From (7.74a)* the zero is 



§m 

' C ga 



28.2 



niA 



7.33 pF 



Xr- = -3.85 X 1 0“ rad/s 



From (7.74b) and (7.74c), the coefficients of the denominator of the transfer function are 



2k (7.33p + 0. 5p) + 190 (7.33p) +■ 190 (0.0282)(2k)(0. 15p) _ 

1 4- (0.0282)(2k) S " Q ' 324 " S 

, „ 190(2k)[(0.5p)(7.33p) + (7.33p)(0.l5p)j , , w „ ie/ , 2 
1 + (0.0282)(2k) ' 



Using the quadratic formula to solve for the poles* we find that the poles are 

PU = -5.1 X 10 9 ± j23 X 10 9 rad h 



The poles and zero are fairly close together, as shown in Fig. 7.19 a. The gain magnitude 
and phase are plotted in Fig. 7.19. The -3-dB bandwidth is 1.6 GHz. Because the two 
poles and zero are fairly close together, the gain versus frequency approximates a one- 
pole roll-off* 

High-frequency input signals are attenuated by capacitors and C„& that connect 
between the gate and ground, causing the gain to roll off and approach zero as 
However, the bandwidth of the source follower is still quite large, and bandwidths of the 
■ order of the fj of the device can be obtained in practice. 

If the source follower drives a load capacitance in parallel with the load resistance, 
its value can be added to C& in (7.74)* Such a load capacitance is present whenever the 
source-follower transistor is fabricated in a well and its source is connected to its well to 
avoid body effect. The well-body capacitance can be large and may significantly affect 
the 3-dB bandwidth of the circuit. 

In Section 7*2.3. 1, calculations were carried out for the input and output impedances 
of the emitter follower. Since the equivalent circuit for the MOSFET is similar to that for 
the bipolar transistor {apart from the generator), similar results can be found for the 
source follower by substituting the appropriate values from Table 7. 1 in the formulas for 




Figure 7.19 (a) Pole-zero plot for the source-follower example using (7,74). 
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Frequency (Hz) 
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Frequency (Hz) 
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Figure 7. 19 (h) Magnitude and (c) phase of Ihc gain versus frequency for this source follower. 



z.i and :,o in Section 7. 2. 3/1. One major difference is that the MOSFET has a that is 
usually much lower than for the bipolar transistor with the same bias current. Therefore, 
the condition that produces an inductive output impedance (1 fg m < R s ) occurs less often 
with source followers than emitter followers, 



7.2.4 Frequency Response of Current Buffers 

The coirmion-buse (CB) and common-gate (CG) amplifier configurations are shown in 
ac schematic form in Fig. 7.20. These stages have a low input impedance, high output 
impedance, approximately unity current gain, and wide bandwidth. They find use in wide- 
band applications and also in applications requiring low input impedance. As described 
in Chapter U the bipolar transistor breakdown voltage is maximum in this configuration. 
The combination of this property and the wideband properly make the CB stages useful 
in lugh-vollage wideband output stages driving oscilloscope deflection plates, 

A small-signal equivalent circuit that can model both the CB and CG stage by us- 
ing a general small-signal model is shown in Fig, 7,20c. The input voltage source and 
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Figure 7.20 (a) An ac schematic of a common-base amplifier. (6) An ac schematic of a common- 
gate amplifier (c) A general model for both amplifiers. 



source resistance are represented by a Norton equivalent Resistance R s is neglected in the 
following analysis since the input impedance of the amplifier is quite low. Another good 
approximation if r x is small is that Cj simply shunts Ri, as shown in Fig. 7.20c. In this 
analysis, r 0 will be neglected and the output signal i 0 will be taken as the output of the g m 
controlled source. The approximate output voltage v* is obtained by assuming i 0 flows in 
the parallel combination of Ri and Cf. 

The analysis of the circuit of Fig. 7.20c proceeds by applying KCL at node W . Ne- 
glecting R s , 

i; + — +£*vi=0 (7.75) 

Z'm 

where 



From (7.75) and (7.76) 



f iji 



1 *f a Cjn r n 



■V| (#m + + sC\ n 

\ ^in 



(7.76) 



(7.77) 
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Now 



*0 

Substituting (7,77) into (7.78) gives 



io 

U 






1J) 



■gmrin 1 1 + $- 



Htn ? in + 1 



G, 



(7.78) 

(7.79) 



7.2.4. 1 Common-Base Amplifier Frequency Response 

The small-signal circuit for the common-base (CB) amplifier of Fig. 7.20a is shown in 
Fig, 7.21. Substituting the values in Table 7.1 into (7.79) gives for the current gain 



U = gm 1 

gmr-jr + 1 i + s —~C 

gm r - ts T 1 

Using £i 0 - gni^TT and assuming /3 0 ^ h (7.80) simplifies to 



^ 1 
it /3q + 1 | + s £tt 



= <*o 



1 + s 



Cn 

gm 



(7.80) 



(7.81) 



where a r) = £oAj8o + I )♦ This analysis shows that the CB stage current gain has a low- 
frequcncy value = 1 andapolcal/?] = The CB stage is thus a wide- 

band unity-current gain amplifier with low input impedance and high output impedance. 
It can be seen from the polarities in Fig. 7.20a that the phase shift between v, and v v in 
the CB stage is zero at low frequencies. This result can be compared with the case of the 
common-emitter stage of Fig, 7.2a, which has ISO" phase shill between v, and at low 
frequencies. 

If the desired output is the current flowing through R L , then C ^ and R tj form a current 
divider from i a to this desired current (under the assumption that is in parallel with R L 
because r & is very small). When included in the analysis, this current divider introduces 
an additional pole p i = — MRiC^ in the transfer function. 

Comparing Fig. 7.20a with Fig. 7.13a shows that the input impedance of the 
common-base stage is the same as the output impedance of the emitter follower with 
Rs = 0. Thus the common -base stage input impedance is low at low frequencies and 
becomes inductive at high frequencies for collector bias currents of several hundred mi- 
croamperes or more. As shown in Chapter 3, the output resistance of the common-base 
stage at low frequencies with large R s is approximately which is extremely large. 
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At high frequencies the output impedance is capacitive and is dominated by C jJL (and 
for npn transistors). 

Unlike the common-emitter stage where C ^ is Miller multiplied, the common-base 
stage docs not contain a feedback capacitance from collector to emitter to cause the Miller 
effect As a consequence, the effect of large values of Ri on the frequency response of the 
common-base stage is much less than in the common-emitter stage. 



7. 2.4.2 Common-Gate Amplifier Frequency Response 

The small-signal circuit for the common-gate (CG) amplifier of Fig. 1.20b is shown 
in Fig* 7.22. One element in this circuit that docs not appear in the general model in 
Fig* 7*2Qc is the g mb generator* Since = v gs and the g m and g mb generators arc in 
parallel here, these controlled sources can be combined* Also, capacitors C gb , and 
are not included in the general model. Here, C gb is shorted and can be ignored. Ca- 
pacitance C dh is in parallel with R L and therefore can be ignored if the output variable of 
interest is the current Capacitance C s h appears in parallel with in the small-signal 
circuit since the body and gate both connect to small-signal ground. Using the combined 
transconductance and input capacitance and values from Table 7*1 in (7.79) gives 



it 



1 



1 + $ 



+ C sb 

&m T gmb 



(7*82) 



From this equation, the current gain of the common-gate stage has a low-frequency value 
of unity and a pole at p } = ~(g m + g mh )/(C gs + C sb ). If C gs » C sbl then \ P] | - (g m + 
gmbVC^ > g m IC HS = <x)j. The CG stage is thus a wideband unity-current-gain amplifier 
with low input impedance and high output impedance. It can be seen from the polarities 
in Fig. 120b that there is zero phase shift between v* and v t1 in the CG stage at low fre- 
quencies. This phase shift can be compared with the case of the common-source stage of 
Fig. 7.2b, which has 180° phase shifl between v* and v 0 at low frequencies. 

If the desired output is the current flowing through R L , then C dh , C gd , and R L form a 
current divider from i G to this desired current* When included in the analysis, this current 
divider introduces an additional pole pi = —liRi,{C db + C ud ) in the transfer function. 

Unlike the common-source stage where C gd is Miller multiplied, the common-gate 
stage does not contain a feedback capacitance from drain to source to cause the Miller 
effect. As a consequence, the effect of large values of R L on the frequency response of the 
common-gate stage is much less than in the common-source stage. 



£W >'1 





5 16 Chapter 7 ■ Frequency Response of Integrated Circuits 

7.3 Multistage Amplifier Frequency Response 

The above analysis of the frequency behavior of single-stage circuits indicates the com- 
plexity that can arise even with simple circuits* The complete analysis of the frequency 
response of multistage circuits with many capacitive elements rapidly becomes very dif- 
ficult and the answers become so complicated that little use can be made of the results* 
For this reason approximate methods of analysis have been developed to aid in the circuit 
design phase, and computer simulation is used to verify the final design. One such method 
of analysis is the zero-value time constant analysis that will now be described. First some 
ideas regarding dominant poles are developed. 



7.3.1 Dominant-Pole Approximation 



For any electronic circuit we can derive a transfer function A(s) by small-signal analysis 
to give 



A(s) = 



N(s) __ + ais 2 + ■ ‘ + a m s n ' 

D{s) 1 H- H- £> 2 .? 2 + - ■ ■ + b u s f} 



(7.83) 



where a$, a h . . . a m s and b\ f h% . . . b n are constants* Very often the transfer function con- 
tains poles only (or the zeros arc unimportant). In this case wc can factor the denominator 
of (7.83) to give 

,, , K 

Ms) = i — w c j r 



(7*84) 



1 - 



P\ 



I - 



Pi, 



1 - 



Pn 



where K is a constant and p\, p 2 , . . . p n are the poles of the transfer function. 
It is apparent from (7*84) that 



*.-±(4 



<-i v Ph 

An important practical case occurs when one pole is dominant. That is, when 

1 



(7.85) 



l/>ll ^ \P2\,\pi\. ■■■ so that 



P i 






±(-r 

^ Pi, 



1—2 



This situation is shown in the s plane in Fig* 7.23 and in this case it follows from (7.85) that 

1 



b\ — 



P\ 



(7.86) 



7 ® 

s plane 



“X x- 

Pj P2 



-X 

P^ 



a 



Figure 7.23 Pole diagram for a circuit 
with a dominant pole. 
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If we return now to (7.84) and calculate the gain magnitude in the frequency domain, we 
obtain 



I'M/")! = 



K 



ML 



1 + F 

\pi, 



i + 



Ct> 

kP2 



I + 



0) 

,Pn 



(7.87) 



If a dominant pole exists, then (7.87) can he approximated by 

\A{jco)\ - —= ^ 



(7.88) 



1 + 



iO 






This approximation will he quite accurate at least until w = \pi\, and thus (7.88) will 
accurately predict the -3-dB frequency and we can write 



fr>-3dB = \p\\ 



(7.89) 



Use of (7.86) in (7.89) gives 



w - 3dB ~ 



(7.90) 



for a dominant-pole situation. 

7.3.2 Zero-Value Time Constant Analysis 

This is an approximate method of analysis that allows an estimate to be made of the dom- 
inant pole (and thus the —3-dB frequency) of complex circuits. Considerable saving in 
computational effort is achieved because a full analysis of the circuit is not required. The 
method will be developed by considering a practical example. 

Consider the equivalent circuit shown in Fig. 7.24. This is a single-stage bipolar tran- 
sistor amplifier with resistive source and load impedances. The feedback capacitance is 
split into two parts (C x and C^) as shown. This is a slightly better approximation to the 
actual situation than the single collector-base capacitor we have been using, but is rarely 
used in hand calculations because of the analysis complexity. For purposes of analysis, the 



'3 




Figure 7.24 Small-signal equivalent circuit of a common- emitter stage with internal feedback 
capacitors C ^ and C x . 
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capacitor voltages vp i f 2 , and v 3 are chosen as variables. The external input v ? is removed 
and the circuit excited with three independent current sources i h i 2 , and h across the 
capacitors, as shown in Fig. 7.24. We can show that with this choice of variables the circuit 
equations are of the form 



*i — (#n + sC v )vi + #12^2 + £13^3 (7.91) 

h = g2\V\ + (g22 + $C^)V2 + g23V?> (7.92) 

h = £31 ‘h + £32^2 + (533 + sC x )v 3 (7.93) 

where the g terms are conductances. Note that the terms involving s contributed by the 
capacitors tire associated only with their respective capacitor voltage variables and only 
appear on the diagonal of the system determinant. 

The poles of the circuit transfer function are the zeros of the determinant A of the 
circuit equations, which can be written in the form 

A(.y) = K 3 s 3 H~ + K\S H~ (7.94) 

where the coefficients K are composed of terms from the above equations. For example, K 3 
is the sum of the coefficients of all terms involving j 3 in the expansion of the determinant. 
Equation 7.94 can be expressed as 

A(v) = K${ I + b]S + F (7.95) 

where this form corresponds to (7.83). Note that this is a third-order determinant because 
there are three capacitors in the circuit, The term A tf in (7.94) is the value of A(j) if all ca- 
pacitors are zero (C r = = CV - 0), This can be seen from (7,91), (7.92), and (7.93). 

Thus 

Ao “ Aj f ; jT = C jU =C,=0 

and il is useful to define 

A), A A 0 (7.96) 

Consider now the term K[\ in (7.94). This is the sum of all the terms involving .v that 
are obtained when the system determinant is evaluated. However, from (7.91) to (7.93) it 
is apparent that .s only occurs when associated with a capacitance. Thus the term can 
be written as 

K lS = h\sC v + h 2 sC ft + h 3 sC x (7.97) 

where the h terms are constants. The term k\ can be evaluated by expanding the determi- 
nant of (7.91 ) to (7.93) about the first row; 

— (gn + sCv ) An +5i2Ai2 + g^A]^ (7.98) 

where An, A 12 * and A )? are col'aclors of the determinant. Inspection of (7.91), (7.92), and 
(7.93) shows that C w occurs only in the first term of (7.98). Thus the coefficient of C^.v 
in (7,98) is found by evaluating A n with C M = C x = Q, which will eliminate the other 
capacitive terms in A] 1 . But this coefficient of C-^s is just hi in (7.97), and so 

hi = Ah|q_c,=o (7.99) 

Now consider expansion of the determinant about the second row. This must give the 
same value for the determinant, and thus 

AC*) = £21^21 -F (g22 + sCfj. )As2 + 523 A 23 



(7.1 00) 
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In this case occurs only in the second term of (7.100). Thus the coefficient of C^s 
in this equation is found by evaluating A 2 2 with = C x = 0, which will eliminate the 
other capacitive terms. This coefficient of C^s is just h 2 in (7.97), and thus 

hi = A22|cv = c,=o (7,101) 

Similarly by expanding about the third row it follows that 

^3 = A'ttlc^c^o (7.102) 

Combining (7.97) with (7.99), (7.101), and (7.102) gives 

= (A,,| C(i = G = 0 x CV) + (A 22 |c„=c,=o X c„) + (A 3 3| Cll =c T =o X c x ) (7.103) 

and 



b\ = 



_ Al1 tv =c r -~ 0 v r -u =c,= 0 

*0 A 0 + “Ao 

I -CV-0 ^ r 

+ ^r Ct 



x C, 



(7.104) 



where the boundary conditions on the determinants are the same as in (7,103). Now con- 
sider putting 12 = h = 0 in Fig. 7.24, Solving (7.91) to (7.93) lor V| gives 

An 



V] = 



A(.) 



and thus 



*11 



A(,) (7105 > 

Equation 7. 105 is an expression for the driving-point impedance at the C v node pair, Thus 

= c, = 0 

Ao 



is the driving-point resistance at the C ^ node pair with all capacitors equal to zero because 

(7-106) 

We now define 



Rn() ~ 



(7,107) 



Similarly, 



^22 Ic*- =c = 0 



is the driving-point resistance at the node pair with all capacitors put equal to zero and 
is represented by /f M o- Thus we can write from (7. 104) 



b\ — Rir(iC v + Rpo + R X (]C X 



(7.108) 



The time constants in (7.108) are called zero-value time constants because all capaci- 
tors are set equal to zero to perform the calculation. Although derived in terms of a specific 
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example, this result is true in any circuit for which the various assumptions made in this 
analysis are valid. In its most general form, (7 JOS) becomes 

= iTo (7. 109) 

where X7o is the sum of the zero-value time constants. 

We showed previously that if there are no dominant zeros in the circuit transfer func- 
tion, and if there is a dominant pole pu then 

= (7.110) 

Using (7,90), (7 J09), and (7.110) we can write 

a>-3dB - bll - 2 - = Jf (7-111) 

For example, consider the circuit of Fig. 7.24. By inspection, 

R«v - rj{/fc + r*) (7J12) 



In order to calculate it is necessary to write some simple circuit equations. We apply 

a test current i at the terminals as shown in Fig, 7.25 and calculate the resulting v* 



vi - iW 

Vfl = -(( + gmVl)RL 



Substituting (7J13) in (7 J 14) gives 



Now 



v* 



O' + gmRirtORL 



and 



R ^ ” i 



R{xo 



Vl - Vo 



l 



Substitution of (7J13) and (7J15) in (7J16) gives 



^0 “ RttQ + Rl + £ m ^L^rO 



(7J13) 

(7J14) 

(7.115) 



(7-116) 

(7.117) 



R x o can be calculated in a similar fashion, and it is apparent that i? r n ~ if r h <£: r^. 
This justifies the common practice of lumping C x in with C ^ if r h is small. Assuming that 
this is done, {7*1 1 1 > gives, for the -3-dB frequency. 



&>-3dB — 



1 



RttO^^t RfiO^/x 



(7J18) 



j 




4 - 



ft 



V\ 



Figure 7.25 Equivalent circuit 
for the calculation of for 
Fig. 7.24. 
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Using (7.117) in (7.118) gives 






1 



RttO \ C* 



0 + Sm^L) + 



Ri 



R 



•7T 0 J 



(7.119) 



Equation 7.119 is identical with the result obtained in (7.29) by exact analysis. [Recall 
that (R$ + in (7.29) is the same as R^o in (7.119).] However, the zero-value time- 
constant analysis gives the result with much less effort. It does not give any information 
on the nondominant pole. 

As a further illustration of the uses and limitations of the zero^value time-constant 
approach, consider the emitter- follower circuit of Fig. 7, 13a where only the capacitance 
Ck has been included. The value of can be calculated by inserting a current source ( 
as shown in Fig. 7,26 and calculating the resulting voltage Vi : 



♦ = V\ + ^ 
r w R$ + r ^ 

^ 7 T 

Substituting (7.121) in (7.120) gives 

. _ vj Vi 

i — — + 

Rs + Fh Rs + fh V7T 

and this equation can be expressed as 

» = n + V| 1 + 

Ttj Rs + + Rl 






Rl 



Rl 



v, 






(7.120) 

(7.121) 



Finally, R n 0 can be calculated as 



Rtt{) 



u 

i 



Rs + f‘b + R l 
1 + gm Rl 



Thus the dominant pole of the emitter follower is at 



(7.122) 



\p\- 



1 

RttQCtt 



(7.123) 



This is in agreement with the result obtained in (7.52) by exact analysis and requires less 
effort. However, the zero-value time-constant approach tells us nothing of the zero that 







Figure 7.26 Equivalent circuit 
for the calculation of n for the 
emitter follower. 
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exact analysis showed. Because of the dominant zero, the dominant-pole magnitude is not 
the -3-dB frequency in this case. This shows that care must be exercised in interpreting 
the results of zero- value time-constant analysis. However, it is a useful technique, and with 
experience the designer can recognize circuits that are likely to contain dominant zeros. 
Such circuits usually have a capacitive path directly coupling input and output as C n does 
in the emitter follower 

7.3.3 Cascade Voltage-Amplifier Frequency Response 

The real advantages of the zero-value time-constant approach appear when circuits con- 
taining more than one device are analyzed. For example, consider the two-stage common- 
source amplifier shown in Fig. 7,27. This circuit could be a drawing of a singlc-cnded 
amplifier or the differential half-circuit of a fully differential amplifier. Exact analysis of 
this circuit to find the -3-dB frequency is extremely arduous, but the zero- value time- 
constant analysis is quite straightforward, as shown below. To show typical numerical 
calculations, specific parameter values arc assumed. In the example below, as in others 
in this chapter, parasitic capacitance associated with resistors is neglected. This approx- 
imation is often reasonable for monolithic resistors of several thousand ohms or less, but 
should be checked in each case. 

The zero-value time-constant analysis for Fig, 7,27 is carried out in the following 
example. Analysis of a two-stage common-emitter amplifier would follow similar steps. 

■ EXAMPLE 

Calculate the -3-dB frequency of the circuit of Fig, 7,27 assuming the following param- 
eter values: 



R s = 10 kH R u = 10 ktt R L2 = 5kft 

C g s l = 5pF C^2 = 10 pF C gd j = C gd 2 = 1 pF 

Cdb\ = Cdbi = 2 pF g m i=3 mA/V g m2 = 6 mA/V 

Ignore C g t (which is in parallel with C gs and is much smaller than C gs ). 

The small-signal equivalent circuit of Fig. 7.27 is shown in Fig. 7.28tf, The zero-value 
time constants for this circuit are determined by calculating the resistance seen by each 
capacitor across its own terminals. However, significant effort can be saved by recognizing 
that some capacitors in the circuit are in similar configurations and the same formula can 
be applied to them. For example, consider C Rd i and C gd2 . The resistance seen by either 
C gi f capacitor can be found by calculating the resistance R gd t) in the circuit in Fig. 7,28fr, 
This circuit is the same as the circuit in Fig. 7,25 if we let Ra = R n q and 7?^ = R^ t 



+ 




AM 




Figure 7.27 Two-stage, 
common-source cascade 
amplifier. 




Figure 7.28 Small-signal equivalent circuit of Fig, 7,27. 



Therefore, the resistance R ?di] in Fig + 12%b is given by substituting R A l or R-& and Rs for 
Rl in (7.1 17): 



Rgd o = R a +Rr + gmRsR.A (7. 124) 

This equation can be used to find the zero-value time constants for both gate-drain 
capacitors; 



Cxd\Rg(m\ - Cgd\ {Rs + Rr\ + gmiRuRs) 

= (lp)[10k + 10k + (3 x 10 _3 )(10k)(10k)] s = 320 ns 
= C g£f2 (RLl + Rl2 + Rtn2Rh2 R L\) 

= (lp)flOk + 5k + (6 x I0“ 3 )(10k)(5k)] s = 315 ns 
The value of R^q for each device can be found by inspection 

RgsQ] = Rs 
Rgs 02 = Rf. i 

The corresponding time constants are 

CgsiRgsoi = C^Rs = (5p)(10k) s = 50 ns 
Cgs-iRxsi)! = Cg&Ra = (10p)(J0k)s = 100 ns 
Also, the value for Rdbi) for each device can also be found without computation 

RdbOl ~ Rt\ 

Rdb 02 = Rl2 
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Thus 



C dh] R dh o, = (2p)(IOk) s = 20ns 
C<tbiRdb 02 = (2p)(5k)s = 10 ns 



Assuming that the circuit transfer function has a dominant pole, the -3-dB frequency can 
he estimated as 



10 fJ 



w 3dB yz'n 320 + 315 + 50 + 100 + 20 + 10 



rad/s 



(7.125) 



10 9 

= 7 -l— rad/s = 1.2 x 10 6 rad/s 
815 



and therefore 



f-MB = 196 kHz 

A computer simulation of this circuit using SPICE gave a -3-dB frequency of 205 kHz, 
which is close to the calculated value. The simulation gave three negative real poles with 
magnitudes 205 kHz, 4,02 MHz, and 39.98 MHz. There were two positive real zeros with 
magnitudes 477 MHz and 955 MHz. From the simulation, the sum of the reciprocals of 
the pole magnitudes was 815 ns. which exactly equals the sum of the zero-value time 
constants as calculated by hand. 

An exact analysis of Fig, 7.28a would first apply KCL at three nodes and produce a 
transfer function with a third-order denominator, in which some coefficients would con- 
sist of a sum of many products of small-signal model parameters. Many simplifying ap- 
proximations would be needed to give useful design equations. As the circuit complexity 
increases, the number of equations increases and the order of the denominator increases, 
eventually making exact analysis by hand impractical and making lime-constant analysis 
■ quite attractive. 

The foregoing analytical result was obtained with relatively small effort and the calcu- 
lation has focused on the contributions to the —3-dB frequency from the various capacitors 
in the circuit. In this example, as is usually the case in a cascade of this kind, the time con- 
stants associated with the gale-drain capacitances are the major contributors to the -3-dB 
frequency of the circuit. One of the major benefits of the zero-value time-constant analysis 
is the information it gives on the circuit elements that most affect the — 3-dB frequency of 
the circuit. 

In the preceding calculation, we assumed that the circuit of Fig. 7.28 had a dominant 
pole. The significance of this assumption will now he examined in more detail. For pur- 
poses of illustration, assume that capacitors C^, C^bu and in Fig. 7.28 are zero 
and that R s = = ff^andC^i = C gx2 - Then die circuit has two identical stages, and 

each will contribute a pole with the same magnitude; that is, a dominant- pole situation does 
not exist because the circuit has two identical poles. However, inclusion of nonzero C Kt \ \ 
and Ctf 2 tends to cause these poles to split apart and produces a dominant-pole situation, 
(See Chapter 9.) For this reason, most practical circuits of this kind do have a dominant 
pole, and the zero-value time-constant analysis gives a good estimate of Even if 

the circuit has two identical poles, however, the zero-value time-constant analysis is still 
useful. Equations 7.85 and 7.109 are valid in general, and thus 



= X 



1 



Pi 



(7.126) 
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is always true, Thai is, the sum of the zero-value time constants equals the sum of the 
negative reciprocals of all the poles whether or not a dominant pole exists. Consider a 
circuit with two identical negative real poles with magnitudes w x . Then the gain magnitude 
of the circuit is 



\G(M)\ = 



Go 



1 + 




(7.127) 



The — 3-dB frequency of this circuit is the frequency where |G(j<u)| = which can 

be shown to be 



w 3 jb — -V2 — 1 — 0,64 to x (7,128) 

The zero-value time-constant approach predicts 




and thus 



w-3dB = = 0 .5o> x (7.129) 

Even in this extreme case, the prediction is only 22 percent in error and gives a pessimistic 
estimate. 



7.3.4 Cascode Frequency Response 

The cascode connection is a multiple-device configuration that is useful in high-frequency 
applications. An ac schematic of a bipolar version, shown in Fig. 1.29a, consists of 
a common-emitter stage driving a common-base stage. An MOS version, shown in 
Fig. 7.29A consists of a common-source stage driving a common-gate stage. In both 
circuits, transistor T 2 operates as a current buffer. Therefore, the voltage gain of the 
cascode circuit is approximately 



^ - -ffml/tl (7.130) 

assuming that the output resistance of the cascode circuit is large compared lo R L . This 
result is the same as the voltage gain for a common-emitter or common-source stage with- 
out the current buffer T 2 . The cascode derives its advantage at high frequencies from the 
fact that the load for transistor T\ is the low input impedance of the current buffer. This 
impedance at low frequencies was shown in Sections 3.3.3 and 3.3,4 to be 

= — (7.131) 

if r 0 2 -» ignoring body effect in the MOS transistor and assuming r&/()3o + 1) <§C \Ig m2 

and ^o^l for the bipolar transistor. If transistors T\ and T 2 have equal bias currents 
and device dimensions, then g m] — g m2 . Since the load resistance seen by r L is about 
l/g m2 , the magnitude of the voltage gain from v; to v x is about unity. Thus the influ- 
ence of the Miller effect on b is minimal, even for fairly large values of R & Since 
the current-buffer stage T 2 has a wide bandwidth (see Section 7.2.4), the cascode circuit 
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Figure 7.29 Cascade circuit connections (a) bipolar and (h) MOS. 

overall has good high-frequency performance when compared to a single common-emitter 
or common-source stage, especially for large R L . (See problems 7.29 and 730.) 

If the assumption that r o2 ,x is removed, the magnitude of the voltage gain from v, 
to v T can be larger than one. For example. R L might be the output resistance of a cascoded 
current source in an amplifier stage. In this case, R L is large compared to r o2 , and the input 
resistance of the current buffer T 2 is given by 

— (7.132) 

&tn2 £m2 r o2 

from Section 333.1 [ignoring body effect in the MOS transistor and assuming r h I ( jft 
1) \igm 2 and ft » 1 for the bipolar transistor! . Since this resistance is significantly 
bigger than 1 ig m2 when R L » r o2 , the magnitude of the gain from v, to v * can be signifi- 
cantly larger than one. However, this gain is still much smaller in magnitude than the gain 
from v/ to v 0 m t therefore, the Miller effect on 7^ is smaller with the cascode transistor T 2 
than without it. To further reduce the Miller effect when R L is large, the input resistance 
of the current buffer in (7332) can be reduced by replacing the cascode transistor with the 
active cascode shown in Chapter 3. 

A useful characteristic of the cascode is the small amount of reverse transmission that 
occurs in the circuit. The current-buffer stage provides good isolation that is req uired in high- 
frequency tuned-amplifier applications. Another useful characteristic of the cascode is its 
high output resistance. This characteristic is used to advantage in current- source design, as 
described in Chapter 4, and in operational amplifier design, as described in Chapter 6, 

As an example of the calculation of the -3-dB frequency of a cascode amplifier, con- 
sider the circuit of Fig. 7.30. The input differential pair is biased using a resistor If 
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common-mode rejection is an important consideration, /? 3 can be replaced with an active 
current source. The resistive divider composed of and Ri sets the bias voltage at the 
bases of Qj and Q 4 , and this voltage is chosen to give adequate collector-emitter bias 
voltage for each device. 

For purposes of analysis, the circuit is assumed driven with source resistance R s from 
each base to ground. If the base of Qi is grounded, the frequency response of the circuit 
is not greatly affected if R s is small. The circuit of Fig. 7.30 can be analyzed using the ac 
differential half-circuit of Fig. 7.3 1 a. Note that in forming the differential half-circuit, the 
common-base point of Qi, and Q 4 is assumed Lo be a virtual ground for differential signals. 
The frequency response (v 0 /v s )(joj) of the circuit of Fig, 731a will be the same as that of 
Fig, 7.30 if in Fig. 7.30 is large enough to give a reasonable value of common-mode 
rejection. The small-signal equivalent circuit of Fig. 7.3 la is shown in Fig, 7.31 b. 

■ EXAMPLE 

Calculate the low-frequency, small -signal gain and — 3-dB frequency of the circuit of 
Fig, 7.30 using the following data: R s ^ 1 kil, R E = 15 il, = 4 kfl, R L = 1 kO, 
R\ = 4kfl,i?2 = 10 kfl-, and Vcc = Vee = 10 V. Device data arc /3 = 200, ^ 

0.7 V, tf = 0,25 11s ,r b = 200 fl, ^ (active region) = 150 11, C fe ( > = 1.3 pF, C^ 0 = 
0.6 pF, j/fOc ■= 0.6 V, C f -,o = 2 pF, 1 fa = 0,58 V, and n s = 0,5. 

The dc bias conditions are first calculated neglecting transistor base currents. The 
voltage at the base of Q 3 and Q 4 is 

V B 3 = Vcc - ^4~-(Vcc + Vet) = 10 - 4 x 20 = 4.3 V 

R\ + R 2 14 

The voltage at the collectors of Q\ and Q 2 is 

Vc\ = Vb?> ~ = 3,6 V 
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Figure 7.31 (a) The ac differential half-circuit of Fig. 7.30. (b) Small-signal equivalent of the 
circuit in (a). 



Assuming that the bases of Q\ and Qi are grounded, we can calculate the collector currents 
of Qi and as 

In 

Therefore, we have 

The dc analysis is completed by noting that the voltage at the collectors of Q 3 and Q 4 is 

^C 3 = -IciRl = 10 V - 1.15 V = 8.85 V 

The low-frequency gain can he calculated from the ac differential half-circuit of Fig. 13la , 
using the results derived in Chapter 3 for a stage with emitter resistance. If we neglect base 
resistance, the small -signal transconductance of Q\ including R E is given by (3,93) as 



_ Vee ~ V^on) _ 10-0*7 



2/?3 + R$; 



8.075 



niA = 1.15 m A 



la = la — h-3 - ^C4 = 1-15 mA 






1 T gflii Re 



10.24 mA/V 



The small-signal input resistance of Q\ including R E is given by (3.90) as 



Ri 1 + \)R e - 19.5 kfl 



As shown in Chapter 3, the common-base stage has a current gain of approximately unity, 
and thus the small-signal collector current of Qi appears in the collector of Q 3 , By inspec- 
tion, the voltage gain of the circuit of Fig. 7.3 \a is 



Vo 

Vs 



Rn+R.s Gm ' RL ~ 19.5 +1 X 10,24 X 1 



-9.74 



To calculate the -3-dB frequency of the circuit, the parameters in the small-signal equiv- 
alent circuit of Fig* 7 31b must he determined. The resistive parameters are g ml = g m $ = 
q! C \!kT = 44.2 mA/V, r n] = = p fg m] = 4525 ft, r cl = r c3 = 150 ft, r bl - 
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= 200 O, and R s + r b - 1.2 kO. Because of the low resistances in the circuit, tran- 
sistor output resistances are neglected. 

The capacitive elements in Fig. 7.3 LZ? arc calculated as described in Chapter i, First 
consider base-emitter, depletion-layer capacitance Cy*. As described in Chapter L the 
value of Cj e in the forward-active region is difficult to estimate, and a reasonable ap- 
proximation is to double This gives C Je = 2.6 pR From (1.1 04) the base charging 
capacitance for Q\ is 

c h] = = 0:25 x 10 “ 9 x 44.2 X 10 “ 3 F = 1 1 . 1 pF 

Use of (1 .1 1 8) gives 



C w i = G, 4- C Jei = 117 pF 

Since the collector currents of Q\ and Q 3 are equal, C ^ = C^\ = 1 3,7 pF. 

The collcctor-base capacitance C^\ of Q\ can be calculated using (1 . M7a) and noting 
that the col lector-base bias voltage of Q\ is Vcr\ — 3.6 V, Thus 






C 



}x0 



1 + 



Vr 



CB 



^()r 



(16 

7T^ 

M 0,6 



pF = 0.23 pF 



The collector-substrate capacitance of Q\ can also be calculated using (1,117a) with a 
collector-substrate voltage of V C s = Vc\ + Vf.e = 13,6 V, (The substrate is assumed 
connected to the negative supply voltage,) Thus we have 



C 



r.t 



Qio 



i + v ; r - 



V 



pF ~ 0.40 pF 

13.6 

0.58 



Similar calculations show that the parameters of are = 0,20 pF and C c ^ = 
0,35 pF. 

The — 3-dB frequency of the circuit can now be estimated by calculating the zero- 
value time constants lor Ihe circuit. First consider C . n \ . The resistance seen across its ter- 
minals is given by (7,122), which was derived for the emitter follower. The presence of 
resistance in series with the collector of Q\ makes no difference to the calculation because 
of the infinite impedance of the current generator g m \v \ . Thus from (7.1 22) 






? tt! 



Rs + fbi + Re 

1 + gm\ R e 



4525 1 



1000 + 200 + 75 
1 + 44.2 X 0.075 



O - (4525||295>n = 277 0 



Note that the effect of Re is lo reduce R ^\ , which increases the bandwidth of the circuit 
by reducing the zero-value time constant associated with C^. This time constant has a 
value 



C^R^m = 13.7 X 0.277 ns = 3,79 ns 

The collector-substrate capacitance of Q\ sees a resistance equal to r ( 1 plus the common- 
base stage input resistance, which is 



*i3 



1 _j_ 3 

Str j3 + 1 



= 23,6 n 



Rrs 01 - T r c \ - 174 0 



and thus C r >i sees a resistance 
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R 



Li 



w 

Figure 7.32 (a) Circuit for the calculation of for Q\Ah) Equivalent circuit for the circuit 
in (a). 

The zero-value time constant i s 

Cs i^c vOi = 0,4 X 0.174 ns = 0.07 ns 

The zero-value lime constant associated with C^i of Qy can be determined by calculat- 
ing the resistance seen across the terminals of C^y using Ihc equivalent circuit of 
Fig. 7.32a. To simplify the analysis, the circuit in Fig. 7.32a is transformed into the circuit 
of Fig. 7.32/?, where the transistor with emitter degeneration is represented by parameters 
Ri\ and G ml , which were defined previously. The circuit of Fig. 132b is in the form of a 
common-emitter stage as shown in Fig. 7.25, and Ihe formula derived for that case can be 
used now. Thus from (7,117) 

= #i + Ru + G in \ R L ] R\ ( 7 , 133 ) 

where 

R\ = + r b ) = (19,5||L2)kil = I.13ki'l 

The load resistance Rj \ is just r t l plus the input resistance of Q^. Using the previously 
calculated values, we obtain 

R l] = 174 ft 

Substituting into (7,133) gives 

R^oi = [1.13 H- 0.17 + (10,24 X 1.13 X0.17)JkXi = 3,27 kO 
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The zero-value time constant associated with C^y is thus 

C^ 0 i = 0.23 X 3.27 ns - 0.75 ns 

Because the input impedance of the common-base stage is small, the contribution of C^\ 
to the sum of the zero value time constants is much smaller than that due to C w] . 

The time constant associated with of can be calculated by recognizing that 
(7.122) derived for the emitter follower also applies here. The effective source resistance 
Rs is zero as the base is grounded, and the effective emitter resistance Rl is infinite because 
the collector of gi is connected to the emitter of g 3 . Thus (7.122) gives 

Ru03 = JV3||— = 22,6 fl 

gm3 

The zero-value time constant associated with is thus 

CviRrfn = 13.7 X 0,0023 ns = 0.32 ns 

The time constant associated with collector-base capacitance C^ 3 of Q 3 can be calculated 
using (7. 133) with G m \ equal to zero since the effective value of Re is infinite in this case, 
111 (7,133) the effective value of R\ is just and thus 



where 



Rpm — n, + Rlz 



Rl3 — + Rl 

and is the load resistance seen by Q 3 . Thus 

= [200 + 150 + 1000] n = 1.35 kfl 



and the time constant is 



<^ 3^03 = 0,2 X 1.35 ns = 0,27 ns 
Finally, the collector-substrate capacitance of Qj sees a resistance 



Res 03 — f<:3 + Re = 1*15 kfl 



and 



Qi3^03 = 0*35 X 1.15 ns = 0.4 ns 



The sum of the zero-value time constants is thus 

X7o = (3.79 + 0.07 + 0.75 + 0,32 -f 0,27 + 0.4) ns = 5.60 ns 
The — 3-dB frequency is estimated as 



/-mb = = 28.4 MHz 

2tt 2* j q 

Computer simulation of this circuit using SPICE gave a -3-dB frequency of 34.7 MHz. 
The computer simulation showed six poles, of which the first two were negative real poles 
with magnitudes 35.8 MHz and 253 MHz. The zero-value time constant analysis has thus 
given a reasonable estimate of the —3-dB frequency and has also shown that the major 
limitation on the circuit frequency response comes from of Q ] . The circuit can thus 
be broadbanded even further by increasing resistance Re in the emitter of Qy, since the 
calculation of qi showed that increasing Re will reduce the value of Note that 
■ this change will reduce the gain of the circuit. 
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Further useful information regarding the circuit frequency response can be obtained 
from the previous calculations by recognizing that in Fig, 7.3 1 effectively isolates C ^ 

and Cm 3 from the rest of the circuit. In fact, if is zero then these two capacitors are 
connected in parallel across the output and will contribute a separate pole to the transfer 
function. The magnitude of this pole can be estimated by summing zero-value time con- 
stants for and C cs 3 alone to give S7 0 = 0.67 ns. This time constant corresponds to a 
pole with magnitude l/(27rSro) = 237 MHz, which is very close to the second pole cal- 
culated by the computer. The dominant pole would then be estimated by summing the rest 
of the time constants to give ST 0 = 4.93 ns, which corresponds to a pole with magnitude 
32.3 MHz and is also close to the computer-calculated value. This technique can he used 
any time a high degree of isolation exists between various portions of a circuit. To estimate 
the dominant pole of a given section, the zero- value time constants may be summed for 
that section. 

In this example, the bandwidth of the differential -mode gain was estimated by com- 
puting the zero-value time constants for the differential half-circuit. The bandwidth of the 
common-mode gain could be estimated by computing the zero-value time constants for 
the common-mode half-circuit. 

7.3.5 Frequency Response of a Current Mirror Loading a Differential Pair 

A CMOS differential pair with current-mirror load is shown in Fig. 7.33a. The current 
mirror here introduces a pole and a zero that are not widely separated. To show this result, 
consider the simplified small -signal circuit in Fig, 7.33i? for finding the transconductance 
G m = iofvid w ith v 0 = 0. The circuit has been simplified by letting r a —* ® for all tran- 
sistors and ignoring all capacitors except C x . Here C x models the total capacitance from 
node X to ground, which consists of C gj4 . and other smaller capacitances. With a 
purely differential input, node Y is an ac ground. The zero-value time constant associated 
with C x is To = C x /g m y v therefore, 




An exact analysis of this circuit yields a transfer function with a pole given by (7.134) 
and a zero at z = -2g m 3 /C x . (See problem 7.48.) The magnitudes of the pole and zero 
are separated by one octave. The magnitude and phase responses for G w (.v) arc plotted in 
Fig. 7.34. The phase shift from this pole- zero pair is between 0 and — 1 9.4 degrees. 

The frequency-response plot can be explained as follows. The drain currents in the 
differential pair are Gi = g m \ ^v//2 and i d 2 = -g m 1 v^/2. At low frequencies, and M 4 
mirror i d \ , giving for the output current 

= ~‘ l d2 - *d4 = + idl = gm\Viti (7. 1 35) 

At high frequencies (co ^), C v becomes a short, so 0 and i d 4 0. Therefore, 

i, = -(,J2 - i<!4 = -id2-0= (7. 136) 

These equations show that the tTansconductance falls from g m \ at low frequencies to g m \il 
at high frequencies. This result stems from the observation that the current mirror does not 
contribute to the output current when C x becomes a short. The change in the transcon- 
ductance occurs between frequencies |^| and \z\. This analysis shows that the pole and 
zero are both important in this circuit. Since C x =*= -f C gs * = 2 C^. 3 , (7.134) gives 
M = 8m?!2C s , 3 2. Therefore, the pole-zero pair has an effect only at very high 
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M 




Figure 7.33 (a) Differential pair with current-mirror load and (b) a simplified small-signal model. 

frequencies, and the effect of this pair is much less than that of either an isolated pole 
or zero. 

Analysis of a bipolar version of the circuit in Fig, 7,33a gives a similar result, 

7.3.6 Short-Circuit Time Constants 

Zero- value time-constant analysis (which is sometimes called open-circuit time-constant 
analysis) can be used to estimate the smallest-magnitu.de pole of an amplifier* This es- 
timated pole magnitude is approximately equal to the — 3-dB frequency of the gain of a 
dc -coupled amplifier with a low-pass transfer function. Another type of time-constant anal- 
ysis is called short-circuit time-constant analysis. Short-circuit time constants can be used 
to estimate the location of the largest-magnitude pole. While short-circuit time-constant 
analysis is often used to estimate the lower —3-dB frequency in ac-coupled amplifiers, 12 
we will use these time constants to estimate the magnitude of the nondominant pole in 
dc -coupled amplifiers that have only two widely spaced, real poles. 
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{degrees) 
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Figure 7.34 (a) Magnitude and (b) phase versus frequency of the transconductance G m = ijv ld 
for the circuit in Fig, 7.33. 



The short-circuit time-constant formulas will be derived for the small-signal circuit in 
Fig. 7.24. Equations 7.91 to 7.93 describe this circuit, and (7.94) is the determinant A(.v) 
of these equations. This determinant can be written as 



= Ki(s - pi)(s ~ p 2 )(s - pj) 



(7.137) 



since the zeros of A(i) are the poles of the transfer function. Expanding the right-most 
expression and equating the coefficients of s 2 gives 



Kz 



I> 



i = 1 



(7.138) 



Now a formula for calculating K 2 fK$ will be derived. Evaluating the determinant of 
the circuit equations in (7.91) to (7.93), the term that multiplies s 2 in (7.94) is given 
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K, = 



and the K 2 term is 

Ki = g\\£^C x + gllCnCx + gwC-nCp 

From (74 39) and (7.140), the ratio K 2 /K 3 is 



_ £ll ^ g2 2 | g33 



^22 Cp. rwC x 



(7.139) 



a 140) 



(7.J4J) 



where ru = 1 /#„♦ Now, let us examine each term in the right-most expression. The first 
term is l/fruC^), Using (7.91), r n = 1 fg u can he found as 



Ui = 



(7* 142) 



| v 2 - v : , = 0, CV=0 



That is, is the resistance in parallel with CV, computed with C ^ removed from the 
circuit and with the other capacitors and C x shorted. (Note that shorting makes 
v 2 0; shorting C x makes v 3 = 0.) Therefore, the product ni^V is called the short- 
circuit time constant lor capacitor C v . Similarly, from (7.92) 



?22 = 



(74 43) 



Iv, =Vi, =U, Cm -“0 



This r 2 2 is the resistance in parallel with computed with removed from the circuit 
and with the other capacitors C „ and C- x shorted. Finally, from (7.93) 



(7444) 



I Vi = V? = 0. t\ - () 



So r 33 is the resistance in parallel with C x , computed with C x removed from the circuit 
and with the other capacitors C ^ and C {X shorted. Using (7442) to (74 44), (74 41) can he 
rewritten as 






(7445) 



where t„- is the shon-circuit time constant associated with the ;' lh capacitor in the circuit. 
The short-circuit time constant for the i Lh capacitor is found by multiplying its capacitance 
by the driving-point resistance in parallel with the i lh capacitor, computed with all other 
capacitors shorted. 

Combining (7438) and (7445) gives 



-■> i 

Z* = -Z”: 

i= 1 i = 1 



(74 46) 



This key equation relates the sum of the poles and the sum of Ihe reciprocals of the short- 
circuit time constants. This relationship holds true for any small-signal circuit that consists 
of resistors, capacitors, and controlled sources, assuming that the circuit has no loops of 



capacitors. 1 



If a circuit has n poles and pole p n has a magnitude that is much larger than the 
magnitude of every other pole, then a general version of (7.146) can be written as 

P ^± Pi = ~ x 1 - 

f * ^ J T • 



(7.147) 
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For a circuit that has only two widely spaced, real poles, (7.147) simplifies to 

P2“-X;r (7.148) 

hi 

This simple relationship allows the magnitude of the nondominant pole to be readily esti- 
mated from the short-circuit time constants. 

■ EXAMPLE 

Estimate the nondaminant pole magnitude for the circuit in Fig, 135 with 

Rs = io eh r l = io kn 

C S y = I pF Cj = 20 pF g m = 3 mA/V 

This circuit has two poles because it has two independent capacitors. First, we will 
calculate the short-circuit time constant r al for C f . With C gs shorted and the indepen- 
dent source set to zero, we have v\ = 0, so the current through the dependent source is 
also zero. Therefore, the resistance seen by Cf is just R L , and the corresponding time 
constant is 

7>, = C f R L = (20 P F)(10 kO) - 200 ns 

To find Ihe short-circuit time constant for C gs , we short C f and find the resistance seen by 
Cg S . With Cj shorted, the dependent source is controlled by the voltage across it; therefore, 
it acts as a resistance of Ug m . This resistance is in parallel with R L and R s , so the short- 
circuit lime constant for C us is 

hi = = (1 pF)L'IO kO |j333 fl|[10 kfi] = 0.312 ns (7,149) 

From (7.148), 

()! - -x A , + _ 12[ Grad/s (7J5(I) 

if the poles are real and widely spaced. An exact analysis of this circuit gives p 2 = 
-3.20 Grad/s, which is very close to the estimate above, and p 1 = - 156 krad/s. 

Using zero-value lime constants, the dominant-pole magnitude can be estimated. 
From (7.124), the zero-value time constant for Cf is 

c f R f0 - c f { R S + Rl + gm R lRs) (7.151) 

= (20p)[ 1 0k 4- 10k + (3 x lO^XlOkKlOk)] s = 6.4 jus 



C ! 




Figure 7.35 Example circuit for calculating short-circuit time constants. 
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The zero-value time constant for C gs is simply 

C SS R S = (lpF)(10k-ft) - 10ns 

Therefore, (7.111) gives 



Pi 



6.4 p.s -f 10 ns 



-156 krad/s 



Exact analysis of this circuit gives p\ = - 1 56 krad/s, which is the same as the estimate 
above. This example demonstrates that for circuits with two widely spaced, real poles, 
time constant analyses can give accurate estimates of the magnitudes of the dominant and 
nondominant poles. 

In this case of widely spaced poles, note that p\ and p 2 can be accurately estimated 
using only one time constant for each pole. Since Cf is large compared to C gs and the 
resistance Cf sees when computing its zero-value time constant is large compared to 
the resistance seen by C gjlt a reasonable conclusion is that C gs has negligible effect near the 
frequency |pi|. Therefore, the most important zero- value time Constantin (7.111) for esti- 
mating pi is the time constant for C / (computed with C g $ replaced with an open circuit). 
Using only that time constant from (7.151), we estimate 



P\ ~ — — = — 156 krad/s 

6.4 p.s 

which is a very accurate estimate of p\ . 

If the real poles are widely separated and the dominant pole was set by Cf, a rea- 
sonable assumption is that Cf is a short circuit near the frequency \p 2 \. Therefore, the 
important short-circuit time constant in (7.150) is the time constant for C gs , computed 
with Cf shorted. Using only that time constant from (7.149) in (7.148) gives 

Pi ~ - * = -3.21 Grad/s 

0.312 ns 



■ which is an accurate estimate of p 2 . 

This last set of calculations shows that if two real poles are widely spaced and if one 
capacitor is primarily responsible for pi and another capacitor is responsible for we 
need only compute one zero- value time constant to estimate p \ and one short-circuit time 
constant Lo estimate p 2 > 



7.4 Analysis of the Frequency Response of the 741 Op Amp 

Up to this point the analysis of the frequency response of integrated circuits has been 
limited to fairly simple configurations. The reason for this is apparent in previous sections, 
where the large amount of calculation required to estimate the dominant pole of some 
simple circuits was illustrated. A complete frequency analysis by hand of a large integrated 
circuit is thus out of the question. However, a circuit designer often needs insight into the 
frequency response of large circuits such as the 741 op amp, and, by making some sensible 
approximations, the methods of analysis described previously can be used to provide such 
information. We will now illustrate this by analyzing the frequency response of the 741. 

7.4.1 High-Frequency Equivalent Ciicuit of Ihe 741 

A schematic of the 741 is shown in Fig. 6,32a. Its frequency response is dominated by the 
30-pF integrated capacitor C 0 which is a compensation capacitor designed to prevent the 
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Figure 7.36 An ac schematic of the high-frequency gain path of Lhc 741. 




C f >2 > R P 2 



circuit from oscillating when connected in a feedback loop. The choice of C c and its func- 
tion are described in Chapter 9. 

Since the 741 contains over 20 interconnected transistors, a complete analysis is not 
attempted even using zero-value time-constant techniques. In order to obtain an estimate of 
the frequency response of this circuit, the circuit designer must be able to recognize those 
parts of the circuit that have little or no influence on the frequency response and to discard 
these from the analysis. As a general rule, elements involved in the bias circuit can often 
be eliminated, and those portions of the circuit that are differential can be replaced by a 
hall-circuit. This approach leads to the ac schematic of Fig, 7.36, which is adequate for 
an approximate calculation of the high-frequency behavior of the 741. All bias elements 
have been eliminated except where they contribute parasitic elements to the gain path, and 
these are represented by R ph C p u R p i, and C p2 . In the output stage, either g 14 or Q 2 o will 
be conducting, depending on whether the output voltage is positive or negative, and the 
frequency response of the circuit will be slightly different in these two cases. Transistor 
Qu is assumed conducting in the schematic of Fig. 7.36. 

The major approximation in Fig. 736 is neglect of the frequency limitations of the 
input-stage active load that has been eliminated from the gain path. However, the out- 
put resistance and capacitance of are included as part of R p \ and C p \. More detailed 
calculation and computer simulation show that these are reasonable approximations. 

As mentioned above, the frequency response of the 741 is dominated by Q., and the 
-3-dB frequency can be estimated by considering the effect of this capacitance alone. 
However, as described in Chapter 9, the presence of poles other than the dominant 
one has a crucial effect on the behavior of the circuit when feedback is applied. The 
magnitude of the nondominant poles is thus of considerable interest, and methods of 
estimating their magnitudes are described. First we calculate (he -3-dB frequency of 
the circuit, 

7.4.2 Calculation of the -3-dB Frequency of the 741 

The -3-dB frequency of the circuit of Fig. 7.36 can be estimated by calculating the zero- 
value resistance R ri} seen by Q. This cart be calculated from the ac circuit of Fig, 131a, 
where the input resistance of Q 2 j is assumed very high and is neglected. The calculation 
of R c0 can be greatly simplified by representing the circuit of Fig. 131a as shown in 
Fig, 137b. Quantities R itc , and G mc are the input resistance, output resistance, and 
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Figure 7.37 (a) Circuit for Lhc calculation of the zero-value time constant for C f: < (b) Equivalent 
circuit for the circuit in (a). 



transconductance, respectively, of the circuit of Fig. 7.37ri. These quantities were calcu- 
lated in Chapter 6 using nominal device data but a more accurate calculation allowing for 
j 8 variation with bias current yields the following values: 



Ru = = 1-95 MO 

R tu: = R oll \\R P i = 36,3 kO 
G mc = 6,39 mA/V 

Note that R p] is the elective output resistance of Q$ and R p 2 is the effective output resis- 
tance of <2i3R in the schematic of Fig, 6.32 a. 

Since the circuit of Fig. 131b is topologically the same as that of Fig. 7.24, (7.1 17) 
can now be used to estimate R c q. 

RtQ = Ru + Roc + G mc Ri C R 0C (7.152) 

= [1.95 + 0.086 + (6.39 X 10 3 X 86.3 X I0 3 X 1.95)] Mfi 

= i.08 x io 9 n 



This extremely large resistance when combined with C c = 30 pF gives a time constant 
C c R m = 30 X 10“ 12 X 1.08 X 10 9 s = 32.4 X 10“ 3 s 



This totally dominates the sum of the zero- value time constants and gives a -3-dB fre- 
quency of 



/-3dn 



1 

2ttC c R cQ 



= 4.9 Hz 



A computer simulation of the complete 741 gave / 3 ds — 5.0 Hz. 

An alternative means of calculating the effect of the frequency compensation is using 
the MilleT effect as described in Section 7.2.1, The compensation capacitor is connected 
from the base of Q\^ to the collector of Qw and the voltage gain between these two points 
can be calculated from the equivalent circuit of Fig. 7.37/?: 

j4 v = ~G mL Roc 



(7.153) 




540 Chapter 7 ■ Frequency Response of Integrated Circuits 



From (7*5) the Miller capacitance seen at the base of is 

C M = (1 -A v )C c (7.154) 

and substitution of (7*153) in (7*154) gives 



C M = (1 +G mr R oc )C c (7,155) 

= [1 + (6.39 x 10 “ 3 x 86.3 x 10 3 )] x 30 pF 
= 16,540 pF 

This extremely large effective capacitance at the base of Q\^ swamps all other capacitances 
and, when combined with resistance R ic = 1.95 Mfl from the base of g 16 to ground, gives 
a -3-dB frequency for the circuit of 



1 

~~ 273 -x 16,540 X 10“ 12 X 1.95 X 10 6 Hz 
- 4.9 Hz 

This is the same value as predicted by the zero- value time-constant approach. 

Note that an additional capacitor is introduced into the circuit along with C t * This is 
the capacitance described in Chapter 2 from the underside of C c to the substrate* In this 
case, capacitor C c is connected so that the parasitic capacitance exists from the base of Q ]b 
to ground and is thus swamped by the Miller effect due to C c . The parasitic capacitance 
has a relatively large value (about 14 pF) because of the large area of the 30-pF capacitor. 
This capacitor consumes an area 16 mil square in a chip that is 56 mil square, and thus 
occupies an area about 13 times that of a typical transistor in the circuit. (1000 mil = 
1 inch = 25.4 mm.) 

It is interesting to note that if the compensation capacitor is removed and the zero- 
value time constants of the circuit are calculated, then the - 3-dB frequency of the circuit 
is found to be 18*9 kHz. This is dominated by the capacitance C p u which is about 3.4 pF 
and is composed largely of collector-substrate capacitance from Q 6 and Qn. The resistance 
seen by C p \ is R iC = 1.95 Mfl as calculated above, giving a time constant of 6*6 |jls* 



7.4.3 Nondominant Poles of the 741 

The foregoing calculations have shown that the 30-pF compensation capacitor produces a 
dominant pole in the 741 with a magnitude of 4.9 Hz. From the complexity of the circuit 
it is evident that there will be a large number of poles with larger magnitudes that we now 
consider. 

Transistors Q\& and Q \ 7 form the gain stage around which the compensation capacitor 
is connected* After C c is connected, the transfer function of this pair contains a pole with 
a magnitude of 4.9 Hz plus higher frequency poles* As shown in Chapter 9, these higher 
frequency poles arc much less significant after C c is connected, but they still contribute 
phase shift at the unity-gain frequency of the amplifier (which is about 1.25 MHz). The 
exact calculation of these higher frequency poles is quite difficult, however. 

Other sources of higher frequency poles are the active load, which has been omitted 
from Fig* 7.36, and also the lateral pnp emitter follower Q 2 3 * Computer simulation shows 
that both of these parts of the circuit contribute phase shift at the unity-gain frequency of 
1 .25 MHz* As in the previous case, hand calculation of the frequency response of these 
portions of the circuit is difficult and requires consideration of all parasitic elements. 
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Figure 7.3$ Small-signal equivalent 
circuit of Qx in Pig. 7.36, 



There is, however, one portion of the circuit of Fig. 7.36 that contributes a nondomi- 
nant pole that can be calculated. This is the lateral pnp common-base stage This stage 
is driven by the npn emitter follower Q 2 , which may be assumed to have a frequency 
response that is much broader than that of Q 4 because the f T of an npn device is much 
higher than that of a lateral pnp. Neglecting frequency effects in Q 2> we may assume that 
Q 4 is fed by v; in series with l/g m 2, which is the resistance seen looking into the emitter 
of Q 2 if R& is small. In addition, the collector of Qa may be assumed to be feeding an 
ac short circuit, since the large Miller capacitance produced by C t results in a very low 
impedance at the collector of Qa. The small-signal equivalent circuit ol Qa can thus be 
drawn as in Fig. 7.38, and this is effectively isolated from the rest ol the circuit. As a 
result, this stage contributes a separate pole whose magnitude can now be estimated using 
zero-value lime-constant techniques. Note that and 4 are neglected. 

We first calculate the small-signal parameters of the circuit of Fig, 7.38. The bias 
levels were calculated in Chapter 6 as — ~~Ica ^ '12 p-A and thus — g , n 4 — 
0.46 mA/V, A typical value of Cj e for a lateral pnp in forward bias is 0,6 pK Assuming 
= 25 ns for the lateral pnp, we can calculate Lhe base charging capacitance for Qa 
using (1.104) in Chapter 1: 

12 X 10 ^ 

C M = T F 4 g „ l4 = 20 x 10" 9 x 26 x 1Q 3 F = 11.6 pF 



Using (1.118) gives 

Cm = Cm 4- Cp 4 = 12.2 pF 

Even at this low bias current, the C w of the lateral pnp is still dominated by Q because 
the transit time tf is so large. 

The magnitude of the pole contributed by Qa can now be calculated by determining 
the resistance R^a seen by C„ 4 . This is simply \/g m2 in parallel with the input resistance 
of Q 4f which is approximately \fg m4 . Thus 

ffuw =i— = 1087 n 

2 gm2 

and, consequently, 

C n4 R nM = 12.2 X Hr 12 X 1087 s = 0.0126 pus 
The magnitude of the pole contributed by Q 4 is thus 

. * „ — = 12.6 MHz 

^TtCttA "ttCM- 

A negative real pole at - 15 MHz appears in the poles and zeros of the 741 as calcu- 
lated by computer and described in Chapter 9. This is Lhe pole contributed by Qa f and the 
slight difference in magnitude from the value calculated above is due to the more accurate 
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modeling in the computer. Note that a pole with magnitude 1 2*6 MHz contributes 6 of 
phase shift at the unity-gain frequency of 1.25 MHz and this is a significant amount. How- 
ever, nondominant poles contributed by Q\(„ Q \ 7t Q 2 t, and the active load also produce 
significant phase shift at the unity-gain frequency, and an accurate estimate of the total 
circuit phase shift can only be made by computer simulation or direct measurement. How- 
ever, the calculations of this section allow the designer to isolate those parts of the circuit 
contributing excess phase shift and to make design changes where necessary to improve 
this aspect of circuit performance. 



7.5 Relation Between Frequency Response and Time Response 



In this chapter the effect of increasing signal frequency on circuit performance has been 
illustrated by considering the circuit response to a sinusoidal input signal. In practice, 
however, an amplifier may be required to amplify nonsinusoidal signals such as pulse 
trains or square waves. In addition, such signals are often used in testing circuit frequency 
response. The response of a circuit to such input signals is thus of some interest and will 
now be calculated. 

Initially we consider a circuit whose small-signal transfer function can be approxi- 
mated by a single-pole expression 

-0) = (7.156) 

V; 1 - — 

Pi 

where K is the low-frequency gain and pi is the pole of the transfer function. As described 
earlier, the — 3-dB frequency of this circuit for sinusoidal signals is oj-^q — ~~p]- Now 
consider a small input voltage step of amplitude v a applied to the circuit. If we assume 
that the circuit responds linearly, we can use (7.1 56) to calculate the circuit response using 
v ,-(.v) = vjs. Thus 



Vo(s) = -s-- 

A 1 - - 
Pi 

and the circuit response to a step input is 




1 

J - P\ 



= Kv a 0 ~e^) 



(7.157) 



The output voltage thus approaches Kv ti and the time constant of the exponential in (7. 157) 
is — ]//>[. Equation 7.157 is sketched in Fig. 7.39tf together with v ( . The rise Lime of the 
output is usually specified by the time taken to go from 10 percent to 90 percent of the 
final value. From (7,157) we have 

0AKv a = Kv a { 1 - eP'*') (7.158) 

0,9Kv a = Kv a ( 1 - eP'tz) (7.159) 



From (7.158) and (7.159) we obtain, for the 10 percent to 90 percent rise lime, 

1 , n 2.2 0.35 

t r = f 2 ~ h = ~ — In 9 = = -- (7.160) 

P I <}) 3JB f MB 

This equation shows that the pulse rise time is directly related to the - 3-dB frequency of 
the circuit. For example, if /_ M0 = 10 MHz, then (7.160) predicts t r = 35 ns. If a square 
wave is applied to a circuit with a single-pole transfer function, the response is as shown in 
Fig. 7,396. The edges of the square wave are rounded as described above for a single pulse. 
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Figure 7.39 (a) Step response of a linear circuit with gain K and a single-pole transfer function. 
{h) Response of a linear circuit with a single-pole when a square- wave input is applied. 



The calculations in this section have shown the relation between frequency response 
and time response for small signals applied to a circuit with a single-pole transfer func- 
tion. For circuits with multiple-pole transfer functions, the same general trends apply, but 
the pulse response may differ greatly from that shown in Fig, 7,39, In particular, if the 
circuit transfer function contains complex poles leading to a frequency response with a 
high-frequency peak (see Chapter 9), then the pulse response will exhibit overshoot 3 and 
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Figure 7.40 Typical step response of a 
linear circuit whose transfer function 
contains complex poles. 



damped sinusoidal oscillation as shown in Fig, 7,40, Such a response is usually undesirable 
in pulse amplifiers. 

Finally, it should be pointed out that all the foregoing results were derived on the 
assumption that the applied signals were small in the sense that the amplifier acted linearly. 
If the applied pulse is large enough to cause nonlinear operation of the circuit, the pulse 
response may differ significantly from that predicted here. This point is discussed further 
in Chapter 9. 



PROBLEMS 

7.1 (a) Use the Miller approximation to calcu- 
late the -3-dB frequency of the small-signal volt- 
age gain of a common-emitter transistor stage as 
shown in Fig. 12a using R% = 5 kft, R L — 3 kft, 
and the following transistor parameters: 

r h = 300 ft, I c = 0*5 mA, p = 200, f r = 
500 MHz (at I c = 0,5 mA), C M =0.3 pF, C„ = 
0, and V A = 3° 

(b) Calculate the nondominant pole magni- 
tude for the circuit in (a). Compare your answer 
with a SPICE simulation. 

7.2 Repeat Problem 7.1 for the MOS common- 
source stage shown in Fig. 72b using R$ = 10 kft, 
Rl = 5 kft , Ip = 0.5 mA, and the following 
NMOS transistor data: 

NMOS\ W = 100 |am, E drwil = 2 fxm. L d = 
0.2 = 0, A = 0, k’ n - 60 p.A/V 2 ,' y = 0, 

C sb = Cm = 0, C ux = 0.7 £F/(|jini 2 ), and C gd = 

14fF. 

7.3 Calculate an expression for the output 
impedance of the circuit in Problem 7.1 as seen 
by R l and form an equivalent circuit. Piot the 
magnitude of this impedance on log scales from 
/ = 1 kHz to / = LOO MHz. 



7.4 Repeat Problem 7.3 for R s = 0 and 

R s = 

7.5 Repeat Problem 73 for (he MOS circuit in 
Problem 7,2. 

7.6 A bipolar differential amplifier as shown 
in Fig, 7.5 has I EE = 1 mA. The resistor values 
and transistor data tire as given in Problem 7.1. 
If the tail current source has an associated resis- 
tance R t = 300 kft and capacitance C r = 2 pF 
as defined in Fig. 7.11-3, calculate the CM and DM 
gain and CMRR as a function of frequency. Sketch 
the magnitude of these quantities in decibels from 
/ = 10 kHz to / - 20 MHz, using a log fre- 
quency scale. Compare your answer with a SPICE 
simulation. 

7.7 A MOS differentia] amplifier is shown in 
Fig. 7,9. For this circuit carry out the calcula- 
tions in Problem 7.6, Use = 1 mA, the val- 
ues of Rj = 300 kft and Cj = 2 pF as defined in 
Fig. 7. 1 1 b, and the transistor data in Problem 7.2. 

7.8 A lateral pnp emitter follower has R s = 
250 ft, r b - 200 ft, $ = 50, i c = -300 jxA, 
fj = 4 MHz t R l = 4 kft, C JA = 0, and r 0 = cc. 
Calculate the small- signal voltage gain as a func- 
tion of frequency. Sketch the magnitude of the 
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voltage gain in decibels from / = 10 kHz to f = 
20 MHz. using a log frequency scale. 

7.9 Calculate the values of the elements in 
Ihc small-signal equivalent circuits for the in- 
put and output impedances of the emitter fol- 
lower of Problem 7.8. Sketch the magnitudes of 
these impedances as a function of frequency from 
/ = 10 kHz to / = 20 MHz, using log scales. 
Use SPICE to determine the small-signal step re- 
sponse of the eireuit for a resistive load of 1 kfi 
and then a capacitive load of 400 pF. Use a 
1-mV input pulse amplitude with zero rise Lime. 
Comment on the shape of the time-domain re- 
sponses. (Bias the circuit with an ideal 300-pA 
current source connected to the emitter for the 
capacitive load test.) 

7.10 For the source follower in Fig. 7.13fr, find 
ihc low' -frequency gain and plot the magnitude and 
phase of its voltage gain versus frequency from 
/ = 10 kHz to / = 20 GHz, using log scales. 
Compare your ploL with a SPICE simulation. Use 
the transistor data given in Problem 7.2 with a re- 
sistive load of 1 kQ and then a capacitive load of 
400 pF. In both cases, take Id = 0.5 mA. Use a 
I-mV input pulse amplitude with zero rise time. 
Comment on the shape of the time-domain re- 
sponses. (Bias the circuit with an ideal 0.5 mA 
current source connected to the source for the 
capacitive load test.) 

7.1 1 (a) Find expressions for R] , Ri, and L in 
the output impedance model for a MOS source fol- 
lower assuming Jt s ^ y7 0, and = v„, 

(b) Plot the magnitude of the output im- 
pedance versus frequency from / = 10 kHz to 
/ = 10 GHz, using log scales, when Rs = 1 
g m = 0.3 mA/V, and y = 0. 

7.12 A common-base stage has the following 
parameters: If = 0.5 mA, CV = 10 pF, C/ — 

0.3 pF, r b = 200 11, $ = 1(K) ; r Q = ® R L = 0, 
and Rs = 

(a) Calculate an expression for the small- 
signal current gain of the stage as a function of fre- 
quency and thus determine the frequency where the 
current gain is 3 dB below its low-frequency value. 

<b) Calculate the values of the elements in the 
small-signal equivalent circuits for the input and 
output impedances of the stage and sketch the mag- 
nitudes of these impedances from / = 100 kHz to 
/ = 100 MHz using log scales. 

7.13 Repeat Problem 7.12 for a NMOS 
common-gate stage using R[_ — 0 and = <», 
Use = 0.5 mA and the MOS transistor data in 
Problem 7.2. Plol the impedance magnitudes from 
/ - 100 kHz to / - 100 GHz. 



7.14 The ac schematic of a common-emitter 
stage is shown in Fig* 12a, Calculate the low- 
frequency small-signal voltage gain and use 
the zero -value time-constant method to estimate the 

3-dB frequency for = lOkftand/ri. = 5kfl . 

Data: = 200, f, = 600 MHz (at I c = 1 mA), 

C M = 0*2 pF, Cj e = 2 pF. C t - S = L pF. r b = 0. 
r 0 = qc, and Ic = 1 mA. 

7. 15 Repeat Problem 7.14 if an emitter degen- 
eration resistor of value 300 SI is included in the 
circuit, 

7.16 Repeal Problem 7.14 if a resistor of value 
30 kft is connected between collector and base of 
the transistor. 

7.17 Repeat the calculations in Problem 7.14 
for the common-source stage in Fig. 12b . Take 
V DB — 7.5 V and I D — 0.5 mA. Use the same tran- 
sistor data and resistor values as in Problem 7.2 with 
the following exceptions: 

1. C ox and C ^ arc not given, but fj = 
3 GHz. 

2, C ( u, is not equal to 0. Calculate the zero- 
bias drain-bulk capacitance as C^o = A^(C ;0 ) + 
PniCjswo), where Ad = (5 |xm)W, and use 
Pn = W t Let C-j n = 0,4 fF/(|am 2 ) and = 
0.4 fF/p.m. Then use (L202) with = 0.6 V to 
calculate Cm,- 

7. IS Repeat Problem 7,14 using a NMOS tran- 
sistor in place of the bipolar transistor. Use Id = 
0.5 mA and the transistor data in Problem 7.2, 

7.19 Repeat Problem 7.18 if a 900 source- 
dcgcncration resistor is included in the circuit. 

7.20 Repeat Problem 7. 18 if a resistor of value 
50 kO is connected between drain and gate of the 
transistor. 

7.21 A Darlington stage and a common- 
eollcctor-eommon-emitter cascade are shown 
schematically in Fig. 7.41, where Rs = 100 kfi 
and R l = 3 kfl. 

(a) Calculate the low-frequency small-signal 
voltage gain vjv t for each circuit. 

(b) Use the zero-value Lime-constant method 
to calculate the -3-dB frequency of the gain of each 
circuit. 

Data: /3 - 100, f T = 500 MHz at I c = 1 mA, 
C M = 0.4 pF, C Je = 2 pF, C c , = 1 pF, r h = 0, 
r v = 7 C | = 10 pA, and I C 2 — 1 mA. (Values 
ofC^ C, : . s , and C/ r are at the bias point.) 

7.22 Repeal Problem 7.21 if a bleed resistor of 
15 kfl is added from the emitter of Q\ to ground, 
which increases the collector bias current in Q\ to 
50 pA. 
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7.23 Repeat Problem 7.21 if the input signal is 
a current source of value i ; applied at the base of 
Q ] . (That is, i s replaces the voltage source v, and 
resistance R$.) The transfer function is then a trans- 
resistance vJU. 

7.24 Replace the bipolar transistors in Fig. 7.41 
with NMOS transistors. Repeat the calculations in 
Problem 7.21, using R s = 100 kO, R L = 3 kH, 
and the NMOS transistor model data in Problem 
7.2, bnt use C db = 200 fF and C sb - 1 80 fF here. 
Take I Dl = 50 |xA and l D2 = ] mA. 




Figure 7.41 The ac schematics of (a) Darlington 
stage and ( b ) common-collector-common-emitter 
stage. 

7.25 An amplifier stage is shown in Fig. 7.42 
where bias current I t is adjusted so that V Q = 

0 V dc. Take Vsupply = 10 V. 

(a) Calculate the low- frequency, small- signal 
transresistance vjii and use the zero-value time- 
constant method to estimate the -3-dB frequency. 

Data: nptv. = 100, f T = 500 MHz at I c = 

1 mA, = 0.7 pF, C,, = 3 pF (at the bias 
point), C„< j = 2 pF, r h = 0, and V A = 120 V. As- 
sume n — 0.5 and *ff$ = 0.55 V for all junctions. 

pnp: (3 = 50, f T = 4 MHz at I c = -0.5 mA, 
= L0 pF, C }e = 3 pF {at the bias point), 
C bM = 2 pF, r b = 0, and \V A \ - 50 V. Assume 
n = 0.5 and $0 = 0.55 V for all junctions. 

(b) Repeat (a) if a 20-pF capacitor is con- 
nected from collector to base of Q \ , 



^SUPPLY 




Figure 7.42 Amplifier stage, 

7.26 Repeat Problem 7.25 with the following 
changes: 

T Replace Q j with a p-channcl MOS transis- 
tor, M 1 . Replace Q 2 and Q 3 wilh n-ehannel MOS 
transistors, M 2 and M?, 

2. Add a resistor of value \fg m \ from the gate 
to the source of M\. 

3. Take F^ipply = 2.5 V. 

4. Use the formula for C dh n given in Problem 
7.17. 

5. For all transistors: L Jrwri = 2 p,m, L<i = 
0.2 p.m, X d = 1 jam, and y = 0. W { = 200 |u.m 
and Wi-W-i = 100 Use (1.201) and (L202) 
with - 0.6 V for the junction capacitances. Use 
the equations in Problem 7. 17 for C rfW >. 

NMOS data: V tll - 1 V, - 60 p,A/V 2 , 
A* = 1/(100 V), C vx - 0.7 fF/(jjim 2 ), C J0 = 
0.4 fF/(^m 2 ), and C^d = 0.4 fF/|xm. 

PMOS data: V tp = -\ V, k' p = 20 julA fVK 
!Ap| - 1/(50 V), C„ x = 0.7 IF/(p,m-). Cjn = 
0.2 fF/(|xm 2 ), and Cj sn<] = 0.2 IF/jum. 

7.27 A differential circuit employing active 
loads is shown in Fig. 7.43. Bias voltage V B is ad- 
justed so that the collectors of Q\ and Q 2 are at 
+5 V dc. Biasing resistors are Rr\ = 10 kil and 
Rr 2 = 20 kfl . Calculate the low-frcqucncy, small- 
signal voltage gain vjv^ and use the zero-value 
time-constant method in the DM half-circuit to es- 
timate the —3-dB frequency of the DM gain. Use 
the device data in Problem 7.25. 
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7.28 Repeat Problem 7.27, replacing the bipo- 
lar transistors with MOS transistors. Assume that 
the values of R H \ and R B2 set T D5 - 1 mA. Use 
W { - W 2 = W s = W b = 100 pun, Hb = W 4 = 
50 pm, and Z^ rwn = 2 p,ni. See Problem 7.26 for 
all other MOS transistor data. 

7.29 The ac schematics of a common-source 
stage and a common-sourec-common-gate (ca$- 
code) stage are shown in Fig. 7.44 with R$ - 
10 kfl and R L = 20 kfl. Using the transistor and 
operating -point data in Problem 7.2: 

<a) Calculate the low-frequency, small-signal 
voltage gain v ( Jv f for each circuit. 



(b) Use (he zero-value time-constani method 
to calculate and compare the — 3-dB frequencies of 
the gain of the two circuits. 

(c) Estimate the 10 to 90 percent rise time for 
each circuit for a small slop input and sketch the 
output voltage waveform over 0 to 300 ns for a 
1-mV step input, 

7.30 Replace thcNMOS transistors in Fig. 7,44 
with npn transistors. The resulting ac schemat- 
ics arc of a common-emitter stage and a common- 
emiller-eommon-base (cascode) stage. Repeat the 
calculations in Problem 7.29 using R$ ~ 5 kfi, 
Ri = 3 kfi, and the following data. 




(«) (*) 

Figure 7.44 An ac schematic of (a) common-source stage and (h) cascode stage. 
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-1-6 V 




Data: i c = 1 mA, j3 = 100, n, = 0, C (:i = 1 pF, 

= 0,4 pF, fj = 500 MHz (at /<- = 1 tuA^and 
r f} = tj. 

7.31 An amplifier stage is shown in Fig, 7,45. 

(a) Calculate the low-frequency, small-signal 
voltage gain v f ,ivj. 

(b) Apply the zero-value time-constant 
method to the DM halt-circuit to calculate the 

3-dB frequency of the gain. 

Data: C rv(J = 2 pF, C^o = 0.5 pF, C ff . = 4 pF (at. 
the bias points jr — -500 MHz (at h: = 2 mA), 
(3 — 200, r b — 0, and — w. Assume n = 0.5 
and tp\) — 0.55 V for all junctions. 

(c) Use SPICE to find the small-signal gain 
and bandwidth of the amplifier and also the magni- 
tude and phase of the transfer function at 1 00 MHz. 

(d) Investigate the influenceofbase resistance 
by repeating (e) with n, — 200 and comparing 
the results, 

7.32 Repeat Problem 731 w ith n channel MOS 
transistors replacing all hi polar transistors. Assume 
W = 100 jJLiiu L jiwn = 2 pm. L ( { — 0.2 jam, 
X,t = 0. A = 0, k' r = 60 |xA/V 2 t y = 0, V f = 

1 V. C,,, - 0.7 fF/p! rrr, C ltl = 045 fF/p.m, C /0 = 
0.4 fF/frnr, and C j; , iv[i = 0.4 fF/pim. Use (1.201) 
and (1.202) with (/>□ = 0.6 V for the junctions. 
Use the information in Problem 7.17 Lo calculate 
C/ o - Ck). Skip part (d) in Problem 7.31. 

7.33 The ae schematic of a wideband MOS cur- 
rent amplifier is shown in Fig. 7.46. The WiL of 
j'VU is four times that of M\ and corresponding bias 
currents are = 1 mA and l } >2 = 4 mA. Cal- 
culate the low-lrcqucncy, small-signal current gain 
/,;/(; and use the zero-value lime-constant method to 
estimate the 3-dB frequency. Calculate the 10 lo 



90 percent rise time for a small step input. 

Data at the operating point: 

M t : C firf = 0.05 pR C xs = 0.2 pF, C sb = C dh = 
0.09 pR Vyv = 0.3 V, and r v = 

M 2 : C, a = 0.2 pR C,,. - 0.8 pF, C ib = C db = 
0.36 pF, V m - 0,3 V, and r 0 = 

j i 

I r 1 I "a 



Figure 7.46 An ac schematic of a MOS current 
amplifier, 

7.34 Replace the MOS transistors in the ampli- 
fier in Fig. 7.46 with bipolar ttpn transistors* The 
emitter area of Q 2 is four times that of Q \ and 
corresponding bias currents arc Ic\ = 1 mA and 
/<:■> = 4 mA. Repeal the calculations in Problem 
7.33 using the following data* 

Data at the operating point: 

<2i : >3 = 200, Tf = 0.2 ns, - 0.2 pF, C Je = 
1 pF, C™ - 1 pF, r b = 0, and r t> = =& 

Q> : £ = 200, t f = 0*2 ns, C M =0.8 pR C je = 
4 pF, C cs = 4 pF, r h = 0, and r u = » 

7.35 A two-stage amplifier is shown in 
Fig, 7,47. Calculate thelow-frcqucney, small-signal 
gain and use the zero-value Lime-constant method 
to estimate the -3-dB frequency. Calculate the 10 
to 90 percent rise time for a small slep input. Use 
SPICE to determine the —3-dB frequency and also 




Figure 7.47 Two- stage amplifier. 



the frequency where the phase shift in the transfer 
function is 1 35 ° beyond the low-frequency value. 

Data: f3 = 2(H), f T = 600 MHz at l c = 1 inA. 
C M - 0.2 p R Cj f = 2 pF, C,-,- = 1 pF, r b = 0, 
~ 0-6 V. and r v - (Values of C^ t 
and C; e arc at the bias point.) 



7.36 A two-stage bipolar amplifier is shown, 
in Fig. 7.48. Calculate the low-frequency, small- 
signal voltage gain vjvt and use the zero-value 
lime-constant method to estimate the — 3-dB fre- 
quency. Use a DM half-circuit for the differential 
pair. Use SPICE to estimate the first and second 
most dominant poles of the circuit. 



+6 V 
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Data: npn\ ]8 - 200, f T = 400 MHz (at A. = 
1 mA), C iL = 0.3 pF, C je = 3 pR C i:i = 1.5 pF, 
= 0, = 0.6 V, and r u = 

P = 100, fj = 6 MHz (at /c- = -0.5 mA), 
= 0.3 pF, C je - 3 pF, C la = 1.5 pF s r h = 0, 
Veffun) = -0.6 V, and r v = {All values of C fi , 
C c4 , C bi , and C ;c are at the bias point.) 

7,37 Co) A wideband MOS amplifier stage is 
shown in Fig. 7.40. Calculate the small-signal, 
low-frequency gain and use the zero-value time 
constant method to estimate the — 3-dB band- 
width, Use fi n C vx = 60 P.A/V 2 , t cx = 20 run, 
Coi = 0*3 lF/(p,m of gate width), - 0.6 V, 
V t = 0.7 Y y = 0.4 V l/2 f A = 0, and V 0 = 
2.5 V dc. For C (ib and C, b , use = Cw = 



0.8 fF/(jjim of gate width). Assume that the sub- 
strate is grounded. Compare your calculation with 
a SPICE simulation, and also use SPICE to estimate 
the second most dominant pole. Use SPICE to plot 
the small-signal bandwidth as the dc input voltage 
is varied from 0 to 5 V. 

(b) Calculate the small- signal gain and 
-3-dB bandwidth including short-channel ef- 
fects wilhi^ = 1.5 x 1() 6 V/m. Assume the same 
bias currents as in (a) and model MOSFET short- 
channel effects with a resistor in scries with the 
source. Connect the device capacitances to the 
lower end of the added source resistor. 

7.36 A CMOS amplifier stage is shown in 
Fig, 7,50. Select W/L for M\ and Lo give 





Problems 



Vi ~ V 0 = 2.5 Vdc andJ/fll = 100 p, A bias in all 
devices. The minimum value of L and W is 2 p,m. 
Calculate the small- signal, low-frequency gain and 
the — 3-dB frequency of the stage. Verify with 
SPICE. Use device data from Problem 7.37(a) with 
|A| = 0.03 V fL r C ox = 30 p,A/V 2 , and V tp - 
-0.7 V. 

7.39 For the BiCMOS circuit of Fig. 3.78, use 
the zero-value time-constant method to estimate the 
first and second most dominant poles of the circuit. 
Assume an input voltage drive. Use bipolar tran- 
sistor data from Fig. 2,32 and MOSFET parame- 
ters C ?J = 90 IRQ, = C db = 200 fF, and C^. = 
200 fF at the bias point. Further assume ti„C ox = 
40 |jlA/V 2 . V z = 0.8 V, A = 0, and y = 0. Use 
SPICE to check your result. 

7.40 Use the zero-value lime -constant method 
to estimate the small- signal dominant pole for the 
current gain of the MOS cascode current mirror 
of Fig. 4.9. Assume an input ac current source 
in parallel with Im and a zero load impedance 
with V 0lA — Vch + V G $ 4 * The bias current I [ m - 
100 [j,A, Compare your answer with the f r value 
of the devices. Device parameters are fi„C iyx = 
60 [xA/V-> y = 0, A = 0, V t = 0,7 V, W = 
10 |xm, = 1 p,m. = 20 fF, = 3 fF, 
O, = C dff = 10fFatthebiaspoint,Compareyour 
answer with a SPICE simulation of the bandwidth 
of the circuit and use SPICE to find the bandwidth 
for l lK = 50 |jl A and I K = 200 p,A. 

7.41 Repeat Problem 7.40 including short- 
channcl effects with — 1.5 X 10* V/m. 

7.42 Use the short-circuit time-con.stant 
method to estimate the nondominant pole that origi- 
nates at the drain nodes of M\ and M 2 in the CMOS 
folded cascode of Fig. 6.28. Assume the gates of 
jWia, A/ 2 , 1 , M-,, A/ui and A /12 arc biased from 
low f -impedance points and that a voltage drive 
is applied at v,-, All device sizes and parame- 
ters are as given in Problem 7,40 except for M n 
and M] 2 , which have twice the width of the 
other transistors. All bias currents are 100 [jiA 
except for A/ 5 , Mu, and Mp, which have 
|A»I = 200 jjlA. Assume Vq& of M\ \ and Mp 
is zero volts. Use Q, = 1 pF and RL r ,C ctx — 
30 p,A/V z . How much phase shift is con- 
tributed lo the amplifier transfer function by this 
nondominant pole at the amplifier unity-gain fre- 
quency? Check your calculations with SPICE 
simulations. 

7.43 A MOS cascode stage is shown in 
Fig. 7,44fr, Replace the load resistor with a load 
capacitor C L = 2 pR Assume the total capacitance 
that connects to the drain of M] can be modeled by a 



capacitor C p = 0. 2 pF from that drain to ac ground. 
Ignore all other capacitors. Therefore, the gain for 
this circuit has only two poles. For both transistors, 
take Id = 100 jjlA, H = 20 pm, Lw = 0.5 pan, 
U = 180p,A/V 2 ,andA = 0.04 V '. 

(a) Use zero- value time constants to estimate 
the dominant pole. 

(b) Use short-circuit time constants to esti- 
mate ihc nondominant pole. 

(c) Compare your answers with a SPICE sim- 
ulation. 

7.44 <a) For the common-emitter amplifier 
in Problem 7.1, use zero-value lime constants to 
estimate the dominant pole and short-circuit time 
constants to estimate the nondominant pole. 

(b) Compare your estimates with a SPICE 
simulation. 

7.45(a) Use zero-value time constants to esti- 
mate the dominant pole and short-circuiL lime con- 
stants to estimate the nondominant pole for the 
common-source amplifier in Problem 7.2. 

(b) Compare your answers with a SPICE sim- 
ulation, 

7.46(a) An integrator is shown in Fig, 7.5 L 
Use zero-value time constants to estimate the 
dominant pole and short-circuit time constants 10 
estimate the nondominant pole for this circuit, Use 
if = 20kil,C = 50pF,C H] = 0.2 pF, ci v = 1000, 
and R„ = 5 kil. 

(b) Compare your answers with a SPICE sim- 
ulation. 

7.47 Add a 0.5 pF load capacitor from the out- 
put to ground to the integrator in Fig* 7,5 L When 
this capacitor is added, the circuit has a loop of 
three capacitors. Direct application of the short- 
circuit time-constant method here gives zero for 
each short-circuit time-constant. (Verify this.) 

The problem here is that three short-circuit 
time constants are being calculated for the three 
capacitors, and the sum of the reciprocal of these 
time constants equals the sum of three poles, as 
shown in (7.146). However, this circuit has only 
two poles because only two of the capacitor volt- 
ages are independent. 

An alternative approach to estimating the non- 
dominant pole is lo calculate Ihc zero-value lime 
constants and determine if one zero-value rime con- 
stant is much larger than the others. If so, the ca- 
pacitor associated with the largest zero-value time 
constant is shorted, and one time constant for the 
remaining capacitors, which are in parallel, is the 
short-circuit time constant. Carry out these steps. 
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C 




and compare the estimated nondominant pole with 
a SPICE simulation. 

7.48 Find an expression for G m (s) = 
^(i)/v^(j) for the circuit in Fig. 7.33 and ver- 
ify the equations for the pole and zero given in 
Section 7.3.5. 
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CHAPTER 




Feedback 



Negative feedback is widely used in amplifier design because it produces several impor- 
tant benefits. One of the most significant is that negative feedback stabilizes the gain of 
the amplifier against parameter changes in the active devices due to supply voltage vari- 
ation, temperature changes, or device aging- A second benefit is that negative feedback 
allows the designer to modify the input and output impedances of the circuit in any desired 
fashion. Another significant benefit of negative feedback is the reduction in signal wave- 
form distortion that it produces, and for this reason almost all high-quality audio amplifiers 
employ negative feedback around the power output stage. Finally, negative feedback can 
produce an increase in the bandwidth of circuits and is widely used in broadband ampli- 
fiers. 

However, the benefits of negative feedback listed above are accompanied by two 
disadvantages. First, the gain of the circuit is reduced in almost direct proportion to 
the other benefits achieved. Thus, it is often necessary to make up the decrease in gain 
by adding extra amplifier stages with a consequent increase in hardware cost. The sec- 
ond potential problem associated with the use of feedback is the tendency for oscillation 
to occur in the circuit, and careful attention by the designer is often required to overcome 
this problem. 

In this chapter, the various benefits of negative feedback arc considered, together with 
a systematic classification of feedback configurations. Two different methods for analyz- 
ing feedback circuits are presented. The problem of feedback-induced oscillation and its 
solution are considered in Chapter 9. 



8.1 Ideal Feedback Equation 

Consider the idealized feedback configuration of Fig. 8. 1 . In this figure Sf and S 0 arc input 
and output signals that may be voltages or currents. The feedback network (which is usu- 
ally linear and passive) has a transfer function / and feeds back a signal S jb to the input. 
At the input, signal Sjb is subtracted from input signal S, at the input differencing node. 
Error signal S e is the difference between Si and Sfk, and S E Is fed to the basic amplifier 
with transfer function a . Note that another common convention is to assume that Si and 
Sjb are added together in an input summing node, and this leads to some sign changes in 
the analysis. It should be pointed out that negative-feedback amplifiers in practice have 
an input differencing node and thus the convention assumed here is more convenient for 
amplifier analysis. 

From Fig. 8.1 



S 0 — aSe 



(8.1) 

55.1 
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Basic amplifier 




Feedback network 



Figure 8. 1 Ideal feedback configuration* 



assuming that the feedback network dues not load the basic amplifier. Also 



Substituting (8.2) in (8.3) gives 



Substituting (8.4) in (8.1) gives 



and thus 



Sfb ~ fSo 
S € Sj — Sffo 

s € = Si - fSo 
S fJ = aSi ~ afS e 



sl - ~ 1 + Of 



Equation 8.5 is the fundamental equation for negative feedback circuits where A is the 
overall gain with feedback applied. (A is often called the closed-bop gain.) 

It is useful to define a quantity T called the loop gain such that 

T = af (8.6) 



~i, = A = TTY (8 ' 7 > 

T is the total gain around the feedback loop. If T :s> 1 > then, from (8,5), gain A is given by 

A (8.8) 

That is, for large values of loop gain 1\ the overall amplifier gain is determined by 
the feedback transfer function /. Since the feedback network is usually formed from 
stable, passive elements, the value of / is well defined and so is the overall ampli- 
fier gain. 

The feedback loop operates by forcing 5^ to be nearly equal to 5). This is achieved by 
amplifying the difference S e — S^ — S ^ , and the feedback loop then effectively minimizes 
error signal S £ . This can be seen by substituting (8.5) in (8.4) to obtain 



^ = S t - f 



l + af 



and this leads to 



St l -I- af 1 + T 



(8-9) 




tnecT or iNegonve reeacacK on uisTcmon jjj 



As 7 becomes much greater than 1 , S t - becomes much less than .S',-. In addition, substituting 
(8*5) in (8.2) gives 



Sfb ~ fS ‘ 1 + af 

arid thus 

Sfk _ T 
S t 1 + 7 



( 8 . 10 ) 



If 7 » 1, then S f h is approximately equal to Si. That is, feedback signal 5/* is a replica 
of the input signal. Since Sfb ancl£ 0 arc directly related by (8.2), it follows that if |/| < 1, 
then Sn is an amplified replica of S, . This is the aim of a feedback amplifier 



8.2 Gain Sensitivity 



Inmost practical situations, gain aof the basic amplifier is not well defined. Itis dependent on 
temperature, active-device operating conditions, and transistor parameters* As mentioned 
previously* the negative-feedback loop reduces variations in overall amplifier gain due to 
variations in a. This effect may be examined by differentiating (8.5) to obtain 

dA = Q+af)-af 
da 



and this reduces to 



dA 

~da 



( I + aff 



1 



(i + af ) 2 

If a changes by 8a, then A changes by fiA where 

8a 



8A = 



(1 + af¥ 



The fractional change in A is 



This can be expressed as 



SA 

A 



8A 

X 



1 + af 8a 
a (1 + af) 2 



8a 

a 



8a 



I + af 1 + T 



( 8 . 11 ) 



( 8 . 12 ) 



Equation 8.12 shows that the fractional change in A is reduced by (1 + 7) compared to 
the fractional change in a. For example, if 7 = 100 and a changes by 10 percent due to 
temperature change, then the overall gain A changes by only 0.1 percent using (8.12). 



8*3 Effect of Negative Feedback on Distortion 

The foregoing results show that even if the basic-amplifier gain a changes, the negative 
feedback keeps overall gain A approximately constant. This suggests that feedback should 
he effective in reducing distortion because distortion is caused by changes in the slope of 
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Figure 8.2 Basic- amplifier transfer characteristic. 



the basic-amplifier transfer characteristic* The feedback should tend to reduce the effect 
of these slope changes since A is relatively independent of a. This is explained next. 

Suppose the basic amplifier has a transfer characteristic with a nonlinearity as shown in 
Fig* 8.2* It is assumed that two regions exist, each with constant but different slopes a\ and 
When feedback is applied, the overall gain will still be given by (8.5) but the appropriate 
value of a must be used, depending on which region of Fig. 8.2 is being traversed* Thus the 
overall transfer characteristic with feedback applied will also have two regions of different 
slope, as shown inFig. 8.3. However, slopes A] andA 2 are almost equal because of the effect 
of the negative feedback. This can be seen by substituting in (8.5) to give 



Ai 



Q\ 1 

r+^7 “ 7 



a 2 = 



£2 

1 + a lf 



f 



(8.13) 

(8*14) 



Thus the transfer characteristic of the feedback amplifier of Fig* 8*3 shows much less 
nonlinearity than the original basic-amplifier characteristics of Fig, 8,2. 

Note that the horizontal scale in Fig. 8.3 has been compressed as compared to Fig. 8.2 
in order to allow easy comparison of the two graphs. This scale change is necessary because 




Figure 8.3 Feedback-amplifier transfer characteristic corresponding to the basic-amplifier charac- 
teristic of Fig* 8,2. 



3,4 heeaoacK uonnguranons ddi 



the negative feedback reduces the gain. The reduction in gain by the factor (1 + 7 ), which 
accompanies the use of negative feedback, presents few serious problems, since the gain 
can easily be made up by placing a preamplifier in front of the feedback amplifier Since 
the preamplifier handles much smaller signals than does the output amplifier distortion is 
usually not a problem in that amplifier, 

One further point that should be made about Figs. 8.2 and 8.3 is that both show hard 
saturation of the output amplifier (re,, the output becomes independent of the input) at 
an output signal level of S a 2 . Since the incremental slope a 3 = 0 in that region, negative 
feedback cannot improve the situation as A 3 ^ 0 also, using (8.5). 



8.4 Feedback Configurations 

The treatment in the previous sections was based on the idealized configuration shown in 
Fig. 8.1. Practical feedback amplifiers are composed of circuits that have current or volt- 
age signals as inputs and produce output currents or voltages. In order to pursue feedback 
amplifier design at a practical level, it is necessary to specify the details of the feedback 
sampling process and the circuits used to realize this operation. There are four basic feed- 
back amplifier connections* These arc specified according to whether the output signal S a 
is a current or a voltage and whether the feedback signal S is a current or a voltage. It is 
apparent that four combinations exist and these are now considered. 

8.4.1 Series-Shunt Feedback 

Suppose it is required to design a feedback amplifier that stabilizes a voltage transfer 
function. That is, a given input voltage should produce a well-defined proportional output 
voltage. This will require sampling die output voltage and feeding back a proportional 
voltage for comparison with the incoming voltage. This situation is shown schematically 
in Fig. 8.4. The basic amplifier has gain a , and the feedback network is a two-port with 
transfer function / that shunts the output of the basic amplifier to sample v a . Ideally „ the 
impedance ziif = and the feedback network does not load the basic amplifier. The 
feedback voltage is connected in series with the input to allow comparison with 
and, ideally, zn/ = 0. The signal v € is the difference between v, and V/& and is fed to the 
basic amplifier. The basic amplifier and feedback circuits are assumed unilateral in that 
the basic amplifier transmits only from v e to and the feedback network transmits only 
from v t7 to v This point will be taken up later. 

This feedback is called series-shunt feedback because the feedback network is con- 
nected in series with the input and shunts the output. 



Basic amplifier 




Figure 8.4 Scrics-shunt feedback 
configuration. 
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Figure 6.5 Series-shunt con- 
figuration fed from a finite 
source impedance. 



From Fig. 8.4 



= 

Vfb = 

Ve = 

From (8.15), (8.16), and (8.17), 



av e 


(8.15) 


fVo 


(8.16) 


Vj - Vf b 


(8.17) 


a 

1 + af 


( 8 . 1 8 ) 



Thus the ideal feedback equation applies. Equation 8. 18 indicates that the transfer function 
that is stabilized is v 0 /v(, as desired. If the circuit is fed from a high source impedance as 
shown in Fig, 8,5, the ratio vjv t is still stabilized [and givenby(8.18)kfrwtnowv;isgivenby 



Vi = 



Z £ 

+ Zs 



V* 



(8.19) 



where Z\ is the input impedance seen by v,. If =* Z if then v ( - depends on Z ir which is not 
usually well defined since it often depends on active-device parameters. Thus the overa! \ gai n 
vjv s will not be stabilized. Consequently, the full benefits of gain stabilization are achieved 
for a series-shunt feedback amplifier when the source impedance is low compared to the 
input impedance of the closed-loop amplifier* The ideal driving source is a voltage source. 

Consider now the effect of series-shunt feedback on the terminal impedances of the 
amplifier. Assume the basic amplifier has input and output impedances zt and z 0 as shown 
in Fig. 8.6, Again assume the feedback network is ideal and feeds back a voltage fv 0 as 
shown. Both networks are unilateral The applied voltage v,- produces input current *) and 
output voltage v a . From Fig. 8.6 



= civ* (8.20) 

Vi - v f + fv 0 (8.21) 




Figure 8.6 Scrics-shunt config- 
uration with finite impedances 
in the basic amplifier. 




8,4 Feedback configurations dm 



Substituting (8.20) in (8.21) gives 



Also 



v ( - = v e + a/v c = v t (l + af) 



V € 

u — 

Zi 

Substituting (8.22) in (8.23) gives 

. _ Vi 1 

I + af 

Thus, from (8.24), input impedance with feedback applied is 

z, = ^ = (1 + T)Z, 

It 



( 8 . 22 ) 



(8.23) 



(8.24) 



(8.25) 



Series feedback at the input always raises the input impedance by (1 + T), 

The effect of series-shunt feedback on the output impedance can be calculated using 
the circuit of Fig. 8.7. The input voltage is removed (the input is shorted) and a voltage v 
applied at the output. From Fig. 8.7 

v € + fv = 0 . (8.26) 



Substituting (8.26) in (8.27) gives 

v 4- afv 

Z-o 

From (8.28) output impedance Z (> with feedback applied is 



Z 0 = - = 



1 4- T 



(8.28) 



(8.29) 



Shunt feedback at the output always lowers the output impedance by ( 1 + T). This makes 
the output a better voltage source so that series-shunt feedback produces a good voltage 
amplifier . It stabilizes v^/v,, raises Zj, and lowers Z 0 . 

The original series-shunt feedback amplifier of Fig, 8,6 can now be represented as 
shown in Fig. 8.8a using (8,18), (8.25), and (8,29), As the forward gain a approaches 
infinity, the equivalent circuit approaches lhal of Fig. 8.8/? ; which is an ideal voltage 
amplifier. 



i 




Figure 6.7 Circuit for the calcu- 
lation of the output impedance 
of the series-shunt feedback 
configuration. 
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Figure 8.8 («) Equivalent circuit of a series-shunt feedback amplifier, (fr) Equivalent circuit of a 
series-shunt feedback amplifier for a ->■ 



8.4.2 Shunt-Shunt Feedback 

This configuration is shown in Fig. 8.9. The feedback network again shunts the output of 
the basic amplifier arid samples v 0 and, ideally, ziif = x as before. However, the feedback 
network now shunts the input of the main amplifier as well and feeds back a proportional 
current / v, y . Ideally, z\]f = 00 so that the feedback network does not produce any shunt 
loading on the amplifier input. Since the feedback signal is a current, it is more convenient 
to deal with an error current 4 at the input. The input signal in this case is ideally a current 
i, and this is assumed. From Fig, 8.9 



a = h (8.30) 

le 

where a is a transresistance, 

f = ‘- 1 - (8.31) 

Vo 

where / is a Imnsconductance , arid 

= ai € (8.32) 

U = it - ifb (8.33) 

SubstiLution of ip f from (8.31 ) in (8.33) gives 

k = f - fv 0 (8.34) 



Basic amplifier 




Figure 8.9 Shunt-shunt 
feedback configuration. 
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Substitution of (8.32) in (8*34) gives 



v 



n 



a 



— h fv<> 



Rearranging terms we find 



Vo 

U 



a 

1 + af 



= A 



(8*35) 



Again the ideal feedback equation applies. Note that although a and / have dimensions 
of resistance and conductance, the loop gain T = af is dimensionless. This is always 
true. 

In this configuration, if the source impedance z s is finite, a division of input current 
occurs between z x and the amplifier input, and the ratio vjii will not be as well defined as 
(8.35) suggests. The full benefits of negative feedback for a shunt-shunt feedback amplifier 
are thus obtained for is ^ Z\, which approaches a currcnt-sourcc drive. 

The input impedance of the circuit of Fig. 8.9 can be calculated using (832) and (8*35) 
to give 



i* = 



I +af 



(8.36) 



The input impedance Z* with feedback is 



Z; 



W 

it 



(8*37) 



Substituting (8.36) in (8.37) gives 

7 _ Vi 1 _ Zi 

1 i £ 1 + af 1 + T 



(838) 



Thus shunt feedback at the input reduces the amplifier input impedance by (1 + 7), This 
is always true. 

It is easily shown that the output impedance in this case is 



Z 0 



Zo 

1 + T 



(8.39) 



as before, for shunt feedback at the output. 

Shunt-shunt feedback has made this amplifier a good transresistance amplifier. The 
transfer function vJU has been stabilized and both Z, and Z 0 are lowered* 

The original shunt-shunt feedback amplifier of Fig. 8.9 can now be represented as 
shown in Fig* 8*10# using (8*35), (838), and (8*39), As forward gain a approaches infin- 
ity, the equivalent circuit approaches that of Fig* 8,10fr, which is an ideal transresistance 
amplifier. 



6.4.3 Shunl-Series Feedback 

The shunt-series configuration is shown in Fig* 8.11. The feedback network samples i 0 and 
feeds back a proportional current / j- b = fi 0 . Since the desired output signal is a current i 0i 
it is more convenient to represent the output of the basic amplifier with a Norton equivalent. 
In this case both a and / are dimensionless current ratios, and the ideal input source is a 




562 Chapter 8 ■ Feedback 














¥ 


A 

V 









(A) 



Figure 8.10 (a) Equivalent cir- 
cuit of a shunt- shunt feedback 
amplifier, (fc) Equivalent cir- 
cuit of a shunt- shunt feedback 
amplifier for a — > <*>. 
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Figure 8. 1 1 Shunt-scrics feedback configuration. 



current source U* It can be shown that 



10 Cl 

11 1 + af 


(8.40) 


_ Zi 

1 1 + T 


(8.41) 


= Zo (l + T) 


(8.42) 



This amplifier is a good current amplifier and has stable current gain low Z\, and 
high Z 0 . 



BAA Series-Series Feedback 



The series-series configuration is shown in Fig* 8.12. The feedback network samples i a 
and feeds back a proportional voltage v fb in series with the input. The forward gain a is 
a transconduclanee and / is a transresistance, and the ideal driving source is a voltage 



o.o rracncai ^onngurciTions ana me tuecT ot Loaaing joj 



Basic amplifier 




source v, . It can be shown that 



lo 


a 


(8,43) 


Vi 


1 +af 


4 = 


Zi(l + T) 


(8.44) 


= 


-a. i + t) 


(8.45) 



This amplifier is a good transconductance amplifier and has a stabilized gain i 0 iv^ as well 
as high Zj and Z 0 . 



8.5 Practical Configurations and the Effect of Loading 

In practical feedback amplifiers, the feedback network causes loading at the input and 
output of the basic amplifier, and the division into basic amplifier and feedback network 
is not as obvious as the above treatment implies. In such cases, the circuit can always be 
analyzed by writing circuit equations for the whole amplifier and solving for the transfer 
function and terminal impedances. However, this procedure becomes very tedious and 
difficult in most practical cases, and the equations so complex that one loses sight of the 
important aspects of circuit performance. Thus it is profitable to identify a basic amplifier 
and feedback network in such cases and then to use the ideal feedback equations derived 
above. In genera! it will be necessary to include the loading effect of the feedback network 
on the basic amplifier, and methods of including this loading in the calculations are now 
considered. The method will be developed through the use of two-port representations of 
the circuits involved, although this method of representation is not necessary for practical 
calculations, as we will see. 

8.5.1 Shunt-Shuni Feedback 

Consider the shunt-shunt feedback amplifier of Fig. 8,9. The effect of nonideal networks 
may be included as shown in Fig. 8.13#, where finite input and output admittances are 
assumed in both forward and feedback paths, as well as reverse transmission in each. 
Finite source and load admittances y s and yi arc assumed. The most convenient two-port 
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Basic amplifier 




New basic amplifier 




Figure 8.13 ( a ) Shunt-shunt feedback configuration using the /-parameter representation. (&) 
Circuit of (a) redrawn with generators y^i /v f and yn lt v v omitted. 



representation in this case is the short-circuit admittance parameters or y param- 
eters, 1 as used in Fig. 8. 1 3a. The reason for this is that the basic amplifier and the feedback 
network are connected in parallel at input and output, and thus have identical voltages 
at their terminals. The y parameters specify the response of a network by expressing the 
terminal currents in terms of the terminal voltages, and this results in very simple calcu- 
lations when two networks have identical terminal voltages. This will be evident in the 
circuit calculations to follow. The y -parameter representation is illustrated in Fig. 8.14. 

From Fig* 8.13a, at the input 

h = ( ys + y\u + > 11 /)^ + (vi 2 a + yi 2 f)v„ (8.46) 

Summation of currents at the output gives 

0 = (V2 \a + >21 /)Vj + (>7. + yila + > T 22/)Vc? (8.47) 



It is useful to define 



>i — XV + Vila + >’ 11 / 
- y'L + yna + > 22 / 



(8.48) 

(8.49) 
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Figure 8, 14 The y-parumeler 

representation of a two-port. 



Solving (8,46) and (8.47) by using (8.48) and (8.49) gives 



Vo _ 4 > f 2l/) 

*i- - { y-2\a + y2l/)(V|-2« 4 V|2/) 



(8.50) 



The equation can be put in the form of the ideal feedback equation of (8,35) by dividing 
by >■,■>’* to give 



Vo 

h 



-(>'2 \n + >'21 /) 

Vi y„ 



1 H- 



~(y2ia + yi i / ) 
>V>'o 



{y \2a + y 1 2/ ) 



Comparing (8.51) with (8*35) gives 



(8.51) 



_ _ V21« 4 y 2 jf 
yiyo 

f = y 12a + >’12/ 



(8.52) 

(8.53) 



At this point, a number of approximations can be made that greatly simplify the calcu- 
lations, First, we assume that the signal transmitted by the basic amplifier is much greater 
than the signal fed forward by the feedback network. Since the former has gain (usually 
large) while the latter has loss, this is almost invariably a valid assumption. This means 
that 



\yi\a\ ^ |>’2I/| ( 8 . 54 ) 

Second, we assume that the signal fed back by the feedback network is much greater than 
the signal fed back through the basic amplifier. Since most active devices have very small 
reverse transmission, the basic amplifier has a similar characteristic, and this assumption 
is almost invariably quite accurate. This assumption means that 

|vi2«l « l>'i 2 /l (8.55) 

Using (8.54) and (8.55) in (8,51) gives 

~ V 2 1 a 

^ = (8.56) 

h j | [ —>'21* 



yiy* 



>’ 12 / 
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Comparing (8.56) with (8.35) gives 



a = (8.57) 

yo'o 

f = V12/ (8.58) 

A circuit representation of (8.57) and (8.58) can be found as follows. Equations 8.54 
and 8.55 mean that in Fig. 8.13a the feedback generator of the basic amplifier and the 
forward-transmission generator of the feedback network may be neglected. If this is done 
the circuit may be redrawn as in Fig. 8.1 3 h, where the terminal admittances y\\f and y^if 
of the feedback network have been absorbed into the basic amplifier, together with source 
and load impedances y s and y L . The new basic amplifier thus includes the loading effect 
of the original feedback network, and the new feedback network is an ideal one as used 
in Fig. 8,9. If the transfer function of the basic amplifier of Fig. 8.13 b is calculated (by 
first removing the feedback network), the result given in (8.57) is obtained. Similarly, the 
transfer function of the feedback network of Fig. 8, 136 is given by (8.58). Thus Fig. 8 .1 36 
is a circuit representation of (8,57) and (8.58). 

Since Fig. 8. ! 36 has a direct correspondence with Fig. 8.9, all the results derived in 
Section 8,4.2 for Fig. 8.9 can now be used. The loading effect of the feedback network on 
Ihcbasic amplifier is now included by simply shunting input and output with yj i / and > 22 /, 
respectively. As shown in Fig, 8.14, these terminal admittances of the feedback network 
are calculated with the other port of the network short-circuited. In practice, loading term 
vj 1 ; is simply obtained by shorting the output node of the amplifier and calculating the 
feedback circuit input admittance. Similarly, term y 22 f is calculated by shorting the input 
node in the amplifier and calculating the feedback circuit output admittance. The feedback 
transfer function f given by (8.58) is the shoTt-circuit reverse transfer admittance of the 
feedback network and is defined in Fig. 8.14. This is readily calculated in practice and 
is often obtained by inspection. Note that the use of y parameters in further calculations 
is not necessary. Once the circuit of Fig. 8.136 is established, any convenient network 
analysis method may be used to calculate gain a of the basic amplifier. We have simply 
used the Iwo-port representation as a general means of illustrating how loading effects may 
be included in the calculations. 

For example, consider the common shunt-shunt feedback circuit using an op amp as 
shown in Fig. 8.15a, The equivalent circuit is shown in Fig. 8.156 and is redrawn in 8.15c 
to allow for loading of the feedback network on the basic amplifier. The y parameters of 
the feedback network can be found from Fig. 8A5d. 



Vi 1 / 



y 2 2 / 



V 1 2 / 



= 2 _ 

V ’l >;-[] R < 7 

h I 1 



v-> . , 

*- • H 



= 0 



Rf 



il 

V J 2 



v 1 =0 




(8.59) 

(8.60) 
(8.61) 



Using (8.54), we neglect y 7 \ j. 

The basic-amplifier gain a can be cal culated from Fig. 8. 1 5c by putting if b =0 to give 



V| 



Vo 



ZiRr 





Zi T Rf 

R 



R + 



-a v v 1 



(8.62) 

(8.63) 





Feedback network 



T) = ~TT. 



J 




Figure 8.1 5 (a) Shunt-shunt feedback cir- 
cuit using an op amp as the gain element. 
(&) Equivalent circuit of (a), (t) Division 
of the circuit in (£>) into forward and feed- 
back paths, ( d) Circuit tor the calculation 
of the y parameters of the feedback net- 
work of the circuit in ( b ). 
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where 




R = Rf\\Rl 


(8.64) 


Substituting (8.62) in (8.63) gives 




v„ R hRf 

-r- = a = —— a v — 

R + Zo Zi + Rf 


(8.65) 



Using the formulas derived in Section 8 .4,2 we can now calculate all parameters of the feed- 
back circuit. The input and output impedances of the basic amplifier now include the effect 
of feedback loading, and it is these impedances that are divided by (1 + T) as described in 
Section 8.4.2, Thus the input impedance of the basic amplifier of Fig. 8.15c is 

Zia = rtFljzi = „ Rf * 1 (8.66) 

Kf + Zi 

When feedback is applied, the input impedance is 



Mi 

' i + r 


(8.67) 


Similarly for the output impedance of the basic amplifier 




Zoa ~ 


(8.68) 


When feedback is applied, this becomes 




z«\\R f \\R l 


(8,69) 


rj _ 11 * " ^ 

* 1 + T 



Note that these calculations can be made using the circuit of Fig. 8.15c without further 
need of two -port y parameters. 

Since the loop gain T is of considerable interest, this is now calculated using (8.61) 
and (8,65): 



T = af 



RfRl zt 

RfRl + z 0 Rf + ZoRl v Zi + Rf 



(8.70) 



■ EXAMPLE 



Assuming that the circuit of Fig. 8, 15a is realized using a 741 op amp with R F = I Mft 
and Rl = 10 kft, calculate the terminal impedances, loop gain, and overall gain of the 
feedback amplifier at low frequencies. Typical 741 data are n = 2 Mft, Zo = 75 ft, and 
a v = 200,000. 

From (8.66) the low-frequency input impedance of the basic amplifier including load- 
ing is 



10 6 X 2 x 10 6 
10* + 2x 10* 



ft = 666.7 kft 



(8.71) 



From (8.68), the low-frequency output impedance of the basic amplifier is 

Zoa = 75 ft 1 1 1 Mft||lO kft - 75 ft 
The low-frequency loop gain can be calculated from (8.70) as 

10 6 X10 4 2 X 10* 



(8.72) 



T - 



10 6 x 10 4 + 75 x 10* + 75 x 10 4 
= 133,333 



x 200,000 x 



2 x 10 6 + 10 6 



(8.73) 
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The loop gain in this case is quite large. Note that a finite source resistance at the input 
could reduce this significantly. 

The input impedance with feedback applied is found by substituting (8.71) and (8.73) 
in (8.67) to give 

666.7 x 10 3 



Zi = 



133,333 



n = sn 



The output impedance with feedback applied is found by substituting (8.72) and (8.73) in 
(8.69) to give 



Z 0 = 



75 



133,333 



a = o.ooo563 a 



In practice, second-order effects in the circuit may result in a larger value of Z 0 . 

The overall transfer function with feedback can be found approximately from (8.8) as 



Using (8.61 ) in (8.74) gives 



Substituting for Rf we obtain 



v jl = a = I 

/ 



— = A — -R f 

li 



— = A — MO 

Ij 



(8.74) 



(8.75) 



A more exact value of A can be calculated from (8.5). Since the loop gain is very large 
in this case, it is useful to transform (8.5) as follows: 



A = 



1 1 



/ 



a/ 



1 1 

U + i 



(8.76) 



(8.77) 



Since F is so high in this example, A differs very little from 1//. Substituting T = 133,333 
and 1// = -l MU in (8,77), we obtain 



A = -999,992 0 

For most practical purposes, (8,75) is sufficiently accurate. 



(8.78) 



8.5.2 Series-Series Feedback 

Consider the series-series feedback connection of Fig. 8.12. The effect of nonideal net- 
works can be calculated using the representation of Fig. 8. 1 6 a. In this case the most con- 
venient two -port representation is the use of the open-circuit impedance parameters or z 
parameters because the basic amplifier and the feedback network are now connected in 
series at input and output and thus have identical currents at their terminals. As shown in 
Fig. 8.17, the z parameters specify the network by expressing terminal voltages in terms 
of terminal currents, and this results in simple calculations when the two networks have 
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Basic amplifier 




New basic amplifier 




Figure 6. 16 (a) Series-series feedback configuration using the ^-parameter representation, (b) 
Circuit of («) redrawn with generators zi\ fU and znJo omitted. 
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Figure fi. 1 7 The e-parameter 
representation of a twoporl. 



common terminal currents. The calculation in this case proceeds as the exact dual of that 
in Section 8.5.1. From Fig. 8.16, summation of voltages at the input gives 

Vi- = (zs + Zlla + Zll/)h J + (z\ 2 a + (8.79) 

Summing voltages at the output we obtain 

0 = {Z 2 \ a + Z 2 \f)i( + (zi. + + znj)io (8.80) 

It is useful to define 

Zi = Zs + Zu& + Zwf (8.81) 

So = ZL + Z22a + Z22f (8.82) 

Again neglecting reverse transmission through the basic amplifier, we assume that 

\Z]2a\ ^ kl2/| (8.83) 

Also neglecting feed-forward through the feedback network, we can write 

k2iul ^ kzi/l (8.84) 

With these assumptions it follows that 



where 



— Z2la 



- A 



Vv 



1 + 



~Z2\ (i 

ZiZo 



^12/ 



a 

1 + af 



Zl\a 

a = 

ZiZo 



f ~ 212/ 



(8.85) 



(8.86) 

(8.87) 



A circuit representation of a in (8.86) and f in (8.87) can be found by removing 
generators Z 2 \fh and z\2<Ao from Fig. 8.16a in accord with (8.83) and (8.84). This gives 
the approximate representation of Fig. 8.16Z?, where the new basic amplifier includes the 
loading effect of the original feedback, network. The new feedback network is an ideal one 
as used in Fig. 8.12. The transfer function of the basic amplifier of Fig. 8. [6b is the same 
as in (8.86), and the transfer function of the feedback network of Fig. 8T6£> is given by 
(8.87). Thus Fig. 8.16& is a circuit representation of (8.86) and (8.87). 




572 Chapter 8 ■ Feedback 



Since Fig. 8.16 h has a direct correspondence with Fig. 8.12, all the results of Section 
8.4.4 can now be used. The loading effect of the feedback network on the basic amplifier is 
included by connecting the feedback-network terminal impedances zw j and z 22 f in series 
at input and output of the basic amplifier. Terms z\\ f and z. 2 2f are defined in Fig. 8.17 
and are obtained by calculating the terminal impedances of the feedback network with 
the other port open circuited. Feedback function / given by (8.87) is the reverse transfer 
impedance of the feedback network. 

Consider, for example, the series-series feedback triple of Fig. 8.18a, which is useful 
as a wideband feedback amplifier. R E2 is usually a small resistor that samples the output 
current i (t , and the resulting voltage across Rg 2 is sampled by the divider Rg and Rg\ to 
produce a feedback voltage across R t \. Usually R h » Rg 1 and R E2 . 

The two-port theory derived earlier cannot be applied directly in this case because the 
basic amplifier cannot be represented by a two-port. However, the techniques developed 
previously using two-port theory can be used with minor modification by first noting that 
the feedback network can he represented by a two-port as shown in 8. 1 8&. One problem 
with this circuit is that the feedback generator Znfie?, is in the emitter of Q[ and not in 
the input lead where it can be compared directly with v.,. This problem can be overcome 
by considering the small-signal equivalent of the input portion of this circuit as shown in 
Fig. 8.19. For this circuit 



Vj — ifZs + tv -F i e iZ\\f + Zl2fic>3 

Using 

■ _ L 

td?3 — 

in (8,88) gives 

Vj — Z\2f— — itZs + Vfe, + i e \znf (8.90) 

where the quantities in these equations are small- signal quantities. Equation 8.90 shows 
that the feedback voltage generator z.\ 2 f(ijotf) can be moved back in series with the input 
lead; if this was done, exactly the same equation would result. (See Fig. 8.1 8c.) NoLe that 
the common-base current gain 0:3 of £>3 appears in this feedback expression because the 
output current is sampled by Rg 2 in the emitter of Q 3 in order to feed back a correcting 
signal to the input. This problem is common to most circuits employing scries feedback 
at the output, and the a 3 of Q 2 is outside the feedback loop. There are many applications 
where this is not a problem, since a — 1. However, if high gain precision is required, 
variations in a$ can cause difficulties. 

The ^ parameters of the feedback network can he determined from Fig. 8.20 as 



Z . 1 If 


h 


Rg \ Rg 2 

- _ () R E i + R E 2 + Rf 


(8.91) 


Z 2 lf = 


V 2 

h 


- Re2\\<Rei + Rp) 

M -0 


(8.92) 


Z\\f - 




~ Rei\\(Rf + ^£2) 


(8.93) 


Using (8.84), we neglect z 2 i / ■ 









From the foregoing results we can redraw the circuit of Fig. 8.18fr as shown in 
Fig. 8.1 8c. As in previous calculations, the signal fed forward via the feedback network (in 
this case £21 1) is neglected. The feedback voltage generator is placed in series with the 



( 8 . 88 ) 

(8.89) 
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Figure 8.19 Small-signal 
equivalent circuit of the in- 
put stage of the circuit in 
Fig. 8.18k 



input lead and an ideal differencing node then exists at the input. The effect of feedback 
loading on the basic amplifier is represented by the impedances in the emitters of Qi and 
Q 3 . Note that this case does differ somewhat from the example of Fig. 8.16b in that the 
impedances zn/ and zzi / of the feedback network appear in series with the input and 
output leads in Fig. 8.16fr, whereas in Fig. 8.18c these impedances appear in the emitters 
of Q ] and Q 2 . This is due to the fact that the basic amplifier of the circuit of Fig. 8.18a 
cannot be represented by two-port z parameters but makes no difference to the method of 
analysis. Since the feedback voltage generator in Fig. 8,18c is directly in series with the 
input and is proportional to i a , a direct correspondence with Fig. 8.166 can be established 
and the results of Section 8.4 + 4 can be applied. There is no further need of the z parameters, 
and by inspection wc can write 



where 



v s 1 + af 

Z\2f = i Rei R t 2 

a 2 R El + R e 2 + R F 



(8.94) 

(8.95) 



and a is the transconductance of the circuit of Fig, 8,18c with the feedback generator 
\{z I 2 f ^ a 3 )*\>] removed. 

The input impedance seen by v s with feedback appl ied is ( 1 + af) X (input impedance 
of the basic amplifier of Fig. 8.1 8c including feedback loading). 

The output impedance with feedback applied is (1 + af) limes the output impedance 
of the basic amplifier including feedback loading. 

If the loop gain T = af is large, then the gain with feedback applied is 



io 1 /?E1 + Rei + Rf 

— — — — 

V* f ' Rei 



(8-96) 
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Figure 5.20 Circuit for the calculation of the z parameters of the feedback network of the circuit 
in Fig 8.18a. 
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■ EXAMPLE 

A commercial integrated circuit 2 based on the series-series triple is the MC 1553 shown in 
Fig. 8.21 a. Calculate the terminal impedances, loop gain, and overall gain of this amplifier 
at low frequencies. 

The MC 1553 is a wideband amplifier with a bandwidth of 50 MHz at a voltage gain 
of 50. The circuit gain is realized by the series-series triple composed of Q \ , Q 2 , and Q 3 . 
The output voltage is developed across the load resistor Rc and is then fed to the output 
via emitter follower Q 4 , which ensures a low output impedance. The rest of the circuit 
is largely for bias purposes except capacitors Cp , Cp, and Cp- Capacitors Cf> and Cp are 



+v r ,- 




R B = 5 kQ, R c - 600 £2, R D = 1 2 k£2, R a = 3 kQ, 
R k = 6 kQ 



h 




Figure 8.21 (a) Circuit of the MC 1553 wideband integrated circuit. { b ) Basic amplifier of the 
series-series triple in (a). 
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I c 1 = 0.6 mA 


I C 2 = 1 rnA 


= 4 m A 


r Kl = 4.33 k£i 


r n2 = 2.6 kfl 


= 650 Q 


= 433° 


= ^ 


Sfn3- ~ ~2Q ^ 






Figure 8-21 (c) Small-signal equivalent circuit of the basic amplifier in (h). 



small capacitors of several picofarads and arc included on the chip* They ensure stability 
of the feedback loop, and their function will be described in Chapter 9. Capacitor Cr is 
external to the chip and is a large bypass capacitor used to decouple the bias circuitry at 
the signal frequencies of interest* 



Bios Calculation. The analysis of the circuit begins with the bias conditions. The bias cur- 
rent levels are set by the reference current 1 RK in the resistor /?*-, and assuming Vbe^ii) = 
0,6 V and V C c = 6 V, we obtain 



Irk 



Substituting data in (8.97) gives 



VCC ~ 2V jj£-(on) 

Rk 



Irk - 



6 - 1.2 

6000 



A — 0.80 mA 



(8.97) 



The current in the output emitter follower g 4 is determined by the currents in g 6 and 
Q%- Transistor Q% has an area three times that of Q 1 and g 6 and thus 

/cs - 3 X 0,8 mA = 2.4 mA 
Ic6 =0*8 mA 

where is assumed large in these bias calculations. If the base current of Q\ is small, all 
of let, and How through g 4 and 



Thus 



Ica — 5 + 



(8.98) 



Ica — 3.2 mA 



Transistor Q% supplies most of the bias current to Q 4 , and this device functions as a Class 
A emitter-follower output stage of the type described in Section 5.2. The function of g 6 
is to allow formation of a negative-feedback bias loop for stabilization of the dc operating 
point, and resistor R G is chosen to cause sufficient dc voltage drop to allow connection of 
Ro back to Lhe base of Qi , Transistors Qi, Q 2 , and g 4 are then connected in a negative- 
feedback bias loop and the dc conditions can be ascertained approximately as follows. 
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If we assume that Q 2 is on, the voltage at the collector of Q] is about 0.6 V and the 
voltage across Ra is 5.4 V. Thus the current through R,\ is 



Jra — 



5.4 



If jG/. is assumed high, it follows that 

k\ “ Ira = 0,6 mA 



(8.99) 



( 8 . 100 ) 



Since the voltage across R E \ is small, the voltage at the base of £>i is approximately 
0.6 V, and if the base current of Q\ is small, this is also the voltage at the collector of 
Qe since any voltage across R D will be small . The de output voltage can be written 



Vo = Vc6 + fc6^G 



( 8 . 101 ) 



Substitution of data gives 



Vo = (0.6 + 0.8 X 3) V = 3 V 



The voltage at the base of Q 4 (collector of Q 3 ) is Vre above V 0 and is thus 
3.6 V, The collector current of is 



6:3 — 



Vcc ~ Vcz 

Rc 



Substitution of parameter values gives 



r 6 3-6 . . 

fe=£ -60^ A=4mA 

The volLagc at the base of Q 3 (collector of Q 2 ) is 

Vm — ~ 

Thus 

V B 1 = Vd = (4X0.1 + 0.6) V = 1 V 
Ic 2 may be calculated from 

Vcc ~ Vc 2 



?C2 ~ 



Rx 



( 8 . 102 ) 



(8.103) 



(8.104) 



and substitution of parameter values gives 



I 



C 2 



6 - 1 
5000 



A = 1 rnA 



The ac Calculation. The ac analysis can now proceed using the methods previously de- 
veloped in this chapter. For purposes of ac analysis, the feedback triple composed of Q [, 
Q, 2 > and Q 3 in Fig. 8.21a is identical to the circuit in Fig. 8.18a ? and the results derived 
previously for the latter circuit are directly applicable to the triple in Fig. 8.21a. To obtain 
the voltage gain of the circuit of Fig. 8.21a, we simply multiply the transeonduc lance of 
the triple by the load resistor Rc* since the gain of the emitter follower Q 4 is almost exactly 
unity. Note that resistor Ro is assumed grounded for ac signals by the large capacitor C#, 
and thus has no influence on Lhc ac circuit operation, except lor a shunting cITect aL the 
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input that will be discussed later. From (8.95) the feedback factor f of the series-series 
triple of Fig. 8.21 a is 



/ 



1 100 x 100 

0.99 100+ 100 + 640 U “ 2+0 11 



(8.105) 



where jSo = 100 has been assumed. 

If the loop gain is large, the transconductance of the triple of Fig. 8.21 a can he calcu- 
lated from (8.96) as 

— -^ = 2a/V (8.106) 

Vi- / 1 2 

where i 0? , is the small-signal collector current in Q$ in Fig, 8,21c?. If the input impedance 
of the emitter follower Q 4 is large, the load resistance seen by Q 3 is R c = 600 II and the 
voltage gain of the circuit is 

^ = -X x/?c (8.107) 

v. ? v s - 

Substituting (8.106) in (8.107) gives 

— = -50.0 (8.108) 

v. 



Consider now the loop gain of the circuit of Fig. 8.21 a. This can be calculated by using 
the basic-amplifier representation of Fig. 8.18c to calculate the forward gain a. Fig. 8.18r 
is redrawn in Fig, 8.2 1^? using data from this example, assuming that zs = 0 and omitting 
the feedback generator. The small-signal, low-frequency equivalent circuit is shown in 
Fig. 8.21c assuming /3 q = 100, and it is a straightforward calculation to show that the 
gain of the basic amplifier is 

a = — = 20.3 A/V (8.109) 

v* 

Combination of (8.105) and (8.109) gives 

T = af = 12 X 20.3 = 243.6 (8.110) 

The transconductance of the triple can now be calculated more accurately from (8.94) as 

^t^I^ a/v = °- 083 a/v 

Substitution of (8.1 1 1 ) in (8.107) gives for the overall voltage gain 

— = —Rc = -0.083 x 600 = -49.8 (8.112) 

v, v s 

This is dose to the approximate value given by (8.108). 

The input resistance of Ihe basic amplifier is readily determined from Fig. 8.21c to be 

/',■« = 13.2 kli (8.113) 

The input resistance when feedback is applied is 

Rf = r m (\ +7) (8,114) 

Substituting (8.113) and (8.110) ill (8.114) gives 



R f = 13.2 X 244.6 kXl = 3.23 Mil 



(8.115) 
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As expected, series feedback at the input results in a high input resistance* In this example, 
however, the bias resistor R rj directly shunts the input for ac signals and is outside the 
feedback loop. Since Ry, = 12 kfl and is much less than /?;, the resistor R D determines 
the input resistance for this circuit. 

Finally, the output resistance of the circuit is of some interest. The output resistance of 
the triple can be calculated from Fig. 8.21c by including output resistance r 0 in the model 
for Q$. The resistance obtained is then multiplied by (1 + T) and the resulting value is 
much greater than the collector load resistor of which is : = 600 £1. The output 
resistance of the full circuit is thus essentially the output resistance of emitter follower Q 4 
fed from a 600-fl source resistance, and this is 



R 



o 



1 

— + 
g m A 



Rc 
P 4 



26 600 
3.2 + 100 



fl - 14 £1 



(8.116) 



8.5.3 Series-Shunt Feedback 

Series-shunt feedback is shown schematically in Fig. 8.4. The basic amplifier and the 
feedback network have the same input current and the same output voltage. A two-port 
representation that uses input current and output voltage as the independent variables is 
the hybrid ^-parameter representation shown in Fig. 8.22, The h parameters can be used to 
represent nonideal circuits in a series-shunt feedback as shown in Fig. 8.23 a. Summation 



of voltages at the input of this figure gives 

Ky = fo + *Ilti + *ll/)*f + (*12 a + h}2f)Vo (8.117) 

Summing currents at the output yields 

o = (*2l a + hl\f)ii + (>7h + + *22/) v o (8.118) 

We now define 

Zi = Zs + *u<i + ft 11 / (8.119) 

= }7, + *22a + *22/ (&■ 120) 

and make the same assumptions as in previous examples: 

1 * 12*1 « 1 * 127-1 ( 8 . 121 ) 

|*2i a | » 1*21/1 (8.122) 




vi = /inn + h^v 2 
+&22 v 2 



, V 1 
*11 - y 



~ 0 



, V 1 
*12 = ” 
v 2 



h - 0 



k 



*2 



21 “ 




*1 



0 



Vg = 0 



Figure 8.22 The parameter 
representation of a two-port. 
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Feedback network 




where 



hnu 

a — — 

ZiVo 

f = kl2f 



(8.124) 

(8.125) 



A circuit representation of a in (8,124) and / in (8. 125) can be found by removing the gen- 
erators k^Vo and h 2 \ jU from Fig, 8,23a as suggested by the approximations of (8,121) 
and (8, 1 22). This gives the approximate representation of Fig. 8.23 h, where the new basic 
amplifier includes the loading effect of the original feedback network. As in previous ex- 
amples, the circuit of Fig. 8.23 h is a circuit representation of (8.123), (8.124), and (8.125) 
and has the form of an ideal feedback loop. Thus all the equations of Section 8.4.1 can be 
applied to the circuit. 

For example, consider the common series-shunt op amp circuit of Fig. 8.24, which fits 
exactly the model described above. We first determine the h parameters of the feedback 
network from Fig. 8.25: 








h 22 f = 


h 




1 


(8.126) 


v 2 


ln=o 


Rfr + Re 


h\2f = 






Re 


(8.127) 


V2 


i,=0 


R e + Rp 


*11/ = 


Vl 


= 


Re\\Rf 


(8.128) 


h 


V 2 =0 










J h 






— ^ 




1 







0 V2 



Figure 8.25 Circuit for the deter- 
mination of the h parameters of the 
feedback network in Fig. 8.24. 
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<•() 




Figure 8.26 Equivalent circuit for Fig. 8.24. 



Using (8. 122), we neglect ^ 21 / ■ The complete feedback amplifier including loading effects 
is shown in Fig, 8.26 and has a direct correspondence with Fig. 8,23fr. (The only difference 
is that the op amp output is represented by a Thevenin rather than a Norton equivalent.) 



The gain a of the basic amplifier can be calculated from Fig. 8,26 by initially disre- 
garding the feedback generator to give 


Zi + R zlx A Zo 


(8.129) 


where 




R = R e \\Rf 


(8.130) 


Zfj( = z.l |(7?£: + Rp) 


(8.131) 


Also 




r _ Re 

Re + Rf 


(8.132) 


Thus the overall gain of the feedback circuit is 




A - v * _ a 

Vj 1 + af 


(8,133) 



and A can be evaluated using (8.129) and (8.132). 



■ EXAMPLE 



Assume that the circuit ol Fig. 8.24 is realized, using a differential amplifier with low- 
frequency parameters Z i = 100 k (l f z 0 = 10 Ml, and a v = 3000. Calculate the input 
impedance of the feedback amplifier at low frequencies if R E = 5 kfi, R F = 20 kfi, and 
zl = 10 kfi. Note that Zo in this case is not small as is usually the case for an op amp, and 
this situation can arise in some applications. 

This problem is best approached by first calculating the input impedance of the basic 
amplifier and then multiplying by (1 + T) as indicated by (8,25) to calculate the input 
impedance of the feedback amplifier. By inspection from Fig, 8.26 the input impedance 
of the basic amplifier is 

z ia - Zi + R e \\Rf = (100 + 5||20) kfi = 104 kil 
The parallel combination of zl and (R F + R £ ) in Fig. 8.27 is 



10X25 



7.14 kfi 



zlx = 



35 
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Substitution in (8.129) gives, for the gain of the basic amplifier of Fig. 8.26, 



100 



a = 



x 3000 x 



7.14 



100 + 4 ‘ 7.14+10 

From (8+27) the feedback factor / for this circuit is 

5 



- 1202 



/ - 



= 0.2 



5 + 20 

and thus the loop gain is 

7 = af = 1202 x 0.2 - 240 
The input impedance of the feedback amplifier is thus 

Z, = + T) - 104 x 241 kil = 25 MO 



In this example the loading effect produced by (Ry + R t ) on the output has a significant 
effect on the gain a of the basic amplifier and thus on the input impedance of the feedback 
i amplifier. 

As another example of a series-shunt feedback circuit, consider the series-series triple 
of Fig. 8.18a but assume that the output signal is taken as the voltage at the emitter of 
Qit as shown in Fig. 8.27. This is an example of how the same circuit can realize two 
different feedback functions if the output is taken from different nodes. As in the case of 
Fig. 8. 1 8 a, the basic amplifier of Fig. 8,27 cannot be represented as a two-port. However, 
the feedback network can be represented as a two-port and the appropriate parameters are 
the h parameters as shown in Fig. 8,28, The h parameters for this feedback network are 
given by (8+26), (8+27), and (8.128) and is neglected. The analysis of Fig. 8.28 
then proceeds in the usual manner. 



8.5.4 Shunt-Series Feedback 

Shunt-series feedback is shown schematically in Fig. 8+1. In this case the basic amplifier 
and the feedback network have common input voltages and output currents, and hybrid g 
parameters as defined in Fig, 8,29 are best suited for use in this case. The feedback circuit 
is shown in Fig. 8.30a, and, at the input, we find that 



h — (>’£ + £ 1 la + £ll/)Vj + (g\2a + £l2/)4? 



(8.134) 
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Figure 8.2$ Circuit equivalent to that of Fig, 8.27 using a two-port representation of the feedback 
network, 




h =£l1 v 1 + <?!2 f £ 
v 2 =# 21 v 1 + 



£l1 =' 



*2 = 0 



£12 = 



l 2 



Vi = 0 



£21 = 



l 2 f 



ir> — 0 



£22 = 



v 2 



v, =0 



Figure 8.29 The ^-parameter 
representation of a two -port. 



At the output 



0 — (gl\a T #2I/)V( + { Z.L + $22a + #22/ 



Defining 



>7 - XS + Jfllfl + £ll/ 
Zo = ZL + g22a + $22 f 

and making the assumptions 

\glla\ ^ \g\2f\ 
\g2la\ ^ |^ 21 /| 



( 8 . 135 ) 

( 8 . 136 ) 

(8.137) 



( 8 . 138 ) 

( 8 . 139 ) 
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Basic amplifier 



[8v\a (TW 




Feedback network 



New basic amplifier 



New feedback network 



Figure $.30 (a) Shunt-series feedback configuration using the g-parameter representation, (b) 
Circuit of (a) redrawn with generators gu f\ ! - t and g\i t Jo omitted. 



/ = £12/ 



(8,142) 



Following the procedure for the previous examples, we can find a circuit representa- 
tion for this case by eliminating the generators g 2 1 /v f and gnJv to obtain the approximate 
representation of Fig. 8.30&. Since this has the form of an ideal feedback circuit, all the 
results of Section 8.4.3 may now be used. 










586 Chapters ■ Feedback 




Figure 0.31 Current feedback pair. 






-6 



M/V 




Figure 8.32 Circuit for the calcu- 
lation of the # parameters of the 
feedback network in Fig. 8.3 L 



A common shunt-series feedback amplifier is the current- feedback pair of Fig. 8.31 . 
Since the basic amplifier of Fig. 831 cannot be represented by a two-port, the representa- 
tion of Fig. 8.306 cannot be used directly. However, as in previous examples, the feedback 
network can be represented by a two-port, and the g parameters can be calculated using 
Fig. 832 to give 



Sn/ = 


*1 




1 


(8.143) 


V] 


b=o 


Rp + Re 


#12/ = 


*1 




Re 


(8.144) 


h 


V] -o 


Re + Rp 


822 / = 




= 


Re\\Rf 


(8.145) 




h 


V| =0 







Using (8.139), we neglect g 2 i/* Assuming that g 2 L/U is negligible, we can redraw the 
circuit of Fig. 831 as shown in Fig. 833. This circuit has an ideal input differencing 





(/?£ -I- Hf.) 




a 2 





Figure 8.33 Circuit equivalent to that of Fig. 8.31 using a Lwo-poit representation of the feedback 
network. 
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node, and the feedback function can be identified as 



/ = 



Re 1 

Re H- Rf ot2 



(8.146) 



The gain a of the basic amplifier is determined by calculating the current gain of the circuit 
of Fig. 8.33 with the feedback generator removed. The overall current gain with feedback 
applied can then be calculated from (8.40). 



8.5.5 Summary 

The results derived above regarding practical feedback circuits and the effect of feedback 
loading can be summarized as follows. 

First, input and output variables must be identified and the feedback identified as shunt 
or series at input and output. 

The feedback function / is found by the following procedure. If the feedback is shunt 
at the input, short the input feedback node to ground and calculate the feedback current. 
If the feedback is series at the input, open circuit the input feedback node and calculate 
the feedback voltage. In both these cases, if the feedback is shunt at the output, drive the 
feedback network with a voltage source. If the feedback is series at the output, drive with 
a current source. 

The effect of feedback loading on the basic amplifier is found as follows. If the feed- 
back is shunt at the input, short the input feedback node to ground to find the feedback 
loading on the output. If the feedback is series at tbe input, open circuit the input feedback 
node to calculate output feedback loading. Similarly, if the feedback is shunt or series at 
the output, then short or open the output feedback node to calculate feedback loading on 
the input. 

These results along with other information are summarized in Table 8.1. 



8.6 Single-Stage Feedback 

The considerations of feedback circuits in this chapter have been mainly directed toward 
the general case of circuits with multiple stages in the basic amplifier. However, in dealing 
with some of these circuits (such as the series-series triple of Fig. 8.18 a), equivalent 
circuits were derived in which one or more stages contained an emitter resistor. (See 
Fig. 8.18c.) Such a stage represents in itself a feedback circuit as will be shown. Thus 
the circuit of Fig. 8,18c contains feedback loops within a feedback loop, and this has a 
direct effect on the amplifier performance. For example, the emitter of Q 3 in Fig. 8.18c 
has a linearizing effect on Qi, and so does the overall feedback when the loop is closed. 
It is thus important to calculate the effects of both local and overall feedback loops. The 
term local feedback is often used instead of single-stage feedback. Local feedback is 
often used in isolated stages as well as being found inside overall feedback loops. In this 
section, the low-frequency characteristics of two basic single-stage feedback circuits will 
be analyzed. 



8.6. 1 Local Series-Series Feedback 

A local series-series feedback stage in bipolar technology (emitter degeneration) is shown 
in Fig. 8.34a. The characteristics of this circuit were considered previously in Section 3.3.8, 
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Figure 8.34 (a) Single-stage series- series feed- 
back circuit, (6) Low-frequency equivalent cir- 
cuit of (a), (l) Circuit equivalent u> (b) using a 
Thevenin equivalent across the plane AA. 



and it will be considered again here from the feedback viewpoint. Similar results are found 
for MOS transistors with sowce degeneration. 

The circuit of Fig. 8,34# can be recognized as a degenerate series-series feedback 
configuration as described in Sections 8.4.4 and 8.5.2. Instead of attempting to use the 
generalized forms of those sections, we can perform a more straightforward calculation 
in this simple case by working directly from the low-frequency, small-signal equivalent 
circuit shown in Fig. 8.346. For simplicity, source impedance is assumed zero but can be 
lumped in with r b if desired. If a Thevenin equivalent across the plane AA is calculated, 
Fig. 8.346 can be redrawn as in Fig. 8.34c. The existence of an input differencing node is 
apparent, and quantity i c R.E is identified as the feedback voltage v fb . Writing equations 
for Fig. 8.34c we find 



vi 



r-rr + r b + R e 



(k 



Vfb) 



(8.147) 
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v fh = i 0 R t 



(8.148) 

(8.149) 



These equations are of the form of the ideal feedback equations where vi is the error 
voltage, i 0 is the output signal, and v fh is the feedback signal. From (8.147) and (8.148) 
we know that 



• _ g m r v f , 

~ rTTTF^ ~ v fb) 
Ur + ?h + KR 



and thus we can identify 



gmUr 

+ r b 4- R e 



gm 

Th + Rt 



(8,150) 



(8.151) 



From (8.149) 



Thus for the complete circuit 



/ = Re 



in _ ^ a _ J_ I 

v. T 1 + af Re ^ ^ r f? + Re 



Re Urn A) 



and A — I IR E for large loop gain. 

The loop gain is given by T = af and thus 



gmRE 
r b + Re 



(8.152) 



(8.153) 



(8.154) 



If (r h + R e ) r ^ we find 



T = g m R E 



The input resistance of the circuit is given by 

Input resistance = (1 + T) x (inpul resistance w ith = 0) 

= O + T)(r/ f + r-r -F Re) 

Using (8.154) in (8.156) gives 

Input resistance = r b -f R e + r„( I +■ g m R E ) 

= r b "F -F 1 )Re 



(8.155) 



(8.156) 

(8457) 

(8/158) 



We can also show that if the output resistance r 0 of the transistor is included, the output 
resistance of the circuit is given by 



Output resistance — r 0 / 1 -F 



gmRr 

n? + Re 



(8459) 



Both input and output resistance arc increased by the application of emitter feedback, as 
expected. 
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■ EXAMPLE 

Calculate the low-frcqucncy parameters of the series-series feedback stage represented by 
Qi in Fig. 82\b. The relevant parameters are as follows: 

Re = 8811 rv = 65011 g m = A/V y3 0 = 100 r b = 0 

The loading produced by Q 3 at the collector of Qi is given by the input resistance expres- 
sion of (8.158) and is 



R i3 - (650 4- 101 X 88 ) Q = 9.54 kfl (8.160) 

The output resistance seen at the collector of Qi can be calculated from (8.159) using r b — 
5 kfl to allow for the finite source resistance in Fig. 8.21 b. If we assume that r 0 — 25 kfl 
at I c = 4 mA for Q 3 , then from (8.159) we find that 



Ro3 = 25 



+ 



4 88 



1 + 



5088 

"650" 



kfl = 63 kfl 



(8.161) 



In the example of Fig. 8.21 /j, the above output resistance would be multiplied by the loop 
gain of the series-series triple. 

Finally, when ac voltage V 4 at the collector of Q 2 in Fig* 8.21c is determined, output 
current z '3 in Q$ can be calculated using (8.153): 

^ A/V A/V (8.162) 

Note that since the voltage V 4 exists at the base of Q 3 , the effective source resistance in 
■ the above calculation is zero. 



v 4 88 , 1 / 26 

,+ i 4 



8.6.2 Local Series-Shunt Feedback 

Another example of a local feedback stage is the common-drain stage shown in 
Fig. 8.35a. This circuit is a series-shunt feedback configuration. The small-signal model 
is shown in Fig. 835b. The current through the g mb controlled source is controlled by 
the voltage across it; therefore, it can be replaced by a resistor of value 1 fg m b* Using 
this transformation, the small-signal model in Fig. 8.35i> is redrawn in Fig. 8,35c, 
where 



R'l = ifcIM — (8.163) 

&mb 

The feedback network is taken to be R ’ L . Using Fig. 8.35d, the h two-port parameters for 
the feedback network are 



kur = ~ 



= 0 



!•"> =0 



* 22 / 



12 

^2 



i, -0 



R\ 



(8.164) 

(8.165) 




Feedback network 






{d) 




Feedback network 

M 



Figure 8.35 {a) A source follower 
driving a resistive load, (h) A 
small-signal model for the cir- 
cuit in {a), (c) A simplified small- 
signal model, (d) CircuiL for find- 
ing the two-port parameters for the 
feedback network. (c) The circuit 
in (r) with the feedback network 
replaced by a two-port model. 
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and the feedback factor is 



, u Vl 

./ = h nf = - 

V2 



= 1 



i ,=0 



(8.166) 



Here we neglect the forward transmission through the feedback network, /i 2 i/> as was 
done in Section 8,5.3. 

Figure 8 35b is redrawn in Fig. 8,35e with the feedback network replaced by a two-port 
model. The gain of the basic amplifier a is found by setting the feedback to zero in Fig. 8.35e 



a 



v 



v 






v j i. “ 0 



gmR'l. 



Using (8.166) and (8.167). the closed-loop gain is 



<2 _ 

1 +*/ “ 1 + 



(8.167) 



(8.168) 



This closed-loop gain is always less than one and approaches unity as g m R* L — ^ 

From Fig. 8.35e, the output resistance without feedback is R ! L , and the closed-loop 
output resistance is 



Ro = 



R\ 



L _ 



R\ 



1 



1 



1 + a.f 1 + g m R\ 



(8.169) 



+ 8 mb + g„ 

r o 



J_ J_ 1 

W L +8m Rl 

where (8. !63) is used in the right-most expression. The output resistance is reduced be- 
cause of the feedback. The input resistance Is infinite because the resistance from the gate 
to the source in the model In Fig. 8.35 is infinite. 



8.7 The Voltage Regulator as a Feedback Circuit 

As an example of a practical feedback circuit, the operation of a voltage regulator will be 
examined. This section is introduced for the dual purpose of illustrating the use of feedback 
in practice and for describing the elements of voltage regulator design. 

Voltage regulators are widely used components that accept a poorly specified (possibly 
fluctuating) dc input voltage and produce from it a constant, well-specified output voltage 
that can then be used as a supply voltage for other circuits. 3 In this way, fluctuations in the 
supply voltage are essentially eliminated, and this usually results in improved performance 
for circuits powered from such a supply. 

A common type of voltage regulator is the series regulator shown schematically in 
Fig. 8.36. The name series comes from the fact that the output voltage is controlled by 
a power transistor in series with the output. This is the last stage of a high-gain voltage 
amplifier, as shown in Fig. 8.36. 

Many of the techniques discussed in previous chapters are utilized in the design of 
circuits of this kind. A stable reference voltage Vr can be generated using a Zener diode 
or a bandgap reference, as described in Chapter 4. This is then fed to the noninverting 
input of the high-gain amplifier, where it is compared with a sample of the output taken 
by resistors R\ and R 2 ♦ This is recognizable as a series-shunt feedback arrangement, and 
using (8.132) we find that for large loop gain 

Vo = V R «^ (8.170) 

The output voltage can be varied by changing ratio R ] //? 2 - 
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The characteristics required in the amplifier of Fig* 8*36 are those of a good op amp, 
as described in Chapter 6. In particular, low drift and offset arc essential so that the output 
voltage Vq is as stable as possible* Note that the series-shunt feedback circuit will present 
a high input impedance to the reference generator, which is desirable to minimize loading 
effects* In addition, a very low output impedance will be produced at V 0 , which is exactly 
the requirement for a good voltage source* If the effects of feedback loading are neglected 
(usually a good assumption in such circuits), the low-frequency output resistance of the 
regulator is given by (8*29) as 



Rv 



r on 

ITT 



(8.171) 



where 



rp Rl 

~ a Ri + Ri 

r oa ^ output resistance of the amplifier without feedback 
a = magnitude of the forward gain of the regulator amplifier 



(8.172) 



If the output voltage of the regulator is varied by changing ratio R]/Ri, then (8*171) 
and (8*172) indicate that T and thus R 0 also change. Assuming that V R is constant and 
T » 1, we can describe this behavior by substituting (8*170) and (8*172) in (8*171) 
to give 



R a = -~V 0 (8.173) 

uVr 

which shows R 0 to be a function of Vo if a, V R , and r t>a are fixed. If the output current 
drawn from the regulator changes by A/o, then Vo changes by A Vo, where 



AV 0 = R 0 blo 



(8,174) 
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Substitution of (8.173) in (8,174) gives 

^ = f8 - 175 > 

This equation allows calculation of the load regulation of the regulator. This is a widely 
used specification, which gives the percentage change in V 0 for a specified change in l <} 
and should be as small as possible. 

Another common regulator specification is die line regulation, which is file percent- 
age change in output voltage for a specified change in input voltage. Since V 0 is directly 
proportional to V R> the line regulation is determined by the change in reference voltage 
Vr with changes in input voltage and depends on the particular reference circuit used. 

As an example of a practical regulator, consider the circuit diagram of the 723 mono- 
lithic voltage regulator shown in Fig. 8.37. The correspondence to Fig. 8.36 can be recog- 
nized, with the portion of Fig. 8.37 to the right of the dashed line being the voltage ampli- 
fier with feedback. The divider resistors R\ and R 2 in Fig. 8.36 are labeled R A and R s in 
Fig. 8,37 and are external to the chip. The output power transistor 2i 5 is on the chip and is 
Darlington connected with 2i4 for high gain. Differential pair 2i \ and Qy 2 -, together with 
active load contribute most of the gain of the amplifier. Resistor R c couples the refer- 
ence voltage to the amplifier and C 2 is an external capacitor, which is needed to prevent 
oscillation in the high-gain feedback loop. Its function is discussed in Chapter 9. 



■ EXAMPLE 

Calculate the bias conditions and load regulation of the 723. Assume the total supply volt- 
age is 15 V. 

The bias calculation begins at the left-hand side of Fig. 8,37. Current source /[ models 
a transistor current source that uses a junction field-effect transistor (JFET) 4 that behaves 
like an n -channel MOS transistor with a negative threshold voltage. Diodes D\ and D 2 arc 
Zener diodes. 4 When operating in reverse breakdown, the voltage across a Zener diode is 
nearly constant as described in Chapter 2. 

The Zener diode produces a voltage drop of about 6,2 V, which sets up a reference 
current in Q 2 . 

, 6.2 — \V be2\ 

*C7 ~ 

+ R 2 

_ 6.2 - 0.6 A 

16,000 

= -348 n A (8.176) 

Note that I c 2 is almost independent of supply voltage because it is dependent only on the 

Zener diode voltage. 

The voltage across R[ and Q 2 establishes the currents in current sources Q 2 , Q- n 
and 2a- 

la = let = -174 ja A (8.177) 

/c3 = — 10.5 juc A (8.178) 

Current source Q 2 establishes the operating current in the voltage reference circuit 
composed of transistors Qi, Qs, 26, resistors R 6j /? 7 , /?&, and Zener diode D 2 . This circuit 
can be recognized as a variation of the Wilson current source described in Chapter 4, and 
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the negative feedback loop forces the current in Q 5 to equal 3 so that 

7 C 6 = 10.5 jllA (8.179) 

where the base current of £>4 has been neglected. 

The output reference voltage V/? is composed of the sum of the Zener diode voltage D 2 
plus the base-emitter voltage of Q& giving a reference voltage of about 6.8 V. The current 
in the Zener is established by VsEh and giving 



f D2 



VbE6 

R* 



600 . 

— „A 



120 p, A 



(8.180) 



The Darlington pair Q$ helps give a large loop gain that results in a very low output 
impedance at the voltage reference node. Resistor R § limits the current and protects 
Qs in case of an accidental grounding of the voltage reference node. Resistor R^ and 
capacitor Cj form the high-frequency compensation required to prevent oscillation in 
the feedback loop. Note that the feedback is shunt at the output node. Any changes 
in rcfercncc-nodc voltage (due to loading for example) arc detected at the base of Q ^ 
amplified, and led to the base of Q$ and thus back to the output where the original 
change is opposed. 

The biasing of the amplifier is achieved via current sources Qi and The current 
in Qj also appears in Qm (neglecting the base current of Q<*). Transistor Q\j has an area 
twice that of Q] 0 and one half the emitter resistance. Thus 



fci3 — 2/cjo — lici — 348 p,A (8.181) 

Transistor provides current gain to minimize the effect of base current in Q10 and 
This beta-helper current mirror was described in Chapter 4, 

The bias current in each half of the differential pair Qn? Q 12 is thus 



fen = fci2 = 2* C[3 = 



(8.182) 



Since Q$ and R$ are identical to £^7 and the current in £)g is given by 

/c'8 = -174 ptA (8.183) 

Transistor Q% functions as an active load for gi 2l and, since the collector currents in these 
two devices are nominally equal, the input offset voltage for the differential pair is nomi- 
nally zero. 

The cunem in output power transistor Q\$ depends on the load resistance hut can 
go as high as 1 50 mA before a current-limit circuit (not shown) prevents further increase. 
Resistor provides bleed current so that Q 14 always has at least 0.04 mA of bias current, 
even when the current in £2i5 is low and/or its current gain is large. 

In order to calculate the load regulation of the 723, (8-1 75) indicates that it is necessary 
to calculate the open-loop gain and output resistance of the regulator amplifier. For this 
purpose, a differential ac equivalent circuit of this amplifier is shown in Fig. 8.38. Load 
resistance R L \ 2 is the output resistance presented by which is 

R-l\2 — + gm&Rs) (8.184) 

Assuming that the magnitude of the Early voltage of Q% is 100 V and /eg = -174 \lA, 
we can calculate the value of R L ]2 as 



Rlu = 



S 1 + ^ 1000 kn - 4 - 42Mn 



26 



(8.185) 
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Figure 8.36 An ac equivalent circuit of the regulator amplifier of the 723 voltage regulator. 



Since g m] \ = g mi 2 > the impedance in the emitter of g 12 halves the transconductance and 
gives an effective output resistance of 



(8.186) 



Roll - M + gm\2 KfU 2 

\ &m\ \ } 



where r o]2 is the output resistance of Q\ 2 alone and is 575 kD if the Early voltaee is 
100 V. 

Thus 

Roi 2 = 1.15 Mfi (8.187) 

The externa] load resistance R i determines the load current and thus the bias currents 
in Q 14 and Qi 5 . However, Ri is not included in the small-signal calculation of output 
resistance because this quantity is the resistance seen by R L looking back into the circuit. 
Thus, for purposes of calculating (he ac output resistance, Rl may be assumed infinite and 
the output Darlington pair then produces no loading at the collector of Q ]2 . The voltage 
gain of the circuit may then be calculated as 

.. I ^ ° I l D I grtl[2 / n II n \ 



Vi ! V; 



l2 f-(Rcn\\Ru2) 
^|(L15||4.42)X 10 6 



= 3054 



(8.188) 



The output resistance r oa of the circuit of Fig. 8.38 is the output resistance of a Dar- 
lington emitter follower, [f R l2 is assumed large compared with r v \s then 



1 / 1 



Y t u i = 



,?ml5 Pw) \gm 1 4 &)( 



(8.189) 



where 



Rs = Ro\i\\Rl \2 = 913 kfl (8.190) 

If we assume collector bias currents of 20 mA in g ]5 and 0*5 mA in Q J4 together with 
A)(i 5 ) = Po[\ 4 ) = H)0, then substitution in (8.189) gives 

[, . I /„ 913,000 Y] ri 

r “ = i u + Too ( 52 + -|Hr| n 

= (1.3 4- 92)11 
= 93 -ft 



(8.191) 
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Substituting for r oa and a in (8.175) and using V K = 6.8 V, we obtain, for the load 
regulation, 



A Vo 

Vo 



3054 x 6.8 A '° 
4.5 x 10“ 3 A/ o 



(8.192) 



where A Iq is in Amps. 

If A l 0 is 50 mA, then (8.192) gives 

= 2 X KT 4 = 0.02 percent (8.193) 

Vo 

This answer is close to the value of 0.03 percent given on the specification sheet. Note the 
■ extremely small percentage change in output voltage for a 50-mA change in load current. 



8.8 Feedback Circuit Analysis Using Return Ratio 

The feedback analysis presented so far has used two-ports to manipulate a feedback 
circuit into unilateral forward amplifier and feedback networks. Since real feedback 
circuits have bilateral feedback networks and possibly bilateral amplifiers, some work 
is required to find the amplifier a and feedback / networks. The correct input and 
output variables and the type of feedback must be identified, and the correct two-port 
representation (y, z, h, or g) must be used. After this work, the correspondence between 
the original circuit and modified two-ports is small, which can make these techniques 
difficult to use. 

Alternatively, a feedback circuit can be analyzed in a way that does not use two- 
ports. This alternative analysis, which is often easier than two-port analysis, is called 
return-ratio analysis. 5 6 * 7 Here, the closed-loop properties of a feedback circuit are de- 
scribed in terms of the return ratio for a dependent source in the small-signal model of 
an active device. The return ratio for a dependent source in a feedback loop is found 
by the following procedure; 

L. Set all independent sources to zero. 

2. Disconnect the dependent source from the rest of the circuit, which introduces a break 
in the feedback loop. 

3. On the side of the break that is not connected to the dependent source, connect an 
independent test source s t of the same sign and type as the dependent source. 

4. Find the return signal s r generated by the dependent source. 

Then the return ratio (3ft) for the dependent source is = — s r /s t , where the variable s 
represents either a current or a voltage. 

Figure 8.39a shows a negative feedback amplifier that includes a dependent volt- 
age source. Figure 8.39 Zj shows how the circuit is modified to find the return ratio. 
The dependent source is disconnected from the rest of the circuit by breaking the 
connections at the two X’s marked in Fig. 8.39a. A test signal v t is connected on the 
side of the break that is not connected to the controlled source. The return signal v r 
is measured at the open circuit across the controlled source to find the return ratio 
= -v r iv t . 




600 Chapters ■ Feedback 





Figure 8.39 (a) A feedback circuit that gives an inverting voltage gain. The “x” marks indicate 
where the loop will be broken, {b) The circuit in (a) modified, to find the return ratio for the depen- 
dent voltage source. 



i EXAMPLE 



Find the return ratio for the circuit in Fig. 8.396. 

The return ratio can be found with little computation because the resistors form a 
voltage divider 

tfslh 



ktf ” n , n , V t 

Rs r i + Rf + r 0 



The return voltage vv is 
Combining these equations gives 



V r = -<3vV\ 



V, = R sh 

kr Rs\\ri + Rf + r 0 



a v 



(8.194) 

(8.195) 

(8.196) 



Figure 8,40a is a single-stage feedback circuit. Its small-signal model shown in 
Fig. 8.406 includes a dependent current source. Figure 8.40c illustrates how the return 
ratio is found in this case. Here* the dependent source is disconnected from the rest of 
the circuit, and a test current source i r is connected on the side of the break that is not 
connected to the dependent source. A short circuit is applied across the dependent current 
source to provide a path for the return current i r to flow. The return ratio is computed as 
3ft = -i r (i s . 
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controlling signal is The equation that describes the controlled source is 

= k*ic (8.197) 

(For example, the output of the controlled source in Fig. 8.40& is s oc = g m Vbe* the con- 
trolling signal is .v ( > = vv 7e , and the value of the controlled source is k = g m .) Each signal 
s in ihc ligure is labeled as if it is a voltage, but each signal could be either a current or a 
voltage. Because the feedback amplifier is linear, signals su- and s ou{ can be expressed as 
linear functions of the outputs of the two sources, s oc and s m * 

= B\Si*-Us 0C (8.198) 

Soul = rfJin + B 2 S UC (8.199) 

The terms fij, Bi, and H in (8.198) and (8.199) are defined by 



B ^ = 


■V iV 




(8.200a) 




^’in 


© 

-id 

.£ 

o 




B-i = 


■i’oilL 




(8,200b) 




Xor 






H = 


_ 


c 


(8.200c) 



So is the transfer function from the input to the controlling signal evaluated with k = 0 ? 
Bi is Ihc transfer function from the dependent source to the output evaluated with the input 
source set to zero, and H is the transfer function from the output of the dependent source 
to the controlling signal evaluated with the input source set to zero, times - 1. 

Also, the direct feedthrough d is given by 



d = ^ 

-^’in 

which is the transfer function from t lie input to the output evaluated with k = 0. The 
calculation of d usually involves signal transfer through passive components that provide 
a signal path directly from the input to output, a path Lhal goes around rather than through 
the controlled source k. 

Equations (8. 197). (8.198), and (8.199) can be solved for the closed-loop gain. Sub- 
stituting (8.197) in (8.198) and rearranging gives 

fli 

1 + kH Sm 



*...=() 



Soul 

Sin 



(8.20Qd) 



t=o 



( 8 . 201 ) 
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Substituting (8.197) in (8.199), then substituting (8.201) in the resulting equation and 
rearranging Lcrms gives the closed-loop gain A 



i’oui _ B[kBo 
Vi n 1 A kH 



(8,202) 



The term kH in the denominator is equal to the return ratio, as will be shown next. The re- 
turn ratio is found by setting s m = 0, disconnecting the dependent source from the circuit, 
and connecting a test source where the dependent source was connected. After these 
changes,^ = s f and (8.198) becomes 



s ic = ™ Hs t (8.203) 

Then the output of the dependent source is the return signal s r = ks ic = - kHs t . Therefore 



3ft = -- = kH 

St 



So the closed-loop gain in (8.202) can be rewritten as 



A = 






B i kB2 
i a 3ft 



A d 



(8.204) 



(8.205a) 



or 



A = 



^out 



1 A 3ft 



d-d 



(8.205b) 



where 



g = B\kB2 



(8,206) 



Here g is the gain from s m to s ou( if H — 0 and d = 0, and d is the direct signal 
feedthrough, which is the value of A when the controlled source is set to zero (k = 0). 

The closed-loop gain formula in (8.205a) requires calculations of four terms: B ], B 2 , 
d, and 3ft. That equation can be manipulated into a more convenient form with only three 
terms. Combining terms in (8,205b) using a common denominator I A 3ft gives 



A = 



g A <f(l A 3ft) g A ddt 



A 3ft 



1 A 3ft 



A 



d 



A 3ft 



Defining 



A + T 

1 A 3ft 



A 



d 



+ 3ft 



(8,207) 



A. = A d 
3ft 



allows (8.207) to be rewritten as 



A = A* 






A 



1 A 3ft 1 A 



(8,208) 



(8.209) 



This is a useful expression for the closed-loop gain. Here, if then A = A* because 

Sft/(1 a 3ft) — * 1 and df( 1 A 3ft) 0. So is the closed-loop gain when the feedback 
circuit is ideal (that is, when 3ft ■»). 

A block-diagram representation of (8.209) is shown in Fig. 8.42. The gain around the 
feedback loop is 3ft, and the effective forward gain in the loop is A key difference 
between the two-port and return-ratio analyses can be seen by comparing Figs .8,1 and 8.42, 




1 
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Figure 6.42 A block diagram 

for the closed-loop gain for- 
mula in (8.209). 



In the two-port analysis, all forward .signal transfer through the amplifier and the feedback 
network is lumped into a. In the return-ratio analysis, there are two forward signal paths: 
one path (d) for the feedforward through the feedback network and another path (PftAo,) 
for the effective forward gain. 

Typically, A * is determined by a passive feedback network and is equal to 1// from 
two-port analysis. The value of A, c can be found readily since = A when k 
Letting k -> *= causes Pft = kH ®. (Here we assumed k > 0. If k < 0 in a negative 
feedback circuit, then 9ft =c when k -®.) When k * the controlling signal s ic 
for the dependent source must be zero if the output of the dependent source is finite. The 
controlled source output will be finite if the feedback is negative. These facts can be used 
to find A K with little compulation in many circuits, as is demonstrated in the next example. 



■ EXAMPLE 



Compute the closed-loop gain for (he circuit of Fig. 8.40 using (8.209). Use the component 
values given in the figure. 

To use (8.209), A^, Pft, and d are needed. Here, the only controlled source is the g m 
source, so k = g m . Also, 5 in = i jn , 5 0U| = and sv, = v he . To find A*, let g m 
which forces the controlling voltage v be to equal zero, assuming that the outpuL current 
from the g m generator is finite. With v be = 0, no current flows through and therefore 
the input current i' in flows through R F to produce v 0 . Thus 



A. = - 

*in 



-R f = -20 kfi. 



( 8 . 2 1 0 ) 



Hm “ c 



Next, d is found by setting k - g m — 0 and computing the transfer function from input 
to output 



d = ^ 



= (r 0 \\Rc) 



+ Rf*' + r.WRc 

= (I 

= 1.4 kn 



5 ki i 



( 8 . 211 ) 



5 kn + 10 kf2 + 1 Mail too kil 



Finally, the return ratio for the g m generator can be calculated using Fig, 8.40c. Applying 
a current-divider formula gives the current ^ through r ^ as 

. = 

+ Rt + 



( 8 . 212 ) 
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The return current is 



b 8 mV be KrtiF? 7^tt 



Combining these equations gives 
i 



an = R c 

it 77 r 0 \\R c + Rf + 



(40 mA/V) • 5 kft 



1 MnillOkXl 



1 MftlllO kfi + 20 k(l + 5 kll 



(8.213) 

(8.214) 
= 56,7 (8.215) 



Then, using (8.209), 

5ft 



A = A, 



+ = -20 ka , 56 : 7 „ + L4ka _ - -mm (8.216) 



1 + a 1 + a 



1 + 56.7 1 +56*7 



In (8.209), the second term that includes d can he neglected whenever \d\ <s: |A w 5ft|. 
This condition usually holds at low frequencies because d is the forward signal transfer 
through a passive network, while \AJ3l\ is large because it includes the gain through the 
active device(s). For example, ignoring the di{\ + 3ft) term in (8,216) gives A = — 19.7kll, 
which is close to the exact value. As the frequency increases, however, the gain provided 
by the transistors falls. As a result, d may become significant at high frequencies. 

The effective forward gain A can be computed after A» and 5ft have been found. 
Alternatively, this effective forward gain can be found directly from the feedback circuit.* 
Call this forward gain b t so 



b = Ara ■ (ft 



Then the closed-loop gain in (8.209) can be written as 



b d 
m + i + 2 ft 



(8.217) 

(8.218) 



Using (8.206), (8.208), and 5ft = kH , b can be expressed as 



b = = \^~ +d * 5ft = (BikB 2 + tBl) 

\di 



— (B] kB 2 + dkH ) = 



B i + 



dB 

Bi 



kB 2 



(8.219) 



This final expression breaks b into parts that can be found by analyzing the feedback 
circuit. In (8.200b), B 2 is defined as the transfer function from the output of the controlled 
source s VL to j ou i evaluated with s- in = 0. The term in brackets in (8.219) is equal to the 
transfer function from s m to when s out = 0, as will be shown next. 

Ifjout = 0, then (8.199) simplifies to 



B 2 ^<k ~ ^"in 

Substituting (8.220) into (8.198) gives 

„ dH 

$ic “ Biim + 

&2 



Therefore 



•Sm 






(8.220) 

( 8 , 221 ) 



( 8 . 222 ) 
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I' = 0 



Figure fl.43 Circuits for finding the effec- 
tive forward gain h. («) The circuit for the 
input side, (b) The circuit for the output 
side. 



Rr 




which is the expression in brackets in (8,219). Substituting (8,222) and (8.200b) into 
(8.219) gives 



A’ in 

The effective forward gain b can be found using this formula. 



■Tyul 



.v =0 



(8.223) 



.1':.. =0 



■ EXAMPLE 

Compute the effective forward gain b = for the circuit in Fig, 8.40. 

As in the previous example, k = = 4m ^out = v o* s ic = = i oc = 

To compute the first term in (8.223), the output v 0 must be set to zero by short- 
ing the output to ground. The resulting circuit is shown in Fig. 8. 43a. The calculation 
gives 

= = 5 kil|]20 kfl = 4.0 kil (8.224) 

The last term in (8.223) is found by setting the input i\ n to zero. This input current 
can be set to zero by replacing the source with an open circuit, as shown in Fig, 8,436. 
Treating the g m generator as an independent source with value i oc for this calculation, the 
result is 



$ic 

Sm 



n 



Vbe 

*in 



Sac 



!-0 



ioc 






fin=0 



(8.225) 

= -[1 Mn||10kn||(20ki'l +5kU)l = -7.09 kO 

Substituting (8.224) and (8,225) into (8.223) gives 

b = 4.0 kft(g m )(-7,09 kft) = 4.0 kll(40 mA/V)(-7.09 kl'l) = —1134 kO 
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For comparison, wc can find b using (8*217) and the values of A and vTi, computed in the 
previous example: 

b = A.-M = -20 kO (56.7) = -1134 kfl 
■ Both calculations give the same value for the effective forward gain b. 



8.8.2 Closed-Loop Impedance Formula Using Return Ratio 



Feedback affects the input and output impedance of a circuit. In this section, a useful expres- 
sion for the impedance at any port in a feedback circuit in terms of return ratio 9 is derived. 
Consider the feedback circuit shown in Fig. 8*44. This feedback amplifier consists of lin- 
ear elements: passive components* controlled sources, and transistor small-signal models. 
A controlled source fclhat is part of the small-signal model of an active device is shown ex- 
plicitly. The derivation is carried out lor the impedance Z p(jn looking into an arbitrary port 
that is labeled as port X in Fig. 8.44a. The port impedance can be found by driving the port 
by an independent current source as shown in Fig. 8.44/? and computing Z pi >i;i = v x fi x . Since 
the circuit in Fig. S.44fr is linear, the signals .y jV and v v arc linear functions of the signals i x 
and s y applied to the ports labeled X and Y. Therefore, we can write 

Vj = a-\i x 4 a 2 s y (8.226) 

Si C - + flUSy (8.227) 

From (8,226), the impedance looking into the port when k — 0 is 



-purl 



Vv 

(* = 0 ) = - 



Jfe-0 



V* 

ix 



a i 






(8.228) 



Next we compute two return ratios Tor the controlled source k under different conditions. 
Both are used in the final formula for the closed-loop impedance. The first return ratio is 



•■port 





Figure 6.44 (cr) The linear feedback circuit used to derive Blackman's impedance formula with 
respect to port X. ( b ) The circuit with port X driven by an independent current source. 
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found with the port open. With part X open, i x = 0. The return ratio is found by discon- 
necting the controlled source from the circuit and connecting a test source s f where the 
dependent source was connected. With these changes to the circuit, .y t . = s f and (8.227) 
becomes 



V - (8.229) 

The oulput of the controlled source is the return signal 

s r = ks ic (8.230) 

From the last two equations, we find 



cft(port open) = -— = ~ka 4 (8.231) 

Sf 

The other return ratio is found with the port shorted. With port X shorted, the voltage 
v v is £Cio. To find the return ratio, we disconnect the controlled source and connect test 
source s t where the dependent source was connected. With these changes, (8.226) gives 

ix = (8.232) 

a\ 

Substituting (8.232) into (8.227), using s y = s f . and rearranging terms gives 



G->a 3 

Sir = |«4 - | 

a i 



(8,233) 



The return signal is 



s r = feu (8.234) 

Combining these last two equations gives the return ratio with the port shorted 



Jt(port shorted) = = —k\a 4 — — — ^ 

Sj \ a\ 



(8.235) 



Shortly, we will see that (8,228), (8.231), and (8.235) can be combined to give a useful 
formula for the port impedance. 

To complete the derivation, we find the impedance looking into the port in Fig, 8,44h 
using 

Zport ~ ~r~ (8.236) 

Using (8.226), (8,227), and s v — Uv,y, we get (after some manipulation) 



7 - V 'V _ 

^-nnr( “ ' T" — £7 1 
!x 



1 — k i a 4 — 



a 2 cii 



1 — ka 4 



(8.237) 



Substituting (8.228), (8.23 1 ), and (8.235) into (8.237) yields 

1 4- 9A ( port shorted) 



2porl — — (•!) 



L 1 + 5l(port open) 



(8.238) 



This expression is called Blackman’s impedance formula? The two return ratios, with 
the purl open and shorted are computed with respect to the same controlled source k. 
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Equation 8.238 can be used to compute the impedance at any port, including the input and 
output ports. A key advantage of this formula is that it applies to any feedback circuit, 
regardless of the type of feedback. Usually, one of the two return ratios in (8.238) is zero, 
and in those cases Blackman’s formula shows that feedback either increases or decreases 
the impedance by a factor (1 +3/1). 



■ EXAMPLE 



Use Blackman’s formula to find the output resistance for the feedback circuit in Fig. 8.40. 
From Blackman’s formula, the output resistance is given by 



flout — floutC^m — 0) 



1 + 0l(output port shorted) 
1 + ^(output port open) 



(8.239) 



Shorting the output port in Fig. 8.40c causes v ^ - 0 so i r — = 0; therefore, 

^(output port shorted) = 0. The £ft(output port open) is the same return ratio that was 
computed in (8.215), so 3ft(output port open) = 56.7. The only remaining value to be 
computed is (he resistance at the output port when g m = 0: 



flout (gm = 0) = 7+llflclKflF + /v) = 1 MO-1110 kn||(20 k-n + 5 kfl) 

= 7.1 kO (8.240) 

Substituting into (8.239) yields 

1 +0 



float = 7.1 kfi 



1+56.7 



= 12012 



(8.241) 



The negative feedback reduces the output resistance, which is desirable because the output 
is a voltage, and a low output resistance is desired in series with a voltage source. 



■ EXAMPLE 

Find the output resistance for the MOS super-source follower shown in Fig. 8.45&. Ignore 
body effect here to simplify the analysis. 

The super-source follower uses feedback to reduce the output impedance. Ideal current 
sources /] and l 2 bias the transistors and are shown rather than transistor current sources 
to simplify the circuit. With current source 1\ forcing the current in M\ to be constant, M 2 
provides the output current when driving a load. There is feedback from v 0U i to through 
Mi* The small-signal model for this circuit is shown in Fig. 8.45/?. In this circuit, either g m 1 
or g m 2 could be chosen as k. Here, we will use k = g m2 . In all the following calculations, 
the input source is set to zero. First, the output resistance when g m2 = 0 is 

R«* (gmi = 0) = r f>2 (8.242) 

This result may seem surprising at first, since the output is connected to the source of 
M] , which is usually a low-impedance point. However, an ideal current source, which is a 
small-signal open circuit, is connected to the drain of Mi . Therefore the current in the g m \ 
generator flows only in r n \,so M\ has no effect on the output resistance when g m2 = 0. 
The return ratio for the g m2 source with the output port open is found to be 

^(output open) = g ml r o2 0 + gm\r„i) (8.243) 

The return ratio with the output port shorted is 

3ft(output shorted) = 0 (8.244) 
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Vdd 




Figure 8.45 (a) The super-source-followcr circuit. 
<f?) The circuit with each transistor replaced by its 
small-signal model. 




because shorting the output port forces v iml = 0 and v\ = -iwt = 0. Hence no current 
flows in M ] , so V 2 = 0 and therefore the return ratio is zero. Substituting the last three 
equations into (8*238) gives the closed-loop output resistance 



^oui — r v 2 



1 + 0 

Ll + £n/2r 0 2(l + gm\^o\)\ 



Assuming g m r Cf 1, then 



R 



r o2 



1 



out 



8 m 2 fo 28 m\ 1 BralKtnl*' ol 



(8.245) 



(8.246) 



which is much lower than the output resistance of a conventional source follower* which is 
about 1 ig m . This result agrees with (3.137)> which was derived without the use of feedback 
principles. Although g m & \ appears in (3.137), it does not appear in (8.246) because the 
■ body effect is ignored here. 

The next example demonstrates an unusual case where neither return ratio vanishes 
in Blackman's impedance formula. 



■ EXAMPLE 

In the Wilson current source in Fig. 8.46a, assume that the three bipolar transistors are 
identical with /3 0 I and are biased in the forward-active region. Find the output resis- 
tance. 

Blackman's impedance formula can be used here because there is a feedback loop 
formedbythecurrentmirrorQi-Q^ with Q 2 , Wilhall transistors forward active and ^ L 



i 






Ic\ = la = Ici = I ref- (The output is connected to other circuitry that is not shown, 
so Ici is nonzero.) The small-signal model is shown in Fig. 8.46/?, where diode-connected 
Q ] is modeled by a resistor of value \ fg m \. Resistor r^, which is in parallel with lfg m \, 
is ignored (since = jSo/gms = fti/gwi ^ 1 /gmi)- Also r 0 ^ is ignored, assuming that 
it is much larger than the resistance looking into the base of Q 2 . Selecting k = g m - 3 and 
calculating the first term in (8,238) gives 

= 0) = r o2 + — « r 0 2 (8.247) 

§m\ 

since setting g m 3 = 0 forces the current through r v2 to he zero. Therefore, the voltage 
across r v2 is zero, which causes the current through the g m2 source to be zero. 

The return ratios in Blackman’s formula can be found using the circuit shown in 
Fig. 8,46t\ First, let us find $£(output port open). When the output port is open, the current 
in the g m2 generator can only flow through the parallel resistor r 0 2 , so the currents through 
*V 2 and 1/grni are equal and are supplied by the test source i t . Therefore, 

. 1 



(8.248) 
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Also 



h = gmSVjc 

Combining these two equations gives 

Tk (output open) = ^ 

h gml 



(8.249) 

(8.250) 



where g m i = g m3 because I C \ = /a- 

When the output port is shorted, the current through the g m 2 generator is not restricted 
to flow only through r 0 2 . First, notice that with the output port shorted, r o2 is in parallel with 
l/g m i, so r o2 can be ignored. With this simplification, the current through the resistance 
l/g ml is from the test and g m2 sources, so 



Now 



V. T = 




k + gmlVy) 



Vy =* “If ^2 

Combining these two equations gives 



(8.251) 

(8.252) 



V X = — C -it - itgttar^) = - — (1 + 0o) 
gm l gm] 

where the relation 0 [} = g m 2 r^ 2 has been used. The return current is 

h = gmlVx 

Therefore 

^(output shorted) = = ^-(1 + 0$) = 1 + 0 {) 

h g?nl 

Substituting in Blackman’s fonnula gives 

1 + {0o + 1 ) _ r o2 ifio + 2 ) 0q r (f2 



7?out(closcd loop) = r u2 



1 + 1 



(8.253) 

(8.254) 

(8.255) 

(8.256) 



This approximate result agrees with (4.91), which was derived without the use of Black- 
man’s formula. 



8.8.3 Summary — Return- Ratio Analysis 

Return-ratio analysis is an alternative approach to feedback circuit analysis that does not 
use two-ports. The loop transmission is measured by the return ratio -7k. The return ratio 
is a different measure of loop transmission than af from two-port analysis. (The return 
ratio is referred to as loop gain in some textbooks. That name is not associated with 
Til here to avoid confusion with T = af t which is called loop gain in this chapter.) For 
negative feedback circuits, sft > 0. In an ideal feedback circuit, 7k ^ and the closed- 
loop gain is A K , which typically depends only on passive components. The actual gain of 
a feedback circuit is close to A* if 7k 1 . Blackman’s impedance fonnula (8.238) gives 
the closed-loop impedance in terms of two return ratios. 

Return-ratio analysis is often simpler than two-port analysis of feedback circuits. For 
example, return-ratio analysis uses equations that are independent of the type of feedback, 
and simple manipulations of the circuit allow computation of the various terms in the equa- 
tions. In contrast, two-port analysis uses different two-port representations for each of the 
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four feedback configurations (series-series, series-shunt, shunt-series, and shunt-shunt). 
Therefore, the type of feedback must be correctly identified before undertaking two-port 
analysis. The resulting two-ports for the amplifier and feedback networks must be manipu- 
lated to find the open-loop forward gain a and the open-loop input and output impedances. 
With two-port analysis, the open- loop impedance is cither multiplied or divided by 
(1 + T) to give the closed-loop impedance, depending upon (he type of feedback. In 
contrast, Blackman's formula gives an equation for finding Lhc closed-loop impedance, 
and this one equation applies to any port in any feedback circuit. 



8.9 Modeling Input and Output Ports in Feedback Circuits 



Throughout this chapter, the source and load impedances have been included when an- 
alyzing a feedback circuit. For instance, the inverting voltage-gain circuit in Fig. 8.47a, 
with source resistance R$ and load resistance R L , can be analyzed using the two-port or 
return-ratio methods described in this chapter. The resulting model is shown in Fig. 8.476. 
The source and load resistances do not appear explicitly in the model, but the gain A. input 
resistance /? j , and output resistance R v are functions of the source and load resistances. 
Therefore, use of this model requires that both the source and load resistances are know n. 
However, both the source and load are not always known or fixed in value. For example, 
a feedback amplifier might have to drive a range of load resistances. In that case, it would 
be desirable to have a simple model of the amplifier with the following properties: the 
elements in the model do not depend on the load, and the effect of a load on the gam can 
be easily calculated. 

If only one of the resistances R§ and R^ is known, a useful model can be generated. 
First, consider Fig. 8.47a when the source resistance is unknown but the load is known. 
Then, the model in Fig. 8.47c can be used. Here, the key differences from the model in 
Fig. 8.476 arc that and A' are used rather than R t and A, R s is shown explicitly and 
the controlling voltage for A' is the voltage vi across rather than the source voltage v s . 
(The single-prime mark here denotes that the quantity is computed with R$ unknown.) The 
input resistance and gain A ! are computed with the load connected and with an ideal 
input driving network. Here, the Thevenin driving network is ideal IF the source resistance 
Rs is zero. (If the input is a Norton equivalent consisting of a current source and parallel 
source resistance, /f| and A ! are found with R s —> <*) The resulting A' and R\ arc not 
functions of Rs , The source resistance R$ in Fig. 8.47c forms a voltage divider with R\\ 
therefore, the overall voltage gain can be found by 



Vo = v* . = y R) 

^ Vi V s R' ; +- R s 



(8.257) 



Next, consider Fig. 8.47a when the load is unknown but the source resistance is 
known. Fig. RA7d shows the appropriate model. Here, the key differences from the model 
in Fig. 8.476 are that R 0 and A" are used rather than R 0 and A . and R L is shown explicitly, 
(The double-prime mark denotes that the quantity is computed with R L unknown.) The 
output resistance R 0 and gain A for this Thevenin model are computed assuming an ideal 
load, which is an open circuit here (Rl -» K ), The load resistance R L in Fig. %Ald forms 
a voltage divider with R‘ 0> so the loaded voltage gain is 



Vo = Ri. 

R' 0 + Ri 



(8.258) 
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Figure 8.47 (a) An 

inverting- gain feed- 
back amplifier. (7>) A 
model for (a) based on 
feedback analysis with 
known load and source 
resistances, (c) Another 
model for ( a ) based on 
known load resistance 
and unknown source re- 
sistance. (ii) A different 
model for («) based on 
known source resistance 
and unknown load. 
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■ EXAMPLE 



Model Fig. 8.47 a with the circuit in Fig. 8.47J, assuming the load resistance is unknown. 

The model in Fig. 8.47d can be used when Ri is unknown. Using return-ratio analysis, 
the calculations of R 0 and A" are as follows. With Ri the circuit in Fig. 8.47a is 
identical to Fig, 8.39 a, and therefore the return ratio is given by (8.196): 



= f MR L ») 



M r _i a , 

Rs\\ri + Rf - 1 - r (f 



(8.259) 
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The output resistance with » =c, R 0 , can be found using Blackman's formula. First, 
the output resistance with the controlled source set to zero is 

R„{a v = 0) = r„||(«^ + r,||/t s ) (8.260) 



The return ratio with the output port open is given in (8.259)* The return ratio with the 
output port shorted is zero because shotting the output eliminates the feedback, Therefore, 
for the closed-loop output resistance, (8.238) gives 



R 0 = r G \(R f + rMs)- 



1 + 



J _+0 

—RsWt 



a v 



+ Rf + r a 

Calculation of A requires that A ^ and d be found with ». 



= 



and 



d" = ^ 



(Rf + r 0 )\\ri 



Rf 

Rs 



(t v — 0 &. j?; — 



Rs + (Rf + r o) Rf + t c 



Using the results for A_^, , and d \ we can compute 



a = a: 






+ 



T + gc i + 



( 8 . 261 ) 



(8.262) 



(8.263) 



(8.264) 



[Typically, the d 7(1 + r ) term is small and can be ignored.] The voltage gain when a 
resistive load is connected can be found using (8.258). The only dement of the model 
that was not computed is the input resistance /?/. It is a function of Rl, so it can only be 
■ computed once Rl is known. 

The output-port model in Fig. %Ald could be drawn as a Thevenin or Norton equiv- 
alent. With the Thevenin equivalent shown (a controlled voltage source in series with an 
output resistance). R 0 and A are computed with -*■ When the output port is mod- 
eled by a Norton equivalent with a controlled current source and parallel output resistance, 
their values are found with = 0. 



PROBLEMS 

Note: In these problems, loop transmission is 
used genetically to refer to loop gain T = af 
or return ratio 

8. 1 (o) In a feedback amplifier, forward gain a 
= 100,000 and feedback factor / - 10“\ Calcu- 
late overall gain A and the percentage change in A 
if a changes by 10 percent. 

(b) Repeat (a) if / - 0. 1 . 

8.2 For the characteristic of Fig, 8.2 the fol- 
lowing data apply: 

S 0 i = 15 V S 0 \ = 7 V a, = 50,000 
&2 = 20 , 000 



(a) Calculate and sketch the overall transfer 
characteristic of Fig 8.3 for the above amplifier 
when placed in a feedback loop with / = 10 4 . 

(b) Repeat (a) with / - 0.1. 

8.3(a) For the conditions in Problem 8.2(b), 
sketch the output voltage waveform S 0 and the error 
voltage waveform if a sinusoidal input voltage S) 
with amplitude 1.5 V is applied. 

(b) Repeat (a) with an input amplitude of 2 V. 

8.4 Verify (8,40), (8.41), and (8.42) for a 
shunt-series feedback amplifier. 

8.5 Verity (8.43), (8.44), and (8.45) tor a 
series-series feedback amplifier. 
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Figure $.48 An ac schematic of a shunt-shunt feedback amplifier. 



8.6 For the shunt-shunt feedback amplifier of 
Fig. 8.15a, take R f = 100 kfl and Ri. = 15 kft. 
For the op amp, assume that R { - 500 kfl, R« = 
200 fl, and a y , = 75,000. Calculate input resis- 
tance, output resistance, loop transmission, and 
closed-loop gain: 

(a) Using the formulas from two-port analysis 
(Section 8.5]. 

(b) Using the formulas from return-ratio analy- 
sis (Section 8.8), 

8.7 The ac schematic of a shunt- shunt feed- 
back amplifier is shown in Fig. 8.48. All transistors 
have I D - 1 mA, WfL = 100, k' = 60 p,A/V 2 . 
and A = 1/(50 V). 

(a) Calculate the overall gain vjii, the loop 
transmission, the input impedance, and the output 
impedance at low frequencies. Use the formulas 
from two-port analysis (Section 8.5). 

(b) If the circuit is fed from a source resistance 
of 1 kfl in parallel with i it what is the new output 
resistance of the circuit? 

8.6(a) Repeat Problem 8.7(a) with all NMOS 
transistors in Fig, 8,48 replaced by bipolar npn 
transistors. All collector currents are 1 mA and 
0=200, V A = 50 V, and r b - 0. 

(b) If the circuit is fed from a source resistance 
of 1 kO in parallel with i r , what is the new output 
resistance of the circuit? 



8.9 Repeat Problem 8.7 using the formulas 
front return-ratio analysis (Section 8.8). 

8.10 Repeat Problem 8.8 using the formulas 
from return-ratio analysis (Section 8.8). 

8.1 1 The half-circuit of a balanced monolithic 
series-series triple is shown in Fig. 8.18m Calcu- 
late the input impedance, output impedance, loop 
gain, and overall gain of the half-circuit at low fre- 
quencies using the following data: 

R t \ = Rli = 290 n R f = 1.9 kfl 
R l L = 10.6kn R l2 - 6kn 

For the transistors, = 0.5 mA, Ja — 0,77 mA, 
fe = 0.73 mA, 0 - 120, r b = 0, and V A = 40 V. 

8.12 Repeat Problem 8.11 if the output signal is 
taken as the voltage at the emitter of Q$. 

8.13 A feedback amplifier is shownin Fig, 8,49. 

Device data are as follows: = 200, P pnp = 100, 

I^Ffon)! = 0J V, = 0, and \V A \ = If the dc in- 
put voltage is zero, calculate the overall gain v„/v/, 
the loop gain, and the input and output impedance 
at low frequencies. Compare your answers with a 
SPICE simulation. Also use SPICE to plot the com 
plete large-signal transfer characteristic and find 
the second and third harmonic distortion in v a for a 
sinusoidal input voltage with peak-peak amplitude 
of 0.5 V at Vi. 



+6 V 
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Figure 8.50 Balanced series-shunt 
feedback amplifier. 



8.14 Replace npn transistors Q]-Qz in Fig. 8.49 
with NMOS transistors Mi -M 2 , and replace the 
pnp transistor Q\, with PMOS transistor M 3 . Also, 
replace the 1.25 kfi resistor in the drain of Mi 
with a 4.35 kfi resistor. Repeat the calculations 
and simulations in Problem 8.13, For all transis- 
tors. use W/L = 100, y = 0, and |A| = 0. Also, 
V tn = -V rp - 1 V, k’ R - 60 p.A/V 2 , and k* p - 
20 p,A/V 2 . 

8.15 A balanced monolithic series-shunt feed- 
back amplifier is shown in Fig. 8.50. 

<ei) If the common-mode input voltage is zero, 
calculate the bias current in each device. Assume 
that fit- is large, 

tb) Calculate the voltage gain, input im- 
pedance, output impedance, and loop gain of 
the circuit at low frequencies using the following 
data: 

J3 = 100 r* = 50fi k* = * = 0.7 V 

<c) Compare your answers with a SPICE sim- 
ulation (omit the loop gain) and also use SPICE 
to plot the complete large-signal transfer charac- 
teristic. If the resistors have a temperature coeffi- 
cient of +1000 ppm/"C, use SPICE to determine 
the temperature coefficient of the circuit gain over 
the range — 55°C to + 125 C. 

8.16 How does the loop gain T = af of the cir- 
cuit of Fig. 8.50 change as the following circuit el- 
ements change? Discuss qualitatively. 



(a) 50 fi emitter resistor of the input stage 
<b) 500 fi feedback resistor 
(c) 200 fi load resistor on the output 

8.17 The ac schematic of a shunt-series feed- 
back amplifier is shown in Fig. 8.31. Element val- 
ues are R F = 1 kfi, R F = 100 fi, R fA = 4 kfi, 
Rs = Ifys = 1 kfi, and zl = O* Device data: 
fi - 200, r* = 0, I C] = J C2 = 1 mA, V A = 
100 V. 

(a) Calculate the overall gain iJU, the loop 
transmission, and the input and output impedances 
at low frequencies. 

(b) If the value of R u changes by +10 percent, 
what is the approximate change in overall transmi- 
sion and input impedance? 

6'18(a> Repeat Problem 8.17(a) with R F = 
5 kfi , Rv = 200 0,Ru = 10 kfi, and y s = 0. 

(b) If the collector current of Q\ increases by 
20 percent, what will be the approximate change in 
overall gain and output resistance? 

8.19 Calculate the transconductance, input 
impedance, output impedance, and loop trans- 
mission at low frequencies of the local series- 
feedback stage of Fig. 8.34 with parameters 
R e = 200 fi, fi = 150, / c - 1 mA,^ = 
200 fi, and V* - 80 V. 
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Figure 6.51 Circuit diagram of the 733 wideband monolithic amplifier. 



6.20 A commercial wideband monolithic feed- 
back amplifier (the 733) is shown in Fig. 8.51. This 
consists of a local series-feedback stage feeding a 
two-stage shunt-shunt feedback amplifier. The cur- 
rent output of the input stage acts as a current drive 
to the shunt-shunt output stage. 

(a) Assuming all device areas are equal, calcu- 
late the collector bias current in each device. 

<b) Calculate input impedance, output im- 
pedance, and overall gain v„/v 2 for this circuit at 
low frequencies with R L = 2 left. Also calculate 
the loop gain of the output stage. 

Data: p - 100, = 0. r 0 = 

(c) Compare your answers with a SPICE 
simulation of the bias currents, input and output 
impedances, and the voltage gain. 

8.21 If the 723 voltage regulator is used to re- 
alize an output voltage V 0 = 10 V with a 1-kH 
load, calculate the output resistance and the loop 
gain of the regulator. If a 500-fl load is connected 
to the regulator in place of the 1-kft load, cal- 
culate the new value of V„. Use SPICE to deter- 
mine the line regulation and load regulation of the 
circuit. Use l\ = 1 mA, ft - 100, V A = 100 V, 
/, = 10 15 A, and r b = 0. 



8.22 Assume the BiCMOS amplifier of 
Fig. 3.78 is fed from a current source. Calculate 
the low-frequcncy small-signal transresistance 
v n /i it the loop gain, and the input and output 
impedances of the circuit. Use data as in Prob- 
lem 3.17. Compare your answers with a SPICE 
simulation and also use SPICE to plot the com- 
plete large -signal transfer characteristic of the 
circuit. 

8.23 A variable-gain CMOS amplifier is shown 
in Fig. R.52-. Note that M 4 represents shunt feed- 
back around Assuming that the bias value of V, 
is adjusted so that Vcof, = 0 V dc, calculate bias 
currents in all devices and the small-signal volt- 
age gain and output resistance for V c equal to 3 V 
and then 4 V. Compare your answer with a SPICE 
simulation and use SPICE to plot out the complete 
large-signal transfer characteristic of the circuit. 
Use pmCM = 60 irA/V 2 , /x r C 0 , = 30 p,A/V 2 , 
V tn - 0.8 V, V tp = -0,8 V, A, = A p = 0, and 
y fl = 0.5 V 1/2 . 

8.24 A CMOS feedback amplifier is shown 
in Fig. 8.53. If the dc input voltage is zero, cal- 
culate the overall gain vjv f and Lhc output re- 
sistance. Compare your answer with a SPICE 
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V D[) — 5 V 





Figure 6.53 CMOS feedback amplifier for Problem 8.24. 



simulation* Use ~ 6t> x 10 f; A/V 2 . 

H?C nx = 30 X 10“* A/V 2 , V,,. - 0.8 V, V lp = 
— 0.8V,A^j = | A p | = 0.03 V" l , and y n — y^=0. 

6.25 An active-cascode gain stage is shown in 
Fig. 8.54. Assume the amplifier A \ has a voltage 
gain a = 1 X 1 0^ and infinite input impedance. 
For the transistors, k' n = 140 |xA/V\ V yv = 0.3 V, 
y = 0, and A„ = 0.03 V -1 . Assume all transis- 
tors are active. Calculate the output resistance using 
Blackman's impedance formula. Then calculate the 
voltage gain vjv t . 

6.26 Use Blackman's impedance formula to 
find the output resistance of the active-cascode 
current source in Fig. 8.55. Express the result in 



terms of g,»t, r fl] , r t a- ant l a - which is the 
voltage gain of the op amp. Assume all transis- 
tors are active with (lV7L)j = (W/L) 2 = (WfLh 
and y = 0. (The drain of M 2 connects to other 
circuitry that is not shown.) Also, assume that the 
op amp has infinite input impedance and zero out- 
put impedance. 

(a) Carry out the calculations with respect to 
controlled source g m i . 

(b) Repeat the calculations with respect to the 
voltage-controlled voltage source a in the amplifier. 

(c) C Compare the results of (a) and (h). 







620 Chapter 8 ■ Feedback 




Figure 8.54 An aelivoeaseode 
gain stage. 




8,27 Use return-ratio analysis and Blackman's 
impedance formula Lo find the doscd-luop gain, re- 
turn ratio, inputresistance, and output resistance for 
the inverting gain amplifier in Fig. 8.56. For the op 
amp, assume that Hi = 1 MU, R it = 10 kfl, and 
a v = 200 . 



Figure 8.55 An activc- 
cascodc current source. 



8.28 An ac schematic of a local shunt- shunl 
feedback circuit is shown in Fig. 8.57. Take Rp = 
100 kil and R L = 15 kfl. For the MOS transistor, 
I D = 0.5 mA, W/L = 100, k' = 180 |aA/V 2 , and 



1 00 kU 




Figure 8.56 An inverting 
feedback amplifier. 
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R, 




Figure $.57 A local shunt-shunt feedback 
amplifier. 



r 0 = ac. Calculate input resistance, output resis- 
tance, loop transmission, and closed-loop gain: 

<a) Using the formulas from two-port analysis 
(Section 8.5). 

<b) Using the fonnulas from return-ratio analy- 
sis (Section 8.8). 

8.29 Replace the MOS transistor in Fig. 8.57 by 
a npn transistor. Take Rf = 2 kO, /?£. = 2 kfi, 

= 200, Ic = 1 mA, ri, = 0, and V A = 100 V. 
(a) Repeat Problem 8.28(a). 

<b) Repeal Problem 8.28(b). 

8.30 A voltage -follower feedback circuit is 
shewn in Fig. 8.58. For the MOS transistor, //> = 
0.5 mA, k' = 180 (iA/V\ r a = « W/L = 100, 
If,- 1 = 0,3 V, and y = 0,3 V 1,z . For the op 
amp, assume that /?,■ — 1 Mfi, R, y = 10 kfl, and 
a v = 1. 000 + Calculate input resistance, output re- 
sistance. loop transmission, and closed-loop gain: 



(a) Using the formulas from two-port analysis 
(Section 8.5), 

(b) Using the formulas from reium-ratio analy- 
sis (Section 8.8). 

8.31 Replace the MOS transistor in Fig, 8.58 
with a npn transistor. For the transistor, /<- = 
0.5 mA and r tf = x. 

(a) Repeat the calculations in Problem 8.30(a). 

tb) Repeat the calculations in Problem 830(b). 

8.32 For the noninverting amplifier shown in 
Fig. 8.59. R] = 1 kfl, and Ri - 5 kfl, For the op 
amp, take Ri - 1 Mfi, R 0 = 100 fl, and a v = 
1 X 10 4 . Calculate input resistance, output resis- 
tance, loop transmission, and closed-loop gain: 

(a) Using the formulas from two-porL analysis 
(Section 8.5). 

(b) Using the formulas from return-ratio analy- 
sis (Section 8,8), 

8.33 Calculation of return ratio begins by 
breaking a feedback loop aL a controlled source. 
However, breaking a feedback loop at a con- 
trolled source is often impossible in a SPICE 
simulation because the controlled source (e.g., the 
g, jr source in a transistor s small-signal model) is 
embedded in a small-signal model. Therefore, 
it cannot be accessed or disconnected in simu- 
lation. A technique that can be used to simu- 
late the return ratio with SPICE is illustrated in 
Fig. 8.60 for the circuit in Fig. 8.59. First, the 
independent source Vi is set to zero. Next, ac 







Figure 8.58 A voltage follower. 




Figure 8.59 A noninverting feedback 
amplifier. 
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Figure 6.60 The feedback circuit in 
Fig. 8.59 modified to calculate (a) 
% and (h) $l' v . 




lest signals v, and i r are injected into the loop at 
a convenient point (c.g., at the “x” in Fig, 8.59), 
creating two modified versions of the circuit as 
shown in Fig. 8,60tf and 8.60 /j. Using Fig. 8.60ri, 
calculate tft' = -iJU- Using Fig. 8.60fr, calcu- 
late The amplitudes of test signals 

i t and v, do not affect 3t\ or Also, these ac 
lest signals do not affect the dc operating point 
of the feedback circuit. The return ratio ?>? for the 
controlled source is related to and Pft'. by 10 

1 _ 1 1 

i + a " ] + a; + i + ai 

(a) Compute '3t\ and $1' for the circuit in 
Fig. 8.60. Use element values from Problem 8.32. 
Then combine these values using the equation 
above to find P/f. 



R 2 




(b) Compute 0i directly by breaking the loop at 
the a v controlled source. Compare the results in (a) 
and (b). 

(c) Carry out a SPICE simulation to find f 3i] 
and sift'.. Then combine these values using the equa- 
tion above to find SJh Compare with your results 
from (a). 

6.34(a) Calculate the loop gain T ~ af for 
the series-shunt feedback circuit in Fig. 8.59 us- 
ing A-parameter two-ports. Take R\ = 200 kfl, 
and J ?2 = 100 kfl. For the op amp, assume R, = 
50 kfl, R n = 1 Mfi. and a v = 1 X 10\ 

(b) If the input source location and type in 
Fig. 8.59 are changed as shown in Fig. 8.61, the 
feedback is now shunt-shunt. Calculate the loop 



— + 

I - Figure 8.61 The feedback circuiL 
| in Fig. 8.59 with a different input- 

” signal source. 
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gain T = af fur this shunt-shunt feedback circuit 
us i ng y- param eter two-ports . Use the element v alues 
in (a). 

(c) Calculate the return ratio /ft for the circuit 
in Fig 8.61, again using the element values in (a). 
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CHAPTER 



9 



Frequency Response and 
Stability of Feedback 
Amplifiers 



9.1 Introduction 

In Chapter 8, wc considered the effects of negative feedback on circuit parameters such as 
gain and terminal impedance. We saw that application of negative feedback resulted in a 
number of performance improvements, such as reduced sensitivity of gain to active-device 
parameter changes and reduction of distortion due to circuit nonlinearilies. 

In this chapter, we see the effect of negative feedback on the frequency response of 
a circuit. The possibility of oscillation in feedback circuits is illustrated, and methods of 
overcoming these problems by compensation of the circuit are described. Finally, the effect 
of compensation on the large-signal high-frequency performance of feedback amplifiers 
is investigated. 

Much of the analysis in this chapter is based on the ideal block diagram in Fig. 9. 1 . 
This block diagram includes the forward gain a and feedback factor/ which are the 
parameters used in two-port analysis of feedback circuits in Chapter 8. The equations 
and results in this chapter could be expressed in terms of the parameters used in the 
return-ratio analysis in Chapter 8 by an appropriate change of variables, as shown in 
Appendix A9.1. 

The equations and relationships in this chapter are general and can be applied to any 
feedback circuit. However, for simplicity we will often assume the feedback factor /is a 
positive, unitless constant. One circuit that has such an/is the series-shunt feedback circuit 
shown in Fig 8.24. In this circuit, the feedback network is a resistive voltage divider, so/ 
is a constant with 0 ^ < 1 . The forward gain a is a voltage gain that is positive at low 

frequencies. This circuit gives a noninverting closed-loop voltage gain, 

9.2 Relation Between Gain and Bandwidth in Feedback Amplifiers 

Chapter 8 showed that the performance improvements produced by negative feedback 
were obtained at the expense of a reduction in gain by a factor (1 -I- T) y where T is the loop 
gain. The performance specifications that were improved were also changed by the factor 
(1 + T). 

In addition to the foregoing effects, negative feedback also tends to broadband the am- 
plifier. Consider first a feedback circuit as shown in Fig. 9.1 with a simple basic amplifier 
whose gain function contains a single pole 

aw = — (9.u 
pi 
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Figure 9.1 Feedback circuit con- 
figuration. 



where a \ j is the low-frequency gain of the basic amplifier and m is the basic-amplifier 
pole in radians per second. Assume that the feedback path is purely resistive and thus the 
feedback function / is a positive constant. Since Fig. 9. 1 is an ideal feedback arrangement, 
the overall gain is 



A(s) 



Vo 

Vi 



a(s) 

1 + a(s)f 



where the loop gain is T(s) = a(s)f. Substitution of (9,1) in (9.2) gives 



(9.2) 



A(s) 



1-4 
P i 
«o/ 

1-4 

p I 



«tl 



G{) 



1 - — + «o/ 

Pi 



1 + aof j 



(9.3) 



Pi 



/ 



From (9-3) the low-frequency gain Aq is 



where 



Aq = 



flp 

1 + Tt 



T 0 = aof — low-frequency loop gain 



(9.4) 



(9.5) 



The -3-dB bandwidth ofthefeedhackcircuit(i.e., the new pole magnitude) is ( I +u tl f)'\p\\ 
from (9.3). Thus the feedback has reduced the low-frequency gain by a factor (1 4- To). 
which is consistent with the results of Chapter 8, but it is now apparent that the -3-dB 
frequency of the circuit has been increased by the same quantity (I + 7b), Note that 
the gain-bandwidth product is constant. These results are illustrated in the Bode plots of 
Fig. 9.2, where the magnitudes of a(jcj) and A(jai) are plotted versus frequency on log 



Gain magnitude dB 




Figure 9.2 Gain magnitude versus frequency for the basic amplifier and the feedback amplifier. 
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Figure 9.3 Locus of (he pole of 
the circuit of Fig. 9.1 as loop gain 
To varies* 



scales* II is apparent that the gain curves for any value of To are contained in an envelope 
bounded by the curve of |d(jw)|. 

Because the use of negative feedback allows the designer to trade gain for bandwidth, 
negative feedback is widely used as a method for designing broadband amplifiers. The 
gain reduction that occurs is made up by using additional gain stages, which in general 
are also feedback amplifiers. 

Let us now examine the effect of the feedback on the pole of the overall transfer 
function A[x). It is apparent from (9.3) that as the low-frequency loop gain T’ 0 is increased, 
the magnitude of the pole of A(v) increases* This is illustrated in Fig* 9*3, which shows 
the locus of the pole of A(s) in the s plane as To varies. The pole starts at p\ for 7 0 = 0 
and moves out along the negative real axis as To is made positive* Figure 9*3 is a simple 
root-locus diagram and will be discussed further in Section 9.5. 



9.3 Instability and the Nyquist Criterion 1 



In the above simple example the basic amplifier was assumed to have a single-pole transfer 
function, and this situation is closely approximated in practice by internally compensated 
general-purpose op amps. However, many amplifiers have multipole transfer 1'unctions 
that cause deviations from the above results. The process of compensation overcomes these 
problems, as will be seen later. 

Consider an amplifier with a three- pole transfer function 



a(s) - 




P3 



(9.6) 



where \p } |, \p 2 \, and \p -^\ are the pole magnitudes in rad/s. The poles are shown in the s plane 
in Fig. 9.4 and gain magnitude \a{jo})\ and phase ph a(jco) are plotted versus frequency in 



;o> 



i plane 



-X- 

P3 



-x X 

P2 P-\ 



a 



Figure 9.4 Poles of an amplifier 
in the s plane. 
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a{ ja)}\ dB 




Figure 9.5 Gain and phase versus frequency for a circuit with a three-pole transfer function. 

Fig. 9.5 assuming about a factor of 10 separation between the poles. Only asymptotes are 
shown for the magnitude plot. At frequencies above the first pole magnitude |pi |, the plot 
of \a(joj)\ falls at 6 dB/octave and ph a(jto ) approaches —90°. Above |^| these become 
12 dB/octave and —180 s , and above |p^| they become 18 dB/octave and —270°. The fre- 
quency where ph a(jco) = -180 s has special significance and is marked camu an d the 
value of ]a{j(o)\ at this frequency is If the three poles are fairly widely separated (by 
a factor of 10 or more), the phase shifts at frequencies |pi|, \p- 2 ^ arid |p 3 | arc approximately 
-45°, - 1 35°, and - 225°, respectively. This will now be assumed for simplicity. In addi- 
tion, the gain magnitude will be assumed to follow the asymptotic curve and the effect of 
these assumptions in practical cases will be considered later. 

Now consider this amplifier connected in a feedback loop as in Fig, 9.1 with / a pos- 
itive constant. Since / is constant, the loop gain T(jco) = a(jco)f will have the same 
variation with frequency as a(jto). A plot of af(ja>) = T(j<o) in magnitude and phase 
on a polar plot (with as a parameter) can thus be drawn using the data of Fig, 9,5 and 
the magnitude of /. Such a plot for this example is shown in Fig, 9.6 (not to scale) and is 
called a Nyquist diagram. The variable on the curve is frequency and varies from n> = 
too> = oc. For co = 0, \T(jw)\ = T 0 and ph T(jo)) = 0, and the curve meets the real axis 
with an intercept 7 q. As to increases, as Fig. 9.5 shows, \a(j(*>)\ decreases and ph a(jo>) be- 
comes negative and thus the plot is in the fourth quadrant. As w — > “.ph a(Jo)) —270° 
and \a(jo>)\ -* 0. Consequently, the plot is asymptotic to the origin and is tangent to the 
imaginary axis. At the frequency to \#q the phase is - 180° and the curve crosses the nega- 
tive real axis. If | a(joi i&o)/| > 1 at this point, the Nyquist diagram will encircle the point 
(-1, ()) as shown, and this has particular significance, as will now become apparent. For 
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m 




Figure 9.6 Nyquist diagram [polar plot of T(ja>) in magnitude and phase] corresponding to the 
characteristic of Fig. 9.5 (not to scale). 

the purposes of this treatment, the Nyquist criterion for stability of the amplifier can be 
stated as follows: 

“Consider a feedback amplifier with a stable T(s) (he., all poles of T(s) are in the left 
half-plane). If the Nyquist plot of T(j&) encircles the point (- 1,0), the feedback amplifier 
is unstable.” 

This criterion simply amounts to a mathematical test for poles of transfer function 
Ms) in the right half-plane. If the Nyquist plot encircles the point (- 1, 0), the amplifier 
has poles in the right half-plane and the circuit will oscillate. In fact the number of encir- 
clements of the point ( — 1 , 0 ) gives the number of right half-plane poles and in this example 
there are two. The significance of poles in the right half-plane can be seen by assuming 
that a circuit has a pair of complex poles at (cf l ± where is positive. The transient 
response of the circuit then contains a term Ah exp u\t sinw \t, which represents b. growing 
sinusoid if 07 is positive, ( K\ is a constant representing initial conditions.) This term is 
then present even if no further input is applied, and a circuit behaving in this way is said 
to be unstable or oscillatory. 

The significance of the point (- 1, 0) can be appreciated if the Nyquist diagram is as- 
sumed to pass through this point. Then at the frequency wi Ml T(j(o) = a(jw)f = -1 
and j4(yw) = *= using (9.2) in the frequency domain. The feedback amplifier is thus cal- 
culated to have a forward gain of infinity, and this indicates the onset of instability and 
oscillation. This situation corresponds to poles of A(.s) on the jot axis in the s plane. If T {) 
is then increased by increasing a$ or /, the Nyquist diagram expands linearly and then 
encircles (-1,0). This corresponds to poles of A(s) in the right half-plane, as shown in 
Fig. 9.7. 

From the above criterion for stability, a simpler test can be derived that is useful in 
most common cases. 

“If \T(j(o)\ > 1 at the frequency where ph T(jco) = -180°, then the amplifier is 
unstable.” The validity of this criterion for the example considered here is apparent from 
inspection of Fig. 9.6 and application of the Nyquist criterion. 

In order to examine the effect of feedback on the stability of an amplifier, consider the 
three-pole amplifier with gain function given by (9.6) to be placed in a negative-feedback 
loop with / constant. The gain (in decibels) and phase of the amplifier are shown again in 
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jco 




Figure 9.7 Pole positions corresponding to different Nyquist diagrams. 



Fig. 9.8, and also plotted is the quantity 201og lo 1//. The value of 201og 10 1// is approx- 
imately equal to the low-frequency gain in decibels with feedback applied since 



and thus 



Aq = 



/ 



ao 

1 + a i)f 


(9.7) 


~ Ao 


(9.8) 




Figure 9.8 Amplifier gain and phase versus frequency showing the phase margin. 
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if 

T 0 = a 0 f » 1 

Consider the vertical distance between the curve of 201og 10 |a(/ft>)| and the line 
20 log 10 1 if in Fig. 9,8, Since the vertical scale is in decibels this quantity is 

X = 20 log u , |a(yw)[ - 201og 10 Ilf (9.9) 

= 201og 10 |a(»/| 

= 201og 10 |n»| (9.10) 

Thus the distance x is adirect measure in decibels of the loop-gain magnitude, 

The point where the curve of 201og 10 \a(jo))\ intersects the line 201og 10 1// is the point 
where the loop-gain magnitude |T(jw)| is 0 dB or unity, and the curve of \a(j<x>)\ in deci- 
bels in Fig. 9,8 can thus be considered a curve of \T(ja))\ in decibels if the dotted line at 
20 log lf] 1// is taken as the new zero axis. 

The simple example of Section 9*1 showed that the gain curve versus frequency with 
feedback applied (201og 1(J |A(jfcj)|) follows the 20 log 10 Aq line until it intersects the gain 
curve 201og 10 |a(j6))|. At higher frequencies the curve 20 log l0 |A(yw)| simply follows the 
curve of 201og U ) \a(jco)\ for the basic amplifier. The reason for this is now apparent in that 
at the higher frequencies the loop gain |r{y&>)| 0 and the feedback then has no influence 

on the gain of the amplifier. 

Figure 9,8 shows that the loop-gain magnitude is unity at frequency o>q. At 

this frequency the phase of T{jo>) has not reached -180° for the case shown, and using 
the modified Nyquist criterion stated above we conclude that this feedback hop is stable , 
Obviously |r(yGj)| < 1 at the frequency where ph T(j(o) = -180°, If the polar Nyquist 
diagram is sketched for this example, it does not encircle the point (—1, 0). 

As |r(7ft>)| is made closer to unity at the frequency where ph T{joj) = -180°, the 
amplifier has a smaller margin of stability, and this can be specified in two ways. The 
most common is the phase margin , which is defined as follows: 

Phase margin = 180°+ (ph T(j(o) at frequency where |T(j<w)| = 1). The phase mar- 
gin is indicated in Fig + 9,8 and must be greater than 0° for stability. 

Another measure of stability is the gain margin. This is defined to be \/\T(j(o)\ in 
decibels at the frequency where ph T( jo>) = — 180°, and this must be greater than 0 dB 
for stability. 

The significance of the phase-margin magnitude is now explored. For the feedback 
amplifier considered in Section 9.1, where the basic amplifier has a single-pole response, 
the phase margin is obviously 90° if the low-frequency loop gain is reasonably large. This 
is illustrated in Fig. 9,9 and results in a very stable amplifier. A typical lower allowable 
limit for the phase margin in practice is 45°, with a value of 60° being more common. 

Consider a feedback amplifier with a phase margin of 45° and a feedback function / 
that is real (and thus constant). Then 

phTOo) = -135° (9.11) 

where is the frequency defined by 

|rOo)l = 1 (9.12) 

Now |7'(ytfJo)l = \a{j<*>Q)f\ = 1 implies that 

l«0 o)l = j (9.13) 



assuming that / is positive real. 
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Figure 9.9 Gain and phase versus frequency for a single -pole basic amplifier showing the phase 
margin for a low-frequency loop gain 7 q. 



The overall gain is 



A(j&) 



1 + T(jw) 



Substitution of (9.11) and (9.12) in (9.14) gives 



(9.14) 



and thus 



A(jm) = 



u{jm) 

1 + £> J' 135 ' 



a(jm) = a(jo) o) 

1 - 0.7 - 0 . 7 j 0 . 3 - 0 . 7 ./ 



|AO»„,| = ^ = M <9.15, 

using (9.13). 

The frequency o>o ? where |r(_/wo)| = 1. is the nominal — 3-dB point for a single-pole 
basic amplifier, but in this case there is 2.4 dB (1.3 x) of peaking above the low-frequency 
gain of 1/ / . 

Consider a phase margin of 60°. At the frequency wo in this case 



phT(M0 = -120° 

and 

ln> 0 )| = i 

Following a similar analysis we obtain 



A(M))| = 



7 



(9.16) 

( 9 . 17 ) 



In this case there is no peaking at w = ojq, but there has also been no gain reduction at 
this frequency. 
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Finally, the case where the phase margin is 90° can he similarly calculated. In this 

ease 

ph FOo) = -90° (9.18) 

and 

|F(> 0 )| = 1 (9.19) 

A similar analysis gives 

|A(>o)| = y (9.20) 

As expected in this case, the gain at frequency is 3 dB below the midband value. 

These results arc illustrated in Fig. 9.10: where the normalized overall gain versus 
frequency is shown for various phase margins. The plots are drawn assuming the response 
is dominated by the first two poles of the transfer function, except for the case of the 90° 
phase margin, which has one pole only. As the phase margin diminishes, the gain peak 
becomes larger until the gain approaches infinity and oscillation occurs for phase margin 
= 0°, The gain peak usually occurs close to the frequency where [r(jw)| = 1, but for a 
phase margin of 60° there is 0.2 dB of peaking just below this frequency. Note that after the 
peak, the gain curves approach an asymptote of - 12 dB/octave for phase margins other 
than 90°, This is because the open-loop gain falls at — 1 2 dB/octave due to the presence of 
two poles in the transfer function. 

The simple tests for stability of a feedback amplifier (i.e., positive phase and gain 
margins) can only be applied when the phase and gain margins are uniquely defined. The 
phase margin is uniquely defined if there is only one frequency at which the magnitude of 
the loop gain equals one. Similarly, the gain margin is uniquely defined if there is only one 
frequency at which the phase of the loop gain equals — 180°. In most feedback circuits, 
these margins are uniquely defined. However, if either of these margins is not uniquely 




Relative 

frequency 



Figure 9. 10 Normalized overall gain for feedback amplifiers versus normalized frequency for 
various phase margins. Frequency is normalized to the frequency where the loop gain is unity. 




9.4 Compensation 633 

defined, then stability should be checked using a Nyquist diagram and the Nyquist 
criterion. 

The loop gain T = af can be examined to determine the stability of a feedback cir- 
cuit. as explained in this section. Alternatively these measures of stability can be applied 
to the return ratio Gift, as explained in Appendix A9.1. Techniques for simulating 
and T = af 4 using SPICE have been developed, based on methods for measuring loop 
transmission. 6 7 These techniques measure the loop transmission at the closed-loop dc op- 
erating point. An advantage of SPICE simulation of the loop transmission is that parasitics 
that might have an important effect are included. For example, parasitic capacitance at 
the op-amp input introduces frequency dependence in the feedback network in Fig. 8.24, 
which may degrade the phase margin. 



9.4 Compensation 

9.4.1 Theory of Compensation 

Consider again the amplifier whose gain and phase is shown in Fig. 9.8. For the feedback 
circuit in which this was assumed to be connected, the forward gain was Ao» as shown in 
Fig. 9.8, and the phase margin was positive. Thus the circuit was stable. It is apparent, 
however that if the amount of feedback is increased by making / larger (and thus Aq 
smaller), oscillation will eventually occur. This is shown in Fig. 9,1 1 , where f\ is chosen to 
give a zero phase margin and the corresponding overall gain is A! — \ff\. If the feedback 



| dB 




Figure 9.1 1 Gain and phase versus frequency for a three- pole basic amplifier. Feedback factor f\ 
gives a zero phase margin and factor fi gives a negative phase margin. 
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is increased lo f 2 (and A 2 — I //2 is the overall gain), the phase margin is negative and 
the circuit will oscillate. Thus if this amplifier is to be used in a feedback Loop with loop 
gain larger than aof\, efforts must be made to increase the phase margin. This process is 
known as compensation. Note that without compensation, the forward gain of the feedback 
amplifier cannot be made less than A\ — li f\ because of the oscillation problem. 

The simplest and most common method of compensation is to reduce the bandwidth 
of the amplifier (often called narrowhanding). That is, a dominant pole is deliberately 
introduced into the amplifier to force the phase shift to be less than - 180* when the loop 
gain is unity. This involves a direct sacrifice of the frequency capability of the amplifier. 

If / is constant, the most difficult case to compensate is / = 1 , which is a unity-gain 
feedback configuration. In this case the loop-gain curve is identical to the gain curve of the 
basic amplifier. Consider this situation and assume that the basic amplifier has the same 
characteristic as in Fig. 9,11. To compensate the amplifier, we introduce a new dominant 
pole with magnitude |p£j|, as shown in Fig. 9.12, and assume that this does not affect the 
original amplifier poles with magnitudes |pi|, \p 2 \, and \p^\. This is often not the case but 
is assumed here for purposes of illustration. 

The introduction of the dominant pole with magnitude \po\ into the amplifier gain 
function causes the gain magnitude to decrease at 6 dB/octave until frequency \p\ \ is 
reached, and over this region the amplifier phase shift asymptotes to —90*. If frequency 
\Pd\ is chosen so that the gain \a(jo))\ is unity at frequency |pi| as shown, then the loop 
gain is also unity at frequency \p t | for the assumed ease of unity feedback with / = 1. 
The phase margin in this case is then 45°, which means that the amplifier is stable. The 
original amplifier would have been unstable in such a feedback connection. 




Figure 9.1 2 Gain and phase versus frequency for a three-pole basic amplifier. Compensation for 
unity-gain feedback operation (/ = 1) is achieved by introduction of a negative real pole with 
magnitude \pn\, 
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The price that has been paid for achieving stability in this case is that with the feed- 
back removed, the basic amplifier has a unity-gain bandwidth of only \p \ |, which is much 
less than before* Also, with feedback applied, the loop gain now begins to decrease at a 
frequency and all the benefits of feedback diminish as the loop gain decreases. For 
example, in Chapter 8 it was shown that shunt feedback at the input or output of an am- 
plifier reduces the basic terminal impedance by [1 + T(jco)]. Since T{jto) is frequency 
dependent, the terminal impedance of a shunt-feedback amplifier will begin to rise when 
|r(7to)| begins to decrease. Thus the high-frequency terminal impedance will appear in- 
ductive ^ as in the case of zd for an emitter follower, which was calculated in Chapter 7. 
(See Problem 9,8,) 



■ EXAMPLE 



Calculate the dominant-pole magnitude required to give unity-gain compensation of the 
702 op amp with a phase margin of 45°. The low-frequency gain is ao - 3600 and the 
circuit has poles at -{piflir) = 1 MHz, — = 4 MHz, and -(py27r) = 40 MHz. 

In this example, the second pole p 2 is sufficiently close to p\ to produce significant 
phase shift at the amplifier -3-dB frequency. The approach to this problem will be to 
use the approximate results developed above to obtain an initial estimate of the required 
dominant-pole magnitude and then to empirically adjust this estimate to obtain the required 
results. 

The results of Fig. 9.12 indicate that a dominant pole with magnitude \pn\ should 
be introduced so that gain ay = 3600 is reduced to unity at |/?i/2tt| = 1 MHz with a 
6-dB/octave decrease as a function of frequency. The product \a\o) is constant where the 
slope of the gain-magnitude plot is —6 dB/octave; therefore 



Pd 


1 


Pi 


2tt 


do 


2t t 



This would give a transfer function 



10 6 

3600 



Hz - 278 Hz 



a(joj) 



3600 




(9*21) 



where the pole magnitudes are in radians per second. Equation 9.21 gives a unity-gain 
frequency [where |a(;uj)| = 11 of 780 kHz. This is slightly below the design value of 1 
MHz because the actual gain curve is 3 dB belowthe asymptote at the break frequency |pi|. 
At 780 kHz the phase shift obtained from (9,21) is - 139° instead of the desired — 135° and 
this includes a contribution of - 11° from pole Although this result is close enough for 
most purposes, a phase margin of precisely 45 & can be achieved by empirically reducing 
|/7p| until (9,21) gives a phase shift of — 135° at the unity gain frequency. This occurs for 
■ \pdI2tt\ = 260 Hz, which gives a unity-gain frequency of 730 kHz. 

Consider now the performance of the amplifier whose characteristic is shown in 
Fig* 9.12 (with dominant pole magnitude |/?£>|) when used in a feedback loop with / < 1 
(i.e., overall gain Ao > 1). This case is shown in Fig. 9,13. The loop gain now falls to unity 
at frequency and the phase margin of the circuit is now approximately 90 a . The —3-dB 
bandwidth of the feedback circuit is a> x . The circuit now has more compensation than is 
needed, and, in fact, bandwidth is being wasted. Thus, although it is convenient to com- 
pensate an amplifier for unity gain and then use it unchanged for other applications (as is 
done in many op amps), this procedure is quite wasteful of bandwidth. Fixed-gain ampli- 
fiers that are designed for applications where maximum bandwidth is required are usually 
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Figure 9.13 Gain and phase versus frequency for an amplifier compensated for use in a feedback 
loop with / = 1 and a phase margin of 45°. The phase margin is shown for operation in a feed- 
back loop with / < 1 . 



compensated for a specified phase margin (typically 45° to 60 s ) at the required gain value. 
However, op amps are general-purpose circuits that are used with differing feedback net- 
works with / values ranging from 0 to L Optimum bandwidth is achieved in such circuits 
if the compensation is tailored to the gain value required, and this approach gives much 
higher bandwidths for high gain values, as seen in Fig* 9.14. This figure shows compen- 
sation of the amplifier characteristic of Fig. 9.1 1 for operation in a feedback circuit with 
forward gain A 0 . A dominant pole is added with magnitude \p r D \ to give a phase margin of 
45°. Frequency \p' D \ is obviously \pn\, and the ^3-dB bandwidth of the feedback am- 
plifier is nominally \p \ |, at which frequency the loop gain is 0 dB (disregarding peaking). 
The -3-dB frequency from Fig, 9.13 would be only co x = | p x |/A 0 if unity-gain compen- 
sation had been used. Obviously, since Ay can be large, the improvement in bandwidth is 
significant. 

In the compensation schemes discussed above, an additional dominant pole was as- 
sumed to be added to the amplifier, and the original amplifier poles were assumed to be 
unaffected by this procedure. In terms of circuit bandwidth, a much more efficient way to 
compensate the amplifier is to add capacitance to the circuit in such a way that the original 
amplifier dominant pole magnitude |pi| is reduced so that it performs the compensation 
function. This technique requires access to the internal nodes of the amplifier, and knowl- 
edge of the nodes in the circuit where added capacitance will reduce frequency \p } |. 

Consider the effect of compensating for unity-gain operation the amplifier character- 
istic of Fig. 9.11 in this way. Again assume that higher frequency poles p 2 and p ^ are 
unaffected by this procedure. In fact, depending on the method of compensation, these 
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Figure 9.14 Gain and phase versus frequency for an amplifier compensated for use in a feedback 
loop with / < 1 and a phase margin of 45°. Compensation is achieved by adding a new pole p' D 
to the amplifier 

poles are usually moved up or down in magnitude by the compensation* This point will be 
taken up later* 

Compensation of the amplifier by reducing \p] \ is shown in Fig* 9.15. For a 45*-phase 
margin in a unity-gain feedback configuration, dominant pole magnitude \p \ | must cause 
the gain to fail to unity at frequency \p- 2 \ (the second pole magnitude), Thus the nominal 
bandwidth in a unity-gain configuration is |/? 2 |, and the loop gain is unity at this frequency. 
This result can be contrasted with a bandwidth of \p \ |, as shown in Fig. 9* 1 2 for compen- 
sation achieved by adding another pole with magnitude |/?p| to the amplifier. In practical 
amplifiers, frequency Ipjl is often 5 or 10 times frequency l/?i| and substantial improve- 
ments in bandwidth are thus achieved. 

The results of this section illustrate why the basic amplifier of a feedback circuit is 
usually designed with as few stages as possible. Each stage of gain inevitably adds more 
poles to the transfer function, complicating the compensation problem, particularly if a 
wide bandwidth is required* 

9.4.2 Methods of Compensation 

In order to compensate a circuit by the common method of narrowbanding described above, 
it is necessary to add capacitance to create a dominant pole with the desired magnitude. 
One method of achieving this is shown in Fig. 9.1 6, which is a schematic of the first two 
stages of a simple amplifier. A large capacitor C is connected between the collectors of 
the input stage. The output stage, which is assumed relatively broadband, is not shown. 
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Figure 9.15 Gain and phase versus frequency for an amplifier compensated for use in a feedback 
loop with / = 1 and a phase margin of 45°. Compensation is achieved by reducing the magni- 
tude \p 3 1 of the dominant pole of the original amplifier. 

A differential hall-circuit of Fig, 9,16 is shown in Fig. 9.17, and it should be noted that 
the compensation capacitor is doubled in the hall-circuit. The major contributions to the 
dominant pole of a circuit ol this type (if R$ is not large) come from the input capacitance 
o) Q 4 and Miller capacitance associated with Q 4 . Thus the compensation as shown will 
reduce the magnitude of the dominant pole of the original amplifier so that it performs the 
required compensation function. Almost certainly, however, the higher frequency poles 
of the amplifier will also be changed by the addition of C In practice, the best method 
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To output 
stage 



Figure 9.16 Compensation of an amplifier by introduction of a large capacitor C. 
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of approaching the compensation design is to use computer simulation to determine the 
original pole positions. A first estimate of C is made on the assumption that the higher 
frequency poles do not change in magnitude and a new computer simulation is made with 
C included to check this assumption, Another estimate of C is then made on the basis of 
the new simulation, and this process usually converges after several iterations. 

The magnitude of the dominant pole of Fig. 9.17 can be estimated using zero-value 
time conslant analysis. However, if the value of C required is very large, this capacitor 
will dominate and a good estimate of the dominant pole can be made by considering C 
only and ignoring other circuit capacitance. In that case the dominant-pole magnitude is 

- ik < 9 - 22 ' 

where 

R = Rl\\\Rm (9.23) 

and 

Ri4 = *>4 4* /v 4 (9.24) 

One disadvantage of the above method of compensation is that the value of C required is 
quite large (typically > 1000 pF) and cannot be realized on a monolithic chip. 

Many general-purpose op amps have unity-gain compensation included on the mono- 
lithic chip and require no further compensation from the user. (The sacrifice in bandwidth 
caused by this technique when using gain other than unity was described earlier.) In order 
to realize an internally compensated monolithic op amp, compensation must be achieved 
using capacitance less than about 50 pF. This can be achieved using Miller multiplication 
of the capacitance as shown in Fig. 9.18 for the 741 op amp. The 30-pF compensation 
capacitor is connected around the Darlington pair Q^-Qu and produces a pole with mag- 
nitude 4.9 Hz, as shown in Chapter 7 using zero- value time constant analysis. The resulting 
gain and phase curves for the 741 are shown in Fig. 9.19. These curves were generated 
using the program SPICE and typical 741 device data. Use of these data shows that the 
unity-gain frequency is 1.25 MHz, the phase margin is 80°, and the low-frequency gain 
is 108 dB. It should be pointed out that somewhat different performance is obtained from 
some commercial 741 circuits because of different integrated circuit processes giving dif- 
ferent device parameters. 

As well as allowing use of a small capacitor that can be integrated on the monolithic 
chip, this type of compensation has another significant advantage. This is dne to the phe- 
nomenon of pole splitting? To illustrate pole splitting, the important poles and zeros of the 
741 as calculated by a computer program before and after compensation are plotted (not 
to scale) in Fig. 9.20. Before compensation, the circuit has two important low-frcqucncy 
poles with magnitudes 18.9 kHz and 328 kHz. Computer simulations show that the 
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Figure 9.18 Simplified schematic of the 741 op amp showing compensation by Miller cffccl using 
a 30-pF capacitor connected around the Darlington pair Q^-Q]-;. 

dominant pole with magnitude 18.9 kHz is produced largely by shunt capacitance at the 
base of Computer runs made with charge storage deleted in various parts of the circuit 
show that the pole with magnitude 328 kHz is also contributed by transistors Qi 6 and Q\ 7 . 
The rest of the poles and zeros come from various parts of the circuit, including input and 
output stages. 



Voltage gain, dB 




Figure 9. 19 Gain and 

phase versus frequency 
for the 741 op amp. 
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Figure 9.20 Poles and zeros of the 741 op amp as calculated by computer, (a) Before compensa- 
tion. (b) After compensation* (Not to scale.) 

After compensation, there is a dramatic change in the poles and zeros of the circuit, as 
shown in Fig. 9,20b, The amplifier now has a dominant pole with magnitude 5 Hz as de- 
sired, but an additional bonus has been gained because the original second-most-dominant 
pole with magnitude 328 kHz has been effectively removed. The second and higher most 
dominant poles now form a cluster with real magnitudes 10 to 15 MHz and include com- 
plex poles. Since the amplifier gain must be made to fall to unity at a frequency below 
the second-most-dominant pole magnitude (for adequate phase margin), the removal of 
the pole with magnitude 328 kHz has greatly increased the realizable bandwidth of the 
circuit. If this pole did not move, the compensation capacitor would have to be adjusted to 
cause the gain of the 741 to fall to unity at a frequency less than 328 kHz. 

The splitting of the two low-frequency poles of the 741 described above is a rather 
complex process involving other higher frequency poles and zeros in the Darlington pair. 
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However, the process involved can be illustrated by assuming the Darlington pair is re- 
placed by a single transistor A similar pole-splitting process then occurs, as will now be 
illustrated. 

If the Darlington pair Q\^-Qn of Fig. 9. 1 8 is replaced by a single transistor, the trans- 
fer function of this stage can be calculated from the approximate equivalent circuit of 
Fig, 9,21 . The stage is fed from a current i s out of the previous stage. Resistors R\ and R 2 
represent total shunt resistance at input and output, including transistor input and output 
resistance, and C\ and C? represent total shunt capacitance at input and output. Capacitor 
C represents transistor collector-base capacitance plus compensation capacitance. 

For the circuit of Fig, 9.21, 



Vj 

-ft = + viCis + (vi - v 0 )Cs 

Al 



gmV] + ^ + V 0 C 2 S + (V 0 ~ V])C.V = 0 
A2 



(9.25) 

(9.26) 



From (9,25) and (9.26) 

= (g m ~ Cs)R2R\ 

h 1 + s[(C 2 + C)R 2 + (Ci + C)R l + g m R 2 R\ Cl -h $ 2 R 2 R\(C 2 C l + CC 2 + CQ) 

(9.27) 



The circuit transfer function has a positive real zero at 



8 m 

~c 



(9,27a) 



which usually has such a large magnitude in bipolar circuits that it can be neglected. This 
is often not the case in MOS circuits because of their lower g m . This point is taken up later. 
The circuit has a two-pole transfer function. If pi and p% arc the poles of the circuit, 
then the denominator of (9.27) can be written 



D(s) = 



and thus 

2 

D(s) = I - — + -J— (9.39) 

Pi p\Pi 

if the poles are real and widely separated, which is usually true. Note that p\ is assumed 
to be the dominant pole. 



~-h~- 

P I A P2 



1 - ,ll + ±l+ 



r* . n. 



(9.28) 

(9.29) 




Figure 9.21 Small-signal equivalent circuit of a single transistor stage. Feedback capacitor C in- 
cludes compensation capacitance. 
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If the coefficients in (9.27) and (930) are equated then 

1 

P] ( C 2 + C)R 2 + (C] + C)/?! + g^R^C 
and this can be approximated by 



(9.3 1 ) 



g m R 2 R\C 



(9.32) 



since the Miller effect due to C will be dominant if C is large and g m R g m R> 1. 
Equation 931 is the same result for the dominant pole as is obtained using zero-value 
time constant analysis. 

The nondominant pole p 2 can now be estimated by equating coefficients of .3 in (9.27) 
and (9.30) and using (932). 



P2 = 



gmC 

C?C] + C(C 2 4 Ci) 



(933) 



Equation 932 indicates that the dominant-pole magnitude |/q| decreases as C increases, 
whereas (933) shows that \p 2 \ increases as C increases. Thus, increasing C causes the 
poles to split apart. As C becomes very much greater than C\ and C 2 - the value of I p 2 
approaches g m /(C] 4 C 2 ), which is usually a relatively high frequency (tens or hundreds 
of MHz for typical parameter values), 111 the limit as C p 2 -> - g m /(C 2 4 C\). 

Since Fig. 931 has only two poles, this nondominant pole could he esii mated using short- 
circuit time constants, as described in Chapter 7, Assuming C is large and determines the 
dominant pole [as shown in (932)1, then p 2 can he estimated from the lime constants for 
the other capacitors when C is shorted. With C shorted, C\ and C 2 are connected in parallel 
and can be treated as a single capacitor. Also, the voltage that controls the g m generator ( v\ 
in Fig. 9,21) appears across the generator. Therefore, the generator acts like a resislance 
of value 1 Ig m , which is in parallel with R 2 . Assuming Ug m R 2t the short-circuit lime 
constant for C[ 4 C 2 is t = (l/£ m )(C| 4 C 2 ); therefore, \p 2 \ = 1/t = gJ{C\ 4- <3). 

It is interesting to note that the poles of the circuit of Fig. 9.2 [ for C = 0 are 



1 



P ' Kl'C! 


(934a) 


P2 ~ “44 


(934b) 



Thus as C increases from zero, the locus of the poles of the circuit of Fig, 9.21 is as shown 
in Fig. 9.22. 







Figure 9.22 Locus of the poles of the circuit of Fig, 9.21 as C is increased from zero, for the case 
-1/tfiC, > -l/R 2 C 2 . 
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Another explanation of pole splitting is as follows. The circuit in Fig. 9.21 has two 
poles. The compensation capacitor across the second stage provides feedback and causes 
the second stage to act like an integrator. The two poles split apart as C increases. One pole 
moves to a low frequency (toward de), and the other moves to a high frequency (toward 
— :X: j Lo approximate an ideal integrator, which has only one pole at dc. 

The previous calculations have shown how compensation of an amplilicr by addi- 
tion of a large Miller capacitance Lo a single transistor stage causes the nondominanl pole 
to move to a much higher frequency. A similar process occurs in the 741 op amp and 
is the reason lor (he elimination of the pole with magnitude 328 kHz after compensa- 
tion, as shown in Fig. 9*20, II is interesting to consider the performance attainable if the 
741 is compensated by simply adding shunt capacitance to ground at the base of gu> in 
Fig. 9. 18. In order to achieve the same phase margin of 80° using the same device param- 
eters, it was found by computer simulation that a compensation capacitance of 0.3 |jlF was 
required. This gave a dominant pole with magnitude 0.27 Hz and a unity-gain frequency 
of only 63 kHz. The second most dominant pole had a magnitude 294 kHz, Thus very 
little movement of the second most dominant pole had occurred, and the change that did 
occur was a decrease in the pole magnitude. As a consequence, the realizable bandwidth 
of (he circuit when compensated in this way is only 1/20 of that obtained with Miller effect 
compensation. The other disadvantage is that a capacitance of Q.3p,F cannot be included 
on the monolithic chip. 

The effect of different methods oT compensation described above can be seen in the 
circuit of Fig. 9.21. If C\ is made large in that circuit lo produce a dominant pole, then 
Ihc pole can be calculated from (9.31) as p\ = ~UR\C\. The nondominant pole can be 
estimated by equating coefficients of ,v“ in (9,27) and (9.30) and using this value of p\. 
This gives pj — — UR-iiCj + C), This value of pi is approximately the same as that given 
by (9.34b). which is for C = 0 and is before pole splitting occurs. Thus, creation of a 
dominant pole in the circuit of Fig. 9.21 by making C\ large will result in a second pole 
magnitude \p 2 \ that is much smaller than that obtained if the dominant pole is created by 
increasing C. The same general trend is true in the more complex situation that exists in 
the 741 op amp. 

The results derived in this section are useful in further illuminating the considerations 
of Section 7.3.3, In that section, it was stated that in a common-source cascade, the exis- 
tence of drain-gate capacitance tends to cause pole splitting and to produce a dominant- 
pole situation. If the equivalent circuit of Fig, 9,21 is taken as a representative section of 
a cascade of common-source stages (C? is the input capacitance of the following stage) 
and capacitor C is taken as the calculations of this section show that the presence of 
C^t docs, in fact, tend to produce a dominant-pole situation because of the pole splitting 
that occurs. Thus, the zero-value tune constant approach gives a good estimate of 
in such circuits. 

The theory of compensation that was developed in this chapter was illustrated with 
some bipolar-transistor circuit examples. The theory applies in general to any active cir- 
cuit, but the unique device parameters of MOSFFTs cause some of the approximations 
that were made in the preceding analyses to become invalid. The special aspects of MGS 
amplifier compensation are now considered. 

9.4.3 Two-Stage MOS Amplifier Compensation 

The basic Uvo-stage CMOS op amp topology shown in Fig. 6.16 is essentially identical 
to its bipolar counterpart. As a consequence, the equivalent circuit of Fig. 9.21 can be 
used to represent the second stage with its compensation capacitance. The poles of the 




9,4 Compensation 645 




Figure 9.23 Typical gain and phase of the CMOS op amp of Fig, 6,16. 



circuit are again given by (9.32) and (9.33) and the zero by (9.27a). In the case of the 
MOS transistor, however, the value of g m is typically an order of magnitude lower than 
for a bipolar transistor, and the break frequency caused by the right half-plane zero 
in (9.27) may actually fall below the nominal unity-gain frequency of the amplifier. 
The effect of this is shown in Fig. 9.23. At the frequency \z\ the gain characteristic of 
the amplifier flattens out because of the contribution to the gain of +6 dB/octave from 
the zero. In the same region the phase is made 90° more negative by the positive real 
zero. As a consequence, the amplifier will have negative phase margin and be unstable 
when the influence of the next most dominant pole is felt. In effect, the zero halts the 
gain roll-off intended to stabilize the amplifier and simultaneously pushes the phase in 
the negative direction. Note also from (9.33) that the low g m of the MOSFET will tend 
to reduce the value of |/? 2 1 relative to a bipolar amplifier. 

Another way to view this problem is to note from Fig. 9.21 that at high frequencies, 
feedforward through C tends to overwhelm the normal gain path via of the second stage 

if g m is small. The feedforward path docs not have the 180° phase shift of the normal gain 
stage, and thus the gain path loses an inverting stage. Any feedback applied around the 
overall amplifier will then be positive instead of negative feedback, resulting in oscillation. 
At very high frequencies, C acts like a short circuit diode-connecting the second stage, 
which then simply presents a resistive load of 1 tg m to the first stage, again showing the 
loss of I 80° of phase shift. 

The right half-plane (RHP) zero is caused by the interaction of current from the g m 
generator and the frequency-dependent current that flows forward from the input node to 
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Ihc output node through C. The current through C in Fig, 9.21 is 

U = sC(v 0 - V|) (9.35) 

This current can be broken into two parts: a feedback current / ft = sCv a that llows from 
the output back toward the input and a feedforward current i // = sCv i that flows forward 
from the input toward the output. This feedforward current is related to vq. The current 
g m v\ from the controlled source flows out of the output node and is also related to vp 
Subtracting these two currents gives the total current at the output node that is related 
to lq: 

i Vi =(gm~sC)v [ (9.36) 

A zero exists in the transfer function where this current equals zero, at z = gJC- 

Three techniques have been used to eliminate the effect of the RHP zero. One ap- 
proach is to put a source follower in series with the compensation capacitor, 9 as shown in 
Fig. 9,24(7, The source follower blocks feedforward current through C from reaching the 
output node and therefore eliminates the zero. This will be shown by analyzing Fig. 9.21 
with C replaced by the model in Fig. 9,24 b. Here the source follower is modeled as an 
ideal voltage buffer. Equation 9.25 still holds because the same elements are connected to 
the input node and the voltage across C remains v D — V| . However, summing currents at 
the output node gives a different equation than (9.26) because no current flows through C 
to the output node due to the buffer, The new equation is 

+ — - + sC2V 0 = 0 (9.37) 

A 2 

Combining this equation with (9.25) gives 



h 



gmR_ 1^2 

1 S[R\(C[ + C) + R 2 C 2 + 4 S 2 R\R2C2[C-\ + C) 



(9.38) 



The zero has been eliminated. Assuming g m R\, g m R 2 ^ 1 and C is large, the same steps 
that led from (9.27) to (9,32) and (9.33) give 
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Figure 9.24 (a) Compensation capacitor C in Fig. 9.21 is replaced by C in series with a source 
follower, (b) A simple model for the capacitor and source follower. 
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The dominant pole [>[ is unchanged, and pi is about the same as before if C 2 ^ C\. This 
approach eliminates the zero, but the follower requires extra devices and bias current. Also, 
the source follower has a nonzero dc voltage between its input and output. This voltage 
will affect the output voltage swing since the source-follower transistor must remain in the 
active region to maintain the desired feedback through C. 

A second approach to eliminate the RHP zero is to block the feedforward current 
through C using acominon-gate transistor, 10 as illustrated in Fig* 9.2 5a. This figure shows 
a two-stage op amp, with the addition of two current sources of value / 2 and transistor Mu . 
The compensation capacitor is connected from the op-amp output to the source of Mu* 
Here, common-gate Mu allows capacitor current to flow from the output back toward the 
inpul of the second stage. However, the impedance looking into the drain of M u is very 
large* Therefore, feedforward current through C is very small. If the feedforward current 
is zero, the RHP zero is eliminated. A simplified small-signal model for the common- 
gate stage and compensation capacitor is shown in Fig. 9.256. Here common-gate M\ \ is 
modeled as an ideal current buffer Replacing C in Fig. 9.2 1 with the model in Fig. 9.256 
yields 

-is = + viCjj - v a Cs (9,40a) 

-Ki 



gmV \ + 7T + v <> Cs + v t>C 2 S = 0 



*2 



Combining these equations gives 
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1 + s[R\C] + R-2(C + C 2 ) + gmRiRiC] + s^RiRiCiiCi + C) 



(9.40b) 
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Figure 9.25 (a) A two-stage CMOS op amp with 
common- gate AT 11 connected to compensation ca- 
pacitor C. (b) Simple small-signal model for M u 
arid C. 
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The zero has been eliminated. Again assuming g m Rug m R 2 ^ 1 and C is large, the 
poles are 



1 

P ' g m RiRiC 

_ _ Sin C 
P1 C + C 2 ' Cj 



(9.42a) 

(9.42b) 



The dominant pole is the same as before. However, the nondominant pole p 2 is different. 
This p 2 is at a higher frequency than in the two previous approaches because C ^ C\ 
when C and C% are comparable. (In this section, we assume that the two-stage MOS op 
amp in Fig. 9.21 drives a load capacitor C 2 that is much larger than parasitic capacitance 
Ci ; therefore C 2 ^ Ci .) Therefore, a smaller compensation capacitor C can be used here 
for a given load capacitance C 2 , when compared to the previous approaches. The increase 
in \p 2 \ arises because the input node is not connected to, and therefore is not Loaded by, 
the compensation capacitor. An advantage of this scheme is that it provides better high- 
frequency negative-power-supply rejection than Miller compensation. (Power-supply re- 
jection was introduced in Section 63.6.) With Miller compensation, C is connected from 
the gate to drain of , and it shorts the g ale and drain at hi gh freque nci es . As s uming 
is approximately constant, high-frequency variations on the negative supply arc coupled 
directly to the op-amp output. Connecting C to common-gate Mu eliminates this cou- 
pling path. Drawbacks of this approach are that extra devices and dc current are needed to 
implement the scheme in Fig. 9.25a. Also, if there is a mismatch between the J 2 current 
sources, the difference current must llow in the input stage, which disrupts the balance in 
the input stage and affects the input-offset voltage of the op amp. 

When the first stage of the op amp uses a cascode transistor, the compensation ca- 
pacitor can be connected to the source of the cascode device as shown in Fig. 9,26. 1 1 This 
connection reduces the feedforward current through C, when compared to connecling C to 
node (Y), if the voltage swing at the source of the cascode device is smaller than the swing 
at its drain. This approach eliminates the feedforward path, and therefore the zero, if the 







Figure 9.26 A two-stage CMOS op amp with a cascoded current-mirror load in the input stage, 
and with the compensation capacitor C connected to the cascode node. 
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voltage swing at the source of the cascode device is zero. An advantage of this approach 
is that it avoids the extra devices, bias current, and mismatch problems in Fig. 925a. 

A third way to deal with the RHP zero is to insert a resistor in series with the com- 
pensation capacitor, as shown in Fig, 9,27a. 12,1? Rather than eliminate the feedforward 
current, the resistor modifies this current and allows the zero to be moved to infinity. If 
the zero moves to infinity, the total forward current al the output node that is related to vj 
must go to zero when w « When » capacitor C is a short circuit and therefore 
the feedforward current is only due to Rz'. 







(9.43) 



When this current is added to the current from the g m source, the total current at the output 
node that is related to v\ is 



*V] = \ 8 . 



i 



Ivi 



(9.44) 



when o> ®. If R z = 1 fg m , this term vanishes, and the zero is at infinity. 

The complete transfer function can be found by carrying out an analysis similar to that 
performed for Fig. 9.21, which gives 



g m R]R 2 1 - sC \— -tfz) 

Yi - L \g m j\ 

i. t 1 4 bx 4 cs 2 4 ds 3 

where 

b = /?2((^2 + O + /?i(Ci + C) 4 R 7 C 4- g m R\R 2 C 
c = RiR 2 (C ] C 2 4 CCi 4 CC 2 ) 4 R z C(RiC { 4 R 2 C 2 ) 
d = R ] R 2 R z C l C 2 C 



(9.45) 



(9.46a) 

(9.46b) 

(9.46c) 
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Figure 9.27 («) Small-signal equivalent circuit of a compensation stage with nulling resistor, (b) 
Pole-zero diagram showing movement of the transmission zero for various values of R-. 
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Again assuming g m R\, g m R 2 ^ 1 and C is large* the poles can he approximated by 



P\ ^ ■ 


g m R 2 R\C 




(9,47a) 


P2 a 


gmC 


gm 


(9.47b) 


CiC 2 + C(C, + C 2 ) 

1 

~RlQ 


c 1 + c 2 


P3 ** 




(9.47c) 



The first two poles, p t and p 2 . are the same as lor the original circuit in Fig. 9.21 , The 
third pole is at a very high frequency with \p$\ » \p 2 \ because typically C[ C 2 (since 
C i is a small parasitic capacitor and C 2 is the load capacitor) and R z will be about equal 
to if the zero is moved to a high frequency [from (9.44)]* This circuit has three poles 
because there arc three independent capacitors. In contrast, Fig. 9.21 has three capacitors 
that form a loop, so only two of the capacitor voltages are independent. Thus there are only 
two poles associated with that circuit. 

The zero of (9,45) is 






- Rz\C 



(9.48) 



This zero moves to infinity when Rz equals Making the resistor greater than l/g m 
moves the zero into the left half-plane, which can be used to provide positive phase shift 
at high frequencies and improve the phase margin of a feedback circuit that uses this op 
amp. 13 The movement of the zero for increasing R z is shown in Fig. 9.27 h. 

Figure 9.28(7 shows a Miller-compensated op amp using a resistor R z in scries with 
the compensation capacitor. In practice, resistor R z is usually implemented using a MOS 
transistor biased in the triode region. From (1.152), a MOS transistor operating in the 
triode region behaves like a linear resistor if V^ s 2(Vas ~ k))- The on-resistance R z 
of the triode device can be made to track 1 fg m of common-source transistor Mg if the two 
transistors are identical and have the same V GS ~ V?. When this MOS transistor is placed 
to the left of the compensation capacitor as shown in Fig. 9.28, its source voltage is set by 
V which is approximately constant. Therefore, Vcs of the triode transistor can be set 
by connecting its gate lo a dc bias voltage, which can be generated using replica biasing. 13 
(See Problem 9.23.) 

Another way to shift the zero location that can be used in multistage op amps will be 
presented in Section 9.4.5. 

In all the compensation approaches described so far, the dominant pole is set by com- 
pensation capacitor C and is independent of the load capacitor C 2 . However, the second 
pole is a function of CV If Lhe op amp will be used in different applications with a range 
of load capacitors, the compensation capacitor should be selected to give an acceptable 
phase margin for the largest C?. Then the phase margin will increase as the load capacitor 
decreases because |p:| is inversely proportional to C 2 . 



■ EXAMPLE 

Compensate (he Lwo-sl.age CMOS op amp from the example in Section 6,3,5 (Fig. 6. 16) to 
achieve a phase margin of 45° or larger when driving a load capacitance of 5 pF, assuming 
the op amp is connected in unity-gain feedback. 

With the op amp in unity-gain feedback, f = 1 and the loop gain T = af = a (or, 
equivalently. A,* - 1 and the return ratio 5ft = a). Therefore, the phase and gain margins 
can be determined from Bode plots of | a, and ph(«). 
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Figure 9.28 (a) A two-stage CMOS op amp. {}>) A small-signal model for the op amp. 



The two-stage op amp and a simplified model for this op amp are shown in Fig. 9.28. In 
the model, all capacitances that connect to node (X) arc lumped into Q, and all capacitances 
that connect to the output node are lumped into C 2 . If wc apply an input voltage v, in 
Fig. 9.28 h, a current q = £ nil rv is generated. This q drives a circuit that is the same as 
the circuit that i s drives in Fig. 9.2 1 . Therefore, the equations for the two poles and one 
zero for the circuit in Fig. 9.21 apply here with /, = gml v h g m = g mb , - r e2 \\r^ and 
R'l ^ o6'\ T ol* 

We will use Miller compensation with a series resistance to eliminate the zero. To 
achieve a 45° phase margin, the compensation capacitor C should be chosen so that \p 2 \ 
equals the unity-gain frequency (assuming the zero has been eliminated and |p 3 | » \p 2 \). 
Since the gain roll-oil from \p \ | to \p 2 \ is —6 dB/octave, |a(jcu)| * w is constant from |/q | 
to \p 2 \. Therefore, 

do ' |pil = 1 ' IP 2 I (9.49) 

where 



is the dc gain of the op amp. Substitution of (9.47) and (9.50) into (9.49) gives 

^ - Rmb 



gm\R\gtnbRl 



gmtiRlR] C 



= 1 



Ci + C 2 



(9.50) 
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or 



8m I _ Rfn(* 

C Ci + C 2 



(9.51) 



The capacitance C 2 at the output is dominated by the 5-pF load capacitance, and the in- 
ternal parasitic capacitance C[ is much smaller than 5 pF (SPICE simulation gives C \ ^ 
120 fF). Therefore C\ -h C 2 ~ 5 pF. From the example in Section 6.3.5, we find 

g m 1 = k' p (WfLh\V otl \ = (64.7 p. A/V 2 )(77)(0.2 ¥) = 1 mA/V 
and 

gmb = k' n (W/LMVo*) = (194 p. J yV z )(16)(0.5 V) = 1.55 mA/V 
Substituting these values into (9.51) and rearranging gives 



C = 



— (C, + C 2 ) « 



1 mA/V 
1.55 mA/V 



(5 pF) 



3.2 pF 



To eliminate the zero due to feedforward through C, a resistor Rz of value 1 ig m & = 645 il 
can be connected in series with the compensation capacitor C . (In practice, this resistance 
should be implemented with an NMOS transistor that is a copy of biased in the triode 
region, so that Rz = l/gm<v Sec Problem 9.23 + ) 

SPICE simulations (using models based on Table 2.4) of the op amp before and after 
compensation give the magnitude and phase plots shown in Fig. 9.29. Before compensa- 
tion, the amplifier is unstable and has a phase margin of —6°. After compensation with 
Rz = 645 il and C = 3,2 pF the phase margin improves to 41° with a unity-gain fre- 
quency of 35 MHz, and the gain margin is 15 dB. This phase margin is less than the 
desired 45°. The simulated value of is 1.32 mA/V and differs somewhat from the 
calculated g m 6, because the formulas used to calculate are based on square-law equa- 
tions that are only approximately correct. Changing Rz to l/g^/SPICE) = 758 D gives a 
phase margin of 46° with a unity-gain frequency of 35 MHz, and the gain margin is 22 dB. 
Without Rz . the phase margin is 14°, so eliminating the right-half-plane zero significantly 
improves the phase margin. 

Two earlier assumptions can be checked from SPICE simulations. First, Cj = 
120 fF from SPICE and C 2 ~ 5 pF; therefore, the assumption that C] <£: C 2 is valid. 

■ Also, \p 3 \ » \pi\ follows from \p 3 \ ** \i{R z C s ) = g m6 /C !? \p 2 \ ^ g m (JC 2 , and C.\ C 2+ 



9.4.4 Compensation of Single-Stage CMOS Op Amps 

Single-stage op amps, such as the telescopic cascode or folded cascode, have only one gain 
stage: therefore Miller compensation is not possible. These op amps have high open-loop 
output resistance and are typically used in switchcd-capacitor circuits, where the load is 
purely capacitive. Therefore, the dominant pole is associated with the output node, and the 
load capacitor provides the compensation, 

A simplified, fully differential, telescopic -cascode op amp is shown in Fig. 9.30a. 
The simplifications here are that ideal current sources replace biasing transistors and all 
capacitances have been lumped into the load capacitors C L and the parasitic capacitors C p 
at the cascode nodes. The differential-inode (DM) voltage gain ean be found by analyzing 
the half-circuit shown in Fig. 9.30£>. Since there are two independent capacitors, the DM 
gain has two poles. An exact analysis, ignoring body effect, gives a DM gain of 

V(kI _ gm1^f3l(gm1A^l/1 + 1) ^ ^ 

Vj ( j \ + a^viaQ, + r^iCp -F r 0 j Cl + + s 2 t'o\ro\s\C p CL 
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Figure 9.29 Plots of the sim- 
ulated (m) magnitude and (b) 
phase of the op -amp gain be- 
fore and after compensation 
(C = 3.2 pF, R z = 645 ft) 
for the op amp in Fig. 9.28. 



If g m fo ^ 1 > (9.52) simplifies to 



v od _ __ gm] F o]gm\A^ olA 

I "h 1 A f'o I A ^ol Cy "F r^i^CpCV, 



(9.53) 



The gain has two poles and no zeros. Assuming widely spaced real poles, the poles can be 
approximated using (9.29) and (9.30): 



P\ 

Pi 



1 

Hm\A^oiA r o\Cl 
J? fill A 

c7 



RoC L 



(9.54a) 

(9.54b) 



where R 0 is the output resistance of the DM half-circuit and R 0 ~ g it i\A^oiA r o\- Alterna- 
tively* these poles can be estimated using time-constant analysis as shown in Chapter 7. 
The dominant pole is set by the zero-value time constant for Cl, which is computed with 
C p open and equals R a C L . The nondominant pole can he approximated using the short- 
circuit time constant for C p , which is computed with C L shorted. When C L is shorted, the 
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Figure 9.30 (a) Simplified CMOS 
tclcseopic-cascode op amp. (b) The 
differential-mode half-circuit. 



resistance seen by C p is the resistance looking into the source of A/i A , which is l/# mM 
(ignoring body effect)* Typically, |pi] \p 2 \ because R 0 » 'l/g m i A and C L » C p . If the 
phase margin is not large enough for a given feedback application, additional capacitance 
can be added at the output node to increase C L < which decreases l/^f without affecting p 2 
and therefore increases the phase margin. 

Capacitance C p consists of C KS \/ 1 plus smaller capacitances such as Cdh\ and 
Assuming C p « C gxlA , then \p 2 \ = g m \ A IC p “ g m \AtC g ^ A ™ or : of M lA . Thus, the ire- 
quency at which the magnitude of the op-amp gain equals one, which is called the unity- 
gain bandwidth, can be very high with this op amp, 

A simplified, fully differential, folded-cascodc op amp is shown in Fig. 9.31a. As 
above, the simplifications are that ideal current sources replace biasing transistors and all 
capacitances have been lumped into the load capacitors Cl and Ihe parasitic capacitors 
C p at the cascodc nodes. With these simplifications, the DM voltage gain can be found by 
analyzing the half-circuit shown in Fig. 93\b, This circuit is identical to Fig, 9.30/? except 
that the cascode device is p-ehannei rather than n-channel and C p replaces C p . Therefore, 
the gain is identical to (9.52) with C p replaced by C p . Hence the dominant pole has the 
same form as (9.54a) 

1 1 

Sm\A r 'o\A t ‘ o\ £ L 



(9.55a) 
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Figure9.31 (tv) Simplified CMOS 
folded- case ode op amp. (6) The 
differential-mode half-circuit. 



The second pole is associated with C p and is approximately given by 



Km 1 4 



C' 



(9.55b) 



Equations 9.55b and 9.54b look similar, but \p 2 \ for the folded-ease ode op amp will usu- 
ally he smaller than \p 2 \ for the telescopic-cascode op amp. The reason is that, while the 
iransconduetances of the cascode devices in the two circuits are often comparable, C p will 
be significantly larger than C p . One cause of the higher capacitance is that more devices 
arc connected to the node associated with C p in the fnlded-cascode op amp than are con- 
nected to the node associated with C p in the telescopic cascode. (Recall that the output 
of each ideal current source in Fig. 9.31a is the drain of a transistor,) Also, WIL of the 
^-channel cascode transistor M iA in Fig. 9.3 1 b must be larger than WiL of the n-channcl 
cascode device in Fig. 9.30& to make their transconductances comparable. The larger WIL 
will cause C p to be larger than C p . The smaller \p 2 \ for the folded cascode leads to a smaller 
unity-gain bandwidth, if the two op amps are compensated to give the same phase margin 
in a given feedback application. 

The circuits in Figs. 9.30 and 9.31 are fully differential. These op amps can be con- 
verted to single-ended op amps by replacing a pair of matched current sources with a cur- 
rent mirror. In Fig. 9.30a, the two I current sources would be replaced with a p-channcl 
current mirror. In Fig. 9,31a, the two l 2 current sources would be replaced with a n-channcl 
current mirror. As shown in Section 7.3,5. a current mirror introduces a closely spaced 
pole-zero pair, in addition to the poles p\ and p 2 in (9.54) and (9.55). 
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Active cascades can be used to increase the low-frcqucncy gain of an op amp, as shown 
in Rig. 6.30a, There arc four active cascodes in Fig. 6.30a; each consists of a cascode 
transistor (A $\,\-M$a) and an auxiliary amplifier (A! or A 2 ) in a feedback loop. When 
such an op amp is placed in feedback, multiple feedback loops are present. There are four 
local feedback loops associated with the active cascodcs in the op amp and one global 
feedback loop that consists of the op amp and a feedback network around the op amp. 
All these feedback loops must be stable to avoid oscillation. The stability of each local 
feedback loop can be determined from its loop gain or return ratio. Since the auxiliary 
amplifiers in these loops arc op amps, each auxiliary amplifier can be compensated using 
the techniques described in this chapter to ensure stability of these local loops. Then the 
global feedback loop can be compensated to guarantee its stability. 



9.4.5 Nested Miller Compensation 

Many feedback circuits require an op amp with a high voltage gain. While eascoding 
is commonly used to increase the gain in op amps with a total supply voltage of 5 V or 
more, eascoding becomes increasingly difficult as the power-supply voltage is reduced. 
(See Chapter 4.) To overcome this problem, simple gain stages without eascoding can be 
cascaded to achieve high gain. When three or more voltage-gain stages must be cascaded 
to achieve the desired gain, the op amp will have three or more poles, and frequency 
compensation becomes complicated. Nested Miller compensation can be used with more 
than iwo gain stages. 14 ' ^ This compensation scheme involves repeated, nested applica- 
tion of Miller compensation. An example of nested Miller compensation applied to three 
cascaded gain stages is shown in Fig. 9.32a. Two noninverting gain stages are followed 
by an inverting gain stage. Each voltage-gain stage is assumed to have a high-output re- 
sistance and therefore is labeled as a g m block. The sign of the dc voltage gain of each 
stage is given by the sign of the Iransconduetance. Tw t o Miller compensation capacitors 
are used: C m |, which is placed around the last gain stage, and C m i* which is connected 
across the last two gain stages. Because the dc gain of the second stage is positive 
and the dc gain of the third stage is negative, both capacitors arc in negative feedback 
loops. 

A simplified circuit schematic is shown in Fig. 9.32 b. Each noninverting gain stage is 
composed of a differential pair with a current-source load. The inverting gain stage consists 
of a common-source amplifier with a current-source load. A simplified small-signal model 
is shown in Fig. 932c. The main simplification here is that all capacitances associated with 
the gain stages arc modeled by C (1 , C i, and C 2 . 

Without the compensation capacitors, this amplifier has three real poles that are not 
widely spaced if the R\C\ time constants are comparable. When C m j is added, the two 
poles associated with the input and output nodes of the last stage split apart along the real 
axis due to the Miller compensation, but the pole associated with Co does not change. 
When C ml is also added, these three poles are further modified. The pole locations can be 
found from an exact analysis of the small-signal circuit. The analysis can be carried out 
by summing currents at the outputs of the g fU generators, then manipulating the resulting 
three equat ions. These steps are not conceptually difficult but are not shown here. The exact 
transfer function from the output of the current generator in the input stage, d = g m $v- !n , 
lo the output voltage v„ is 



h 



N{s) 

LKs) 



(9.56) 



*0 £ m l R\8mlR2 ~ (gfHlfllCjil + TTi2W j R 2 $ ~ + C mi )s 2 

I 4 aj.v + ais 2 + a-$s- 




Figure 9.32 (a) Block diagram for a three-stage op amp with nested Miller compensation. (£) A 
simplified schematic for such an op amp in CMOS, (c) A small-signal model. 

where 

tt] - K +■ Ro(C m2 + Q) + gjn\R\gm2R2R$CmZ (9.57 

a 2 ~ /fi/? 2 (C 2 + C m | + C m2 ){Ci + C ml ) - RiR 2 Cf nl + i?o(C w2 + Q)/f 

— g m ]R]C m \C m 2^Q^2 - R{)RlCm2 (9,571 

a 3 = Ri)R\ R2[(C2C f1t 2 + QC7-2 + CoC m 2 )(C] + Cml) -H Cl C m i C m2 

+ CoQC m i] 



(9.57 
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with 

K = R2(C 2 + Cnl + Cm2) + ^l(Ci + C m i) + (9.57d) 

Equation 9.56 is the transfer function from i s to v a . The transfer function of the voltage 
gain from to v„ is found by multiplying (9,56) by g mi) (since i s = g m0 v^); therefore, 
the voltage gain and (9.56) have the same poles and zeros. The transfer function in (9.56) 
has two zeros and three poles. Let us first examine the poles. The expressions for the w 
coefficients are complicated and involve many terms. Therefore assumptions are needed 
to simplify the equations. If g m \R\g r n 2 Ri ^ U which is usually true, then 

fll “ gmlRlgnilRlRoCml (9.58) 

Assuming there is a dominant pole p\ t then 



<*1 gml R] gmlRlRttCml 



Another way to arrive at this estimate of p i is to apply the Miller effect to C m2 > The ef- 
fective Miller capacitor is about C m 2 times the negative of the gain across C„ j2 , which 
is gm\R]gmiR 2 - This capacitor appears in parallel with R 0 , giving a time constant of 

(t?ml R] gmlRl^RoCri^- 

The other poles p 2 and pi, could he found by factoring the third-order denominator 
in (9.56), which can be done using a computer but is difficult by hand. However, these 
poles can be estimated from a quadratic equation under certain conditions. It’ there is a 
dominant pole /?], then \p 2 \, |ps| |pi|, Al high frequencies, where |,v| :» |p ( | ~ \ia \ , 
we have ]a\s\ » h so the denominator in (9.56) can be approximated by dropping the 
constant 'T f to give 

D(s ) « a\S H- a^s 1 ■+ = ais [1 + — s + — s 2 ) (9.60) 

\ a\ 



This equation gives three poles. One pole is at dc, which models the effect of the dominant 
pole p\ for frequencies well above \p \ |. Poles p 2 and pi arc the other roots of (9.60). They 
can be found by concentrating on the quadratic term in parenthesis in (9.60), which is 



D ! (s) = 



Dis) 
a\ s 



(l"> (I'X n 

+ —s + —s 2 
a] a-[ 




s 

Pi 



(9.61) 



Assuming that R]> R 2 » |l/(g , ?? 2 — g m i)| and C 0 is small compared to the other 
capacitors, (9,57b) and (9.57c) simplify to 



a 2 ^ R^RiRiigmi ~ 8m \ )Cm \ C m2 (9.62) 

cti, ~ RoRiR2{CiC 2 Cm2 + C-2C m \C m 2 + C]C m {C m 2) (9.63) 

Using (9.58), (9.62), and (9.63), the coefficients in D F (s) are 



@2 ^ gml gtvl ^ 

«1 gnrigml 

^3 _ C1C2 + C m \C] T C 2 C m \ 

<*1 g,n I gml 



(9.64) 

(9.65) 



To ensure that the high-frequency poles are in the left half-plane (LHP), a 2 ia\ must be 
positive (see Appendix A9.2). Therefore, g m 2 must be larger than g„ f i* Poles p 2 and 
can be real or complex, and in general the quadratic formula must be used to solve for 
these poles. However, if these poles arc real and widely spaced and if C m \ - C\, C 2 , then 
approximate expressions can be found. If \p 2 \ |/^|, then —Mp 2 is approximately equal 
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to the coefficient of in D'(a), so 

Pi « 



«2 



ft ml 8 m2 



(8m2 

Also [/(pips) is equal to the coefficient of s 2 in Z>'0?), so 

8m\8m2 0?m2 8in\')^rt 



<l\ 1 



<*3 Pi 



C]C 2 + C ml Ci + c 2 c ni 

(8m2 — 8ml)Cm\ 



8m]8m2 
8 m2 §m[ 



(9.66a) 



(9.66b) 



C1C2 + C„i(C| + C2) Ci + C2 

The final approximation here follows if C mi is large. Equations 9.66a and 9,66b are ac- 
curate if |/>2| ^ |^|- Substituting (9.66a) and (9,66b) into this inequality produces an 
equivalent condition 

8 ml 8 m2 (gm2 gm l)C m l i . , n 

- \Pi\ (9.67) 



1^2! 



<*c 



(Sm2 8m\)Cm] Q C2 + Cut (Cl + C?) 

If this condition is not satisfied, p 2 and p 3 arc either complex conjugates or real but closely 
spaced. C m y can always be chosen large enough to satisfy the inequality in (9,67). While it 
is possible to make the high-frequency poles real and widely separated, higher unity-gain 
bandwidth may be achievable when p 2 and p$ are not real and widely separated. 16 

In the simplified equations (9.66a) and (9.66b), poles p 2 and p 3 are dependent on 
C m{ but not on C m2 - In contrast, dominant pole p L is inversely proportional to C m2 and is 
independent of C m[ . The poles can be positioned to approximate a two-pole op amp by 
making | p] | \p 2 \ I/73J and positioning \p$\ well beyond the unity-gain frequency of 

the op amp. 

The zero locations can be found by factoring the second-order numerator N(s) in 

(9.56) . The coefficients of s and s 2 in the numerator arc negative and the constant term 
is positive. As a result, the zeros are real. One is positive and the other is negative, as is 
shown in Appendix A9.2. 

The zeros will be found using some simplifying assumptions. First, the numerator of 

(9.56) can be rewritten as 



N(s) - RogmiRygnaRi 



1 — y / _|_ C m 2 \ T 

\Sflr2 8mlR\Sm2 j 



gm]gm2 



Assuming that C m , » Cy and C ml » C m2 KgmiR\\ then 



N(s) « Ri)g m yR}g m 2 R 2 



1 



, f'jnl 2 



(9.68) 



(9.69) 



8m 2 gmlgm2 J 

The zeros are the roots of N(s) = 0. Using the quadratic formula and (9.69), the zeros are 



Zl t 2 = 



8ml 



2C 



m2 



/ / 8m] \ _j_ gmigm2 _ _ gml I 

\\2C m2 / C m yC m 2 2C m 2 l 



1 ± 1 + 



^8m2^ m 2 \ 

8m I C m I / 



(9.70) 



Taking the positive square root in the right-most formula in (9.70) yields a value that is 
larger than one. Adding this value to 1 gives a positive value for the term in parentheses; 
subtracting this value from 1 gives a negative quantity with a smaller magnitude than the 
sum. Therefore, one zero is in the LHP and has a magnitude greater than g m y/(2C m2 ). The 
other zero is in the RHP and has a smaller magnitude than the LHP zero. As a result, the 
effect of the RHP zero is felt at a lower frequency than the LHP zero. 

The magnitude of one or both zeros can be comparable to \p 2 | . Because the RHP zero is 
at a lower frequency than the LHP zero, the RHP zero can cause significant negative phase 
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Figure 9.33 (a) Block diagram of a two-stage op amp with Miller compensation and a feedfor- 
ward trans conductor, (b) A small-signal model. 

shift for frequencies at or below \p 2 \, which would degrade the phase margin of a feed- 
back loop. This undesired negative phase shift would not occur if the transfer function did 
not have zeros. Unfortunately, the three techniques considered in Section 9.4.3 to elimi- 
nate a RHP zero have important limitations in a Low-supply application. First, the zeros 
could be eliminated by adding a source-follower buffer between the op-amp output and 
the right-hand side of capacitors C ml and C m 2 (as in Fig. 9.24), thereby eliminating the 
feedforward paths through the capacitors. However, the source follower has a nonzero dc 
voltage between its input and output. This voltage may limit the op-amp output swing to an 
unacceptably low value in a low-power-supply application. Second, cascode stages could 
be used to eliminate the zeros, as shown in Fig. 9,26. However, the requirement that all 
transistors in the cascode stage operate in the active region may limit the minimum supply 
voltage. Finally, a series zero-canceling resistance (as in Fig, 9.27 a) implemented with a 
transistor may require a large gate voltage that exceeds the power supply. 

A different technique for eliminating a RHP zero that can be used with cascaded 
stages in a low-supply application is shown in Fig. 9.33a. 1617 Two gain stages and one 
Miller compensation capacitor arc shown, A transconductance stage, g m f, is included. 
It provides a feedforward path that can be used to move the zero to infinity. The small- 
signal circuit is shown in Fig, 9,33b, To allow a simple explanation of this circuit, initially 
assume that C\ = = 0. The circuit has one pole due to C m and one zero due to the 

feedforward current through C m . II the zero moves to infinity, the total forward current 
must go to zero when a) Also, if the zero moves to infinity, the output voltage will 
go to zero as co » due to the pole in the transfer function. When tu capacitor 

C m becomes a short circuit, so V 2 = 0 when tn Therefore at infinite frequency, the 
current g m] V] from the g ml source llows through C m . Adding this feedforward current to 
the current g mf v 1 from the g mf generator gives the total current at the output node that is 
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related to v\ 

iff(o) =c) = {-g m i 4- g mf )v [ (9,71) 

If gmf ~ gm\ s this current equals zero, which means the zero is al infinity. 

An exact analysis of the circuit in Fig. 9,33 gives a transfer function 



Vo 

V| 



(9.72) 



~gin\^\gm2^2 gmfRz [gjfl/(C| "I ~ ^tti) SmlOnl 



J + slgmlRlRlCm + RiiCi F C m ) F R\(Ci F C m >] + S 2 R\R 2 (C\C 2 F C|C m F C 2 C Ht ) 

The zero can be moved to infinity by choosing g m f so that the coefficient of .v in the nu- 
merator is zero, which occurs when 

f »i 



gm f gml 



gm 1 



Cl F C n 



1 F 



Cl 

c„ 



(9.73) 



This value of g m j- depends on the ratio of an internal parasitic capacitance Ci, which is 
not well controlled, and compensation capacitor C m . Using g mj - = g M] moves Ihe zero 
into the LHP to about —g m2 lC \ ; the magnitude of this zero is usually above the unity-gain 
frequency of the op amp. If the g m x stage has a differential input, the —g m f stage can be 
realized using a replica of the g m \ stage with the inputs reversed to change the sign of the 
transconductance. 

This zero-cancellation scheme can be used repeatedly in a three-stage op amp to elim- 
inate the zeros, as shown in Fig. 9.34tz, A small-signal model is shown in Fig. 9.34 h. 
Analysis of this circuit gives a voltage gain of 



V„ _ # 2 ( n U F F Fttf 2 ) 

Vit j 1 F b\S F h 2 s~ F b 2 s 2 

where b\-h 3 are related to a\-a$ in (9,57) by 

b\ — d] F g m f [RqR2Cj„2 

b 2 = a 2 F g m fiR 0 R]R 2 (C\ F C m \)C m 2 

hi = a 3 

and the coefficients in the numerator are 



(9,74) 



(9.75a) 

(9,75b) 

(9,75c) 



no “ — gm()gm\gm2RoR] ~ gm /0 ~ gmQgmf] ^0 (9.76a) 

= 8m0(gml ~ g m f\)RnR\C m \ F (g m (> ~ g m fo)RoCft s2 

~ gmf0R\(C] + Cffll) - ~ gmOgmflR()R\C\ (9,76b) 

n 2 =(gm[) ^ gmft})Rt}Rl(C\ F C mi )C ml - gmfi)Ri)Rl(C\ F C m \)C [} (9.76c) 



The coefficients of .y and s 2 in the numerator include both positive and negative terms. 
Therefore, they can be set to zero, which eliminates the zeros, by properly choosing g mf o 
and g m f\. As in (9,73) above, these values depend on parasitic capacitances Co and C|. 
which are not well controlled in practice, An alternative choice is to set g m f$ = g m o and 
gmf i = gm\- When these values are substituted into (9.76a)-(9.76c), /i 0 , n\, and n 2 arc 
negative. Therefore, both zeros are in the LHP (see Appendix A9.2), and the RHP zero 
has been eliminated. 

Wilhg ffl /i = g m iandg m /o = the term added to a x in (9,75a) is small compared 
to the dominant term in a u which is g m \R\gvaR 2 R[\C sti2 ., if g ml Rt 1, Therefore b x = 
«i, and the dominant pole pi is still given by (9,59). However, b 2 can be significantly 
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Figure 9,34 {a) Block diagram of a ihrec-skigc op amp with nested Miller compensation and two 
feedforward iransconduetors. (b) Small-signal model, 

different from a 2 , and therefore p 2 and will be different from the values given by 
(9.66a) and (9.66b) + The new values of the high frequency poles can be found by solving 
the quadratic equation Lhat results when h[-b^ are substituted for ct[-a 3 in (9.60) + 

The selection of Ihc nested Miller compensation capacitors is complicated because the 
values of two compensation capacitors must be chosen, and they affect the pole and zero 
locations. The compensation capacitors can he chosen with the aid of a computer to achieve 
a particular settling-lime or phase-margin goal in a feedback application. Computer op- 
timization can be carried out on the closed-loop transfer function based on the op-amp 
transfer function or on the loop gain or return ratio, if the small-signal model parameters 
arc known. Alternatively, the capacitor values can be estimated using approximations and 
the equations presented above, Then SPICE simulations can be run on the transistor circuit 
slatting with the initial estimates of the compensation capacitors and varying the capaci- 
tors by small amounts Lo determine the best values. This approach is used in the following 
example. 
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■ EXAMPLE 



Design the 3-stage op amp in Fig. 9.34 to give a low-frequency gain of 86 dB and 45° 
phase margin for unity feedback (/ = 1) when driving a 5 pF load. Compensate the op 
amp so that all the poles arc real and widely spaced. To simplify this example, assume that 
the output resistance of each stage is 5 kll and the internal node capacitances Co and C] 
are each 0.05 pF. Determine the compensation capacitors and the transconduelanccs for 
the op amp. 

The feedforward Iransconductances g m fQ and g m f \ will be used to move the zeros to 
well beyond the unity-gain frequency. To simplify the design equations, let g mt o = 
and g m f i = g m i, based on (9.73)-(9,76) and the assumption that Co and C\ arc small 
compared to C m \ and C m 2, 

When g m f ft — g m f] — 0, the coefficients a t of the denominator of the transfer func- 
tion are given by (9.57). With nonzero g m f 0 and gm/i, however, ihe coefficients of j and s 1 
in the denominator of the transfer function change and are given by (9.75). From (9.75c), 
hi, — Also, as noted in the text following (9.76), the term added to a\ in (9.75a) is 
small compared to «i, so b\ ~ u\ and p x is given by (9,59). Hence, poles P 2 and p 3 are 
changed due to the added term that includes g^fi in hi in (9,75b). Assuming C\ <sz C m \ , 
(9.75b) reduces to 

hi ~ Ul + gmf\RbR\RlC m \C m i 



Subsliluling the approximate expression for ai in (9.62) and using g m /\ = g m ] , this equa- 
tion becomes 

hi ~ ^2GnlGn2 



Following the analysis from (9.60) Lo (9,67), we find 



h\ 



hi 



£jnl 

C m 1 



(9.77a) 



To satisfy |p2| ^ \pil let \pi 
ing yields 



P 3 



*i_J_ 

h Pi 



gm 2 

G 



(9.77b) 



10|p2|- Substituting (9.77) in this equality and rearrang- 

es) 



c m] = 10 ^c 2 






To ensure that C m 1 is not much larger than C2 = 5 pF we need g m \/g m 2 ^ 1 in (9.78). 
Here, we chose gmifgmi = 0.2. Substituting this value into (9.78) gives 



C m 1 = 10(0.2X5 pF) = lOpF 

With widely spaced poles, placing 1^1 at the unity-gain frequency gives a 45° phase 
margin. Since \gain\ x frequency is constant for frequencies between |pi| and |/?2|, we can 



write 








KHpiI = 1 ■ \ P2 \ 


(9,79) 


where 








Wq\ = gfn 0 ^ 0 gfnl^lgm 2^2 


(9.80) 



is the low-frequency gain. Substitution of (9.59), (9.77a), and (9.80) into (9,79) gives 

gm() gm] 



C m 2 



c„ 
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If the first two gain stages are made identical to reduce the circuit-design effort, g m0 = 
gmi, and the last equation reduces to 

C m2 = C m] = lOpF 

Now the transconductances can be found from the low-frequency gain requirement 
and (9.80), 

M - gmoRogm\R\g*aR2 = ^(5 kft) 3 = 20,000 = 86 dB 

since g m0 = g ml = 0.2 g m2 has been selected. Solving gives g ml - g m0 g mf] = 

&h/o = 3.2niA/V and g m2 = g m \/0.2 = 16 mA/V. 

SPICE simulation of this op amp gives a dc gain of 863 dB and a phase margin of 

52 degrees with a unity-gain frequency of 40 MHz, These values aTe dose enough to 

the specifications to illustrate the usefulness of the calculations. The pole locations are 
|^i [/2 tt = 2.3 kHz, \p2\/2tt = 59 MHz, and |^|/2n- = 464 MHz. The zero locations 
are complex with a magnitude much larger than the unity-gain frequency, at £ 1 , 2/2 tt = 
-345 MHz ±71.58 GHz. Running simulations with slight changes to the compensation 
capacitors, we find that using C ml = 10.4 pF and C m2 = 83 pF gives a phase margin of 
■ 47 degrees with a unity-gain frequency of 45 MHz. 
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To this point the considerations of this chapter have been mainly concerned with calcu- 
lations of feedback amplifier stability and compensation using frequency-domain tech- 
niques. Such techniques are widely used because they allow the design of feedback 
amplifier compensation without requiring excessive design effort. The mot-locus tech- 
nique involves calculation of the actual poles and zeros of the amplifier and of their 
movement in the s plane as the low-frequency, loop-gain magnitude 7 q is changed. This 
method thus gives more information about the amplifier performance than is given by 
frequency-domain techniques, but also requires more computational effort. In practice, 
some problems can be solved equally well using either method, whereas others yield more 
easily to one or the other. The circuit designer needs skill in applying both methods. The 
root-locus technique will be first illustrated with a simple example. 

9.5.1 Root Locus for a Throe-Pole Transfer Function 

Consider an amplifier whose transfer function has three identical poles. The transfer func- 
tion can be written as 



«0) = . (9.81) 

L S V 



where ao is the low-frequency gain and \pi \ is the pole magnitude. Consider this amplifier 
placed in a negative-feedback loop as in Fig. 9. 1 , where the feedback network has a transfer 
function /, which is a constant. If we assume that the effects of feedback loading are small, 
the overall gain with feedback is 



Ms) 



Ms) 

1 + a(sjf 



(9.82) 
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Using (9.81) in (9.82) gives 



Ms) = 



^0 






Pi 



ao 



1 + 



Oof 



1 - 



( s \ 3 
1 - - + To 

Pi 



P i 



where To ~ aof is the low-frequency loop gain. 
The poles of A(s) are the roots of the equation 



(9.83) 



1-— +7o = 0 

'v Pi 



That is 



and thus 



ll - 



Pi 



= -Tn 



- V=Tb = ~W or Woe#* 

Pi 



or 



We 



-J 60 fl 



Thus the three roots of (9.84) are 

s\ = p\ [l + V^o) 

J2 = P. ( 1 - 

si = pi (l ~~ 

These three roots are the poles of A(.v) and (9.83) can he written as 

do 



A(s) = 



,+r “H)K)H 



(9.84) 



(9.85) 



(9.86) 



The equations in (9.85) allow calculation of the poles of A(s) for any value of low- 
frequency loop gain To. For To = 0, all three poles are at p[ as expected. As Tq increases, 
one pole moves out along (he negative real axis while the other two leave the axis at an 
angle of 60° and move toward the right half-plane. The locus of the roots (or the root 
locus) is shown in Fig. 9.35, and each point of this root locus can be identified with the 
corresponding value of Tq, One point of significance on the root locus is the value of T 0 
at which the two complex poles cross into the right half-plane, as this is the value of loop 
gain causing oscillation. From the equation for $2 in (9.85), this is where Re(.s 2 ) = 0, 
from which we obtain 



That is, 



1 - Re( We JW °) = 0 
X/Tq cos 60° = 1 



T 0 = 8 



and 
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j(o 




Figure 9.35 Root locus for a feedback 
amplifier with three identical poles 
in T(s). 



Thus, any amplilier with three identical poles becomes unstable for low-frequency loop 
gain Tq greater than 8. This is quite a restrictive condition and emphasizes the need for 
compensation if larger values of T 0 are required. Note that not only does the root-locus 
technique give the value of T 0 causing instability, it also allows calculation of the amplifier 
poles for values of 1 T 0 < 8, and thus allows calculation of both sinusoidal and transient 
response of the amplifier. 

The frequency of oscillation can be found from Fig. 935 by calculating the distance 

ojq = |p! I tan 60° = l.732|pi| '(9.87) 

Thus, when the poles just enter the right half-plane, their imaginary part has a magnitude 
i.732|/?i| and this will be the frequency of the increasing sinusoidal response. That is. if 
the complex poles are at (a ± ja> 0 ) where <r is small and positive, the transient response 
of the chcuit contains a term Ke at sin which represents a gnawing sinusoid. ( K is set 
by an initial condition.) 

It is useful to calculate the value of T {i causing instability in this case by using the 
frequency-domain approach and the Nyquist criterion. From (9.81) the loop gain is 



T(ju) 



f 







7n 



1 +j 



. to 



\P\\ 



(9.88) 



The magnitude and phase of T(jto) as a function of w are sketched in Fig. 936, The 
frequency to m where the phase shift of T(joj) is - 1 80° can be calculated from (9.88) as 



1 80° = 3 arctan 



^180 



\PI 



and this gives 

^iso = 1-732|/?]| 

Comparing (9.87) with (9.89) shows that 

i so = too 

The loop-gain magnitude at can be calculated from (9.88) as 

Ty _ = To 
8 



I'T’Oiso) = 



1+7 



.to|jjo 



\P1\ 



(9.89) 

(9.90) 

(9.91) 
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|7X>cu)| dB 




Figure 9.36 Magnitude and phase of T(jto) for a feedback amplifier whh three identical poles 
in 7'k.v)- 

using (9.89). The Nyqui&t criterion for stability indicates it is necessary that |r(jwi8o)l < 
1. This requires that To < 8, the same result as obtained using root-locus techniques, 



9.5.2 Rules for Roof-Locus Construction 



In the above simple example, it was possible to calculate exact expressions for the amplifier 
poles as a function of and thus to plot the root loci exactly. In most practical cases this is 
quite difficult since the solution of third- or higher order polynomial equations is required. 
Consequently, rules have been developed that allow the root loci to be sketched without 
requiring exact calculation of the pole positions, and much of the useful information is 
thus obtained without extensive calculation. 

In genera!, the basic-amplifier transfer function and the feedback function may he 
expressed as a ratio of polynomials in s. 



This can be written as 



Also assume that 



a(s) = £)q 



f(s) = fi) 



1 "b Ct\ S + Ct2$^ T ‘ ‘ ' 
1 + b\S + h 2 S 2 + ‘ * ■ 


(9.92) 


0 _ «o , , 


(9.93) 


1 + d\s + d 2 s 2 H- ■ ■ ■ 


(9.94) 
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This can be written ay 

f(s) = fajrjr (9.95) 

Df(s) 

Loading produced by the feedback network on the basic amplifier is assumed to be 
included in (9.92), It is further assumed that the low-frequency loop gain a [} f n can be 
changed without changing the poles and zeros of a(s) or f(s\ 

The overall gain when feedback is applied is 





*,) - aCt) . 

] + a(s)f (s) 


(9.96) 


Using (9.93) and (9.95) in (9.96) gives 




A(j) 


_ ai)N a (s)Df(s) 

D f (s)D a (s) + T 0 N (l (s)N f (s) 


(9.97) 


where 


7b = &o/o 


(9,98) 


is the low-frequency loop gain. 







Equation 9.97 shows that the zeros of A(s) are the zeros of tf(.r) and the poles of / (s). 
From (9.97) it is apparent that the poles of A(s) are the roots of 



D f (s)D u (s) + T 0 NJs)N f (s) = 0 .(9,99) 

Consider the two extreme cases, 

(a) Assume that there is no feedback and that T 0 = 0. Then, from (9.99), the- poles of A(s) 

are the poles of a(s) and f(s), However, the poles of /(.v) arc also zeros of A(s) and 
these cancel, leaving the poles of A(s) composed of the poles of o(s) as expected. The 
zeros of A(j) are the zeros of a(j) in this case. 

(b) Let T$ Then (9,99) becomes 



N a (s)N f (s) = 0 (9.100) 

This equation shows that the poles of A(s) are now the zeros of #(.;) and the zeros of 
/(.?)■ However, the zeros of a(s) are also zeros of A(.v) and these cancel, leaving the 
poles of A(s) composed of the zeros of /(j). The zeros of A(s) are the poles of f(s) in 
this case. 



Rule 1 ■ The branches of the root locus start at the poles of T(s) = where T 0 = 0, 

and terminate on the zeros of T(s) where To = co - If T(s) has more poles than zeros, some 
of the branches of the root locus will terminate at infinity. 



Examples of loci terminating at infinity are shown in Figs. 9.3 and 9.35. More rules 
for the construction of root loci can be derived by reluming to (9.99) and dividing it by 
Df{s)D a {s). Poles of A(s) are roots of 



1 ^f.v)AV(s) 

Q D a ( S )D f (s) 



= 0 



N a (s) N f (s) 
"*U0 D f \s) 



That is 
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The complete expression including poles and zeros is 



where 




Z.a\ > Za 2 ' ' ■ OTC Zeros of d(s) 
Zf\,Zf 2 " m arc zeros of /( j) 
Pai, \ha are poles of a(s) 
Pf \, p /2 ' ■ ■ are poles of f(s) 



Equation 9. 10 L can be written as 

T ( Pal K ~ Pa 2) ■ - - J ~ ~ 

Q (~Z a \ ){~Z Q l) 1 ’ ■ {~Zf])( — Zf2) " ' ' 

(j - z. a \)(s - Zai) ■■■{s- Zfi){S - Zfi) • ■ 
0 - P*l)(S - Pal) ' ■ ■ Cv - Pfl)(s - Pfl)- 



= 1 



- -1 



(9.101) 



(9. 102) 



If the poles and zeros of zrCv) and / ( y) are restricted to the left half-plane [this does not 
restrict the poles of A(s)], then -p a -p u 2i and so on are positive numbers and (9.102) 
can be written 



T I Pal I ■ \Pal\ ■■■\pf]\-\pf2\"- (,t~ Z„l)(S ~ Z a2 ) ’ ‘ ' (s ~ Zfl)(s ~ Zf 2 ) ' ' ' _ , 

/ Q •; 1 j j j j j j A : — — j 

\Za\ \ ■ I Z.(t2 1 1 ■■ \Z.f] \ ■ \Zf2\ " ■ ~ Pa I )(* “ Pal) ' * ' “ Pf\){$ ~ Pfl)"' 

(9.103) 

Values of complex variable s satisfying (9.103) are poles of closed-loop function 
Equation 9.103 requires the fulfillment of two conditions simultaneously, and these con- 
ditions arc used to determine points on the root locus. 

The phase condition for values of s satisfying (9* 103) is 

j$ ~ Z, a \ -h jS — Zal 1 ' - + jS ~ Z f l + jS ~ Zf2 + ' * * 

- ( A - Pa] + A ~ Pa 2 h A ~ Pf l + A ~ P/2 • ■ ■) = (2n - 1 )lT (9. 104) 



The magnitude condition for values of s satisfying (9.103) is 

T IPflll ' \p«2 \---\pf] \ ■ \Pfl\--- k ~ ^|| • k ~ Za2\--- I* - Z/l • l» - = ] 

0 kil ■ M kfil ■ \zn\--- k - - \s - p tl2 1- - ■ |.s - p/i| • |.( - p/ 2 1 

(9.105) 

Consider an amplifier with poles and zeros of T(s) as shown in Fig. 9.37. In order to 
determine if some arbitrary point X is on the root locus, the phase condition of (9.104) is 
used. Note that the vectors of (9.104) are formed by drawing lines from the various poles 
and zeros of T(s) to (he point X and the angles of these vectors are then substituted in 
(9.104) to check the phase condition* This is readily done for points Y and Z on the axis. 
At Y 

l s Y ~ Z\ — 0° 
fsy ~ P] = 0° 



and so on. All angles are zero for point Y and thus the phase condition is not satisfied. This 
is the case for all points to the right of p\ . 
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Figure 9.37 Poles and zeros of loop gain T(s) of a, feedback amplifier. Vectors are drawn to the 
point X to determine if this point is on the root locus. 

At Z 

pz - z\ = 0* 
pz - Pi = 180° 
pz ~ Pi = 0° 
pz ~ Pi = 0° 
pz - P4 = 0 o 

In thi s case, the phase condition of (9.104) is satisfied, and points on the axis between p\ 
and p 2 are on the locus. By similar application of the phase condition the locus can be 
shown to exist on the real axis between p 3 and ~| and to the left of p^. 

In general, if T(j) has all its zeros and poles in the LHP, the locus is situated along 
the real axis where there is an odd number of poles and zeros of Tfj) to the right. In some 
cases, however, all the zeros of 7'(s) are not in the LHP. For example, an op amp that uses 
Miller compensation can have a RHP zero in a(s) and therefore in T (s). If a(s) has at least 
one RHP zero, at least one of the ~z a i terms in (9. 102) is negative, rather than positive as 
assumed in (9,103). If the number of RHP zeros is even, an even number of —z a i terms 
that are negative appear in the denominator of (9.102). The product of these negative terms 
is positive, and therefore (9.103) and (9.104) remain correct. However, if the number of 
RHP zeros is odd. the product of the ~z ai terms in (9. 102) is negative. As a result, a minus 
sign appears on the left-hand side of (9.103) that causes a 7 r term to be added on the left 
side of (9. 104). This change to the phase condition is reflected in the following rule. 

Rule 2. If T(s) has all its zeros in the LHP or if T(s) has an even number of RHP zeros, the 
locus is situated along the real axis wherever there is an odd number of poles and zeros of 
T(s) to the right. However, if T(s) has an odd number of RHP zeros, the locus is situated 
along the real axis wherever there is an even number of poles and zeros of T(j) to the right. 

Consider again the situation in Fig. 9.37. Rule 1 indicates that branches of the locus 
must start at p\, p 2f p 3 , and Rule 2 indicates that the locus exists between p 3 and zu and 

thus the branch beginning at p 3 ends at z\ . Rule 2 also indicates that the locus exists to the 
left at p 4 t and thus the branch beginning at pz moves out to negative infinity. The branches 
beginning at p x and p 2 must also terminate at infinity, which is possible only if these 
branches break away from the real axis as shown in Fig. 9.38. This can be stated as follows, 

Rule 3. All segments of loci thaL he on the real axis between pairs of poles (or pairs of 
zeros) of T(s) must, at some internal break point, branch out from the real axis. 

The following rules can be derived, Iy 
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Rule 4. The locus is symmetrical with respect to the real axis (because complex roots 
occur only in conjugate pairs). 

Rule 5. Branches of the Locus that leave the real axis do so at right angles, as illustrated 
in Fig. 9.38. 

Rule 6 . If branches of the locus break away from the real axis, they do so at a point where 
the vector sum of reciprocals of distances to the poles of T(s) equals the vector sum of 
reciprocals of distances to the zeros of T(s). 



Rule 7. If l\s) has no RHP zeros or an even number of RHP zeros, branches of the locus 
that terminate at infinity do so asymptotically to straight lines with angles to the real axis 
of [(2 n - 1 )ir]!{N p - N z ) for n = 0, 1, ■ ■ ■ . N p - N z — 1, where N p is the number of poles 
and N z is the number of zeros. However, if T(s) has an odd number of RHP zctos, the 
asymptotes intersect the real axis at angles given by (2 nir)/(Np — N z ). 



Rule 8. The asymptotes of branches that terminate at infinity all intersect on the real axis 
at a point given by t 



&a = 



X [poles of T(s)] — X [zeros of T(s)] 
N p -N z 



(9.106) 



A number of other rules have been developed for sketching root loci, but those de- 
scribed above are adequate for most requirements in amplifier design. The rules are 
used to obtain a rapid idea of the shape of the root locus in any situation, and to 
calculate amplifier performance in simple cases. More detailed calculation on circuits 
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exhibiting complicated pole-zero patterns generally require computer calculation of the 
root locus. 

Note that the above rules are all based on the phase condition of (9.104). Once the 
locus has been sketched, it can then be calibrated with values of low-frequency loop gain 
calculated at any desired point using the magnitude condition of (9.105). 

The procedures described above will now be illustrated with examples. 



■ EXAMPLE 



In Section 9.5.1 the root locus was calculated for an amplifier with three identical poles. 
This example was chosen because it was analytically tractable. Now consider a more prac- 
tical case where the amplifier has three nonidentical poles and resistive feedback is ap- 
plied. It is required to plot the root locus for this amplifier as feedback factor / is varied 
(thus varying 7 q), and it is assumed that variations in f do not cause significant changes 
in the basic-amplifier transfer function a(i). 

Assume that the basic amplifier has a transfer function 



where 



a(s) = 



100 



1 - — 
P\ 



s 

P2 



P3 



(9.107) 



P] = -1 x 10 6 rad/s 
P 2 = - 2 X 10 6 rad/s 
P3 = -4X 10 6 rad/s 

Since the feedback circuit is assumed resistive, loop gain T(s) contains three poles. The 
root locus is shown in Fig. 9.39, and, for convenience, the numbers are normalized to 
1 0 6 rad/s. 



Rules 1 and 2 indicate that branches of the locus starting at poles p\ and p 2 move 
toward each other and then split out and asymptote to infinity. The branch starting at pole 
/?3 moves out along the negative real axis to infinity. 

The breakaway point for the locus between p\ and p 2 can he calculated using rule 6, 
If cr } is the coordinate of the breakaway point, then 



+ 



1 



+ 



1 



cr j + 1 tn + 2 <r, + 4 



= 0 



(9.108) 



Solving this quadratic equation for cr, gives r r i = -3.22 or - 1.45. The value - 1.45 is the 
only possible solution because the breakaway point lies between - 1 and -2 on the real 
axis. 

The angles of the asymptotes to the real axis can be found using rule 7 and are ±60° 
and 180°. The asymptotes meet the real axis at a point whose coordinate is cr„ given by 
(9.106), and using (9,106) gives 






(-1 -2 -4) -0 
3 



-2.33 



When these asymptotes are drawn, the locus can be sketched as in Fig. 9.39 noting, from 
rule 5, that the locus leaves the real axis at right angles. The locus can now be calibrated 
for loop gain by using the magnitude condition of (9.105). Aspects of interest about the 
locus may be the loop gain required to cause the poles to become complex, the loop gain 
required for poles with an angle of 45° to the negative real axis, and the Loop gain required 
for oscillation (right half-plane poles). 
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Figure 9.39 Root-locus example for poles o t T{s) al -1 X U) 6 , -2 x 10 f) , and -4 x J0 ( - rad/s, 



Consider first the loop gain required to cause the poles to become complex. This is a 
point on the locus on the real axis at a- t — — 1.45. Substituting s = - 1.45 in (9. 105) gives 



1x2x4 

ic> 0.45 x 0.55 x 2.55 

where 



(9. 1 09) 



lf>j|=l \Pi\ = 2 \p 3 \ = 4 

\s ~ pt\ = 0.45 \s - p 2 1 = 0.55 |i- - pi | = 2.55 

and 



s = - 1 ,45 at the point being considered 

From (9.109), T$ = <108, Thus a very small loop-gain magnitude causes poles p\ and p 2 
to come together and split. 

The loop gain required to cause right half-plane poles can he estimated by assuming 
that the locus coincides with the asymptote at that point* Thus we assume the locus crosses 
the imaginary axis at the point 

j2'. 33 tan 60° = 40; 

Then the loop gain al this point can be calculated using (9.105) lo give 

1x2x4 
T() 4, [ X4.5 x 5.7 



(9.110} 
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where 



A' - P \ | = 4. 1 \s - p 2 1 = 45 \s - I - 5,7 



s = 4/ at this point on the locus 

From (9.110), Tq = 13.2. Since = 100 for this amplifier [from (9.107)]. the overall 
gain of the feedback amplifier to To = 13.2 is 

*-ms- ™ 

and 

/ = — = 0.132 
ao 

The loop gain when the complex poles make an angle of 45° with the negative real 
axis can be calculated by making the assumption that this point has the same real-axis 
coordinate as the breakaway point. Then, using (9,105) with $ = (—1.45 H- 1.45 /), we 
obtain 



and thus 



1X2X4 

°l.52x 1.55 x 2.93 



T n = 0,86 



Finally, the loop gain required to move the locus out from pole p$ is of interest. When 
the real-axis pole is at -5, the loop gain can be calculated using (9.105) with ,v - -5 to 
give 

1x2x4 

^ . = l 



1x3x4 



That is, 



Tn = 1.5 



When this pole is at —6. the loop gain is 



and thus 



1X2X4 1 

r °2x4x5 



Tn — 5 



These values are marked on the root locus of Fig. 9.39. 

In this example, it is useful to compare the prediction of instability at T,> = 1 3,2 with 
the results using the Nyquist criterion. The loop gain in the frequency domain is 



^oo = 



2 x \(fi 



4 x io 6 ’ 



(9,111) 



A series of trial substitutions shows that £.T(jat) = -180° for = 3.8 X 10 6 rad/s. Note 
that this is close to the value of 4 X 10 6 rad/s where the root locus was assumed to cross the 
joj axis, Substitution of at - 3,8 X 10 6 in (9,111) gives, for the loop gain at that frequency, 



\T(joi)\ = 



(9.112) 
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Thus, for stability, the Nyquist criterion requires that Tq < 1 1.6 and this is close to the 
answer obtained from the root locus. If the point on the jw axis where the root locus crossed 
had been determined more accurately, it would have been found to be at 3.8 X 10 6 rad/s, 
and both methods would predict instability for To > 11.6. 

Tt should be pointed out that the root locus for Fig. 9.39 shows the movement of the 
poles of the feedback amplifier as Tq changes. The theory developed in Section 9.5,2 
showed that the zeros of the feedback amplifier arc the zeros of the basic amplifier and the 
poles of the tecdback network. In this case there are no zeros in the feedback amplifier, but 
this is not always the case. It should he kept in mind that if the basic amplifier has zeros 
■ in its transfer function, these may be an important part of the overall transfer function. 

The rules for drawing a root locus were presented for varying T 0 , assuming that the 
poles and zeros of <j{j) and / (.?) do not change when 7 q changes. This assumption is often 
not valid in practice, since changing the circuit to change To - a$f usually affects at least 
some of the poles and zeros. Alternatively, these rules can be used to draw a root locus of 
Ihe poles of a transfer function as the value x of an element in the circuit changes if the 
closed-loop gain A(s) can be written in the form 



A(s) = 



M{$) 

G(.v) + xH(s) 



(9.113) 



where M(s), G(s ), and H(s) arc polynomials in s, and G{s) and H(s) are not functions of x. 
The poles of A(s) are the roots of G(s) = 0 when x = 0 and the roots of H(s) = 0 when 
x ». The roots of G{s) = 0 arc the starting points of the root locus, and the roots of 
H (.s) = 0 arc the ending points of the root locus. The complete locus for all values of x can 
be drawn by following the rules given in this section. For example, this approach could 
be used to plot a locus of the poles of the transfer function in (9.27) as the compensation 
capacitor C varies. (In this case, x = C) 



9.5,3 Root Locus for Dominant-Pole Compensation 



Consider an op amp that has been compensated by creation of a dominant pole at p ]f If 
we assume the second most dominant pole is at p 2 and neglect the effect of higher order 
poles, the root locus when resistive feedback is applied is as shown in Fig. 9.40, Using 
rules 1 and 2 indicates that the root locus exists on the axis between p\ and and the 
breakaway point is readily shown to he 



o’. 



P\ + P2 
2 



(9.114) 



using rule 6. Using rules 7 and 8 shows that the asymptotes are at 90° to the real axis and 
meet the axis atcr ( . 

As Tq is increased, the branches of the locus come together and then split out to become 
complex. As To becomes large, theimaginary part of the poles becomes large, and the 
circuit will then have a high-frequency peak in its overall gain function A(ja>), This is 
consistent with the previous viewpoint of gain peaking that occurred with diminishing 
phase margin. 

Assume that maximum bandwidth in this amplifier is required, but that little or no 
peaking is allowed. This means that with maximum loop gain applied, the poles should 
not go beyond the points marked X and V on the locus where an angle of 45° is made 
between the negative real axis and a line drawn from X or Y to the origin. At A, the loop 
gain can be calculated using (9.105) 



To 



|Pli - \P2 

-| S~ p 2 



= 1 



(9.115) 




676 Chapter 9 ■ Frequency Response and Stability of Feedback Amplifiers 




Figure 9.40 Root locus 
for an op amp with two 
poles in its transfer func- 
tion- The feedback is 
assumed resistive. 



If pi is a dominant pole, we can assume that \p \ | |p 2 1 and tr; 

\s ~ pi| = |.s - p 2 \ — v' 2 |p 2^2. Thus (9.115) becomes 

\2 

I i / — I fit I 

To = 



p 2 /2. Fot poles at 45°, 



\P\ 






This gives 



Ta = = 



1\eA 

2 IpiI 



(9.116) 



for the value of To required to produce poles at X and Y in Fig. 9.40. The effect of narrow- 
banding the amplifier is now apparent. As \p \ \ is made smaller, it requires a larger value of 
Tq to move the poles out to 45°. From (9,1 16), the dominant-pole magnitude \p \ | required 
to ensure adequate performance with a given 7 q and \p 2 \ can be calculated. 



9.5*4 Root Locus for Feedback-Zero Compensation 



The techniques of compensation described earlier in this chapter involved modification 
of the basic amplifier only. This is the universal method used with op amps that must 
be compensated for use with a wide variety of feedback networks chosen by the user. 
However, this method is quite wasteful of bandwidth, as was apparent in the calculations. 

In this section, a different method of compensation will be described that involves 
modification of the feedback path and is generally limited to fixed-gain amplifiers. This 
method finds application in the compensation of wideband feedback amplifiers where 
bandwidth is of prime importance. An example is the shunt-series feedback amplifier of 
Fig. 8.31, which is know as a current feedback pair , The method is generally useful in 
amplifiers of this type, where the feedback is over two stages, and in circuits such as the 
series-series triple of Fig. 8. 18a, 

A shunt-senes feedback amplifier including a feedback capacitor C> is shown in 
Fig. 9.41. The basic amplifier including feedback loading for this circuit is shown in 
Fig, 9.42. Capacitors C t at input and output have only a minor effect on the circuit transfer 
1 unction. The feedback circuit for this case is shown in Fig. 9.43 and feedback function f 
is given by 




Re 1 4- RfCfS 



Rf + Re | + 



ReR f 
Re + Rf 



CfS 



(9.117) 




Figure 9.42 Basic amplifier including feedback loading for the circuit of Fig. 9.41. 




VvV 

R r 




Figure 9,43 Circuit tor the calculation 
of feedback function / for the amplifier 
of Fig. 9.41. 



Feedback function / thus contains a zero with a magnitude 



"z = 



1 

RpCp 



and a pole with a magnitude 



(O p 



Re + Rp 1 

Re RpCp 



(9.118) 



(9.119) 



Quantity (R E + Rf)(Re is approximately the low-frequency gain of the overall circuit with 
feedback applied. and, since it is usually true that (Re 4- Rp )/Re ^ h the pole magnitude 
given by (9.119) is usually much larger than the zero magnitude. This will be assumed 
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s plane x 10 6 rad/sec 



-20 \-1G 



Figure 9.44 Root locus for the circuit of Fig. 9.41 assuming the basic amplifier contributes two 
poles to T(s) and the feedback circuit contributes one zero. 



and the effects of the pole will be neglected, but if (R E + Rf)/R t becomes comparable to 
unity, the pole will be important and must be included. 

The basic amplifier of Fig. 9.42 has two significant poles contributed by Q\ and Q 2 . 
Although higher magnitude poles exist, these do not have a dominant influence and will 
be neglected. The effects of this assumption will be investigated later. The loop gain of the 
circuit of Fig. 9.41 thus contains two forward-path poles and a feedback zero, giving rise 
to the root locus of Fig. 9.44. For purposes of illustration, the two poles are assumed to be 
Pi = - 10 x 10 6 rad/s and p 2 = -20 x 10 6 rad/s and the zero is z = -50 x ]0 6 rad/s. 
For convenience in the calculations, the numbers will be normalized to 10 6 rad/s. 

Assume now that the loop gain of the circuit of Fig. 9.41 can be varied without chang- 
ing the parameters of the basic amplifier of Fig. 9.42. Then a root locus can be plotted as 
the loop gain changes, and using rules 1 and 2 indicates that the root locus exisLs on the 
axis between p\ and p 2 , and to the left of The root locus must thus break away from the 
axis between p i and p 2 at crj as shown, and return again at o 2 . One branch then extends 
to the right along the axis to end at the zero while the other branch heads toward infinity 
on the left. Using rule 6 gives 



(j j + 20 



(9.120) 



Solution of (9.120) fora - ! gives 



cr 1 = -84.6 



- 15.4 



Obviously = —15.4 and the other value is = -84.6. Note that these points are 
equidistant from the zero, and, in fact, it can he shown that in this example the portion of 
the locus that is off the real axis is a circle centered on the zero. An aspect of the root-locus 
diagrams that is a useful aid in sketching the loci is apparent from Fig. 9.39 and Fig. 9.44. 
The locus tends to bend toward zeros as if attracted and tends to bend away from poles as 
if repelled. 

The effectiveness of the feedback zero in compensating the amplifier is apparent from 
Fig. 9.44. If we assume that the amplifier has poles p\ and p 2 and there is no feedback 
zero, then when feedback is applied the amplifier poles will split out and move parallel 
to the jej axis. For practical values of loop gain To, this would result in “high Q" poles 
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Figure 9.45 Poles of the transfer function of the 
feedback amplifier of Fig. 9.4! . The transfer 
function contains no zeros. 



near the jo> axis, which would give rise lo an excessively peaked response. In practice, 
oscillation can occur because higher magnitude poles do exist and these would tend to give 
a locus of the kind of Fig. 9.39, where the remote poles cause the locus lo bend and enter 
the right half-plane. (Note that this behavior is consistent with the alternative approach 
of considering a diminished phase margin to be causing a peaked response and eventual 
instability.) The inclusion of the feedback zero, however, bends the locus away from the 
jo) axis and allows the designer to position the poles in any desired region. 

An important point that should be stressed is that the root locus of Fig. 9.44 gives 
Ihe poles of the feedback amplifier. The zero in that figure is a zero of loop gain T(s) and 
thus must be included in the root locus. However, the zero is contributed by the feedback 
network and is not a zero of the overall feedback amplifier. As pointed out in Section 
9.5.2, the zeros of the overall feedback amplifier are the zeros of basic amplifier a(s) and 
the poles of feedback network f(s). Thus the transfer function of the overall feedback 
amplifier in this case has two poles and no zeros, as shown in Fig. 9.45, and the poles 
are assumed placed at 45° to the axis by appropriate choice of z. Since the feedback zero 
affects the root locus but does not appear as a zero of the overall amplifier, it has been 
called a phantom zero. 

On the other hand, if the zero z were contributed by the basic amplifier, the situation 
would be different. For the same zero, the root locus would be identical but the trans- 
fer function of the overall feedback amplifier would Ihen include the zero as shown in 
Fig. 9.46. This zero would then have a significant effect on the amplifier characteristics. 
This point is made simply to illustrate the difference between forward path and feedback- 
path zeros. There is no practical way to introduce a useful forward-path zero in Ihis 
situation* 

Before leaving this subject, we mention the effect of higher magnitude poles on the 
root locus of Fig* 9.44, and this is illustrated in Fig. 9.47. A remote pole will cause the 
locus to deviate from the original as shown and produce poles with a larger i maginary part 
than expected. The third pole, which -is on the real axis, may also be significant in the final 
amplifier. Acceptable performance can usually be obtained by modifying the value of z 
from that calculated above* 

Finally, the results derived in this chapter explain the function of capacitors C> and 
Cf in the circuit of Lhe MC 1553 series-series triple of Fig. 8.21a, which was described in 
Chapter 8. Capacitor Cp causes pole splitting to occur in stage Q 2 and produces a dominant 
pole in the basic amplifier, which aids in the compensation. However, as described above, 
a large value of Cp will cause significant loss of bandwidth in the amplifier, and so a 
feedback zero is introduced via Cp, which further aids in the compensation by moving the 
root locus away from the jo* axis. The final design is a combination of two methods of 
compensation in an attempt to find an optimum solution. 
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c 

Figure 9.46 Poles and zeros of the transfer func- 
tion of the feedback amplifier of Fig. 9.41 if 
the zero is assumed contributed by the basic 
amplifier. 



jo) 




Figure 9.47 Root locus of the circuit of Fig. 9.41 when an additional pole of the basic amplifier is 
included. (Not to scale.) 



jo) 




9.6 Slew Rate 8 

The previous sections of this chapter have been concerned with the small-signal behavior 
of feedback amplifiers at high frequencies. However, the behavior of feedback circuits 
with large input signals (either step inputs or sinusoidal signals) is also of interest, and 
the effect of frequency compensation on the large-signah high-frequency performance of 
feedback amplifiers is now considered. 

9.6.1 Origin of Slew-Rate Limitations 

A common test of the high-frequency, large-signal performance of an amplifier is to apply 
a step input voltage from 0 to +5 V as shown in Fig. 9.48. This figure shows an op amp 
in a unity-gain feedback configuration and will be used for purposes of illustration in this 
development, Suppose initially that the circuit operates linearly when this input is applied, 
and further that the circuit has a single-pole transfer function given by 



1 + ST 



(9.121) 
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t Figure 9.48 Circuit for testing slew-rale 
performance. 



where 




(9. 122) 



and f 0 is the -3-dB frequency. Since the circuit is connected as a voltage follower, the 
low-frequency gain A will be close to unity. If we assume that this is so, the response of 
the circuit to this step input [!/,(.*) = 5/.y] is given by 






1 5 

1 + .ST S 



(9.123) 



using (9.121). Equation 9. 123 can be factored to the form 



From (9.124) 



V„(s) = 5 

s 



5 



s + - 

T 



Vo(t) = 5(1 -e'" T ) 



(9. 124) 



(9.125) 



The predicted response from (9.125) is shown in Fig. 9,49a using data for the 741 op amp 
with f 0 = 1,3 MHz. This shows an exponential rise of V 0 {f) to 5 V and the output reaches 
90 percent of its final value in about 0.3 jus. 

A typical output for a 741 op amp in such a test is shown in Fig, 9,49i> and exhibits a 
completely different response. The output voltage is a slow ramp of almost constant slope 
and takes about 5 /as to reach 90 percent of its final value. Obviously the small-signal 
linear analysis is inadequate for predicting the circuit behavior under these conditions. 
The response shown in Fig, 9,49fr is typical of op amp performance with a large input 
step voltage applied. The rate of change of output voltage cfV 0 Idt in the region of constant 
slope is called the slew rate and is usually specified in V/jjls. 

The reason for this discrepancy between predicted and observed behavior noted above 
can be appreciated by examining the circuit of Fig. 9.48 and considering the responses in 
Fig. 9.49. At t = 0, the input voltage steps to +5 V ? but the output voltage cannot respond 
instantaneously and is initially zero. Thus the op-amp differential input is V ic f = 5 V, 
which drives the input stage completely out of its linear range of operation. This can be 
seen by considering a two-stage op amp; simplified schematics for a bipolar and CMOS 
op amp for use in this analysis are shown in Fig. 9,50. The Miller compensation capacitor 
C connects around the high-gain second stage and causes this stage to act as an integrator. 
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V, (l) 





Figure 9.49 Response of the 
circuit of Fig. 9.48 when a 
5-V step input is applied, (a) 
Response predicted by (9.125) 
for the 741 op amp, {h) Mea- 
sured response for the 741 . 



The current from the input stage, which charges the compensation capacitor, is l x . The 
large-signal transfer characteristic from the op-amp differential input voltage to i x 
is that of a differential pair, which is shown in Fig. 9.51. From Fig. 9.51, the maximum 
current available to charge C is 2l it which is the tail current in the input stage. For a 
bipolar differential pair, |/J = 21] if \V id \ > 3V T , For a MOS differential pair, |/ T | 2l\ 

v'2| |. (See Chapter 3.) Thus, when V id = 5 V as described above, the input 

stage limits and 1 x = 21 i (assuming that Jl\ V ov .-\ | < 5 V for the MOS circuit). The circuit 
thus operates nonlinearl\\ and linear analysis fails to predict the behavior. If the input stage 
did act linearly, the input voltage of 5 V would produce a very large current l x to charge 
the compensation capacitor. The fact that this current is limited to the fairly small value 
of 2/} is the reason for the slew rate being much less than a linear analysis would predict. 
Consider a large input voltage applied to the circuits of Fig. 9 + 50 so that I x = 2/ t , Then 
the second stage acts as an integrator with an input current 2/j, and the output voltage V 0 
can be written as 



and thus 



= ij 2 l x dt 

dV a 2/| 
~di~ ~ ~C 



(9.126) 



(9.127) 



Equation 9,127 predicts a constant rate of change of V 0 during the slewing period, 
which is in agreement with the experimental observation. For the 741 op amp, l \ = 12p.A 
and C = 30 pF giving dVJdt = 0.8 V/jxs, which is close to the measured value. The 
above calculation of slow rate was performed oil the circuits of Fig. 9.50, which have no 
overall feedback. Since the input stage produces a constant output current that is inde- 
pendent of its input during the slewing period, the presence of a feedback connection to 
the input does not affect the circuit operation during this time. Thus, (he slew rate of the 
amplifier is the same whether feedback ls applied or not. 



J 
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9,6.2 Methods of Improving Slew-Rate in Two-Stage Op Amps 



In ordeT to examine methods of slew-rate improvement, a more general analysis is re- 
quired. This can be performed using the circuit of Fig. 9.52, which is a general repre- 
sentation of an op amp circuit. The input stage has a small-signal transconduetance g m} 
and, with a large input voltage, can deliver a maximum current l xm to the next stage. The 
compensation is shown as the Miller effect using the capacitor C, since this representation 
describes most two-stage integrated-circuit op amps. 

From Fig. 9.52 and using (9*127), we can calculate the slew rate for a large input 
voltage as 



dVp _ I xm 

~cT ~ 1T 



(9.128) 



Consider now small-signal operation. For the input stage, the small-signal tTansconduc- 
tanee is 



AVf 






(9.129) 



For the second stage (which acts as an integrator) the transfer function at high frequencies is 
and in the frequency domain 

Ay, 



A/, 



Combining (9.129) and (9.130) gives 

AV, 

Ay 



_ 


1 




A/ v 


" sC 




-O) 

X 


I 

jwC 


(9.130) 


r(i“) 


_ 


(9.131) 



In our previous consideration of compensation, it was shown that the small-signal, open- 
loop voltage gain (Ay/Ay)(j'w) must fall to unity at or before a frequency equal to the 
magnitude of the second most dominant pole (co 2 ). If wc assume, for ease of calculation, 
that the circuit is compensated for unity-gain operation with 45° phase margin as shown in 
Fig. 9.15, the gain (Ay,/Ay)(jo0 as given by (9,131) must fall to unity at frequency w 2 . 
(Compensation capacitor C must be chosen to ensure that this occurs.) Thus from (9.131) 



and thus 



gml 



1 ft>2 

C gmJ 



(9.132) 



c 




Figure 9.S2 Generalized representation of an op amp for slew-rate calculations. 
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Note that (9,1 32) was derived on the basis of a smalt-signal argument. This result can now 
be substituted in the large-signal equation (9.128) to give 

Slew rate = = — w-j (9.133) 

dt g mI " 

Equation 9,133 allows consideration of the effect of circuit parameters on slew rate, 
and it is apparent that, for a given o) 2 , the ratio i x Jg m i must he increased if slew rate is to 
be increased. 



9.6.3 Improving Slew-Rate in Bipolar Op Amps 



The analysis of the previous section can be applied to a bipolar op amp that uses Miller 
compensation. In the case of the op amp in Fig. 9.50a, we have i xm = 2l\ . g n ,j = qt\iki\ 
and substitution in (9. 133) gives 

kT 

Slew rate = 2 — o) 2 (9.134) 

Q 

Since both I xm and g m j are proportional to bias current /}, the influence of f\ cancels in 
the equation and slew rate is independent of /i for a given co 2 . However, increasing (o 2 
will increase the slew rale, and this course is followed in most high-slew-ralc circuils, The 
limit here is set by the frequency characteristics of the transistors in the 1C process, and 
further improvements depend on circuit modifications as described below. 

The above calculation has shown that varying the input-stage bias current of a two- 
stage bipolar op amp does not change Ihe circuit slew rate. However (9. 133) indicates that 
for a given f xm} slew rate can be increased by reducing the input-stage transconductance. 
One way this can he achieved is by including emitter-degeneration resistors to reduce g, n [ 
as shown in Fig. 9.53. The small-signal Iran s conductance of this input stage can be shown 
to be 



where 



gmi 



A/, 1 



(9.135) 



8m\ 



I 

If 



(9.136) 
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Figure 9.53 Inclusion of emiller resistors in the 
input stage in Fig. 9.50 a lo improve slew rale. 
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The value of l xm is still 2/j. Substituting (9,135) in (9.133) gives 



Slew rate - 



2 kT 



q 



w 2(l +- gnA^f) 



(9.137) 



Thus the slew rate is increased by the factor [1 -Hg m i /?£)] over the value given by (9.134). 
The fundamental reason for this is that, for a given bias current I \ , reducing g mi reduces 
the compensation capacitor C required, as shown by (9.132), 

The practical limit to this technique is due to the fact that the emitter resistors of 
Fig. 9.53 have a de voltage across them, and mismatches in the resistor values give rise to 
an input dc offset voltage. The use of large-area resistors can give resistors whose values 
match to within 0,2 percent (1 part in 500). If the maximum contribution to input offset 
voltage allowed from the resistors is 1 mV, then these numbers indicate that the maximum 
voltage drop allowed is 

= 500 mV (9.138) 

Thus 



Re max 



x 

kT 



We 



max 



500 

26" 



= 20 



(9,139) 



Using (9, 139) in (9. 137) shows that given these data, the maximum possible improvement 
in slew rate by use of cmiLter resistors is a factor of 21 times. 

Finally, in this description of methods of slew-rate improvement, we mention the class 
AB input stage described by Hearn. 20 In this technique, the small-signal transconduelanee 
of the input stage is left essentially unchanged, but the limit F xm on the maximum current 
available lor charging the compensation capacitor is greatly increased. This is done by 
providing alternative paths in the input stage that become operative for large inputs and 
deliver large charging currents to the compensation point. This has resulted in slew rates 
of the order of 30 V/jxs in bipolar op amps, and, as in the previous cases, the limitation is 
an increase in input offset voltage- 



9.6.4 Improving Slew Rate in MOS Op Amps 

A two-stage Miller-compensated MOS op amp is shown in Fig. 9.507>, and its slew rale 
is given by (9.127), From the analysis in Section 9,6.2. (9.133) shows that the slew rale 
can be increased by increasing o> 2 . On the other hand, if a> 2 is fixed, increasing the ratio 
Lwdgmf improves the slew rate. Using (1,180), (9,133) can be rewritten as 



Slew rate = — ^ ^ 1 — = / — — — 

gnu ‘ Jlk*{WIL)\I\ ‘ V 






(9.140) 



This equation shows that the slew rate increases if (W/L) i decreases with I\ constant. In 
this case, # m / = g m] decreases. From (9.1 32), a smaller compensation capacitor can then 
be used; therefore, the slew rate in (9.127) increases because I[ is unchanged. Equation 
9.140 also shows that the slew rate can be increased by increasing /], Assume that J\ 
increases by a factor x where x > L Then the ratio I X nJgms increases by the factor 
because g m \ is proportional to . From (9.1 32), the compensation capacitor must he in- 
creased by the factor v a if ^2 is fixed. With These changes, the slew rate in (9,127) becomes 



dV a _ 2_t/j _ 2Iy Jx 
dt CJx ~ C 

y 



(9.141) 



Since x > 1. the slew rale is increased. 
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Alternatively, the ratio f x Jgmi of the input stage can be increased by adding degen- 
eration resistors R s in series with the sources of and M 2 to give 



8 ml ~ 



gm I 

1 + (Sm\ + gmb])Rs 



(9.142) 



For fixed , increasing R s decreases g lfll and increases l xm ig m{ , which increases the slew 
rate. 

These approaches increase the slew rate but have some drawbacks. First, decreasing 
gm! of the input stage while keeping its bias current constant will usually lower the dc gain 
of the first stage and hence reduce the dc gain of the entire op amp. Also, increasing 7\ or 
reducing {WfL) t tends to increase the input-ol'fset voltage of the op amp, as can be seen 
from (3.248). Finally, if source-degeneration resistors are added, mismatch between these 
resistors degrades the input-offset voltage. 

For single-stage MOS op amps, such as the tclescopic-cascodc and folded-cascode op 
amps, the slew rate is set by the maximum output current divided by the capacitance that 
loads the output. The maximum output current is equal to the tail current in these op amps. 



■ EXAMPLE 



Find the output slew rate for the cascode op amp shown in Fig. 9.54. 

Assuming the op amp has a large positive differential input voltage applied, M 2 is 
cutoff and A ail flows through M ] . Therefore the drain current in M 2A is zero, and the drain 
current in Af* is / d3 = -/tail- The cuirent mirror forces = I d4 . It follows that 

= hi = — / tail - The current flowing into the load capacitor Cl is 

lo = _ Ai2 A - idAA — — 0 - (-/tail) = /tail 
Therefore the positive output slew rate is 



dV 0 _ I D _ /tail 
dt ~ C L ~ ~cT 



(9.143) 







Figure 9,54 A CMOS telescopic - 
cascode op amp. 
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Application of a large negative input forces M x into cutoff so I TAJL must flow through 
M 2 ' Therefore, l d4A = f d4 ^ I d3 = Q and Ij 2 a = hn = /tau.- The current I 0 following 
through Ci is 

= ~?d2A - 1(14 A = “fl'AlL ’ 0 = — fjAE, 



■ Hcncc, the negative slew rate is the opposite of the value in (9. 143), - /tak/Cl, 

CMOS op amps are often used without an output stage when the output loading is 
purely capacitive, as is the case in switched-capacitor circuits. Avoiding an output stage 
saves power and is possible because low-output resistance is not needed to drive a ca- 
pacitive load. An example of such a circuit is the switched-capacitor integrator shown in 
Fig. 6.10a. This circuit is redrawn in Fig. 9.55 when clock phase $ 2 is high and 4>\ is 
low, assuming that MOS transistors M] -M A behave lfkc ideal switches. The additional ca- 
pacitor Ci p here models the total parasitic capacitance at the op-amp input and includes 
the input capacitance of the op amp. A question that arises is; “For the feedback circuit in 
Fig. 9.55, what value of output load capacitance should be used to compute the slew rate for 
a single-stage op amp?” When the op amp is slewing, its behavior is nonlinear. Therefore 
the feedback is not effective and the virtual ground at the negative op-amp input is lost. 
With the feedback loop broken, the total capacitance seen from the output to ground is 

Cl + Ci||(Cj + Cip) (9,144) 



This is the capacitance seen looking from the op-amp oulput node to ground, with the con- 
nection to the op amp inverting input replaced with an open circuit. The effective, oulput 
load capacitance in (9.144) is the same as the output load f ound when the feedback loop 
is broken to find the return ratio. 

For the CMOS op amps considered so far in this section, the slew rate is proportional 
to a bias current in the op amp. A CMOS op amp with a Class AB input stage can give a 
slew rate that is not limited by adc bias current in the op amp. An example 2 [ 22 is shown in 
Fig. 9.56. The input voltage is applied between the gates of M ]t M 2 and M$, M 4 . Transis- 
tors Mi and M 4 act simply as unity-gain source followers to transfer the input voltage to 
the gates of M 6 and Mi. Diode-connected transistors M 5 and M$ act as level shifts, which, 
together with bias current sources / t , set the quiescent Class AB current in M<s, 

and Mj. The currents in M 3 and M-j are delivered to the output via cascode current mirrors 
M\ h Mio, Mi 4 and Mu, M 12 , A/ 15 , M]&. Bias currents can be determined by assuming 

that the input voltage V t = 0, giving 

Fgsi + \V(}ss\ = l^csel + (9.145) 

Assuming that (1.157) is valid wc have 



Vtn + 





O’ 




h 

kp 




v Ip \ + 



v 



k’ 



+ V rn + 





( 9 . 146 ) 



C/ 




Figure 9.55 An op amp with capacitive 
load and feedback. This is the switched - 
capacitor integrator of Fig. 6. 1 Otr during 
c/>? 5 assuming ideal MOS switches. 
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Vdd 




where / 5 = \J^\ = I m = l m = \Ioi\ is the bias current and subscripts n and p indicate 
NMOS and PMOS, respectively, The two sides of the input stage are assumed symmetri- 
cal. From (9. 1 46) we have 






2^ (L \ j 2 { L\ 

+ V ^ w 




_2_ {L_\ [2jL\ 

¥ p \W l + yj V n \W ) , 



(9.147) 



Equation 9,147 is the design equation for the input-stage bias current Ib- 

Assuming that the cascode current mirrors in Fig. 9.56 have unity current gain, the 
bias currents in all equal 1 H . To analyze this circuit, we will connect a voltage V* 

to the noninverling op-amp input and ground the inverting op-amp input If a positive Vi is 
applied, the magnitude of the currents in M 3 and M& increase, while the magnitude of the 
currents in Afj and M 7 decrease, When mirrored to the output, these changes drive f 0 and 
V 0 positive. To calculate the small-signal gain, we neglect body effect. We can consider 
Mg to act as source degeneration for M 3 . The resistance looking into the source of M 5 is 
thus 

* = Tftr' (9 - 148) 

gm6 

Similarly, M 2 acts as source degeneration for M 7 , so 

Bml _ gm2 
1 £m7 Vf ~ 1 gm2 Vi 

gm2 gtn 1 



Idl ~ 



(9.149) 
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where the right-most expression is found by rearranging, Thus, the transconductance of 
the amplifier is 



= 



to_ 

Vi 



v« = 0 



hB T ktl 
Vi 



1 + 



2gm3 

8m^ 



8 mb 



(9.150) 



using g m2 = gra and g m6 = g ml . If g m3 = then G m = g m3 . 

The output resistance of this op amp is just the output resistance of the cascodes in 
parallel and is 

Ro “ (^>145ml4^13)ll(^l5gml5^]6) (9.151) 



Finally, the small-signal voltage gain is 



= G m R a (9.152) 

The small-signal analysis above showed that a small positive V, causes a positive I 0 > 
If Vi continues to increase beyond the small-signal linear range of the input stage, M 2 and 
Mj will be cut off, while Mj and M § will be driven to larger values of | V ?s |. The currents in 
and can increase to quite large values, which gives a correspondingly large positive 
I 0 , For large negative values of V it and turn off, M 2 and M 1 conduct large currents, 
and I 0 becomes large negative, Thus this circuit is capable of supplying large positive and 
negative currents to a load capacitance, and the magnitude of these output currents can he 
much larger than the bias current I B in the input stage. Therefore, this op amp does not 
display slew-rate limiting in the usual sense. 

One disadvantage of this structure is that about half the transistors turn completely off 
during slewing. As a result, the time required to turn these transistors back on can be an 
important limitation to the high-frequency performance. To overcome this problem, the op 
amp can be designed so that the minimum drain currents are set to a nonzero value. 23 



9.6.5 Effect of Slew-Rale Limitations on Large-Signal Sinusoidal Performance 



The slew-rale limitations described above can also affect the performance of the circuit 
when handling large sinusoidal signals at higher frequencies. Consider the circuit of 
Fig. 9.48 with a large sinusoidal signal applied as shown in Fig. 9.57 cj. Since the circuit 
is connected as a voltage follower, the output voltage V a will be forced to follow the Vi 
waveform. The maximum value of ' dV^idt occurs as the waveform crosses the axis, and if 
V i is given by 

Vt = VfSkuo/ (9.153) 

then 



dVi 

dt 



= (LiViOOS cot 



and 



dVi 



dt 



max 



= oaVi 



(9.154) 



As long as the value of dVi!dt\ mdX given by (9.154) is less than the slew-rale limit, the 
output voltage will closely follow the input. However, if the product wVj is greater than 
the slew-rate limit, the output voltage will be unable to follow' the input, and waveform 
distortion of the kind shown in Fig. 9.57b will result. If a sine wave with Vi equal to the 
supply voltage is applied to the amplifier, slew limiting will eventually occur as the sine- 
wave frequency is increased. The frequency at which this occurs is called the full-power 
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Figure 9.57 (<?) Large sinusoidal input voltage 
applied to the circuil of Fig. 9.48. (b) Output 
voltage resulting from input (a) showing slew 
limiting. 



bandwidth of the circuit. (In practice, a value of Vi slightly less than the supply voltage is 
used to avoid clipping distortion of the type described in Chapter 5.) 



EXAMPLE 

Calculate the full-power bandwidth of the 741. Use Vi = supply voltage = 15 V From 
(9.154) put 



This gives 



Thus 



to Vi = slew rale 



0.8 V/u,s 

w = ^ = 53.3 x 10 3 rad/s 



/ = 8.5 kHz 



This means that a 741 op amp with a sinusoidal output of 15 V amplitude will begin to 
show slew-limiting distortion if the frequency exceeds 8.5 kHz. 



APPENDIX 

A9.1 ANALYSIS IN TERMS OF RETURN-RATIO PARAMETERS 

Much of the analysis in this chapter is based on the ideal block diagram in Fig. 9. 1 . This 
block diagram includes the forward gain a and feedback f, which are the parameters 
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used in two-pori analysis of feedback circuits in Chapter 8, The resulting closed-loop gain 
expression is 



a a 

l 4- T ~ I'+af 



(9.155) 



The block diagram from return-ratio analysis in Fig- 8.42 is the same as Fig. 9.1 if a 
is replaced by b , / is replaced by 1M X , and the direct feedforward d is negligible. (The 
contribution of feedforward through the feedback network to a is also neglected in the 
analysis in Sections 9. 2-9.5, since feedforward introduces one or more zeros into a{s)> but 
only one- and two- pole ais) are considered in these sections. Neglecting the feedforward 
in a or the direct feedthrough d is reasonable if its effect is negligible at and below the 
frequency where the magnitude of the loop transmission falls to 1.) The corresponding 
equations from return-ratio analysis are 



b d ^ h 

1 -f 'dl 1 + ~~ l + $k 




(9.156) 



For the circuit in Fig. 8.24, 0 ^ 1M„ 1, and Ms positive at low frequencies. Therefore, 

the equations, graphs, and relationships in Sections 9. 2-9.5 can be expressed in terms of 
the return-ratio variables by making the following substitutions: 



a->b (9.157a) 

/ UA X (9.157b) 

T di (9.157c) 

af b/A „ (9.157d) 

The return ratio can be used to check stability of an amplifier with a single feedback 
loop because A x and d arc stable transfer functions associated with passive networks, and 
'di(s) is stable because it is the signal transfer around a loop that consists of one gain stage 
or a cascade of stable gain stages. Therefore the zeros of 1 + ■&(*}, which are poles of the 
closed-loop gain 4, determine the stability of the feedback circuit. 24 From the Nyquist 
stability criterion, these zeros are in the left half-plane if a polar plot of di{jw) does not 
encircle the point (—1,0). In most cases, this stability condition is equivalent to having a 
positive phase margin. The phase marginismeasuredatthe frequency where |9l(ya»)| = 1. 

Since the equations for two-port and return-ratio analyses are not identical, T(j) and 
£fc(.s) may he different for a given circuit. 25 In general, the phase margins using T and 9h 
may differ, but both will have the same sign and therefore will agree on the stability of the 
feedback circuit. 



A9.2 ROOTS OF A QUADRATIC EQUATION 

A second-order polynomial often appears in the denominator or numerator of a transfer 
function, and the zeros of this polynomial are the poles or zeros of the transfer function. 
In this appendix, the relationships between Lhe zeros of a quadratic and its coefficients are 
explored for a few specific cases of interest. Also, the conditions under which a dominant 
root exists arc derived. 

Consider the roots of the quadratic equation 

as 2 + bs + c = 0 



(9.158) 
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The two roots of this equation, n and ^ 2 , are given by the quadratic formula: 

-b ± v'V - 4ac 



n,2 = 



(9.159) 



where it is understood that the square root of a positive quantity is positive. Factoring b 
out of the square root and rearranging gives 



n,2 = 



(9. 160a) 



(9,160b) 



The quantity under the square root in (9,160a) has been replaced by D in (9,160b), where 

Aac 

D ='--p (9.161) 

Now, consider the locations of the roots if coefficients a, b, and c all have the same 
sign. In this ease, both roots are in the left half-plane (LHP), as will be shown next. First, 
note that if all the coefficients have the same sign, then 






(9.162) 



Let us divide (9.163) into two different regions, First, if 

4a c 



(9.163) 



(9.164) 



then D will be positive and less than one. Therefore, Jd < 1 , so l 4- Jd and 1 — J~D 
are both positive. As a result, the roots are both negative and real, because -bfla < 0. 

Now, consider the other region for (9.163), which is 

Aac 

-p->l (9.165) 

In this case, D < 0; therefore Jd is imaginary* The roots are complex conjugates with a 
real part of -b/2a r which is negative* So the roots are again in the LHP* Therefore, when 
coefficients a , b T and c all have the same sign, both roots are in the LHP. 

Next, consider the locations of the roots if coefficients a and b have the same sign 
and c has a different sign. In this case, one real root is in the right half-plane (RHP) and 
the other is in the LHP. To prove this, first note from (9*161) that D > 1 here because 
4 aclb 1 < 0* Therefore both roots are real and > 1, so 



i + > o 


(9* 166a) 


i - Jd< o 


(9.166b) 



Substituting into (9.160), one root will be positive and the other negative (the sign of -bfla 
is negative here)* 
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Finally* let us consider the conditions under which LHP roots arc real and widely 
spaced. From (9,160), real LHP roots are widely spaced if 



■^(i+ Vd)<k -L ( i _ y 0 ) 

2a la 



(9.167) 



1 + » 1 



(9.168) 



Substituting the expression for D in (9.161) into (9. 168) and simplifying leads to an equiv- 
alent condition for widely spaced roots, which is 



Under this condition, one root is 



^ 



The other root is 



4ac 

i* « 



+ 1 ) = 
la 



(9,169) 



(9.170a) 



r l = -^(i - Vz>) 

2a 






(9.170b) 



where the approximation 



l -x=* 1 - - for \x\<^i 

£ 



(9.171) 



has been used. Here, \r\ \ ^ |r 2 | because | r\\ « db <s: bia = |r 2 | (which follows from 
4adb 2 <£: 1). If these roots are poles, r\ corresponds to the dominant pole, and r 2 gives 
the nondominant pole. Equations 9.170a and 9.170b are in agreement with (9.30) through 
(9.33). 

Table 9.1 summarizes the location of the roots of (9.158) for the cases considered in 
this appendix. When both roots are in the LHP, the roots are both real if (9. 1 64) is satisfied. 
These roots are widely spaced if (9. 1 69) is satisfied. 



Table 9.1 
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PROBLEMS 

9. 1 An amp] i fi er has alow -frequency f or w artl 
gain of 200 and its transfer function has three nega- 
tive real poles with magnitudes 1 MHz, 2 MHz, and 
4 MHz. Calculate and sketch the Nyquist diagram 
for this amplifier if it is placed in a negative feed- 
back bop with / = 0.05, Is the amplifier stable? 
Explain. 

9.2 For the amplifier in Problem 9.1, calcu- 
late and sketch plots of gain (in decibels) and 
phase versus frequency (log scale) with no feed- 
back applied. Determine the value of / that just 
causes instability and the value of / giving a 60° 
phase margin. 

9.3 If an amplifier has a phase margin of 20°, 
how much does the closed-loop gain peak (above 
the low-frcquency value) at the frequency where 
the loop-gain magnitude is unity? 

9.4 An amplifier has a low-frequency for- 
ward gain of 40,000 and its transfer function has 
three negative real poles with magnitudes 2 kHz, 
200 kHz, and 4 MHz, 

(a) If this amplifier is connected in a feedback 
loop with / constant and with low-frequency gain 

= 400. estimate the phase margin. 

<b) Repeat (a) if Aq is 200 and then 100. 

9.5 An amplifier has a low-frequency forward 
gain of 5000 and its transfer function has three neg- 
ative real poles with magnitudes 300 kHz, 2 MHz, 
and 25 MHz. 

(a) Calculate the dominant-pole magnitude 
required to give unity-gain compensation of this 
amplifier with a 45* phase margin if the original 
amplifier poles remain fixed. What is the result- 
ing bandwidth of the circuit with the feedback 
applied? 

(b) Repeat (a) for compensation in a feedback 
loop with a forward gain of 20 dB and 45° phase 
margin. 

9.6 The amplifier of Problem 9.5 is to be com- 
pensated by reducing the magnitude of the most 
dominant pole. 

Co) Calculate the dominant-pole magnitude re- 
quired for unity gain compensation with 45* phase 
margin, and the corresponding bandwidth of the cir- 
cuit with the feedback applied. Assume that the re- 
maining poles do not move. 

(b) Repeat (a) for compensation in a feedback 
loop with a forward gain of 20 dB and 45° phase 
margin. 

9.7 Repeat Problem 9.6 for the amplifier of 
Problem 9,4. 



9,8 An op amp has a low-frequency volt- 
age gain of 100,000 and a frequency response 
with a single negative-real pole with magnitude 
5 Hz, This amplifier is to be connected in a series- 
shunt feedback loop with / = 0.01 giving a low- 
frequency closed-loop voltage gain An 100. If 
the output impedance without feedback is resis- 
tive with a value of 100 ft, show that the output 
impedance of the feedback circuit can be repre- 
sented as shown in Fig. 9.58, and calculate the val- 
ues of these elements. Sketch the magnitude of the 
output impedance of the feedback circuit on log 
scales from 1 Hz to 100 kHz. 




Figure 9.58 Circuit representation of the output 
impedance of a series-shunt feedback circuit. 

9.9 An op amp is fabricated using the 741 cir- 
cuit but with different processing so that the trans- 
fer function before compensation has three nega- 
tive real poles with magnitudes 30 kHz, 500 kHz, 
and 10 MHz. The circuit is compensated in the 
same manner as the 741, and pole- splitting causes 
the second most dominant pole to become ncgligi 
ble. Calculate the value of capacitance required to 
achieve a 60° phase margin in a unity-gain feed- 
back connection and calculate the frequency where 
the resulting open-loop gain is 0 dB. Use low- 
frcquency data as given in Chapter 7 for the 74 ] and 
assume that the pole with magnitude 10 MHz is un- 
affected by the compensation. The low-frcquency 
gain of the 741 is 108 dB, 

9.10 Repeat Problem 9.9 if the circuit is com- 
pensated by using shunt capacitance to ground at 
the base of Qm- Assume that this affects only the 
most dominant pole. 

9.11 An amplifier has gain a$ - 200 and its 
transfer function has three negative real poles with 
magnitudes 1 MHz, 3 MHz, and 4 MHz. Calculate 
and sketch the root locus when feedback is applied 
as / varies from 0 to 1. Estimate the value of / 
causing instability, 

9.12 Calculate and sketch the root locus for the 
amplifier of Problem 9.4 as / varies from 0 to 1. 
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Estimate the value of / causing instability and 
chock using the Nyquist criterion. 

9.13 For the circuit of Fig. 9.41, parameter 
values arc R { = 5 kfl, R L = 50 ft. and Q. = 
1.5 pF. The basic amplifier of the circuit is shown in 
Fig. 9,42 and has two negative real poles with mag- 
nitudes 3 MHz and 6 MHz, The low-frequency cur- 
rent gain of the basic amplifier is 4000, Assuming 
that the loop gain of the circuit of Fig. 9.41 can be 
varied without changing the parameters of the ba- 
sic amplifier, sketch root loci for this circuit as / 
varies from 0 to 0.01 both with and without Cf ■ Es- 
timate the pole positions of the current-gain trans- 
fer function of the feedback amplifier of Fig. 9.41 
with the values of Rj, and R E specified both with 
and without CY , Sketch graphs in each case of gain 
magnitude versus frequency o n log scales from / = 
10 kHz to / - 100 MHz. 

9*14 An op amp has two negative real open- 
loop poles with magnitudes 100 Hz and 120 kHz 
and a negative real zero with magnitude 100 kHz. 
The low-frequency open-loop voltage gain of the 
op amp is 100 dB, If this amplifier is placed in a 
negative feedback loop, sketch the root locus as f 
varies from 0 to 1 . Calculate the poles and zeros of 
the feedback amplifier for / = 1 0 3 and / = 1 . 

9.15 Repeat Problem 9.14 if the circuit has 
negative real poles with magnitudes 100 Hz and 
100 kHz and a negative real zero with magnitude 
120 kHz. 

9.16 The input stages of an op amp are shown 
in the schematic of Fig. 9.59. 

(o) Assuming that the frequency response is 
dominated by a single pole, calculate the frequency 



where the magnitude of the small-signal voltage 
gain |ivX/w)/v;(/w)! is unity and also the output 
dew rate of the amplifier. 

(b) Sketch the response V Q {t) from 0 to 20 |^s 
for a step input at Vi from -5 V to +5 V. Assume 
that the circuit is connected in a noninverting unity- 
gain feedback loop. 

(c) Compare your results with a SPICE simula- 
tion using parameters jS = 100, VY = 130 V, and 
/y = H>” 1 5 A for all devices. 

9.17 Repeat Problem 9.16 if the circuit of 
Fig. 9.59 is compensated by a capacitor of 0.05 piF 
connected from the base of to ground. Assume 
that the voltage gain from the base of Qs to V 0 is 
-500. 

9.18 The slew rate of the circuit of Fig. 9.59 
is to be increased by using 10 kft resistors in the 
emitters <2i and Q If the same unity-gain fre- 
quency is to be achieved, calculate the new value of 
compensation capacitor required and the improve- 
ment in slew rate. Check your result with SPICE 
simulations. 

9.19 Repeat Problem 9.1 8 if PMOS transistors 
replace Q] and Q 2 (with no degeneration resistors). 
Assume that the PMOS transistors are biased to 
300 p,A each (I EE = 600 |aA). at which bias value 
the MOS transistors have g f „ = 300 pA/V. 

9.20(a) Calculate the full-power bandwidth of 
the circuit of Fig. 9.59. 

(b) If this circuit is connected in a noninverting 
unity-gain feedback loop, sketch the output wave- 
form V G if Vi is a sinusoid of 10 V amplitude and 
frequency 45 kHz. 
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9.21 For the CMOS operational amplifier 
shown in Fig. 9.60, calculate the open-loop voltage 
gain, unily-gain bandwidth, and slew rate. Assume 
the parameters of Table 2.1 with X<t = 1 p,m. As- 
sume that the gate of My is connected to the posi- 
tive power supply and that the W/L of My has been 
chosen to cancel the right half-plane zero. Compare 
your results with a SPICE simulation. 

9.22 . Repeat Problem 9.21 except use the aspect 
ratios, supply voltages, and bias current given in 
Fig. 6.59 instead of the values in Fig. 9.60. Also, 
assume that X ( i = 0.1 pm for all transistors operat- 
ing in the active region, and use Table 2.4 for other 
parameters. 



Figure 9.60 Circuit for 
Problem 9.21. 

9.23 If the circuit of Fig. 9.61 is used to gen- 
erate the voltage to be applied to the gate of My in 
Fig, 9.60, calculate the W/L of My required to move 
the right half-plane zero to infinity. Use data from 
Table 2.1 with X ( j = 1 p. 111 . Cheek your result with 
SPICE. 

9.24 Repeat Problem 9.23, but skip the SPICE 
simulation. Here, Me, will be used in the op amp 
in Fig. 6.59. Let V T >n = v ss = 1-5 V and I b = 
200 ptA. Use f. = 1 |xm for all transistors, = 
Wm = 150 |am, and = W\z = 100 jxm. As- 
sume that =0.1 p,m for all transistors operat- 
ing in the active region, and use Table 2.4 for other 
parameters. 



+5 V 




-5 V 



Figure 9.61 Circuit for Problem 9.23. 
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9.25 Assuming that the zero has been moved lo 
infinity, determine the maximum load capacitance 
that can he attached directly to the output of the cir- 
cuit of Fig. 9.60 and still maintain a phase margin of 
452 Neglect all higher order poles except any due 
to the load capacitance. Use the value of W/L ob- 
tained in Problem 9.23 for Mi, with the bias circuit 
of Fig. 9*61. 

9.26 Repeat Froblcm 9.25 except, for the op 
amp, use the aspect ratios, supply voltages, and bias 
current given in Fig. 6.59 instead of the values in 
Fig. 9.60. Also, for the bias circuit, use the aspect 
ratios, supply voltages, and bias current given in 
Problem 9.24. Ignore junction capacitance for all 
transistors. Also, assume that X tl = 0. i p.mfor all 
transistors operating in the active region, and use 
Tabic 2.4 for other parameters. 

9.27 For the CMOS op amp of Fig, 9.60. as- 
sume that Mi) and the compensation capacitor are 
removed and the output is loaded with a 1 Mfl re- 
sistor, Using the data of Tabic 2. 1 . use SPTCE to de- 
termine the gain and phase versus frequency of the 
small-signal circuit voltage gain. 

The amplifier is to be connected in a negative 
feedback loop with the 1-Mil resistor connected 
from the output to the gale of M ] , and a resistor R r 
from the Mi gale to ground. An input voltage is ap- 
plied from the gate of M2 to ground. From your pre- 
vious simulated data, determine the forward voltage 
gain of the feedback configuration and the corre- 
sponding values of R x giving phase margins of 80°, 
6lJh 45°, and 20°. For each case use SPICE lo plot 
out the corresponding overall small-signal voltage 
gain versus frequency for the feedback circuit and 
also the step response for an output voltage step of 
100 mV. Compare and comment on the results ob- 
tained. Assume X,< = 1 p,m and that the drain and 
source regions are 2 pin wide. 

9.2S The CMOS circuit of Fig. 9.56 is to be 
used as a high- slow' -rale op amp. A load capac- 
itance of CV. 1111 10 pF is connected from V„ Lo 
ground. Supply voltages are ±5 V and /| = 20 pA. 
Devices M1-M4 have W = 20 pm and L = J pm 
and devices have W = 60 pm and L = 

1 pm. All other NMOS devices have W = 60 pm 
anti L = 1pm, and all other PMOS devices have 
IV = 300 pm and L = 1 pm. Device data are 
p rI C ry , = 60pA/V\ V,,, - 0.7 V, V lp = -0*7 V, 
y = 0, and |A| - 0,05 V 

(a) Calculate the small-signal open-loop gain 
and unity-gain bandwidth uf the circuit. Derive 
an expression for the large-signal transfer function 
tJV, when all four devices M 2 , M),M^, and M- arc 
on, and also for larger Vt when two of them cut off. 
At w'hat value of V; does the transition occur? 



(b) Connect the circuit in a unity-gain negative 
feedback loop (V a to the gate of M\) and drive the 
circuit with a voltage step from -1.5 V to + 1 .5 V 
at the gate of M 4 . Calculate and sketch the corre- 
sponding output waveform V 0 assuming linear op- 
eration, and compare all your results with a SPICE 
simulation. What is the peak current delivered to 
Ci during the transient'? 

9.29 Using the basic topology of Fig. 8.53, de- 
sign a CMOS feedback amplifier with Rj = 

R (t < 30 Q, A x = vjv i = 10. and small-signal 
bandwidth / > 2 MHz. No peaking is allowed 

in the gain-versus-frequency response. Supply cur- 
rent must be less than 2 mA from each of ±5 V 
supplies. The circuit operates with Rj_ = 1 kfi to 
ground and must be able to swung V (> — ± 1 V be- 
fore clipping occurs. Use the process data of Ta- 
ble 2.1 with Xj = 0.5 pm and y n = 0.5 V 1/2 . 
Source and drain regions arc 9 pm wide. Verify 
your hand calculations with SPICE simulations. 

9.30 Determine the compensation capacitor for 
the tw r o-sLage op amp in the example in Section 
9.4.3 that gives a 6 th phase margin. 

9.31 The Miller-compensated two-stage op 
amp in Fig. 9*28a can be modeled as shown in 
Fig, 9.28£, In the model, let g, rt i - 0.5 mA/V, 
R\ - 200 kfi, - 2 mA/V, R 2 = 100 kfl, 
Ci =0.1 pF. and C 2 = 8 pF. 

(a) Assume the op amp is connected in nega- 
tive feedback with / = 0.5. What is the value of C 
that gives a 45° phase margin? Assume the right 
half-plane (RHP) zero has been eliminated, and 
assume the feedback network does not load the 
op amp. 

(b) What value of R, in Fig. 9.28 eliminates the 
R11P zero? 

9.32 Repeat Problem 9.31 (a) for the common- 
gale compensation scheme in Fig. 9.25 a. 

9.33 The simple model for the common-gate 
Mw in Fig. 9.25b has zero input impedance. Show 
that if the common-gate stage M\] is modeled 
with nonzero input impedance, the compensation 
scheme in Fig, 9.2 5a introduces a zero at -g m u/C 
in the amplifier gain. To simplify this analysis, as- 
sume that r„u = w, y = (), and ignore all device 
capacitances. 

9.34 Plot a locus of the poles of (9,27) as C 
varies from 0 to <*. Use R\ — 200 kfi. £ WJ = 
2 mA/V, y ? 2 = 100 kil, Cj = (VI pF, and C 2 = 

8 pF. 

9.35 For the three-stage op amp with nested 
Miller compensation in Fig. 9.32c, determine the 
values of the compensation capacitors that give a 
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Figure 9.62 Feedback circuit 
for Problem 9.40. 



45 tJ phase margin when the op amp is i n a unity-gain 
negative feedback loop (/ = 1). Assume that the 
zeros due to feedforward have been eliminated.. De- 
sign for widely spaced real poles. Take R<j = R[ = 
R 2 = 5 kil. C 0 = Cj = 0.5 pF, and C 2 = 6 pF. 
Use gmo = g rt ] and g, n2 = 6# m |. 

9.36 For the three-stage op amp with nested 

Miller compensation in Fig. 9,32c, determine the 
values of the compensation capacitors that give 
a 60° phase margin when the op amp is in a 
unity-gain negative feedback loop (/ — 1), As- 
sume that the zeros due to feedforward have been 
eliminated. Design for complex poles p 2 and p$ t 
Use = 5 kfl, Co = C l = 0.5 pF, 

and C 2 = 6 pF. Use g„ {0 = g ml and g m2 = 
6gm\- 

9.37 The single-stage op amp in Fig. 9.54 has a 
45° phase margin when the op amp is in a unity-gain 
negative feedback loop {/ = 1) with an output load 
capacitance C/, = 2 pF. What value of C L will give 
a 6(T phase margin? (Assume that the capacitance 
at the op-amp output is dominated by Ct and the 
op-amp gain a v (j) can be modeled as having two 
poles.) 

9.38 The single-stage op amp in Fig. 9.54 has a 
nondominant pole p 2 with | /? 2 | =200 Mrad/s. The 
op amp is in a unity-gain negative feedback loop 

(/ = 1 ). 

(a) If £, ?f | = 0.3 mA/W whai value of C,, 
gives a 45° phase margin? (Assume that the ca- 
pacitance at the op amp output is dominated by 
Cl and the op-amp gain a(s) can be modeled as 
having two poles.) 



(b) If /■jail — b.5 mA, what is the output slew 
rale with this C L ? 

9.39 The feedback circuit in Fig. 9.55 is a 
switched-eapacitor circuit during one clock phase. 
Assume the op amp is the tclcscopic-cascode op 
amp in Fig. 9.54. Take Cl — 1.5 pF, C f = 4 pF, 
C s = 0.4 pF, and C ( -p = 0,1 pF. 

(a) If /tail — 0,2 mA, what is the output slew 
rate? 

(b) Assume that g m \ =0,1 mA/V, the loop 
transmission [loop gain T{s) or return ratio 

can be modeled as having two poles, and 
the magnitude of the nondominanl pole p 2 is 
=200 Mrad/s. What is the phase margin of 
this feedback circuit? 

9.40 Calculate the return ratio for the feed- 
back circuit in Fig. 9,62. Assume that the am- 
plifier voltage gain is constant with a Y > 0. 
Show that this feedback circuit is always sta- 
ble if each impedance is either a resistor or a 
capacitor. 

9.41 Calculate the return ratio for the integrator 
in Fig, 9.63, Show that this feedback circuit is sta- 
ble for all values of R and C if £i v .(.s) has two left 
half-plane poles and = 0) > 0. 

9.42 Calculate the re-Lum ratio for the inverting 
amplifier in Fig. 9.64, Here, the controlled source 
and Cin form a simple op-amp model. Assume 
a v (s) = 1000/[(1 + j/100)(l + j/ 10*)]. 

(a) Assume the op-amp input capacitance 
Cj n = 0. What is the frequency at which 



C. 




Figure 9.63 Circuit for 
Problem 9.41, 
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100 ka 




Figure 9,64 Circuit for Prob- 
lem 9.42. 



5 V 




= IV How does this frequency compare to 
the frequency at which |fl v ( i /fw)| = 1? 

(b) Find the phase margin for the cases C] n = 

0. Cin = 4 pF, and 0 Ui = 20 pF. 

9.43 A technique that allow s the return ratio to 
be simulated using SPICE without disrupting the dc 
operating point is shown in Fig. 8.60 and explained 
in Problem 833. 

(a) Us e th at leehniq ue to s imula le l he return ra- 
rio for the op amp from Problem 9.21 connected 
in a noninverling unity-gain configuration for / = 
1 kHz, 100 kHz, 10 MHz, and 1 GHz, 

<b) Use that technique to plot the magnitude 
and phase of the return ratio. Determine the uniLy- 
gain frequency for the return ratio and the phase 



Figure 9.65 Circuit for Problem 9.45, 

and gain margins. [Note; This calculation requires 
combining the complex values of TC-(ja)) and 
u to find the complex quantity 

9.44. Repeat Problem 9.43 for Lhe circuit in 
Fig. 9.64 with Q n = 4 pF. Inject the test sources 
on the left-hand side of the feedback resistor. Use 
a v (.e) from Problem 9.42. Compare the simula- 
tion results with the calculated values from Prob- 
lem 9.42. 

9.45 Repeal Problem 9.43 for the local feed- 
back circuit in Fig. 9.65. For the transistor, W - 
50 pm and L c ff = 0.6 pm. Use the device data in 
Tabic 2.4, Ignore the drain-body junction capaci- 
tance (assuming it is small compared to the 2-pF 
load capacitor). 



REFERENCES 

1. K. Ogata. Modem Control Engineering) 2nd 
Edition. Prentice- Hall, Englewood Cliffs, NJ, 1 990, 

2. P. W. Tuincnga. SPICE: A Guide to Circuit 
Simulation and Analysis using PSPICE, 3rd Edi- 
tion. Prentice -Hall, Englewood Cliffs, NJ, 199 5. 

3. G. W. Roberts and A.S. Sedra. SPICE, 2nd 
Edition, Oxford Press, New York, 1997. 

4. P. J. Hursl. “Exact Simulation of Feedback 
Circuit Parameters,'' IEEE Trans, on Circuits and 
Systems* Vol. CAS-38. No. 11, pp. 1382-1389. 
November 1991. 



5, P. J. llurst and S.H. Lewis. ‘‘Determination 
of Stability Using Return Ratios in Balanced Fully 
Differential Feedback Circuits,” IEEE Trims, on 
Circuits and Systems II . pp, 805-817, December 
1995, 

6, S. Rosenstark, Feedback Amplifier Princi- 
ples, MacMillan. New York. 1986. 

7, R. D. Middlebrook, “Measurement of Loop 
Gain in Feedback Systems,” Int. J. Electronics. Vol. 
38. No, 4, pp. 485-512. 1975. 




References 701 



8. J. E* Solomon. “The Monolithic Op Amp: A 
Tutorial Study/’ IEEE J. Solid-State Circuits, Vol* 
SC-9, pp. 314-332, December 1974. 

9. Y. P. Tsividis and P.R. Gray. “An Integrated 
NMOS Operational Amplifier with Internal Com- 
pensation,” IEEE J , Solid-State Circuits, Vol SC- 
1 1 , pp, 748-753, December 1976. 

10. B. K. Ahuja. “An Improved Frequency 
Compensation Technique for CMOS Operational 
Amplifiers,” IEEE J, Solid-State Circuits, Vol. SC- 
18, pp. 629-633, December 1983* 

11* D. B. Ribner and M* A. Copeland. “De- 
sign Techniques for Cascoded CMOS Op Amps 
with Improved PSRR and Common-Mode Input 
Range,” IEEE .L Solid-State Circuits, pp. 9 1 9-925 t 
December 1984. 

12. D. Senderowicz, D. A. Hodges, and P, R. 
Gray. “A High-Performance NMOS Operational 
Amplifier/* IEEE J. Solid-State Circuits, Vol* SC- 
13, pp, 760-768, December 1978. 

13. W. C. Black, D. J. Allstot, and R* A* Reed. 
“A High Performance Low Power CMOS Channel 
Filter/ 5 IEEE J. Solid-State Circuits , Vol. SC-15, 
pp. 929-938* December 1980* 

14. E. M. Cherry. “A New Result in Nega- 
tive Feedback Theory and Its Application to Audio 
Power Amplifiers,” Inc 7. Circuit Theory, Vol. 6, 
pp. 265-288, July 1978. 

15* J. H. Huijsing and D. Linebargcr. “Low- 
Voltage Operational Amplifier with Rail-to-Rail In- 
put and Output Ranges,” IEEE J. Solid-State Cir- 
cuits , Vol. 20, pp* 1144—1150. December 1985, 

16* R. G. H. Eschauzier and J* H, Huijsing. 
Frequency Compensation Techniques for Low- 
Power Operational Amplifiers. KJuwer, Dordrecht* 
The Netherlands, 1995* 



17. F* You, H* K. Embabi, and E. Sanchez- 
Sincncio* “A Multistage Amplifier Topology 
with Nested Gm-C Compensation/ 1 IEEE 7* 
Solid-State Circuits* Vol. 32, pp. 2000-2011, 
Dec. 1997. 

18. P. E. Gray and C. L. Searle* Electronic 
Principles: Physics* Models, and Circuits. Wiley, 
New York, 1969. 

19. J. D’Azza and C. Houpis. Linear Control 
System Analysis and Design: Conventional and 
Modem . McGraw-Hill, New York, 1975. 

20. W. E. Hearn, “Fast Slewing Monolithic Op- 
erational Amplifier,” IEEE 7* Solid-State Circuits , 
Vol. SC-6, pp. 20-24, February 1971. 

21* P* W. Li, M. J. Chin, P. R* Gray, and 
R. Gastello. “A Ratio-Independent Algorithmic 
Analog-to-Digital Conversion Technique,” IEEE 
J. Solid-State Circuits * Vol. SC-19, pp. 828-836, 
December 1984* 

22. E. Seevinck and R. Wasscnaar. “A Versatile 
CMOS Linear Transconduetor/Square-Law Func- 
tion Circuit," IEEE J. Solid-State Circuits, Vol* SC- 
22, pp. 366-377, June 1987. 

23. F. N. L. O. Eynde, P. F. M. Ampe, L* 
Verdeycn, and W. M* C, Sanscn. “A CMOS Large- 
Swing Low-Distortion Three-Stage Class AB 
Power Amplifier,” IEEE 7* Solid-State Circuits* 
Vol. SC-25, pp. 265-273, February 1990* 

24* H. W. Bode. Network Analysis and Feed- 
back Amplifier Design. Van Nostrand* New York, 
1945* 

25. P* J. Hurst “A Comparison of Two Ap- 
proaches to Feedback Circuit Analysis/’ IEEE 
Trans, on Education, Vol. 35, No* 3, pp. 253-261, 
August 1992. 




CHAPTER 



10 



Nonlinear Analog Circuits 



10.1 Introduction 

Chapters 1 through 9 have dealt almost entirely with analog circuits whose primary func- 
tion is linear amplification of signals. Although some of the circuits discussed (such as 
Class AB output stages) were actually nonlinear in their operation, the operations per* 
formed on the signal passing through the amplifier were well approximated by linear 
relations. 

Nonlinear operations on continuous-valued analog signals are often required in instru- 
mentation, communication, and control-system design. These operations include rectifica- 
tion, modulation, demodulation, frequency translation, multiplication, and division. In this 
chapter we analyze the most commonly used techniques for performing these operations 
within a monolithic integrated circuit. We first discuss the use of diodes together with 
active elements to perform precision rectification. We then discuss the use of the bipolar 
transistor to synthesize nonlinear analog circuits and analyze the Gilbert multiplier cell, 
which is the basis for a wide variety of such circuits. Next we consider the application of 
this building block as a small-signal analog multiplier, as a modulator, as a phase com- 
parator, and as a large-signal, four-quadrant multiplier. 

Following the multiplier discussion, we introduce a highly useful circuit technique 
for performing demodulation of FM and AM signals and, at the same time, performing 
bandpass filtering. This circuit, the phase-Iocked-loop (PLL), is particularly well-suited to 
monolithic construction. After exploring the basic concepts involved, the behavior of the 
PLL in the locked condition is analyzed. The capture transient is then considered, and an 
actual phase-locked-loop integrated circuit is analyzed. Finally, some methods of realizing 
arbitrary nonlinear transfer functions using bipolar transistors aTe considered. 



10.2 Precision Rectification 

Perhaps the most basic nonlinear operation performed on time-varying signals is rectifica- 
tion, An ideal half-wave rectifier is a circuit that passes signal currents or voltages of only 
one polarity while blocking signal voltages or currents of the other polarity. The transfer 
characteristic of an ideal half-wave rectifier is shown in Fig, 10.L Also shown in Fig. 10.1 
is the transfer characteristic of a second useful rectifier, the full-wave type. Practical recti- 
fiers can be divided into two categories. The first class is termed power rectifiers, and these 
are used to convert ac power to dc form. These circuits almost always use silicon diodes 
to perform rectification, and the performance objectives arc high efficiency and low cost. 
We will not consider this class of rectifier explicitly since most realizations of this type of 
high-power circuit utilize discrete components. 

The second class of rectifiers has, as its objective, not the conversion of power but the 
extraction of information from a signal. Full-wave recti hers of this type arc used, for exam- 
ple, in the determination of the rms value of a signal, in certain types of demodulators, and 
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Figure 10.2 Simple diode half-wave rectifier, (a) Rectifier circuit, (b) Equivalent circuit for 
V'in > -0,6 V. ic) Equivalent circuit for V- m < -0.6 V. id) dc transfer characteristic, (e) Re- 
sponse to sinusoidal input. 



waveform as shown in Fig. 10. 1 . In many signal-processing applications this error would 
be too large to be acceptable. 

The performance of the rectifier can be greatly enhanced by the addition of active 
elements. Consider the active rectifier of Fig. 10*3. The diode has been replaced by a 
subcircuit consisting of a diode together with an operational amplifier with a gain a . We 
first consider the i-V characteristic of the diode op amp combination. If we assume that 
the op amp is ideal, then the current into its input terminals is zero and ail of the current 
(7) (lows through the diode and into the output terminal of the op amp. 

The forward drop in the diode is equal to the difference between the op amp input 
volLage Vf and the op amp output voltage V t „ so that the diode current / is 



/ = ~h 



(Vo ~ Vf 




(1 0 . 1 ) 



The op amp has a gain a s so that 



Vo = -aVi 



( 10 . 2 ) 



Note that the output voltage of the circuit V oui is not the output voltage of the op amp V () . 
The output of the op amp serves only to drive the diode. The output voltage of the circuit is 
equal to the input voltage of the op amp. For the case in which the diode is forward biased, 
this voltage can be found by combining (10,1) and (10.2): 



_Tt_ 
a + 1 



In 




= VU 



V, 



(10.3) 




10,2 Precision Rectification 705 



Notice that the forward voltage drop is reduced by a factor (a + 1) compared with the 
diode alone. Since a voltage gain a of many thousands is readily obtained in an op amp, 
the factor that determines the forward drop in the circuit will actually be the input offset 
voltage of the op amp itself. 

When the input voltage is made positive, the op amp drives the diode into the reverse- 
biased state, and the behavior of the circuit is not well described by (10.3). Because of 
the presence of the diode, no current larger than the reverse leakage current of the diode 
can flow into the composite device. Thus, when the input voltage of Fig. 103 becomes 
positive, no current flows in the resistor and op amp input voltage Vi becomes equal to Vj n . 
This causes the output voltage of the op amp to be driven in the negative direction until 
the output stage saturates. Thus, for positive input voltages, input voltage V- m is applied 
directly across the op amp input terminals and the amplifier saturates. 

The dc transfer characteristic of the rectifier of Fig. 1 03# is shown in Fig. 10.3b. Note 
that the curve closely approaches that of an ideal rectifier. 

Improved Precision Half-Wave Rectifier. The rectifier circuit of Fig. 103 has the prop- 
erty that for positive inputs the operational amplifier output saturates in the negative di- 
rection. As illustrated in Fig. 10.3c, the op-amp output voltage is required to change in- 
stantaneously from this saturated voltage (Vp to +0.6 V when the input waveform passes 
through zero. Because of the limited slew rate of real operational amplifiers (see Chapter 
9), this cannot occur, and the output waveform will not be a precisely rectified version 
of the input waveform as the frequency of the input sinusoid is increased. An alternate 
circuit that greatly alleviates this problem is shown in Fig. 10.4. This circuit is similar to 
the original one except that one additional diode Dj_ and one additional resistor are added. 

For input voltages less than zero, operation of the circuit is exactly the same as the 
circuit of Fig. 103, The equivalent circuit for this condition is shown in Fig. 10.4b. Diode 

is forward biased and the op amp is in the active region. The inverting input of the 
op amp is clamped at ground by the feedback through D i, and, since no current flows 
in the output voltage is also at ground, When the input voltage is made positive, no 
current can How in the reverse direction through Z>i so the output voltage of the op amp 
V a is driven in the negative direction. This reverse biases D\ and forward biases D 2 . The 
resulting equivalent circuit is shown in Fig. 10.4c and is simply an inverting amplifier 
with a forward-biased diode in series with the output lead of the op amp. Because of the 



R 




Figure 10.3 Active precision half- 
wave rectifier, (a) Rectifier circuit. 
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Figure 10.3 (b) <lc transfer characteristic, The output voltage tor < 0 is in the microvolt range 
if the op amp has no offset, (c) Input and output waveforms for the precision half- wave rectifier, 
V„ is output voltage of the op amp. During the positive excursions of the input. V a takes on the 
value of V ~ , which is the output voltage at which the op amp output staee saturates. 
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Figure 10.5 Waveforms within the improved 
precision rectifier for a sinusoidal input. 



10.3 Analog Multipliers Employing the Bipolar Transistor 

In analog-signal processing the need often arises for a circuit that takes two analog inputs 
and produces an output proportional to their product. Such circuits are termed analog mul- 
tipliers . , In the following sections we examine several analog multipliers that depend on 
the exponential transfer function of bipolar transistors. 



10.3.1 The Emrtter-Coupled Pair as a Simple Multiplier 

The emitter-coupled pair, shown in Fig. 10. 6, was shown in Chapter 3 to produce output 
currents that aie related to the differential input voltage by 



/,i = 



hi - 



l EE 



1 + exp^- 

hE 
1 4- exp I 



Vw 

V T 



Vtd 



Vt 



(10.5) 



(10.6) 
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Figure 10.6 Emittercoupled pair 



where base current has been neglected. Equations 10,5 and 10,6 can be combined to give 
the difference between the two output currents: 



- I C { ~ l c 2 



la e tanh 



Vid 

2V r 



(10.7) 



This relationship is plotted in Fig. 10.7 and shows that the emitter-coupled pair by itself 
can be used as a primitive multiplier. We first assume that the differential input voltage 
Vfj is much less than Vj •. If this is true, we can utilize the approximation 



And ( 1 0.7) becomes 



tanh 



Vu_ 

2V T 



Vid 

2V t 



Vid 

2V t 



<5C 



A/ c ~ ?ee 




( 10 . 8 ) 



(10.9) 



The current Iee is actually the bias current for the emitter-coupled pair. With the addition 
of more circuitry, we can make Jee proportional to a second input signal V, 2 , as shown in 
Fig. 10.8. Thus we have 

lEE~K 0 (V l2 -V m » n) ) (10.10) 



A/c 




Figure 10.7 The dc transfer character- 
istic of emitter-coupled pair. 
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Figure 10.8 Two-quadranl analog multiplier. 



The differentia] output current of the emitter-coupled pair can be calculated by substituting 
(JO. JO) in (10.9) to give 

M c = K,,V “ l(V *~ Vmon)) (10. LI) 

LVt 

Thus we have produced a circuit that functions as a multiplier under the assumption that 
V i( ) is small, and that Vn is greater than V^/r^n)- The latter restriction means that the 
multiplier functions in only two quadrants of the plane, and this type of circuit 

is Icmicd a Iwo-quadrant multiplier. The restriction to two quadrants of operation is a 
severe one for many communications applications, and most practical multipliers allow 
four-quadrani operation* The Gilbert multiplier cell, 2 shown in Fig, 10*9, is a modilication 
of the einiltcr-couplcd cell, which allows four-quadrant multiplication. It is the basis for 
most integrated-circuit balanced multiplier systems. The series connection of an emitter- 
coupled pair with two cross-coupled, emitter- coupled pairs produces a particularly useful 
transfer characteristic, as shown in the next section. 



10.3.2 The dc Analysis of the Gilbert Multiplier Cell 

In the following analysis, we assume that the transistors are identical, that the output resis- 
tance of the transistors and that of the biasing current source can be neglected, and the base 
currents can be neglected. For the Gilbert cell shown in Fig. 1 0.9, the collector currents of 
Q s and are, using (10.5) and (10,6), 



— 



I, 



1 + exp i 



V t 



( 10 . 12 ) 
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Similarly, the collector currents of and Q 6 are given by 



Figure 10.9 Gilbert 
multiplier circuit. 

(10.13) 
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hi 



1 + exp 



V T 



(10.14) 
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1 + exp ( 



v T 



(10.15) 



The two currents / rl and I c2 can be related to V 2 by again using (10.5) and (10.6): 

^EE 



h\ - 






Ic2 = 



l EE 



\ 4- exp 



V 2 



V r 



(10.16) 



(10.17) 



Combining (10.12) through (10.17), we obtain expressions for collector currents I r3 , I r4 , 
I C 5 , and in terms of input voltages and V 2 . 
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The differential output current is then given by 

A/ = “ Ar4-6 = A:3 + /c5 ~~ iJc6 + irf) 

= (A-3 - ',6> - (/rf - /rf) 



- /ee 
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(10.19) 



( 10 . 20 ) 

( 10 . 21 ) 



( 10 . 22 ) 

(10.23) 



The dc transfer characteristic, then, is the product of the hyperbolic tangent of the two 
input voltages. 

Practical applications of the multiplier cell can be divided into three categories ac- 
cording to the magnitude relative to Vj of applied signals V\ and V 2 . If the magnitude 
of V\ and V 2 are kept small with respect to Vj , the hyperbolic tangent function can be 
approximated as linear and the circuit behaves as a multiplier, developing the product of 
V\ and V 2 . However, by including nonlinearity to compensate for the hyperbolic tangent 
function in series with each input, the range of input voltages over which linearity is main- 
tained can be greatly extended. This technique is used in so-called four-quadrant analog 
multipliers. 

The second class of applications is distinguished by the application to one of the inputs 
of a signal that is large compared to VY, causing the transistors to which that signal is 
applied to behave like switches rather than near-linear devices. This effectively multiplies 
the applied small signal by a square wave, and in this mode of operation the circuit acts 
as a modulator. 

In the third class of applications, the signals applied to both inputs are large compared 
to Vj y and all six transistors in the circuit behave as nonsaturating switches. This mode of 
operation is useful for the detection of phase differences between two amplitude-limited 
signals, as is required in phase-locked loops, and is sometimes called the phase-detector 
mode. 

We lirst consider the application of the circuit as an analog multiplier of two continuous 
signals. 



10.3.3 The Gilbert Cell a$ an Analog Multiplier 

As mentioned earlier, the hyperbolic-tangent function may be represented by the infinite 
series: 

tanh* = *- — ■■- (10.24) 

Assuming that x is much less than one, the hyperbolic tangent can then be approximated by 

tanhx «=■ .v (10.25) 
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Figure 10,10 Gilbert multi- 
plier with emitter degenera- 
tion applied to improve input 
voltage range on V 2 input. 



Applying this relation to (10.23), we have 

v ‘ v ^ v ’ < ia26 > 

Thus for small-amplitude signals, the circuit performs an analog multiplication. Unfortu- 
nately, the amplitudes of the input signals are often much larger than V T , but larger signals 
can be accommodated in this mode in a number of ways. In the event that only one of the 
signals is large compared to Vj , emitter degeneration can be utilized in the lower emitter- 
coupled pair, increasing the linear input range for V% as shown in Fig. 10.10. Unfortunately, 
this cannot be done with the cross-coupled pairs Qi-Qb because the degeneration resistors 
destroy the required nonlinear relation between l c and V\ y€ in those devices. 

An alternate approach is to introduce a nonlinearity that predistorts the input signals to 
compensate for the hyperbolic tangent transfer characteristic of the basic cell. The required 
nonlinearity is an inverse hyperbolic tangent characteristic, and a hypothetical example of 
such a system is shown in Fig. 10.11. Fortunately, this particular nonlinearity is straight- 
forward to generate. 

Referring to Fig. 10. 12, we assume for the time being that the circuitry within the box 
develops a differentia] output current that is linearly related to the input voltage V\ . Thus 

/, = I ol + (10.27) 

h = ioi ~ KiV { (10,28) 

Here l 0 \ is the dc current that flows in each output lead if V\ is equal to zero, and K\ is the 
transconductance of the voltage-to-current converter. The differential voltage developed 




Figure 10.1 1 Gilbert multiplier with predistortion circuits. 



across the two diode-connccled transistors is 



AV = V r ln 
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This function can be transformed using the identity 
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Figure 10.12 Inverse hyperbolic 
tangent circuit. 





into the desired relationship. 
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AV = 2Wtanh 1 (10.31) 

Thus it this functional block is used as the compensating nonlinearity in series with each 
input as shown in Fig. 10.1 1 , the overall transfer characteristic becomes, using ( J 0.23). 



A/ = Jee 



KiV i 
La 



K'2 V 2 



L> 2 



(10.32) 



where I o2 and K 2 are the parameters of the functional block following V 2 . 

Equation 1 0.32 shows that the differential output current is directly proportional to the 
product V i V 2 , and, in principle, this relationship holds f or all values of V\ and V 2 for which 
Ihe two output currents of the differential voltage-to-currcnt converters are positive. For 
this to be true, 1\ and l 2 must always be positive, and from (10.27) and (10.28), we have 



< V, < *21 

ft K i 



La 

~K 2 



< l/ 2 < 



La 

K 2 



(10.33) 

(10*34) 



Note that the inclusion of a compensaling nonlinearity on the V 2 inpul simply makes the 
collector currents of Q\ and Q 2 directly proportional to input voltage V 2 ralher than to its 
hyperbolic tangent. Thus the combination of the pair Qi~Q 2 and the compensating non- 
linearity on the V 2 input is redundant, and the output currents of (he vollage-to-current 
converter on the V 2 input can be fed directly into the emitters of Ihe Q^-Qi and Q 5 - 
Qe pairs with exactly the same results. The multiplier then takes on the Form shown in 
Fig. 10.13. 



10.3.4 A Complete Analog Multiplier* 

In order to he useful in a wide variety of applications, the multiplier circuit must develop 
an output voltage that is referenced to ground and can take on both positive and negative 
values. The transistors Q^, Q 4 , Q$, Q Q 2f and Q shown in Fig. 10.13, arc referred to 
as the multiplier core and produce a differential current output that then must be ampli- 
fied, converted to a single-ended signal, and referenced to ground. An output amplifier is 
thus required, and the complete multiplier consists of two voltage-current converters, the 
“core” transistors, and an output current-to- voltage amplifier. While the core configuration 
of Fig. 10.13 is common to most four-quadrant transconductance multipliers, the rest of 
the circuitry can be realized in a variety of ways. 

The most common configurations used for the voltage-current converters are emitter- 
coupled pahs with emitter degeneration as shown in Fig. 10. 10. The differential-to-singlc- 
ended converter of Fig. 10.13 is often realized with an op amp circuit of the type shown 
in Fig. 6.4. If this circuit has a transresistance given by 

Lj- = ft (10.35) 

then substitution in (10,32) gives for the overall mulliplier characteristic 

V"„u: = IeekM^- V,V 2 
Jo I J<)2 



(10.36) 
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Figure 10.13 Complete four-quadrant multiplier. 



The output volLage is thus proportional to the product V\V 2 over a wide range. The con- 
stants in (10.36) are usually chosen so that 

U oul = 0.1 V X V 2 (10.37) 

and all voltages have a ± 10-V range. 

10.3.5 The Gilbert Multiplier Cell os a Balanced Modulator and Phase Detector 

The four-quadrant multiplier just described is an example of an application of the mul- 
tiplier cell in which all the devices remain in the active region during normal operation. 
Used in this way the circuit is capable of performing precise multiplication of one contin- 
uously varying analog signal by another. In communications systems, however, the need 
frequently arises for the multiplication of a continuously varying signal by a square wave. 
This is easily accomplished with the multiplier circuit by applying a sufficiently large sig- 
nal (i.e., large compared to 2V r ) directly to the cross-couplcd pair so that two of the four 
transistors alternately turn compietely off and the other two conduct all the current. Since 
the transistors in the circuit do not enter saturation, this process can be accomplished at 
high speed. A set of typical waveforms that might result when a sinusoid is applied to 
the small-signal input and a square wave to the large-signal input is shown in Fig. 10.14. 
Note that since the devices in the multiplier are being switched on and off by the incoming 
square wave, the amplitude of the output waveform is independent of the amplitude of the 
square wave as long as it is large enough to cause the devices in the multiplier circuit to be 
fully on or tully off. Thus the circuit in this mode does not perform a linear multiplication 
of two waveforms, but actually causes the output voltage of the circuit produced by the 
small -signal input to be alternately multiplied by + 1 and — l . 

The spectrum of the output may be developed directly from the Fourier series of the 
two inputs. For the low-frequency modulating sinusoidal input, 



^w(0 V m CQ&(O m t 



(10.38) 
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Figure 10.14 Input and output waveforms for a phase detector with large input signals. 

and for the high-frequency square wave input, which we assume has an amplitude of ± 1 
as discussed above, 

CG 

Vc(f) = y] A n co$n<o c t t 

n = \ 

Thus the output signal is 

« 

V 0 {t) = K[V c {t)V m {ty\ = K A„V m cos ruo c t 00.40) 

n- l 

x A V 

= [cos(hw £ . + 0) m )t + cos(ww r - w, M >| (10.41) 

H = 1 ^ 

where K is the magnitude or the gain of the multiplier from the small-signal input to the 
output. 

The spectrum has components located at frequencies co m above and below each of 
the harmonics of ay c , but no componcnL at the carrier frequency w c or its harmonics. The 
speetrum of the input signals and the resulting output signal is shown in Fig. 10.15* The 
lack of an output component at the carrier frequency is a very useful property of balanced 
modulators. The signal is usually filtered following the modulation process so that only 
the components near ai r are retained. 

If a dc component is added to the modulating input, Lhe result is a signal component 
in the output at the carrier frequency and its harmonics. If the modulating signal is given 

by 

V m (t) = V,„(l + Afcosw,,/) (10.42) 

whore the parameter M is called the modulation index, then the output is given by 

VM = K^ A nV„, 

n — 1 



2 , M M / 

cos (ruo c t) + — cos (no} c + -F — cos (na) c — oj m )t 
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An = W- (10.39) 
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(10.43) 
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Figure 10.15 InpuL and output 
spectra for a balanced 
modulator. 



This dc component can be introduced intentionally to provide conventional amplitude 
modulation or it can be the result of offset voltages in the devices within the modulator, 
which results in undesired earlier feedthrough in suppressed-carrier modulators. 

Note that the balanced modulator actually performs a frequency translation. Informa- 
tion contained in the modulating signal V m (r) was originally concentrated at the modulat- 
ing frequency co mr The modulator has translated this information so that it is now contained 
in spectral components located near the harmonics of the high-frequency signal V c (t) 7 usu- 
ally called the carrier. Balanced modulators are also useful for performing demodulation, 
which is the extraction of information from the frequency band near the carrier and re- 
translation of the information back down to low frequencies* 

In frequency translation, signals at two different frequencies are applied to the two 
inputs, and the sum or the difference frequency component is taken from the output. If 
unmodulated signals of identical frequency a> v are applied to the two inputs, the circuit 
behaves as a phase detector and produces an output whose dc component is proportional 
to the phase difference between the two inputs. For example, consider the two input wave- 
forms in Fig. 10.16, which are applied to the Gilbert multiplier shown in the same figure. 
We assume first for simplicity that both inputs are large in magnitude so that all the tran- 
sistors in the circuit are behaving as switches. The output waveform that results is shown 
in Fig. 10.16c and consists of a dc component and a component at twice the incoming 
frequency. The dc component of this waveform is given by 

1 f 27r 

^average ” J (10.44) 

= — 04 1 - ^2) 



7T 



(10.45) 





= ~ lj (10.47) 

This phase relationship is plotted in Fig. 10. L7. This phase demodulation technique is 
widely used in phase-locked loops. 

We assumed above that the input waveforms were large in amplitude and were square 
waves. If the input signal amplitude is large, the actual waveform shape is unimportant 
since the multiplier simply switches from one state to the other at the zero crossings of the 
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v„ = dc component in phase detector output 




Figure 10.17 Phase detector out- 
put versus phase difference. 



waveform. For the case in which the amplitude of one or both of the input signals has an 
amplitude comparable to or smaller than V Tt the circuit still acts as a phase detector. How- 
ever, the output voltage then depends both on the phase difference and on the amplitude 
of the two input waveforms. The operation of the circuit in this mode is considered further 
in Section 10,4.3. 



10.4 Phase-Locked Loops (PLL) 

The phase-locked loop concept was first developed in the 1930s. 4 It has since been used in 
communications systems of many types* particularly in satellite communications systems. 
Until recently, however, phase-locked systems have been too complex and costly for use in 
most consumer and industrial systems, where performance requirements are more modest 
and other approaches are more economical. The PLL is particularly amenable to mono- 
lithic construction* however, and integrated-circuit phase-locked loops can now he fabri- 
cated at very low cost. 5 Their use has become attractive for many applications such as FM 
demodulators, stereo demodulators, tone detectors, frequency synthesizers, and others. In 
this section we first explore the basic operation of the PLL, and then consider analytically 
the performance of the loop in the locked condition. We then discuss some applications 
and, finally, the design of monolithic PLLs. 

10.4.1 Phase-Locked Loop Concepts 

A block diagram of the basic phase-locked loop system is shown in Fig. 10.18. The el- 
ements of the system are a phase comparator, a loop filter, an amplifier, and a voltage- 
controlled oscillator. The voltage-controlled oscillator, or VCO, is simply an oscillator 
whose frequency is proportional to an externally applied voltage. When the loop is locked 
on an incoming periodic signal, the VCO frequency is exactly equal to that of the incoming 
signal. The phase detector produces a dc or low-frequency signal proportional to the phase 
difference between the incoming signal and the VCO output signal. This phase-sensitive 
signal is then passed through the loop filter and amplifier and is applied to the control input 
of the VCO. If, for example, the frequency of the incoming signal shifts slightly, the phase 
difference between the VCO signal and the incoming signal will begin to increase with 
time. This will change the control voltage on the VCO in such a way as to bring the VCO 
frequency back to the same value as the incoming signal. Thus the loop can maintain lock 
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Figure 10.18 Phasc-lockcd-loup system. 



when the input signal frequency changes, and the VCO input voltage is proportional to the 
frequency of the incoming signal. This behavior makes PLLs particularly useful for the 
demodulation of FM signals, where the frequency of the incoming signal varies in time 
and contains the desired information. The range of input signal frequencies over which 
the loop can maintain lock is called the lock range. 

An important aspect of PLL performance is the capture process, by which the loop 
goes from the unlocked, free-running condition to that of being locked on a signal. In 
the unlocked condition, the VCO runs at the frequency corresponding to zero applied dc 
voltage at its control input. This frequency is called the center frequency, or free-running 
frequency. When a periodic signal is applied that has a frequency near the free-running 
frequency, the loop may or may not lock on it depending on a number of factors. The 
capture process is inherently nonlinear in nature, and we will describe the transient in 
only a qualitative way. 

First assume that the loop is opened between the loop filter and the VCO control input, 
and that a signal whose frequency is near, but not equal to, the free-running frequency is 
applied to the input of the PLL. The phase detector is usually of the type discussed in 
the last section, but for this qualitative discussion we assume that the phase detector is 
simply an analog multiplier that multiplies the two sinusoids together. Thus the output 
of the multiplier-phase detector contains the sum and difference frequency components, 
and we assume that the sum frequency component is sufficiently high in frequency that it 
is filtered out by the low-pass filter. The output of the low-pass filter, then, is a sinusoid 
with a frequency equal to Ihc difference between the VCO free-running frequency and the 
incoming signal frequency. 

Now assume that the loop is suddenly closed, and the difference frequency sinusoid 
is now applied to the VCO input. This will cause the VCO frequency itself to become a 
sinusoidal function of time. Let us assume that the incoming frequency was lower than 
the free-running frequency. Since the VCO frequency is varying as a function of lime, 
it will alternately move closer to the incoming signal frequency and further away from 
the incoming signal frequency. The output of the phase detector is a near-sinusoid whose 
frequency is the difference between the VCO frequency and the input frequency. When the 
VCO frequency moves away from the incoming frequency, this sinusoid moves to a higher 
frequency. When the VCO frequency moves closer to the incoming frequency, the sinusoid 
moves to a lower frequency. If we examine the effect of this on the phase detector output, 
we see that the frequency of this sinusoidal difference-frequency waveform is reduced 
when its incremental amplitude is negative, and increased when its amplitude is positive. 
This causes the phase detector output to have an asymmetrical waveform during capture, 
as shown in Fig. 10.19. This asymmetry in the waveform introduces adc component in the 
phase detector output that shifts the average VCO frequency toward the incoming signal 
frequency, so that the difference frequency gradually decreases. Once the system becomes 
locked, of course, The difference frequency becomes zero and only a dc voltage remains at 
the loop-filter output. 
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Figure 10.19 Typical phase 
detector output during cap- 
ture transient. 



The capture range of the loop is that range of input frequencies around the center fre- 
quency onto which the loop will become locked from an unlocked condition. The pull-in 
time is the time required for the loop to capture the signal. Both these parameters de- 
pend on the amount of gain in the loop itself, and the bandwidth of the loop filter. The 
objective of the loop filler is to filter out difference components resulting from interfering 
signals far away from the center frequency. It also provides a memory for the loop in case 
lock is momentarily lost due to a large interfering transient. Reducing the loop filter band- 
width thus improves the rejection of out-of-band signals, but, at the same time, the capture 
range is decreased, the pull-in time becomes longer, and the loop phase margin becomes 
poorer. 

10.4.2 The Phase-Locked Loop in the Locked Condition 

Under locked conditions, a linear relationship exists between the output voltage of the 
phase detector and the phase difference between the VCO and the incoming signal. This 
fact allows the loop to be analyzed using standard linear feedback concepts when in the 
locked condition. A block diagram representation of the system in this mode is shown in 
Fig, 10.20. The gain of the phase comparator is K D V/rad of phase difference, the loop- 
liltcr transfer function is F(s ), and any gain in the forward loop is represented by A. The 
VCO gain is K 0 rad/s per volt. 

If a constant inpul voltage is applied to the VCO control input, the output frequency of 
the VCO remains constant. However, the phase comparator is sensitive to the difference 
between the phase of Ihe VCO output and the phase of the incoming signal. The phase of 
the VCO output is actually equal to the lime integral of the VCO output frequency, since 

^ (0 ,. r , 0 

Woscto = 7- (10.48) 







v r , 



Figure 10.20 Block diagram of ihe PLL system. 
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and thus 



0osc(O “ (10,49) 

Jo 

Thus an integration inherently takes place within the phase-locked loop. This integration 
is represented by the Vs block in Fig. 10.20. 

For practical reasons, the VCO is actually designed so that when the VCO input volt- 
age (he., V 0 ) is zero, the VCO frequency is not zero. The relation between the VCO output 
frequency and V 0 is actually 



t^osc “ w i} + Kn V 



O* o 



where co 0 is the free-running frequency that results when V 0 = 0. 

The system can be seen from Fig. 10.20 to be a classical linear feedback control 
system^ The closed-loop transfer function is given by 
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Usually we are interested in the response of this loop to frequency variations at the input, 
so that the input variable is frequency rather than phase. Since 
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(10.52) 



(10.53) 



(10.54) 



We first consider the case in which the loop filter is removed entirely, and F(s) is unity. 
This is called a first-order loop and we have 



Vo 



K v 



1 



K V }\K, 



(10.55) 



where 



'K v - K 0 K d A 



(10.56) 



Thus the loop inherently produces a first-order, low-pass transfer characteristic. Remem- 
ber that we regard the input variable as the frequency of the incoming signal. The 
response calculated above, then, is really the response from the frequency modulation on 
the incoming carrier to the loop voltage output. 

The constant above (K v ) is termed the loop bandwidth. If the loop is locked on a carrier 
signal, and the frequency of that carrier is made to vary sinusoidally in time with a fre- 
quency &j m , then a sinusoid of frequency o} m will be observed at the loop output. When o) m 
is increased above K v , the magnitude of the sinusoid at the output falls. The loop bandwidth 
K v , then, is the effective bandwidth for the modulating signal that is being demodulated 
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(b) 

Figure 10.21 (a) Root locos and frequency response of a first-order phase-locked loop. (£) Re- 
sponse of the loop output voltage to step changes in input frequency, example first-order loop. 



by the PLL. In terms of the loop parameters, K v is simply the product of the phase detector 
gain, VCO gain, and any other electrical gain in the Loop. The root locus of this single 
pole as a function of loop gain K v is shown in Fig. 10.21a. The frequency response is also 
shown in this figure. The response of the loop to variations in input frequency is illustrated 
in Fig. 10.21 b and by the following example. 



10,4 Phase-Locked Loops (PLL) 725 



EXAMPLE 

A PLL has a K 0 of 2 tt (1 kHz/V), a K v of 500s - \ and a free-running frequency of 500 Hz. 
(a) For a constant input signal frequency of 250 Hz and 1 kHz, Jind V 0 , 



where 



Al 250 Hz 



At 1 kHz 



V J: = 



oscillator free-running frequency 



_ 2tt (250 Hz) - 2 77 (50 0 Hz) 
" 2 tt( 1 kHz/V) 



V n = 



2 77 (1 kHz) - 2 tt (500 Hz) 



2 77 (1 kHz/V) 



— .. = +0.5V 



(b) Now The input signal is frequency modulated, so that 

Wiit) = (27 r) 500 Hz [1 + 0. 1 sin (2 tt x 10 2 ) /] 
Find the output signal V 0 {t). From (10.55) wc have 

v u (» W k v \ _ i r k v 

Uiijw) Ko U, + > / ^ Uv + y(277 X 10 2 ) 



2 77 (1 kHz/V) 1500 + j628 



2 77 ( 1 kHz/V) 



(0.39 - 7*0.48) 



The magnitude of oj, f /Vo ) is 

\oj i (j(o) \ = (0.1) (500 Hz) (2 t7) - (50) (2ir) 



Therefore 



^(0.39 ^62 tiu 



VJf) = 0-031 sin [(277 X 10 h) - 51°] 

Operating the loop with no loop filter has several practical drawbacks. Since the phase 
detector is really a multiplier, it produces a sum frequency component at its output as well 
as the difference frequency component. This component at twice the carrier frequency will 
be fed directly to the output if there is no loop filter. Also, all the oul-of-band interfering 
signals present at the input will appear shifted in frequency, at the output. Thus, a loop 
filter is very desirable in applications where interfering signals are present. 

The most common configuration for integrated circuit PLLs is the second-order loop. 
Here, loop filler F(s) is simply a single-pole, low -pass filter, usually realized with a single 
resistor and capacitor Thus 



F(s) = 



(10,57) 
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Figure 10.22 Root locus and frequency response of second-order, phase-locked loop. 



By substituting into (10.54), the transfer function becomes 



— (s) = -jr 

Wl Ko 



1 + J + S 
Ky K v 



(10.58) 



The root locus for this feedback system as K v varies is shown in Fig. 1 0.22, along with the 
corresponding frequency response. The roots of the transfer function arc 






(10.59) 



Equation 10.58 can be expressed as 



Vo = _}_( j_ 

Oii #0 s 2 2£ 



-- S H- 1 



wt w. 



(10.60) 



where 



y/ K v oj i 

1 I to i 

2 



(1 0.61) 
(10.62) 



The basic factor setting the loop bandwidth is K v as in the first-order case. The magnitude 
to! of the additional pole is then made as low as possible without causing an unacceptable 
amount of peaking in the frequency response. This peaking is of concern both because it 
distorts the demodulated FM output and because it causes the loop to ring, or experience 
a poorly damped oscillatory response, when a transient disturbs the loop. A good compro- 
mise is using a maximally flat low-pass pole configuration in which the poles are placed 
on radials angled 45° from the negative real axis. For this response, the damping factor 
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£ should be equal to 1/^/2. Thus 



and 



J_ = 1 /wj_ 

72 2 V A'. 



oj\ — 2K, 



The -3-dB frequency of the transfer function (VJ<x>i)(ja>) is then 



(10.63) 



( 10 . 64 ) 



w -3dB = = tJK v co i = v2^ v (10.65) 

A disadvantage of the second-order loop as discussed thus far is that the - 3-dB bandwidth 
of the loop is basically dictated by loop gain K v as shown by (10.65). As we will show, 
the loop gain also sets the lock range, so that with the simple lilicr used above these two 
parameters are constrained to be comparable. Situations do arise in pbase-locked com- 
munications in which a wide lock range is desired for tracking large signal-frequency 
variations, yet a narrow loop bandwidth is desired for rejecting out-of-band signals. Using 
a very small oj \ would accomplish this were it not for the fact that this produces under- 
damped loop response. By adding a zero to the loop filter, the loop filter pole can be made 
small while still maintaining good loop dampening. 

The effect of the addition of a zero on the loop response is best seen by examining the 
open-loop response of the circuit. Shown in Fig. 10.23a is the open-loop response of the 
circuit with no loop filter. Because of the integration inherent in the loop, the response has 
a — 20-dB/decadc slope throughout the frequency range and erusses unity gain at K v . In 
Fig. 10.23 b, a loop filter in which o> \ is much less than K v has been added, and. as a result, 
the loop phase shift is very nearly 180° at the crossover frequency. The result is a sharp peak 
in the closed-loop frequency response at the crossover frequency. By adding a zero in the 
loop filter at o> 2 - as shown in Fig. 10.23c, the loop phase margin can be greatly improved. 
Note that for this case the loop bandwidth, which is equal to the crossover frequency, 
is much Iowct than K v . This ability to set loop bandwidth and K v independently is an 
advantage of this type of loop filter. An R-C circuit that provides the necessary pole and 
zero in the filter response is shown in Fig. 10.23t£ The root locus for this loop filter and 
the resulting closed-loop response are also shown. 




Figure 10.23 (a) PLL open- 
loop response with no loop 
filter. 
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Figure 10.23 ( b ) PLL open- 

loop response with a single- 
pole filter and co i K v . 




Figure 10.23 (<:) PLL open-loop re- 
sponse with a zero added in loop filter 
at s = a> 2 . 



Loop Lock Range. The loop lock range is the range of input frequencies about the cen- 
ter frequency for which the loop maintains lock. In most cases, it is limited by the fact 
that the phase comparator has a limited phase comparison range; once the phase differ- 
ence between the input signal and the VCO output reaches some critical value, the phase 
comparator ceases to behave linearly. The transfer characteristic of a typical analog phase 
comparator is shown in Fig. 10.17. It is clear from this figure that in order to maintain 
lock, the phase difference between the VCO output and the incoming signal must be kept 
between zero and n. If the phase difference is equal to either zero or it, then the magnitude 
of the de voltage at the output of the phase comparator is 




( 10 . 66 ) 
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Figure 1 0.23 (</) Root locus and frequency response of a second-order PLL with a zero* Frequen- 
cy response shown is for large loop gain such that poles are located as shown in the root locus. 



This dc voltage is amplified by the electrical gain A f and the result is applied to the VCO 
input, producing a frequency shift away from the free-running center frequency of 

= K d AK 0 {^ = (10.67) 

If the input frequency is now shifted away from the free-running frequency* more voltage 
wilt have to be applied to the VCO in order for the VCO frequency to shift accordingly. 
However, the phase detector can produce no more dc output voltage to shift the VCO 
frequency further, so the loop will Lose lock. The lock range is then given by 

t»L = Kvj (10.68) 

This is the frequency range on either side of the free-running frequency for which the loop 
will track input frequency variations. It is a parameter that depends only on the dc gain 
in the loop and is independent of the properties of the loop filter. Other types 7 of phase 
detectors can give larger linear ranges of phase-comparator operation. 

The capture range is the range of input frequencies for which the initially unlocked 
loop will lock on an input signal when initially in an unlocked condition and is always less 
than the lock range. When the input frequency is swept through a range around the center 
frequency, the output voltage as a function of input frequency displays a hysteresis effect, 
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Figure 10,24 PLL output versus 
frequency of input. 



as shown in Fig. 10.24, As discussed earlier, the capture range is difficult to predict ana- 
lytically* As a very rough rule of thumb, the approximate capture range can be estimated 
using the following procedure; refer to Fig, 10.18 and assume that the loop is opened at 
the loop-amplifier output and that a signal with a frequency not equal to the free-running 
VCO frequency is applied at the input of the PLL, The sinusoidal difference frequency 
component that appears at the output of the phase detector has the value 

V p (t) = jKn cos (to; - nj osc )/ (10.69) 

where is the input signal frequency and a> osc is the VCO free-running frequency. This 
component is passed through the loop filter, and the output from the loop amplifier resulting 
from this component is 

= \ K n A I F [j(«i - <w osc )] | COS [(&>,■ - w osc )? + <£1 (10.70) 

where 



4> = lILljlni ~ ^osc)] 

The output from the loop amplifier thus consists of a sinusoid at the difference fre- 
quency whose amplitude is reduced by the loop filter. In order for capture to occur, the 
magnitude of the voltage that must be applied to the VCO input is 

|V 0HC |= ^ (10.71) 

The capture process itself is rather complex, but the capture range can be estimated by 
setting the magnitudes of (10.70) and (10*71) equal. The result is that capture is likely to 
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occur if the following inequality is satisfied: 

|(wj - « osc )| < ^KoKoA^ljiojj - (u„ sc )]| (10,72) 

This equation implicitly gives an estimation of the capture range. For the first-order loop, 
where F(s) is unity, it predicts that the lock range and capture range are approximately 
equal, and that for the second-order loop the capture range is significantly less than the 
lock range because \F[j{a)j — w osc )]| is then less than unity. 

10.4,3 Integraled-Circuit Phase-Locked Loops 

The principle reason that PLLs have come to be widely used as system components is that 
the elements of the phase-locked loop are particularly suited to monolithic construction, 
and complete PLL systems can be fabrieated on a single chip. We now discuss the design 
of the individual PLL components. 

Phase Detector. Phase detectors for monolithic PLL applications are generally of the 
Gilbert multiplier configuration shown in Fig. 10,9, As illustrated in Fig. 10.16, if two 
signals large enough in amplitude that they cause limiting in the emitter-coupled pairs 
making up the circuit are applied to the two inputs, the output will contain a dc component 





Figure 10.25 Sinusoid multiplied by a synchronous square wave. 
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given by 

1 ~ (10.73) 

where <f> is the phase difference between the. input signals. An important aspect of the 
performance of this phase detector is that if the amplitude of the applied signal at V m2 is 
small compared to the thermal voltage VY, the circuit behaves as a balanced modulator, 
and the dc compartment ol' the output depends on the amplitude of the low-level input- The 
output waveform is then a sinusoid multiplied by a synchronous square wave, as shown 
in Fig. 10.25. In the limiting case when the small input is small compared to VY, the dc 
component in the output becomes, referring to, Fig. 10.25, 



V 



average 



= -IeeRc 



^average ^ gmRcVi 



7 T 



(sin wt) d(a)t) — (sin tut) d(o)t) 

0 Jc/> 



2g m R c ViCOS(f> 



77 



(10.74) 
( 1 0. 7 5 > 



where Rc is the collector resistor in the Gilbert multiplier and g m is the Iransconduc- 
tance of the transistors. The phase detector output voltage then becomes proportional to 
the amplitude V, of the incoming signal, and if the signal amplitude varies, then the loop 
gain of the phase-locked loop changes. Thus when the signal amplitude varies, it is often 
necessary to precede the phase detectoT with an amplifier/limiter to avoid this problem. 
In FM demodulators, for example, any amplitude modulation appearing on the incoming 
frequency-modulated signal will be demodulated, producing an erroneous output. 

In PLL applications the frequency response of the phase detector is usually not the 
limiting factor in the usable operating frequency range of the loop itself. At high oper- 
ating frequencies, the parasitic capacitances of the devices result in a feedthrough of the 
carrier frequency, giving an erroneous component in the output at the center frequency. 
This component is removed by the loop filter, however, and does not greatly affect loop 
performance. The VCO is usually the limiting factor in the operating frequency range. 



Voltage-Controlled Oscillator The operating frequency range, FM distortion, center- 
frequency drift, and center-frequency, supply- voltage sensitivity are all determined by the 
performance of the VCO. Integrated-circuit VCOs often are simply R-C multivibrators 
in which the charging current in the capacitor is varied in response to the control input, 
We first consider the emitter-coupled multivibrator as shown in Fig. 10.26 a, which is typ- 
ical of those used in this application. We calculate the period by first assuming thal Q\ 
is turned off and g 2 is turned on. The circuit then appears as shown in Fig. 10.26 h. We 
assume that current / is large so that the voltage drop IR is large enough to turn on diode 
£>6- Thus the base of Q 4 is one diode drop below V cc , the emitter is two diode drops be- 
low V cc , and the base of Q\ is two diode drops below Vcc* If we can neglect the base 
current of g^, its base is at V cc and its emitter is one diode drop below Vcc- Thus the 
emitter of g 2 is two diode drops below V C c> Since gi is off, the current 7] is charging 
the capacitor so that the emitter of gi is becoming more negative, g] will turn on when 
the voltage at its emitter becomes equal to three diode drops below V cc . Transistor gj will 
then turn on, and the resulting collector current in turns on gg + As a result, the base of 
Q$ moves in the negative direction by one diode drop, causing the base of g 2 to move in 
the negative direction by one diode drop. g 2 will turn off, causing the base of Q { to move 
positive by one diode drop because g f , also turns off As a result, the emitter-base junction 
of g 2 is reverse biased by one diode drop because the voltage on C cannot change instan- 
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Figure 10.26 (<?) Voltage- 
controlled., emitter-coupled 
multivibrator 



Figure 10.26 (b) Equivalent cir- 
cuit during one half-cyclc. 



taneously. Current I\ must now charge the capacitor voltage in the negative direction by 
an amount equal to two diode drops before the circuit will switch back again. Since the 
circuit is symmetrical, the half period is given by the time required to charge the capacitor 
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(c) 

Figure 10.26 (c) Waveforms within the emitter-coupled multivibrator. 



where Q = CAV = 2CV is the charge on the capacitor. The frequency of the oscil- 
lator is thus 



/ = 



T 



/] 



(10.77) 



The various waveforms in the circuit are shown in Fig. 1 0.26c. This emitter-coupled con- 
figuration is nonsaturaling and contains only npn transistors. Furthermore, the voltage 
swings within the circuit are small. As a result, the circuit is capable of operating up to 
approximately 1 GHz for typical integralcd-eircuit transistors. However, the usable fre- 
quency range is limited to a value lower than this because the center frequency drift with 
temperature variations becomes large at the higher frequencies. This drift occurs because 
the switching transients themselves become a large percentage of the period of the oscil- 
lation, and the duration of the switching iransients depends on circuit parasilics, circuit 
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resistances, transistor transeonduetance, and transistor input resistance, which are all tem- 
perature sensitive. 

Although the emitter-coupled configuration is capable of high operating speed, it dis- 
plays considerable sensitivity of center frequency to temperature even at low frequencies, 
since the period is dependent on Utilizing (10*77) we can calculate the tempera- 

ture coefficient of Ihe period as 



I da j asL 
Mow dT 



1 dV BE{y,n) 

VbE{< in) dT 



+ 2mV/°C 
600 mV 



+ 3300 ppm/°C (10.78) 



This temperature sensitivity of center frequency can be compensated by causing current /[ 
to be temperature sensitive in such a way that its effect is equal and opposite to the effect 
of the variation of V 5 £ f0]1 ). 



10.4.4 Analysis of the 56GB Monolithic Phase-Locked Loop 

The first practical monolithic PLLs were the 560/561/562 series circuits. These circuits 
contain a phase detector of the Gilbert type, an emitter-coupled, temperature-compensated 
VCO, and provision for use of an external R-C circuit to perform the loop filter function. A 
schematic diagram of the 560B is shown in Fig. 10.27a Transistors Q\ to Q iA . form the bias 
reference circuit that provides a J3-V supply-independent, Zener-referenced voltage for 
the phase detector and the VCO. It also provides a dc reference potential for the differential 
inputs, through R 3 and * 4 , so that the input can be ac coupled. Transistors go and Qu 
provide a reference voltage for the current sources in the VCO. and transistor Q u provides 
the bias current for the phase detector. 

The VCO is composed of transistors Q 23 and Q 24 and emitter followers Q 2 7 and £28 ■ 
The phase detector is composed of transistors 2 i 5 to Q 2 U nod the differential output of 
the phase detector is led to the VCO through emitter followers Q 2 \ and Q 22 T and emitter 
coupled pair Q 35 to £? 3 g* 

We will now analyze the circuit with the objective of determining the K D and K a 
parameters of the loop. We begin by analyzing the bias reference circuit shown separately 
in Fig. 10.27ft. The bias circuit generates a regulated 13 V subsupply for the VCO and 
the phase comparator so that the bias voltages in these circuits remain constant when the 
supply voltage changes over the allowed 1 6- to 26-V range. We will assume the supply 
voltage is 16 V; the only current level in the circuit affected by supply voltage is that in the 
chain through R\% and Q 3 to 06* Zener diodes Q$ and Q$ are reverse-biased emitter-base 
junctions with breakdown voltages near 6.2 V so that 



1 \ = 



h = 



Vcc ~ V'zi - Vbe 4 — Vzs — V 



BEt, 



*18 

(Vcc - 6 . 2 - 0.6 -6*2- 0 . 6 ) V 
5*3 kO 



16- 13.6 
5.3 kO 



= 0.45 mA 



(10*79) 

(10.80) 



Thus the voltage on the emitters of Q\, Q 2 , and Q$ is 13*0 V. Assuming that Q 7 is con- 
dueling current, we can sec that the voltage at the lop of g 7 is 6.8 V, Thus the current in 
*17 is 



fffl? - 
/ffl7 = 



Vz7 + ~ VbE\3 ~ VbE 14 

*17 

62+0*6-0.6-0.6 



11 kO 



= 0,51 mA 



(10.81) 



(10.82) 




+14V 
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Bias circuit 
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V f;t .(+16Vto +26 V) 



Qz 62 V T 3,2hn | J 7 t 



To phase To 
comparator VGO 



05 T 6.2 V 



Ua2 |^33 I U 




Figure 10.27 (b) Bias circuit for 560B phase-locked loop. 



The current in Qu , which is the bias current for the phase comparator, is equal to that in 
QlO> which is 

T -J _ V Z 7 + Vm - Vfl£io 

/ C’1U -Ten B — —~B — T~B (10.8J) 

+ *M4 + "IS 

6.8 V -0.6 V 

= o^i.» = °- 77 tnA U0.84) 



*C’10 — J C'l I 



(10.83) 



8.14kfi 



= 0.77 tnA 



The bias voltage V\ 2 * which supplies the dc reference for the input terminals, is then 



V12 — Vbem + + Vzi ~ Vg£io) 



7?i4 + An 

^15 + ^14 + R[ 



v BFA 2 (10.85) 



and thus 



V ,2 = 0.6 V +■ (6.8 -0.6 ) {——— V- 0.6 V = 3.69 V (10.86) 

\ 3.3 4- 4. 84 I 

The voltage applied to the bases of current-source transistors Qsq to Q $ 4 is equal to two 
diode drops above ground. The voltage across the 1,2-kil resistors R 2 fi through R 2 $, ^20? 
^ 19 , and /?23 is thus one diode drop, giving a current of approximately 0,5 111A. It is 
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+13 V 




important to note that these currents have a large negative temperature coefficient, 
given by 



dl 


d 






1 dVBEtm) 1 dR 


dT 


~ dT 


R 


R 


. dT RdT 



= %* 1500 X 10 6 no. 88) 



and thus 



1 d $ 

= -4800 ppm/°C (10.89) 

This temperature sensitivity partially compensates the center frequency drift of the VCtX 
which results from the temperature variation in VgEm) within the VCO. 

We now analyze the phase detector shown in Fig. 10.28. If the base currents of 02i 
and Q 22 arc negligible, and a large limiting signal is applied to the input, then the voltages 
appearing at the bases of Q 2 1 and Q 2 2 take on one of two values: 



V hi = 13 V f 10.90) 

V\ Q = 13V-(/ Cil )(6kil) - 8,38 V (10.91) 

The amplitude of the differential square wave output is thus 4,62 V. Since ic 11 has 
a temperature coefficient that is approximately the negative of that of a diffused resistor 
(i? i3 + R 14 +■ R 15), and the output voltage swing is the product of this current with R\ and 
the net temperature coefficient of the output amplitude is small. The purpose of the 
621-640-^6-^8 and 622-641-^7-^9 bias strings is to level shift the signal prior to driving 
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the VCO input. The voltages at the bases of Q ^ and Qw take on two values: 



Vhi = (13 V - V BE2 \ ~ V?m) 



(13V - a6V -- 6 - 2V H^TT25C S - 38V 



R% 
^6 + 
f 8.2 



V\ 0 = (8-38 V - V^- 2 , - V z4Q )l ^ \ = 1.37 V 



(10.92) 



(10.93) 



(10.94) 



The peak amplitude of the phase detector dilTcrcnlial output is thus 4.0 V. Using (10.47) 
we find that the dc component of the differential output is 



V ilv ™ - • (4.0 V) 1- 



0 < (b < JT 



- Kb I - - 0 < tf} < 77 



(10.95) 



(10.96) 



4,0 V 

K d = — — = 2.55 V/rad 

77/2 



(10.97) 



If the signal applied to the input is small so that limiting does not occur, then the phase 
detector gain becomes, utilizing (10,75), 



Kd = -(2* (nl9 Ki)--54- 
rr ft* + 

Vi /0.38 mA \ . . ^1/8.2 

-¥[ <2) (l6l5vrj (6kft, Jlft45 

= 48,4V, (rad) -1 



(10.98) 



(10.99) 

( 10 . 100 ) 



where V, is the peak amplitude of the sinusoidal input, in terms of the rms value, 

K P = 68.4 V,-| tms (rad) 1 (10.101). 

Thus for a I -mV mis input, for example, the value of K D is equal to 0.068 V/rad. 

We now analyze the voltage-controlled oscillator shown in Fig, 10,29. We initially 
assume that the input differential voltage is zero, so the four emittcr-couplcd transistors 
(Q 35 C?3ft) all conduct the same current. The collector currents of Qyj and are thus 
125 pA, and the total current flowing from the emitters of Q 23 and £>? 4 is 625 |xA, This 
emitter-coupled multivibrator circuit was analyzed earlier, and the free -running frequency 
is given by ( 10,77) as 



*CV mon} 

Assuming a Vn^ m} of 0.6 V, the VCO center frequency is thus 

625 x 10 6 _ 0.26 X 10" 3 

~ 4 C x 0 6 ~~ C 

The required value of C to give a frequency f (> is 

r 260 
C = — 

Jo 



(10.102) 



(10,103) 



(10,104) 
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+ 13 V 




where f (> is in Hcrlz and C is in microfarads. An important aspect of PLL performance is 
the center frequency sensitivity to temperature. Again, utilizing (10.77). we obtain 



1 df 0 _ 1 dl _ 1 dV BE _ 1 dC 
fa dT - I ~dT V^E dT Cdf 



(10.105) 



The bias circuit that produces h\, and / 34 was analyzed previously, where it was de- 
termined that 



1 dl 1 dV B z _ 1 dR 
IdT~ Vue dT RdT 

Consequently, for this circuit, substituting (10.106) in (10.105) gives 



(10.106) 



J _djf _}_dR _ }_dC_ 
J,dT ~ ~RdT CdT 



(10.107) 



Assuming that an external capacitor with a low temperature coefficient is used, the center 
frequency temperature variation is related to the temperature variation of the diffused re- 
sistors making up the circuit. This temperature coefficient is usually on the order of 1000 
to 1500 ppm/°C. This rather high drift can be reduced by redesigning the bias circuit to 
temperature compensate the resistor variation. 

Since the collector currents of g 37 and Q 38 can vary between zero and 250 jaA, the 
total current charging the capacitor can vaiy from 500 to 750 juA, and the VCO frequency 
can vary ±20 percent about its center frequency. Regarding g 37 and Q 3 8 together as one 
device, wc can calculate the ratio of the small -signal input voltage of the emitter-coupled 
pair to the total small-signal output current flowing in G 37 -G 3 &. 
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(10,108) 



Half of the output current of Qyj-Qw charges the capacitor at any given time, so that 



dl 

dV ir 



lio_ 
2 1% 



1 1 



2 860 11 



( 10 . 109 ) 



where V m is the input to the pair Q35-&S, and / is the current that sets the frequency of 
the VCO, From (10.77) 



4f_ 

dl 



l 



4CV^ J t (un ) 

Equations (10,109) and (10,110) can be combined to give 

dco df di 1 2 77 

A o = . = 2 77 



dV\ T . 

Substituting of (10.77) in (10.111) gives 



di dV m 8 860CIW) 



Ko = 



2tt/ 0 

1720/, 



( 10 . 110 ) 



( 10 . 111 ) 



( 10 . 112 ) 



where J v - 625 |aA is the value of / when V tn - 0, and f 0 is the corresponding value of 
the VCO frequency. This is called the VCO free-running frequency. Thus 



Ko 



277/;. 

1.08 



rad/V-s = 0.93u>„ rad/V-s 



( 10 . 113 ) 



where f 0 = a)J2ir. The value of K 0 thus depends on the free-running frequency of the 
VCO through C in (10.111), 

The analysis of the 560B is now complete. By combining the calculated values for 
Kq and A/i, the inherent loop bandwidth K v for large inputs is found to be 



K v = K d K 0 = 2.55 X i).93o) 0 s 3 = 2.36w„ s' 



(10.114) 



Note that A = 1 in this case, since all the gain in the loop has been absorbed into K D and 
K ( ), Equations 10.114 and 10.68 show that if no other limiting factor is present, the loop 
will be able to track carrier signals whose frequency deviates from the center frequency 
by as much as 3.7 times the value of the VCO free-running frequency. Actually, the lock 
range will be much smaller than this because of the fact that while the phase comparator 
can produce a maximum output voltage of about 4 V for 90° of phase error, the voltage- 
to-currcnl converter that controls the VCO has a linear range on its input of only about 
250 mV, As a result, the lock range is limited by the VCO control range to about ±25% 
of the VCO free-running frequeney. An important consequence of the large value of K v , 
however, is the fact that when the circuit is used as a first-order loop with no additional 
attenuation in the loop, the bandwidth of the loop used as an FM demodulator is quite 
broad. This bandwidth can be narrowed to any desired value by using a second-order loop 
with a zero in the loop filler for stability. 

In the 560B circuit, the user can modify the control range of the VCO, thereby con- 
trolling the lock range of the PLL. This is accomplished by controlling the bias current 
in the emitter-coupled pair which is the current that produces the variation in 

VCO frequency. This current can be either increased or decreased by the user in the 
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Vcc 




Vcr 




Figure 10.30 Bipolar non- 
linear function circuits, (a) 
Square root. ( b ) Square law. 



actual circuit with external components so that the lock range is controllable externally. 
The advantage of this method of limiting the lock range is that it is independently control- 
lable from the loop bandwidth K v . 

The actual loop bandwidth K v can be controlled by the user of the PLL in several 
ways. First, external resistors can be inserted in parallel with /?j and Ri in Fig. 10.28 to 
reduce their effective value. This directly reduces K D and thus K v . Second, a loop filter that 
contains a zero can be used. This allows placing the pole of the loop filter at a frequency 
far below the inherent loop bandwidth K v without excessive peaking in the loop frequency 
response. 



10.5 Nonlinear Function Synthesis 

The need often arises in electronic systems for circuits with arbitrary nonlinear trans- 
fer functions. For example, a common need is for square-law and square-root transfer 
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characteristics in order to generate true rms quantities. The unique, precision exponential 
transfer characteristic of the bipolar transistor can be used 8,9 to generate these and many 
other nonlinear functions. 

Consider the circuit shown in Fig. 10.30a. We have 

Vbfa + VrE 2 - VnEl - VBE4 = 0 (10. 115) 

Neglecting base currents and assuming all devices are forward active, we find 

Wln-^ + V ; In7- - V T ln-E - V T ln^ = 0 

h 1 hi Isi *S4 

and thus 



h V A 



Jh 



h^S4 

V hJsi 



( 10 . 116 ) 



This circuit thus realizes a square-root transfer function with a scale factor set only by 
the bias current Is (which could be another input signal) and device area ratios. There is 
no (first-order) dependence on supply voltage or temperature. Not that the input current 
source /, must be capable of working into a dc bias voltage of one Vr E set by Q\ . The 
small-signal input impedance of the circuit is very low due to the feedback provided by 
Qi and Q Since all nodes in the circuit arc low impedance, parasitic capacitance has little 
influence, and the bandwidth of the circuit can be on the order of the device // . 

For the circuit in Fig. 10,30i? we have 



VrE 1 + Vb£5 + ^ 8E2 = V r BE3 + V BE4 + ^££’6 (10.117) 



from which 



^01 hlh4h 6 
1 Avifefs'l 



( 10 . 118 ) 



Thus this circuit realizes the square-law transfer function with very wide bandwidth and 
insensitivity to temperature and supply voltage. Simpler versions of this circuit can be 
derived if the current source Ir\ is used as a signal input. However, this requires that 
hi he realized by an active pnp current source (or a PMOS current source in BiCMOS 
technology), which will usually restrict the circuit bandwidth. 



PROBLEMS 

T0.1 Determine the dc transfer characteristics 
of the circuit shown in Fig. 10.31 . The Zener diodes 
have a reverse breakdown voltage of 6.2 V and zero 
incremental resistance in the breakdown region. In 
the forward direction V iif , (on) = 0.6 V. 



r? Zener diodes 




10.2 Determine and sketch (he dc transfer 

characteristic of the circuit shown in Fig, 10.32. 
Assume (hat - 0.6 V. Check your result 

using SPICE, assuming I s - 10“ 16 A for the 
transistor. Approximate the op amp by a voltage- 
controlled voltage source with a gain of 1 0,000. 

1 0.3 Determine and sketch the dc transfer char- 
acteristic of the circuit of Fig. 10 33. 

10.4 Sketch the dc transfer curve / 0liL versus VT 
for the Gilbert multiplier of Fig. 10.9 for V\ equal 
to o. i vy , 0.5 vy , and vy . 

10.5 For the emitter-coupled pair of Fig. 10.6. 
determine the magnitude of the dc differential input 
voltage required to cause (he slope of the transfer 
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Figure 10.32 Circuit for 
Problem 10.2. 




Figure 10.33 Circuit for Problem 10.3. 



curve to be different by 1 percent from the slope 
through the origin. 

10.6 Assume that a sinusoidal voltage signal 
is applied to the emitter-coupled pair of Fig. 10.6. 
Determine the maximum allowable magnitude of 
the sinusoid such that the magnitude of the third 
harmonic in the output is less than 1 percent of the 
fundamental. To work this problem, approximate 
the transfer characteristic of the pair with the first 
two terms of the Taylor scries for the tanh func- 
tion. Then assume that all the other harmonics in 
the output are negligible and that the output is ap- 
proximately 

7 0Ut (r) — l a { sin 0 ) o t + 8 sin 3 tD n t) 

where 8 = fractional third-harmonic distortion. 
Use SPICE to check your result. For the same sinu- 
soidal input voltage amplitude, use SPICE to find 
the third harmonic distortion in the output if emit- 
ter resistors Rp arc added to each device such that 
Jei^f — Ie 2 Re — 100 mV. 

10.7 Determine the worst-case input offset 
voltage of the vollagc-eurrcnt converter shown in 
Fig. 10.34. Assume that the op amps are ideal, 
that the resistors mismatch by ±0.3 percent, and 
that transistor 1$ values mismatch by ±2 percent. 



Neglect base currents. Use SPICK to determine the 
second and third harmonic distortion in the out- 
put for a sinusoidal input drive of amplitude 20 V 
peak- peak. Assume 7 s — 10 _]b A for the transistor 
and approximate the op amps by voltage-controlled 
voltage sources with a gain of 10,000. 

10.8 Determine the dc transfer characteristic of 
the circuit of Fig. 10.35. Assume that Z = 0.1 AT 
for ±e multiplier. 

10.9 A phase-locked loop has a center fre- 
quency of lCF rad/s, a K a of 10 3 rad/V-s, and a Kj ■> 
of 1 V/rad. There is no other gain in the loop. De- 
termine the loop bandwidth in the lirst-ordcr loop 
configuration. Determine tho single-pole, loop- 
filter pole location to give the closed-loop poles 
located on 45° radial s from the origin. 

10.10 For the same PLk of Problem 10.9, de- 
sign a loop filter with a zero that gives a crossover 
frequency for the loop gain of 100 rad/s. The loop 
phase shift at the loop crossover frequency should 
be - 135°. 

10.1 1 Estimate the capture range of the PLL of 
Problem 10.10, assuming that it is not artificially 
limited by the VCO frequency range. 
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10.12 An FM demodulator using the 560B has 
a center frequency of 2 kHz and is implemented 
as a first-order loop. The input signal alternates be- 
tween 1.95 kHz and 2.05 kHz at a rate of 200 Hz 
with instantaneous transitions between the two fre- 
quency values. Sketch the demodulated output volt- 
age waveform, 

10.13 Design a voltage -controlled oscillator 
based on the circ jit of Mg. 10.26#. The center fre- 
quency is to be 10 kllz. C ~ 0.0 J p.F, and V C c = 
5 V. For the transistors /3 = 100 and - JO trt A. 
The frequency is to be varied by 2:1 by an input 
AVj„ - 200 mV. Specify all resistors and the dc 
value of Vj ri . Use SPTCF. to cheek your design and 
also lo produce a plot of the transfer characteristic 
from V', n to frequency. 



10.14 Using the methods of Section 10.5, de- 
sign a circuit with a transfer characteristic = 
Klf 1 for I, > 0. The input bias voltage must be 
2* V/j/; , and the output bias voltage is equal to 2Vre, 
The value of l a should be 100 ^ A for h — 100 
The supply voltage available is V C c - 5 V and 
device data arc /j - 100 and A = 10" I7 A. Use 
SPICE to verify your design and then examine the 
effect of finite n, = 200 Ti and r c = 2 11. 

10.15 Show that the CMOS circuit of Fig. 10.36 
reali 7.es a square-law transfer characteristic from V, 
to I 0 assuming that the MOSFETs have square-law 
characteristics. Specify the range of V l over which 
this holds. (The bias analysis of Section 9.6.4 ap- 
plies.) All PMOS devices have W/L = 60 and all 
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^-5V 




NMOS have W/L = 20. Device dataarc p„C 0lt - 
60 ix A/V z , /A„Ck = 20 jjlA/V 2 , V m - 0.7 V, 
V% = 0.7 V, y = 0, and A = 0. 

Use SPICE to verify your result by plotting and 
evaluating the dc transfer characteristic.Then apply 
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CHAPTER 




Noise in Integrated Circuits 



11.1 Introduction 

This chapter deals with the effects of electrical noise in integrated circuits. The noise phe- 
nomena considered here are caused by the small current and voltage fluctuations that are 
generated within the devices themselves, and we specifically exclude extraneous pickup of 
man-made signals that can also be a problem in high-gain circuits. The existence of noise 
is basically due to the fact that electrical charge is not continuous but is carried in dis- 
crete amounts equal to the electron charge and thus noise is associated with fundamental 
processes in the integrated-circuit devices. 

The study of noise is important because it represents a lower limit to the size of elec- 
trical signal that can be amplified by a circuit without significant deterioration in signal 
quality. Noise also results in an upper limit to the useful gain of an amplifier, because if 
the gain is increased without limit, the output stage of the circuit will eventually begin to 
limit (that is, a transistor will leave the active region) on the amplified noise Ifom the input 
stages. 

fn this chapter the various sources of electronic noise are considered, and the equiv- 
alent circuits of common devices including noise generators are described. Methods of 
circuit analysis with noise generators as inputs are illustrated, and the noise analysis of 
complex circuits such as op amps is performed. Methods of computer analysis of noise arc 
examined, and, finally, some common methods of specifying circuit noise performance are 
described. 



1 1 .2 Sources of Noise 
1 1.2.1 Shot Noise 1 - 2 - 3 ' 4 

Shot noise is always associated with a direct-current flow and is present in diodes, MOS 
transistors, and bipolar transistors, The origin of shot noise can be seen by considering the 
diode of Fig. ll.ltf and the carrier concentrations in the device in the forward-bias region 
as shown in Fig. 1 L 1 b. As explained in Chapter 1 . an electric field % exists in the depletion 
region and a voltage - V) exists between the p-type and the n- type regions, where tj/ 0 
is the built-in potential and V is the forward bias on the diode. The forward current of the 
diode / is composed of holes from the p region and electrons from the n region, which 
have sufficient energy to overcome the potential barrier at the junction. Once the carriers 
have crossed the junction, they diffuse away as minority carriers. 

The passage of each carrier across the junction, which can be modeled as a random 
event, is dependent on the carrier having sufficient energy and a velocity directed toward 
the junction. Thus external current /, which appeal’s to be a steady current, is, in fact, 
composed of a large number of random independent current pulses. If the current is exam- 
ined on a sensitive oscilloscope, the trace appears as in Fig. I I .2, where l D is the average 
current. 
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Figure 11.1 (a) Forward-biased pn junction diode, {b) Carrier concentrations in the diode (not to 
scale). 

The fluctuation in / is termed shot noise and is generally specified in terms of its 
mean-square variation about the average value. This is written as i 2 , where 

= (/ - Id? 

1 f ^ 

= iim - (I - Inf dt (11.1) 

T- T J 0 

It can be shown that if a current / is composed of a series of random independent pulses 
with average value then the resulting noise current has a mean-square value 

? = 2qf D bf (11.2) 

where q is the electronic charge (1.6 X 10“ 19 C) and A / is the bandwidth in hertz. This 
equation shows that the noise current has a mean-square value that is directly proportional 
to the bandwidth A / (in hertz) of the measurement. Thus a noise-current spectral density 
i 2 /A/ (with units square amperes per hertz) can be defined that is constant as a function of 
frequency. Noise with such a spectrum is often called white noise. Since noise is a purely 
random signal, the instantaneous value of the waveform cannot be predicted at any time. 
The only information available for use in circuit calculations concerns the mean square 
value of the signal given by (11.2). Bandwidth A / in (1 1 ,2) is determined by the circuit 
in which the noise source is acting. 

Equation 11 .2 is valid until the frequency becomes comparable to 1/r, where r is the 
carrier transit time through the depletion region. For most practical electronic devices. 
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Figure 1 1 .2 Diode current / 
as a function of time (not to 
scale). 
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Figure 11,3 Spectral 

density of shot noise in a 
diode with transit time r 
(not to scale). 



t is extremely small and (1L2) is accurate well into the gigahertz region. A sketch of 
noisc-current spectral density versus frequency for a diode is shown in Fig. 11,3 assuming 
that the passage of each charge earlier across the depletion region produces a square pulse 
of current with width r. 



■ EXAMPLE 

Calculate the shot noise m a diode current of 1 mA in a bandwidth of 1 MHz. Using (1 1.2) 
we have 



i 2 = 2 x 1.6 x 10“'“’ x 10“ 3 x It) 6 A 2 = 3.2 x 10“ 16 A 2 



and thus 



i = 1.8 x 10 s A nm 

■ where i represents the root-mcan-square (rms) value of ihe noise current. 

The effect of shot noise can be represented in the low-frequency, small -signal equiv- 
alent circuit of the diode by inclusion of a current generator shunting the diode, as showii 
in Fig* 1L4. Since this noise signal has random phase and is defined solely in terms of 
its mean-square value, it also has no polarity. Thus the arrow in the current source in 
Fig. 11.2 has no significance and is included only to identify the generator as a current 
source. This practice is followed in this chapter where we deal only with noise generators 
having random phase. 

The noise-current signal produced by the shot noise mechanism has an amplitude 
that varies randomly with time and that can only be specified by a probability-density 
function* It can be shown that the amplitude distribution of shot noise is Gaussian and the 
probability-density function p(I) of the diode current is plotted versus current in Fig. 11.5 



i 2 = 2q!„Af 




Figure 1 1 ,4 Junction diode small-signal 
equivalent circuit with noise. 
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Figure 11,5 Probability den- 
sity function for the diode cur- 
rent I (not to scale}. 



(not to scale). The probability that the diode current lies between values / and (/ + dl) at 
any time is given by p{l)dL H a is the standard deviation of the Gaussian distribution, 
then the diode current amplitude lies between limits In ± a for 68 percent of the time. By 
definition, variance v 2 is the mean-square value of (/ — In) and thus, from (11.1). 



and 



rr = Jlql[) A/ (11.3) 

using (11.2). Note that, theoretically, the noise amplitude can have positive or negative 
values approaching infinity. However, the probability falls off very quickly as amplitude 
increases and an effective limit to the noise amplitude is ±3 <r. The noise signal is within 
these limits for 99,7 percent of the lime. A brief description of the Ciaussian distribution 
is given in Appendix A. 3.1 in Chapter 3. 

It is important to note that the distribution of noise in frequency as shown in Fig. 1 1.3 
is due to the random nature of the hole and electron transitions across the pn junction. 
Consider the situation if all the carriers made transitions with uniform time separation. 
Since each carrier has a charge of 1,6 x 10 19 C, a 1-mA current would then consist of 
current pulses every 1 .6X 10“ 16 s.The Fourier analysis of such a waveform would give the 
spectrum of Fig. 1 1 .6, which shows an average or dc value I D and harmonics at multiples 
of 1/Af, where A/ is the period of the waveform and equals 1.6 X 10 -16 s. Thus the first 
harmonic is at 6 x 10 6 GHz. which is far beyond the useful frequency of the device. There 
would be no noise produced in the normal frequency range of operation. 




Linear scale 



12x 10 6 GHz 



Figure 1 1.6 Shot-noise spec- 
trum assuming uniform emis- 
sion of carriers. 
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11. 2.2 Thermal Noise 1 

Thermal noise is generated by a completely different mechanism from shot noise. In con- 
ventional resistors it is due to the random thermal motion of the electrons and is unaffected 
by the presence or absence of direct current, since typical electron drift velocities in a con- 
ductor are much less than electron thenm! velocities. Since this source of noise is due to 
the thermal motion of electrons, we expect that it is related to absolute temperature T. In 
tael thermal noise is directly proportional to T (unlike shot noise, which is independent 
ofD and, as T approaches zero, thermal noise also approaches zero. 

In a resistor thermal noise can be shown to be represented by a series voltage gen- 
erator v 2 as shown in Fig. 1 Ucu or by a shunt current generator i 2 as in Fig. 1 \Jb. These 
representations ate equivalent and 



v 2 = 4kTRAf (11.4) 

= (ii.5) 

K 

where k is Boltzmann's constant. At room temperature 4kT = 1.66 x 10 -2Q V-C. Equa- 
tions 11.4 and 1 1.5 show that the noise spectral density is again independent of frequency 
and, lor thermal noise, this is true up to 10 13 Hz. Thus thermal noise is another source of 
white noise. Note that the Norton equivalent of (1 1 .5) can be derived from ( I L4) as 



A useful number to remember for thermal noise is that at room temperature (300 a K), the 
thermal noise spectral density in a 1 -kil resistor is v 2 /A/ = 16x10 -18 V 2 /Hz. This can be 
written in rtns form as v — 4 nV/vHz where the form nV/yHz is used to emphasize that 
the rms noise voltage varies as the square root of the bandwidth. Another useful equiva- 
lence is that the thermal noise-current generator of a l-kll resistor at room temperature is 
the same as that of 50 p,A of direct current exhibiting shot noise. 

Thermal noise as described above is a fundamental physical phenomenon and is 
present in any linear passive resistor This includes conventional resistors and the radia- 
tion resistance of antennas, loudspeakers, and microphones. In the case of loudspeakers 
and microphones, the source of noise is the thermal motion of the air molecules. In the 
case of antennas, the source of noise is the black-body radiation of the object at which the 
antenna is directed. In all cases, (11.4) and (11.5) give the mean-square value ol’lhe noise. 
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Figure 1 1.7 Alternative representations of 
thermal noise. 
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The amplitude distribution of thermal noise is again Gaussian. Since both shot and 
thermal noise each have a flat frequency spectrum and a Gaussian amplitude distribution, 
they are indistinguishable once they are introduced into a circuit. The waveform of shot 
and thermal noise combined with a sinewavc of equal power is shown in Fig. 11,21. 



11.2.3 Flicker Noise 4 7 8 (1// Noise) 

This is a type of noise found in all active devices, as well as in some discrete passive 
elements such as carbon resistors. The origins of flicker noise are varied, but it is caused 
mainly by traps associated with contamination and crystal defects. These traps capture and 
release carriers in a random fashion and the time constants associated with the process give 
rise to a noise signal with energy concentrated at low frequencies. 

Flicker noise, which is always associated with a flow of direct current, displays a 
spectral density of the form 

= K 'JT, A f ( 11 . 7 ) 

where 

A/ = small bandwidth at frequency / 

I = direct current 

K\ = constant for a particular device 
a = constant in the range 0.5 to 2 
h = constant of about unity 

If h = 1 in (1 1.7), the noise special density has a 1 if frequency dependence (hence the 
alternative name 1// noise), as shown in Fig. 11.8. It is apparent that flicker noise is most 
significant at low frequencies, although in devices exhibiting high flicker noise levels, this 
noise source may dominate the device noise at frequencies well into the megahertz range. 

It was noted above that flicker noise only exists in association with a direct current. 
Thus, in the case of carbon resistors, no flicker noise is present until a direct current is 
passed through the resistor (however, thermal noise always exists in the resistor and is un 
affected by any direct current as long as the temperature remains constant). Consequently, 
carbon resistors can be used if required as external elements in low-noise, low-frequency 
integrated circuits as long as they carry no direct current. If the external resistors for such 
circuits must carry direct current, however, metal film resistors that have no flicker noise 
should be used. 




Figure 1 1 .8 Flicker noise spec- 
tral density versus frequency. 
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In earlier sections of this chapter, we saw that shot and thermal noise signals have 
well-defined mean- square values that can be expressed in terms of current flow, resistance, 
and a number of well-known physical constants. By contrast, the mean-square value of a 
flicker noise signal as given by (1 1 ,7) contains an unknown constant K \ . This constant not 
only varies by orders of magnitude from one device type to the next, but it can also vary 
widely for different transistors or integrated circuits from the same process wafer. This is 
due to the dependence of flicker noise on contamination and crystal imperfections, which 
are factors that can vary randomly even on the same silicon wafer. However, experiments 
have shown that if a typical value of K\ is determined from measurements on a number 
of devices from a given process, then this value can be used to predicL average or typical 
flicker noise performance for integrated circuits from that process, 9 

The final characteristic of flicker noise that is of interest is its amplitude distribution, 
which is often non-Gaussian, as measurements have shown, 

1 1.2.4 Burst Noise 7 < Popcorn Noise ) 

This is another type of low-frcqucncy noise found in some integrated circuits and discrete 
transistors. The source of this noise is not fully understood, although it has been shown 
to be related to the presence of heavy-metal ion contamination. Gold-doped devices show 
very high levels of burst noise. 

Burst noise is so named because an oscilloscope trace of this type of noise shows bursts 
of noise on a number (two or more) of discrete levels, as illustrated in Fig, 11.9a. The 
repetition rate of the noise pulses is usually in the audio frequency range (a few kilohertz 
or less) and produces a popping sound when played through a loudspeaker. This has led 
to the name popcorn noise for this phenomenon. 





1 1 .2 Sources of Noise 755 



The spectral density of burst noise can be shown to be of the form 

? = K 2 /C A / (11.8) 

1 + (j) 

where 

K 2 = constant for a particular device 
/ = direct current 
c = constant in the range 0.5 to 2 
fc = particular frequency for a given noise process 

This spectrum is plotted in Fig. 11.9 b and illustrates the typical hump that is charac- 
teristic of burst noise. At higher frequencies the noise spectrum falls as l// 2 . 

Burst noise processes often occur with multiple time constants, and this gives rise to 
multiple humps in the spectrum. Also, flicker noise is invariably present as well so that the 
composite low-frequency noise spectrum often appears as in Fig. 11.10. As with flicker 
noise, factor for burst noise varies considerably and must be determined experimen- 
tally. The amplitude distribution of the noise is also non-Gaussian. 



11.2.5 Avalanche Noise 10 

This is a form of noise produced by Zener or avalanche breakdown in a pn junction. In 
avalanche breakdown, holes and electrons in the depletion region of a reverse-biased pn 
junction acquire sufficient energy to create hole-electron pairs by colliding with silicon 
atoms. This process is cumulative, resulting in the production of a random series of large 
noise spikes. The noise is always associated with a direct-current flow, and the noise pro- 
duced is much greater than shot noise in the same current, as given by (11.2). This is 
because a single carrier can start an avalanching process that results in the production of 
a current burst containing many carriers moving together. The total noise is the sum of a 
number of random bursts of this type. 

The most common situation where avalanche noise is a problem occurs when Zener 
diodes are used in the circuit. These devices display avalanche noise and are generally 
avoided in low-noise circuits. If Zener diodes are present, the noise representation of 
Fig. 11.11 can be used, where the noise is represented by a series voltage generator v 2 . 
The dc voltage V z is the breakdown voltage of the diode, and the series resistance R is 
typically 10 to 100 fl. The magnitude of v 2 is difficult to predict as it depends on the 




Log scale 



Figure 11.10 Spectral density of 
combined multiple burst noise 
sources and flicker noise. 
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° Figure 11,11 Equivalent circuit at a Zener diode including noise, 

device structure and the uniformity of the silicon crystal, but a typical measured value is 
v z /A / — 10 -L4 V 2 /Hz at a dc Zener current of 0.5 rnA. Note that this is equivalent to the 
thermal noise voltage in a 600-kil resistor and completely overwhelms thermal noise in 
R. The spectral density of the noise is approximately flat, but the amplitude distribution is 
generally non-Gaussian, 



1 1 .3 Noise Models of Integrated-Circuit Components 

In the above sections, the various physical sources of noise in electronic circuits were 
described. In this section, these sources of noise are brought together to form the small- 
signal equivalent circuits including noise for diodes and for bipolar and MOS transistors, 

1 1.3.1 Junction Diode 

The equivalent circuit for a forward-biased junction diode was considered briefly in the 
consideration of shot noise. The basic equivalent circuit of Fig. 1 1 .4 can be made complete 
by adding series resistance r s as shown in Fig. 1 1 ,12. Since r s is a physical resistor due 
to the resistivity of the silicon, it exhibits thermal noise. Experimentally it has been found 
that any flicker noise present can be represented by a current generator in shunt with 
and can be conveniently combined with the shot-noise generator as indicated by (IT 10) 



Figure 11.12 Complete diode small-signal 
equivalent circuit with noise sources. 
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to give 



v^4kTr s Af (11.9) 

r = 2qI D Af + K^-Af (11.10) 



11.3.2 Bipolar Transistor 11 

In a bipolar transistor in the forward-active region, minority carriers diffuse and drili 
across the base region to be collected at the collector-base junction. Minority carriers 
entering the collector-base depletion region are accelerated by the field existing there and 
swept across this region to the collector. The time of arrival at the collector-base junction 
of the diffusing (or drifting) carriers can be modeled as a random process, and thus the 
transistor collector current consists of a series of random current pulses. Consequently, 
collector current l c shows full shot noise as given by (11.2), and this is represented by a 
shot noise current generator i*. from collector to emitter as shown in the equivalent circuit 
of Fig. 11.13. 

Base current 1 B in a transistor is due to recombination in the base and base-emitter 
depletion regions and also to carrier injection from the base into the emitter. All of these are 
independent random processes, and thus 1b also shows full shot noise. This is represented 
by shot noise current generator i\ in Fig. 11.13. 

Transistor base resistor r b is a physical resistor and thus has thermal noise. Collec- 
tor series resistor r c also shows thermal noise, but since this is in series with the high- 
impedance collector node, this noise is negligible and is usually not included in the model. 
Note that resistors r w and r 0 in the model are fictitious resistors that are used for modeling 
purposes only, and they do not exhibit thermal noise. 

Flicker noise and burst noise in a bipolar transistor have been found experimentally 
to be represented by current generators across the internal base-emitter junction. These 
are conveniently combined with the shot noise generator in ij r Avalanche noise in bipolar 
transistors is found to be negligible if V C e is kept at least 5 V below the breakdown voltage 
BVceo> and this source of noise will be neglected in subsequent calculations. 

The full small-signal equivalent circuit including noise for the bipolar transistor- is 
shown in Fig. 11,13, Since they arise from separate, independent physical mechanisms, 
all the noise sources are independent of each other and have mean-square values; 

vl=4kTr b &f 
J c = 2ql c tsf 

= 2qI B A/ + K\ -j A / -\-K 2 — — * A/ 

Shot noise- 11 v — ] + f ) 

Flicker noise \fcj 

s V * 

Burst noise 

This equivalent circuit is valid for both npn and pnp transistors. For pnp devices, the mag- 
nitudes of 1$ and lc are used in the above equations. 

The base-current noise spectrum can be plotted using (11 .13), and this has been done 
in Fig. 11.14, where burst noise has been neglected for simplicity. The shot noise and 
flicker noise asymptotes meet at a frequency which is called the dicker noise corner 
frequency. In some transistors using careful processing, f a can be as low as 100 Hz. In 
other transistors, can be as high as 10 MHz, 



(11.11) 

( 11 . 12 ) 

(11.13) 
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Figure 11. 13 Complete bipolar transistor small-signal equivalent circuit with noise sources. 
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F Igure n.14 Spectral den- 
sity of the base-current noise 
generator in a bipolar tran- 
sistor. 



1 1.3*3 MOS Transistor 12 

The structure of MOS transistors was described in Chapter L We showed there that the 
resistive channel under the gate is modulated by the gate-source voltage so that the drain 
current is controlled by the gate-source voltage. Since the channel material is resistive^ it 
exhibits thermal noise, which is a major source of noise in MOS transistors. This noise 
source can be represented by a noise-current generator Q from drain to source in the small- 
signal equivalent circuit of Fig. 1 LIS. 

Another source of noise in MOS transistors is flicker noise. Because MOS transistors 
conduct current near the surface of the silicon where surface states act as traps that capture 
and release current carriers, their flicker noise component can be large. Flicker noise in the 
MOS transistor is also found experimentally to be represented by a drain-source current 
generator, and the flicker and thermal noise can be lumped into one noise generator in 




Figure 11.15 MOSFET small-signal equivalent circuit with noise sources. 
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where 

Id = drain bias current 
K = constant for a given device 
a = constant between 0.5 and 2 
g m = device transconduclance at the operating point 



(11.14) 



This equation is valid for long-channel devices. For channel lengths less than 1 jura, ther- 
mal noise 2 to 5 times larger than given by the first term in (11.14) has been measured. 13 
This increase in thermal noise may be attributed to hot electrons in short-channel devices. 

Another source of noise in the MOS transistor is shot noise generated by the gate 
leakage current. This noise can be represented by i 2 in Fig. 1 L 1 5, with 

■f = 2$fcA/ (11.15) 

This noise current is usually very small since the dc gate current I G is typically less than 
10 15 A. The noise terms in (1 1 .14) and (11.15) are all independent of each other. 

There is one other component of noise that is usually insignificant at low frequencies 
hut important in very high-frequency MOS circuits, such as radio-frequency amplifiers, 
for example. At an arbitrary point in the channel, the gate-to-channel voltage has a random 
component due to fluctuations along the channel caused by thermal noise. These voltage 
variations generate a noisy ac gate current i s due to the capacitance between the gate and 
channel. The mean-squared value of this gate current for a long-channel device in the 
active region is 

i 2 g = ~kTu 2 C 2 s Af (11.16) 

where C gs = (2f3)C ox WL. The gate-current noise in (11.16) is correlated with the 
thermal-noise term in (11.14) because both noise currents stem from thermal fluctua- 
tions in the channel. The magnitude of the correlation between these currents is 0,39. 12 
For channel lengths less than I jxm, this component of gate-current noise may be larger 
than given by (11.16) if thermal noise associated with the channel increases due to hot 
electrons as noted above. 14 The total gate-current noise is the sum of the terms in (11.15) 
and (11.16). 



1 1.3.4 Resistors 

Monolithic and thin-fllm resistors display thermal noise as given by (11,4) and (1 1.5), and 
the circuit representation of this is shown in Fig. 11.7. As mentioned in Section 11.2,3, 
discrete carbon resistors also display flicker noise, and this should be considered if such 
resistors are used as external components to the integrated circuit. 



1 1 .3.5 Capacitors and Inductors 

Capacitors are common elements in integrated circuits, either as unwanted parasitics or as 
elements introduced for a specific purpose. Inductors arc sometimes realized on the silicon 
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die in integrated high-frequency communication circuits. There are no sources of noise in 
ideal capacitors or inductors. In practice, real components have parasitic resistance that 
does display noise as given by the thermal noise formulas of (11.4) and (11.5). In the case 
of integrated-circuit capacitors, the parasitic resistance usually consists of a small value in 
series with the capacitor. Parasitic resistance in inductors can be modeled by either series 
or shunt elements. 



1 1.4 Circuit Noise Calculations 15 - 16 

The device equivalent circuits including noise, that were derived in Section 1L3 can be 
used for the calculation of circuit noise performance. First, however, methods of circuit 
calculation with noise generators as sources must be established, and attention is now 
given to this problem. 

Consider a noise current source with mean-square value 

J = S(f)Af (11.17) 

where S(f) is the noise spectral density. The value of S(f) is plotted versus frequency in 
Fig. 11.16*2 for an arbitrary noise generator. In a small bandwidth A /, the mean-square 
value of the noise current is given by (1L17), and the rms values can be written as 

i = (11.18) 

The noise current in bandwidth A / can be represented approximately 15 by a sinusoidal 
current generator with rms value i as shown in Fig. 11.16/?. If the noise current in band- 
width A / is now applied as an input signal to a circuit, its effect can be calculated by 
substituting the sinusoidal generator and performing circuit analysis in the usual fashion. 
When the circuit response to the sinusoid is calculated, the mean-square value of the output 
sinusoid gives the mean-square value of the output noise in bandwidth A/. Thus network 
noise calculations reduce to familiar sinusoidal circuit-analysis calculations . The only 
difference occurs when multiple noise sources are applied, as is usually the case in prac- 
tical circuits. Each noise source is then represented by a separate sinusoidal generator, 
and the output contribution of each one is separately calculated. The total output noise 
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Figure 11.16 Representation of 
noise in a bandwidth A / by an 
■l equivalent sinusoid with the same 
rms value, 
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in bandwidth A / is calculated as a mean-square value by adding the individual mean- 
square contributions from each output sinusoid. This depends, however, on the original 
noise sources being independent, as will be shown below* This requirement is usually 
satisfied if the equivalent noise circuits derived in previous sections are used, as all the 
noise sources except the induced gate noise in (11.16) arise from separate mechanisms 
and arc thus independent. 

For example, consider two resistors R[ and R 2 connected in series as shown in 
Fig, 1L17. Resistors /?i and R 2 have respective noise generators 

\% = 4kTR t &f (11.19a) 

vl = 4kTR 2 \f (11.19b) 

In order to calculate the mean-square noise voltage vf produced by the two resistors in 
series, let v 7 (f) be the instantaneous value of the total noise voltage and vi(f) and v 2 {t) the 
instantaneous values of the individual generators. Then 

v T (t) = v { (t) + v 2 (t) (11.20) 

and thus 



vrtt) 2 => IMt) + v 2 (t)] 1 

= V](f ) 2 + v 2 (lf + 2vi(f)v2(0 (11*21) 

Now, since noise generators iq(0 and v 2 {i) arise fro m_ separate resistors, they must be 
independent. Thus the average value of their product vi(f)v2(0 will be zero and (11,21) 
becomes 

Vj.=vf + v| (11.22) 

Thus the mean-square value of the sum of a number of independent noise generators is the 
sum of the individual mean-square values. Substituting (11,19a) and (11.1%) in (11.22) 
gives 

v 7 = 4 k'l(R[ + R 2 ) A / (11.23) 

Equation 1 1.23 is just the value that would be predicted for thermal noise in a resistor (R \ + 
R 2 ) using (1 1 ,4), and thus the results are consistent. These results are also consistent with 



Figure 11.17 Circuit for the calculation of the total noise Vf 
produced by two resistors in series. 
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the representation of the noise generators by independent sinusoids as described earlier It 
is easily shown that when two or more such generators are connected in series, the mean- 
sqnare value of the total voltage is equal to the sum of the individual mean-square values. 

In the above calculation, two noise voltage sources were considered connected in se- 
ries. It can be similarly shown that an analogous result is true for independent noise current 
sources connected in parallel. The mean- square value of the combination is the sum of the 
individual mean-square values. This result was assumed in the modeling of Section 1 1.3 
where, for example, three independent noise-current generators (shot, flicker, and burst) 
were combined into a single base-emitter noise source for a bipolar transistor. 

1 1.4.1 Bipolar Transistor Noise Performance 

As an example of the manipulation of noise generators in circuit calculations, consider 
the noise performance of the simple transistor stage with the ac schematic shown in 
Fig, 1 1.18a. The small-signal equivalent circuit including noise is shown in Fig. ll.ISfo. 
(It should be pointed out that, for noise calculations, the equivalent circuit analyzed must 
be the actual circuit configuration used. That is, Fig. 1 1 . 1 8a cannot be used as a half- 
circuit representation of a differential pair for the purposes of noise calculation because 
noise sources in each half of a differential pair affect the total output noise.) 

In the equivalent circuit of Fig. 11.1 8£>, the external input signal vt has been ignored so 
that output signal v a is due to noise generators only. is assumed, small and is neglected. 
Output resistance r v is also neglected. The transistor noise generators are as described 
previously and in addition 



v 2 s =4kTR s \f (11.24) 

if = 4krf\f (11.25) 

r<L 

The total output noise can be calculated by considering each noise source in turn and 
performing the calculation as if each noise source were a sinusoid with rms value equal to 
that of the noise source being considered. Consider first the noise generator due to R s . 
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Figure 1 1.18 («) Simple transistor amplifier ac schematic. ( b ) Small-signal equivalent circuit with 
noise sources. 
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Then 



Vi = 



Z 

Z T Ffo + Rs 



where 



(1 1*26) 



Z = 



j&f f-'TT 



The output noise voltage due to v s is 



v £ ,i = -g**Riy\ 



Use of (11.26) in (11.28) gives 



v o[ = -g m Rj, 



Z + r/j + Rs 



(11.27) 



(11.28) 



(11.29) 



The phase information contained in (1 1 .29) is irrelevant because the noise signal has ran- 
dom phase and the only quantity of interest is the mean-square value of the output voltage 
produced by vv From (11.29) this is 
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Z + f i) ■+■ 



(1 1.30) 



By similiar calculations it is readily shown that the noise voltage produced at the 
output by v\ and is 



/ o2 



o 2 

8 ”' Rl |Z + r h + tfsT'' 



|zp 



O C«s + rbW .2 



l '° 3 R " L \z + n, + /f.s I 2 

Noise at the output due to if and i 2 is 



, f 2 _ ;2n2 

— q a/. 



vS - ic^L 

Since all five noise generators are independent , the total output noise is 
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ms 



n= 1 



S 2 fl 3 

Offl*' 



m ‘ L \Z + r b + R S \ 2 

+ R)(if + *r) 



\j + v£ + (rt s + r b ) 2 il 



SubstiluLing expressions for the noise generators we obtain 



'JL. - Zl p2 



4/ 



‘ 8m^L 



IZl 2 



Z + r/, + 2 



[4*r(itv T r,) + (/e 5 + r b ?2ql B 1 



/?? 4*7 — + 2^/r 



(1 1.31) 

(11.32) 



(11.33) 

(11.34) 



(11.35) 



(11.36) 



(11.37) 
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where flicker noise has been assumed small and neglected. Substituting for Z Tram (11.27) 
in (1137) we find 

lr ' 'iff lnRs + n) + (R> + 

-+Rl(4kT±-+2 q Ic'j 

where 



Jl 2irlr„\HR s + r*}]^ v * ' 

The output noise-voltage spectral density represented by (11.38) has a frequency- 
dependent part and a constant part. The frequency dependence arises because the gain 
of the stage begins to fall above frequency /i, and noise due to generators v 2 , vj, and if, 
which appears amplified_in the output, also begins to Talk The constant term in (1 1 38) is 
due to noise generators if and if. Note that this noise contribution would also he frequency 
dependent if the effect of C p . had not been neglected. The noise-voltage spectral density 
represented by (1138) has the form shown in Fig. 1L19. 

■ EXAMPLE 

In order to give an appreciation of the numbers involved, specific values will now be as- 
signed to the parameters of ( l 1 38), and the various terms in the equation wilt be evaluated. 
Assume that 



\J\ 1 



T 



(1138) 



/i i ani 



Ic = 100 |i,A p = 100 r* = 200 0 

= 500 n C, T = lOpF 

R l = 5 kfi 

Substituting these values ill (11.38) and using 4k T = 1.66 X 10 20 V-C gives 



A/ 



5.82 x 10“ ls 



(700 + 9.4) + 1.66 x 10 _20 (5000 + 48,080) 



1 + 



7 

7i 



V 2 /Hz 



4-iTii£; 1 ! + 0 . S8xl0 -is 

+ {j 



V 2 /Hz 



Ub40) 



Equation 1139 gives 



/, = 23.3 MHz (11.41) 

Equation J 1 .40 shows the output noise-voltage spectral density is 5.0 X 10“ 15 V 2 /Hz 
at low frequencies, and it approaches 0.88 X 1 0“ 15 V 2 /Hz at high frequencies. The major 
contributor to the output noise in this case is the source resistance R s , follow by the base 
■ resistance of the transistor. The noise spectrum given by (1 1 40) is plotted in Fig. 11.19. 
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Figure 1U9 Noise voltage spectrum at the output of the circuit of Fig, 108. 



■ EXAMPLE 

Suppose the amplifier in the above example is followed by later stages that limit the band- 
width to a sharp cutoff at 1 MHz. Since the noise spectrum as shown in Fig. 11.19 does 
not begin to fall significantly until f\ = 23,3 MHz, the noise spectrum may be assumed 
constant at 5.0 X 1 0 15 V 2 /Hz over the bandwidth 0 to 1 MHz. Thus the total noise voltage 
at the output of the circuit of Fig. 1 1 . 1 8a in a 1 -MHz bandwidth is 

v 2 0 j = 5.0 X 10“ 15 X 10 6 V 2 = 5.0 x 10“ 9 V 2 

and thus 



v oT = 71 /aV rms (11.42) 

Now suppose that the amplifier of Fig. 1 1 . 18a is not followed by later stages that limit 
the bandwidth but is fed direclly to a wideband detector (this could be an oscilloscope or 
a voltmeter). In order to find the total outpuL noise voltage in this case, the contribution 
from each frequency increment A / must he summed at the output. This reduces to inte- 
gration across the bandwidth of the detector of the noise- voltage spectral -density curve of 
Fig, 1 L 19. For example, if the detector had a 0 to 50- MHz bandwidth with a sharp cutoff, 
then the total output noise would be 

50x10° 

v 2 ot = X V/)A/ 

/ =0 

{ 50x1 [P 

, = S 0 (f)df (11.43) 

Jo 

where 

Soif) = tf (ll - 44) 

is the noise spectral density defined by (1 1 .40). In practice, the exact evaluation of such 
integrals is often difficult and approximate methods are often used Note that if the inte- 
gration of (1 1 .43) is done graphically, the noise spectral density versus frequency must be 
■ plotted on linear scales. 
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Figure 1 i.20 Representation of circuit noise 
performance by an equivalent input noise 
voltage. 



1 1 .4.2 Equivalent Input Noise and the Minimum Detectable Signal 

In the previous section, the output noise produced by the circuit of Fig. 11.18 was calcu- 
lated. The significance of the noise performance of a circuit is, however, the limitation it 
places on the smallest input signals the circuit can handle before the noise degrades the 
quality of the output signal. For this reason, the noise performance is usually expressed in 
terms of an equivalent input noise signal , which gives the same output noise as the cir- 
cuit under consideration. In this way, the equivalent input noise can be compared directly 
with incoming signals and the effect of the noise on those signals is easily determined. For 
this purpose, the circuit of Fig, 11,18 can be represented as shown in Fig. 11.20, where 
vj N is an input noise-voltage generator that produces the same output noise as all of the 
original noise generators, All other sources of noise in Fig, 1 1 .20 are considered removed. 
Using the same equivalent circuit as in Fig. 11.1 8^, we obtain, for the output noise from 
Fig. 11.20, 



v 



2 

o 



|z | 2 



Z + r b + Rs jVh 



(11.45) 



If this noise expression is equated to v 2 from (11.37), the equivalent input noise voltage 
for the circuit can be calculated as 



v 



2 

iN 



A/ 



= 4kT(R s + r b ) + (R s + r b ) 2 2qI B 



+ 



1 | Z + + R$\ 2 



Rt\4kT 



Ri 



+ 2 ql c 



(11.46) 



Note that the nuise-voltage spectral density given by (11.46) rises at high frequencies 
because of the variation of \Z\ with frequency, This is due to the fact that as the gain of 
the device falls with frequency, output noise generators if and if have a larger effect when 
referred back to the input. 



■ EXAMPLE 

Calculate the total inpul noise voltage vf NT for the circuit of Fig, 1 1 .1 8 in a bandwidth of 
0 to 1 MHz. 

This could be calculated using (11,46), derived above. Alternatively, since the total 
output noise voltage v 2 r has already been calculated, this can be used to calculate vf NT 
(in a 1-MHz bandwidth) by dividing by the circuit voltage gain squared. If A v is the low- 
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frequency, small-signal voltage gain of Fig. I 'Ll 8, then 

r\r 



A v = 



-gm&L 



r h + Lt + Rs 

Use of the previously specified data for this circuit gives 

26,000 5000 



A v = 



200 + 26,000 + 500 260 



= 18.7 



Since the_noise spectrum is flat up to I MHz, the low-frequency gain can be used to cal- 
culate vj NT as 



2 

V /Vr 



l oT 

A 2 . 



5 x 10 9 
18.7 2 



V 2 = 14.3 X 10 12 V : 



Thus wc have 



v/at = 3*78 |xV rms 

The above example shows that in a bandwidth of 0 to 1 MHz, the noise in the circuit 
appears to come from a 3.78-jllV rms noise-voltage source in series with the input. This 
noise voltage can be used to estimate the smallest signal that the circuit can effectively am- 
plify, sometimes called the minimum detectable signal (MDS). This depends strongly on 
the nature of the signal and the application. If no special filtering or coding techniques are 
used, the MDS can be taken as equal to the equivalent input noise voltage in the passband 
of the amplifier. Thus, in this case 

MDS = 3.78 [jlV rms 

If a sinewave of magnitude 3,78 ptV rms were applied to this circuit, and the output in a 
1 -MHz bandwidth examined on an oscilloscope, the sine wave would be barely detectable 
in the noise, as shown in Fig. 1 1 .21 , The noise waveform in this figure is typical of that 
produced by shot and thermal noise. 




Figure 11.21 Output voltage waveform of the circuit of Fig. 11.18 with a3,78-p,V rms sinewave 
applied at the input. The circuit bandwidth is limited to 1 MHz, which gives an equivalent input 
noise voltage of 3.78 p.V rms. 
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Figure 1 1 .22 Representation of noise in a two-port network by equivalent input voltage and cur- 
rent generators. 



1 1 .5 Equivalent Input Noise Generators 17 

In the previous section, the equivalent input noise voltage for a particular configuration was 
calculated. This gave rise to an expression for an equivalent input noise-voltage generator 
that was dependent on the source resistance /?$, as well as the transistor parameters. This 
method is now extended to a more general and more useful representation in which the 
noise performance of any two-port network is represented by two equivalent input noise 
generators. The situation is shown in Fig. 11.22, where a Iwo-porl network containing 
noise generators is represented by the same network with internal noise sources removed 
(the noiseless network) and with a noise voltage and current generator if connected 
at the input. It can be shown that this representation is valid for any source impedance, 
provided that correlation between the two noise generators is considered. That is, the two 
noise generators are not independent in general because they arc both dependent on the 
same set of original noise sources. 

The inclusion of correlation in the noise representation results in a considerable in- 
crease in the complexity of the calculations, and if correlation is important, it is often eas- 
ier to return to the original network with internal noise sources to perform the calculations. 
However, in a larger number of practical circuits, the cojrelation is small and may be ne- 
glected. In addition, if either equivalent input generator vf or if dominates, the correlation 
my be neglected in any case. The use of this method of representation is then extremely 
useful, as will become apparent. 

The need for both an equivalent input noise voltage generator and an equivalent input 
noise current generator to represent the noise performance of the circuit for any source 
resistance can be appreciated as follows, Consider the extreme case of source resistance 
Rs equal to zero or infinity. If Rs = 0, if in Fig. 1 1 .22 is shorted out, and since the original 
circuit will still show output noise in general, we need an equivalent input noise voltage 
vf to represent this behavior. Similarly, if Rs vf in Fig. 1 1 .22 cannot produce output 
noise and if represents the noise performance of the original noisy network. For finite 
values of R$, both vf and if contribute to the equivalent input noise of the circuit. 

The values of the equivalent input generators of Fig. 1 1.22 are readily determined. 
This is done hy first short-circuiting the input of both circuits and equating the output 
noise in each case to calculate vf. The value of if is found by open-circuiting the input 
of each circuit and equating the output noise in each case. This will now be done for the 
bipolar transistor and the MOS transistor. 

11.5.1 Bipolar Transistor Noise Generators 

The equivalent input noise generators for a bipolar transistor can be calculated from the 
equivalent circuit of Fig. 1 1.23a. The output noise is calculated with a short-circuited 
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Figure 1 1 .23 (a) Bipolar transistor small-signal equivalent circuit with noise generators, (h) Rep- 
resentation of the noise performance of (a) by equivalent input generators. 



load, and is neglected. This will be justified later. The circuit of Fig. 1 1 :23a is to be 
equivalent to that of Fig. 11.23# in that each circuit should give the same output noise for 
any source impedance. 

The value of vj can be calculated by short-circuiting the input of each circuit and 
equating the output noise We use rms noise quantities in the calculations, but make 
no attempt to preserve the signs of the noise quantities as the noise generators are all 
independent and have random phase. The polarity of the noise generators does not affect 
the answer. Short-circuiting the inputs of both circuits in Fig. 1 1 .23, assuming that r h is 
small (<3C r n ) and equating i 09 we obtain 

M, + i c = g m Vj (11.47) 

which gives 

v,' = V/, + -- n 1.48) 

Sm 

Since r h is small, the effect of ij } is neglected in this calculation. 

Using the fact that and i c are independent, we obtain, from (1 1.48) . 



v < = v * + p- 

o tn 



Substituting in (11.49) for y,’ and if from (1 1.1 1) and (11.12) g i ves 



and thus 



4k Tr b bf + 



¥ci/ 



(1 1,49) 



^ E T + %; 



(11.50) 
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The equivalent input noise-voltage spectral density of a bipolar transistor thus appears to 
come from a resistor K such that 

T ^4kTR cq (11-51) 

where 



*o, = r b +;T- (11.52) 

and this is called the equivalent input noise resistance. Of this fictitious resistance, portion 
r h is, in fact, a physical resistor in series with the input, whereas portion V2g m represents 
the effect of collector current shot noise referred back to the input. Equations I 1 .50 and 
11.52 are extremely useful approximations, although the assumption that r b may 

not be valid at high collector bias currents, and the calculation should be repeated without 
restrictions in those circumstances. 

Equation 11.50 allows easy comparison of the relative importance of noise from r h 
and l c in contributing to vj. For example, if I c = 1 jjlA, then l/2g m = 13 kfl and this 
will dominate typical r b values of about 10011. Alternately, if I c = 10mA. then V2g m = 
1.3 il and noise from r b will totally dominate vj. Since vj is the important noise generator 
for low source impedance (since if then tends to be shorted), it is apparent that good noise 
performance from a low source impedance requires minimization of R eq . This is achieved 
by designing the transistor to have a low ry, and running the device at a large collector bias 
current to reduce 1 /2g m , Finally, il should be noted from ( 1 1 .50) that the equivalent input 
noise-voltage spectral density of a bipolar transistor is independent of frequency, 

in order to calculate the equivalent input noise current generator if, the inputs of both 
circuits in Fig. 11.23 are open-circuitcd and output noise currents i 0 are equated. Using 
rms noise quantities, we obtain 



jSO'w)/i = i c + P(jo))i b 



which gives 



ii - if, + 



h 

0(» 



Since i b and i c are independent generators, we obtain, from (1 1,54), 



01.53) 

OL54) 



■1 '2 , 
l T = ‘b + 



where 



p(jw) = 



|j3(j'w)p 

ft 



1 + ./ 



0) 



(11.55) 



(11.56) 



co 






and j3o is the low-frequency, small-signal current gain, [See (1.122) and (1.126)1. 
Substituting in ( 1 1.55) for /£ and if from (11,13) and (11.12) gives 

;2 

I h 



A / 2q 









f l£(»l 2 J 



(11.57) 



where 



r _ 
k{ ~T q 



(1 1.57a) 
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and the burst noise term has been omitted for simplicity. The last term in parentheses 
in (11.57) is due to collector current noise referred to the input. At low frequencies this 
becomes /(VjSq and is negligible compared with /# for typical jSq values. When this is 
true, if and v f do not contain common noise sources and are totally independent Al high 
frequencies, however, the last term in (11.57) increases and can become dominant, and 
correlation between vf and if may then be important since both contain a contribution 
from if. 

The equivalent input noise current spectral density given by (1 1 ,57) appears to come 
from a current / eq showing full shot noise, such that 

A = 2 ?/«, (11.58) 

where 

h ^ h+K[l j + wkw (11 ' 59) 

and this is called the equivalent input shot noise current . This is a fictitious current com- 
posed of the base current of the device plus a term representing flicker noise and one 
representing collector-current noise transformed to the input. It is apparent from (1 1.59) 
that 7 cq is minimized by utilizing low bias currents in the transistor, and also using higlv/3 
transistors. Since if is the dominant equivalent input noise generator in circuits where the 
transistor is fed from a high source impedance, low bias currents and high /3 are obviously 
required for good noise performance under these conditions. Note that the requirement for 
low bias currents to minimize if conflicts with the requirement for high bias current to 
minimize vf. 

Spectral density iff&f of the equivalent input noise current generator can be plotted 
as a function of frequency using (1 1 .57). This is shown in Fig. 1 1 .24 for typical transistor 
parameters. In this case, the spectral density is frequency dependent at both low and high 
frequencies, the low-frequency rise being due to flicker noise and the high-frequency rise 



A 2 /Hz 




Figure 1 1 .24 Equivalent input noise current spectral density of a bipolar transistor with I c = 
100pA, /3o = df — Ibff/r - 500 MHz. Typical flicker noise is included. 
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being due to collector-current noise referred to the input. This input-referred noise rises at 
high frequencies because the transistor current gain begins to fall, and this is the reason 
for degradation in transistor noise performance observed at high frequencies. 

Frequency ft in Fig. 11.24 is the point where the high-frequency noise asymptote 
intersects the midband asymptote. This can be calculated from (11.57) as follows: 

PUf) = ( 11 . 60 ) 

1 + T ft 

where fia is the low-frequency, small-signal current gain. Thus the collector current noise 
term in (1 1,57) is 



2q 



l c 

auf)\ 2 







(11.61) 



at high frequencies. Equation 1 L61 shows that the equivalent input noise current spectrum 
rises as / 2 at high frequencies. Frequency ft can be calculated by equating (1 1 .6 1 ) to the 
midband noise, which is 2 q[f B + For typical values of /3 0 , this is approximately 

2 ql B , and equating this quantity to (11.61) we obtain 



lql B = 2ql c 



fl 

fr 



and thus 



A = frj ^ (1 1.62) 

The Large-signal (or dc) current gain is defined as 

fir = j- (11.63) 

and thus (1 1 .62) becomes 

fb = (11.64) 

v ft 7 

Using the data given in Fig. 1 L24, we obtain ft = 50 MHz for that example. 

Once the above input noise generators have been calculated, the transistor noise per- 
formance with any source impedance is readily calculated. For example, consider the sim- 
ple circuit of Fig, 11.25a with a source resistance The noise performance of this circuit 
can be represented by the total equivalent noise voltage v^ v in series with the input of the 





(fl) 





Figure 1 1 .25 Representation of circuit noise by a single equivalent input noise voltage generator. 
(a) Original circuit, (b) Equivalent representation. 
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circuit as shown in Fig, 1L 25b. Neglecting noise in R L (this will be discussed later), and 
equating the total noise voltage at the base of the transistor in Figs. J 1 .2 5a and 1 1 .2 5/\ wc 
obtain 



v iN — Vj + v,- -F ijRs 

If correlation between v, and i t is neglected this equation gives 

% - vf + vf + if 4 

Using (1 1.50) and (11.57) in (11,65) and neglecting flicker noise, wc find 






g; = 4kTR s + 4kT^+ ~)+R 2 s 2q 



b -F 



lc 



\PUf)\ 2 

Equation 1 1 .66 is similar to (1 1 .46) if r/, is small, as has been assumed. 



(11.65) 



(11.66) 



■ EXAMPLE 

Using data from the example in Section 1 1 Al, calculate the total input noise voltage for 
the circuit of Fig. 11.25a in a bandwidth 0 to 1 MHz neglecting flicker noise and using 
(11.66). At Low frequencies, (11.66) becomes 

A/ = 4 ^(*s + ^ + 2 

= [1.66 X 1CT ZU (500 + 200 + 130) + 500 2 x 3.2 x lO -19 x 10 _6 1 V 2 /Hz 
- (13.8 + 0.08) x 10 1S V a /Hz 
= 13.9 X 10“ 18 V-/Hz 

The total input noise in a 1-MHz bandwidth is 

vf Nr = 13.9 x 10 18 x 10 h V 2 
= 13.9 x 10“ 12 V 2 

and thus 



v,wr = 3.73 (ulV rms 

This is almost identical to the answer obtained in Section 11 Al. However, the method 
described above has the advantage that once the equivalent input generators are known for 
any particular device, the answer can be written down almost by inspection and requires 
much less labor. Also, the relative contributions of the various noise generators are more 
easily seen. In this case, for example, the equivalent input noise current is obviously a 
■ negligible factor. 

1 1 .5.2 MOS Transistor Noise Generators 

The equivalent input noise generators for a MOS field-effect transistor (MOSFET) can be 
calculated from the equivalent circuit of Fig. 11,26a. This circuit is to be made equivalent 
to that of Fig, 11.2 6b. The output noise in each ease is calculated with a short-circuit load 
and Ctf is neglected. 

If the input of each circuit in Fig, 11.26 is short-circuited and resulting output noise 
currents i a are equated, wc obtain 



= gmVi 
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Figure 1 1.26 (a) MOSFET small-signal equivalent circuit with noise generators, {b) Representa^ 
tion of (a) by two input noise generators. 



and thus 



yf = 



- 

am 



(11.67) 



Substituting from (1 1 . 14) in (1 1 .67) gives 






i u 

*n 



2 l 

* , - 4 kT-—+K- 2 _ 
A/ 3 g m gif 



(11. 68a) 



The equivalent input noise resistance tfeq of the MOS transistor is defined as 

A/ 



V? 

= 4k TR 



eq 



where 



and 



^eq 



2 1 

3 



+ K' 



1 a 

l D 

Am 



/ 



K ! 



K 

4kT 



(1 1.68b) 



At frequencies above the flicker noise region, R cq = (2/3)(l/g m ), For g m = 1 mA/V, this 
gives Rz q = 667 II, which is significantly higher than for a bipolar transistor at a compa- 
rable bias current (about 1 mA), The equivalent input noise-voltage spectral density for a 
typical MOS transistor is plotted versus frequency in Fig* 1L27. Unlike the bipolar tran- 
sistor , the equivalent input noise-voltage generator for a MOS transistor contains flicker 
noise* and it is not uncommon for the flicker noise to extend well into the megahertz region. 

In MOS field-effect transistors > the presence of electron energy states at the Si-Si O 2 
interface tends to result in an input-referred flicker noise component that is larger than 
the thermal noise component for frequencies below 1 to 1 0 kHz for most bias conditions 
and device geometries. Thus, an accurate representation of the input-referred flicker noise 
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Figure 11. 27 Typical equivalent input noise voltage spectral density for a MOSFET. 



component in MOS transistors is important for the optimization of the noise performance 
of MOS analog circuits. 

The physical mechanisms giving rise to 1// noise in MOS transistors have received 
extensive study. The exact dependence of the magnitude of the input-referred flicker 
noise on transistor bias conditions and device geometry is dependent on the details of the 
process that is used to fabricate the device. In most cases, the magnitude of the input- 
referred flicker noise component is approximately independent of bias current and voltage 
and is inversely proportional to the active gate area of the transistor. The latter occurs 
because as the transistor is made larger, a larger number of surface states are present un- 
der the gate, so lhat an averaging effect occurs that reduces the overall noise, Ils is also 
observed that Lhe input-referred flicker noise is an inverse function of the gale oxide capac- 
itance per unit area. This is physically reasonable since the surface states can be thought 
of as a time-varying component of the surface-state charge Q^. From (1*139) this pro- 
duces a time-varying component in the threshold voltage that is inversely proportional to 
Cox* For a MOS transistor, then, the equivalent input-referred voltage noise can often he 
written as 



-> 




A/ 



4kT 



2 1 
3^ 



WLCoxf 



1.69) 



A typical value for Kf is 3 X 10 -24 V 2 -F, or 3 X 10' 12 V 2 -pF. 

The equivalent input noise-eurrcnt generator if for the MOSFHT can be calculated by 
open-circuiting the input of each circuit in Fig. 1 1 .26 and equating the output noise. This 
gives 



and thus 



■ 8 m 

’ jwC^ 



■ 8m 

S j<t>C sx 



+ id 



i, - i, + ^ 



Since i H and i f i represent independent generators* (11 .70) can be written as 



*-* + *> 2c h* 

q U, + 2 Cl 

$tn 



(11.70) 



(11.71) 
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Ignoring (11.16) and substituting (I'Ll 4) and ( 1 1 .15) in (I LI 7) gives 







£ 0 2 Cl 
- 2qla + — — 

am 



4kT-z„, + K 




In (11.72) the ac current gain of the MOS transistor can be identified as 

A S = ^~ 



(1L72) 



(11.73) 



and thus the noise generators at the output are divided by A f when referred back to the in- 
put, At low frequencies Ihe input noise-current generator is determined by the gate leakage 
current Fq\ which is very small (10 -1 ^ A or less). For this reason, MOS transistors have 
noise performance that is much superior to bipolar transistors when the driving source 
impedance is large. Under these circumstances the input noise-current generator is dom- 
inant and is much smaller for a MOS transistor than for a bipolar transistor. It should 
be emphasized, however, that Ihe input nois e-voltage generator of a bipolar transistor in 
(11.50) is typically smaller than that of a MOS transistor in (11.68a) because the bipo- 
lar transistor has a larger g m for a given bias current. Thus for low source impedances, a 
bipolar transistor often has noise pcrfonnance superior to that of a MOS transistor. 



1 1 .6 Effect of Feedback on Noise Performance 

The representation of circuit noise performance with two equivalent input noise generators 
is extremely useful in the consideration of the effect of feedback on noise performance. 
This will be illustrated by considering first the effect of ideal feedback on Ihe noise per- 
formance of an amplifier. Practical aspects of feedback and noise performance will (hen 
he considered. 

11 .6. 1 Effect of Ideal Feedback on Noise Performance 

In Fig. i 1.28a a series-shunt feedback amplifier is shown where the feedback network 
is ideal in that Ihe signal feedback to the input is a pure voltage source and the feed- 
back network is unilateral. Noise in the basic amplifier is represented by equivalent input 
generators vf u and if r The noise performance of the overall circuit is represented by equiv- 
alent input generators vf and if as shown in Fig, 11.28/?. The value of vj can be found by 
short-circuiting the input of each circuit and equating the output signal. However, since the 
output of the feedback network has a zero impedance, the current generators in each circuit 




Figure 1 1.28 (a) Series-shunt feedback amplifier with noise generators. (/?) Equivalent represen- 
tation of (a) with Iwo input noise generators. 




1 1 .6 Effect of Feedback on Noise Performance 111 



are then short-circuited and the two circuits are identical only if 

V? = v£ (1 1 .74) 

If the input terminals of each circuit are open-circuitcd, both voltage generators have 
a floating terminal and thus no effect on the circuit, and for equal output it is necessary 
that 



it = ifa (1 1.75) 

Thus, lor the case of ideal feedback, the equivalent input noise generators can be moved 
unchanged outside the feedback loop and the feedback has no effect on the circuit noise 
performance. Since the feedback reduces the circuit gain, the output noise is reduced by 
the feedback, but desired signals are reduced by the same amount and the signal-to-noise 
ratio will be unchanged. The above result is easily shown for all four possible feedback 
configurations described in Chapter 8. 

1 1 .6.2 Effect of Practical Feedback on Noise Performance 

The idealized series-shunt feedback circuit considered in the previous section is usu- 
ally realized in practice as shown in Fig. 11,29a. The feedback circuit is a resistive 
divider consisting of Re and Rp. If the noise of the basic amplifier is represented by 
equivalent input noise generators if u and vf a and the thermal noise generators in Rp and 
Re arc included, the circuit is as shown in Fig. 11.296. The noise performance of the 
circuit is to be represented by two equivalent input generators v\ and ij, as shown in 
Fig. 11.29c. 




Figure 1 1 .29 («) Series-shunt feedback circuit. (6) Series-shunt feedback circuit including noise 
generators, (r) Equivalent representation of ( b ) with two input noise generators. 
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In order to calculate vf, consider the inputs of the circuits of Fig. 1 1 29b and 1 1 .29c 
short-circuited, and equate the output noise. It is readily shown that 



V >- V » + '* R+ rf+rf v ‘ + RP+RE v f 


(11*76) 


where 




R = R f \\Re 


(11.77) 


Assuming that all noise sources in (11.76) are independent, we have 




^ = v[ ! +~iR 2 + 4kTRAf 


(11.78) 


where the following substitutions have been made: 




v l = 4k T Re Af 


(11.79) 


v) = 4 kTR F Af 


(11.80) 



Equation 1 1 .78 shows that in this practical case, the equivalent input noise voltage of the 
overall amplifier contains the input noise voltage of the basic amplifier plus two other 
terms. The second term in (1 1 .78) is usually negligible, but the third term represents ther- 
mal noise in R = and is often significant. 

The equivalent input noise current if is calculated by open-circuiting both inputs and 
equaling output noise. It is apparent that 

(11.81) 

since noise in the feedback resistors is no longer amplified, but appears only in shunt 
with the output. Thus the equivalent input noise current is unaffected by the application 
of feedback. The above results are true in general for series feedback at the input. For 
single-stage scries feedback, the above equations are valid with R F -» ™ and R = Re. 

If the basic amplifier in Fig. 8.29 is an op amp, the calculation is slightly modi- 
fied, This is due to the fact (shown in Section 11.8 and Fig. 1 1 .39) that an op amp must 
be considered a three-port device for noise representation. However, if the circuit of 
Fig, 11.39 is used as the basic amplifier in the above calculation, expressions very similar 
to (11.78) and (11.81) are obtained. 

Consider now the case of shunt feedback at the input, and as an example consider 
the shunt-shunt feedback circuit of Fig. 1130(3. This is shown in Fig. 1130& with noise 
sources vf a and if a of the basic amplifier; and noise source t j due to Rf. These noise sources 
are referred back to the input to give vf and if as shown in Fig. 1 1 ,30c. 

Open-circuiting the inputs of Fig. II .306 and 11.30c, and equating output noi.se, we 
calculate 

h = iie + + if (11.82) 

Kf 

Assuming that all noise sources in (11.82) are independent, we find 

if = 4 + i+«r2-A/ (11.83) 

R F Rf 

Thus the equivalent input noise current with shunt feedback applied consists of the input 
noise current of the basic amplifier together with a term representing thermal noise in the 
feedback resistor. The second term in (11.83) is usually negligible. These results are true 
In general for shunt feedback at the input. A general rule for calculating the equivalent 
input noise contribution due to thermal noise in the feedback resistors is to follow the 
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ic) 

Figure 1 1.30 («) Shunt-shunt feedback circuit, (b) Shunt-shunt feedback circuit including noise 
generators, (e) Equivalent representation of ( b ) with two input noise generators. 



two-port methods described in Chapter 8 for calculating feedback-circuit loading on the 
basic amplifier. Once the shunl or series resistors representing feedback loading at the 
input have been determined, these same resistors may be used to calculate the thermal 
noise contribution at the input due to the feedback resistors. 

If the inputs of the circuits of Fig, 1 1.3Q& and 1 1,30c are short-circuited, and the output 
noise is equated, it follows that 

V? = (11.84) 

Equations 1 1,83 and 1 L84 are true in general for shunt feedback at the input. They apply 
directly when the basic amplifier of Fig. 1 1 .30 is an op amp, since one input terminal of 
the basic amplifier is grounded and the op amp becomes a two-port device. 

The above results allow justification of some assumptions made earlier. For exam- 
ple, in the calculation of the equivalent input noise generators for a bipolar transistor in 
Section 11.5.1, collector-base capacitance C M was ignored. This capacitance represents 
single-stage shunt feedback and thus does not significantly affect the equivalent input 
noise generators of a transistor, even if the Miller effect is dominant. Note that there is no 
thermal noise contribution from the capacitor as there was from R r in Fig, 11,30, Also, 
the second term in (11,83) becomes vfj\Zy\ 2 where Z/. is the impedance of Since \Zf\ 
is quite large at all frequencies of interest, this term is negligible. 

■ EXAMPLE 

As an example of calculations involving noise in feedback amplifiers, consider the wide- 
band current- feedback pair whose ac schematic is shown in Fig. 11.31. The circuit is fed 
from a current source and the frequency response |(i £J /i/)(_/'tu)| is flat with frequency to 
100 MHz, where it falls rapidly. We calculate the minimum input signal i s required 
for an output signal-to-noise ratio greater than 20 dB. Data arc as follows: /3i = j02 = 
10ft /in = 300 MHz J C \ = O.SmAJa = 1 mA f / r2 - 500 MHz, r M - r bl = 1000, 
Flicker noise is neglected. 
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Figure 1 1.31 An ae schematic of a 
current feedback pair. 



The methods developed above allow the equivalent input noise generators for this 
circuit to be written down by inspection. A preliminary check shows that the noise due 
to the 20-kfl interstage resistor and the base current noise of Q 2 are negligible. Using 
the rule stated in Section 11.2.2, we find that the 20-kH resistor contributes an equivalent 
noise current of 2.5 The base current of Q 2 is 10 julA. Both of these can be neglected 
when compared to the 500 |xA collector current of Q v . Thus the input noise generators of 
the whole circuit arc those of Q\ moved outside the feedback loop, together with the noise 
contributed by the feedback resistors. 

Using the methods of Chapter 8, we can derive the basic amplifier including feedback 
loading and noise sources for the circuit of Fig. 1131 as shown in Fig, 11.32. The equiva- 
lent input noise-currcnt generator for the overall circuit can be calculated from Fig. 1 1 32 
or by using (11.83) with Rf = 5.5 kft. Since the circuit is assumed to be driven from a 
current source, the equivalent input noise voltage is not important. From (11.83) 



i 2 = r? 

l ia 



+ 



(5500) 2 



+ 4 kT 



5500 



A/ 



(11.85) 



Using (1 1 .57) and neglecting flicker noise, we have for i? 









and thus 



£7 = 2^5+™jxlO- ( ’A 2 /Hz 



Substitution of (11.86) in (11.85) gives 

a / 



v? 

id 



5/ " 2, ( 5+ w) X 10 "‘ + (MOWS/ 



■f 2q(9A) X 10 



( 11 . 86 ) 



(11.87) 



where the noise in the 5.5-kfl resistor has been expressed in terms of the equivalent noise 
current of 9,1 fiA. 

Use of (11.50) gives 



v? 

ia 



l 



A/ -4*rh, 1 + 



Division of this equation by (55GO) 2 gives 



v 2 

1 a 



— - 4 kT: 



= 4*7X126) 



1 



(5500 ) 2 Af 240,000 

= 2q(0.2) X 10“ 6 



( 11 . 88 ) 

(11.89) 
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Figure 11.32 Basic am- 
pli Her for ihc circuit of 
Fig, 1 1,31 including 
feedback loading and 
noise sources. 



Thus the term involving vf tl in (11.87) is seen to be equivalent to thermal noise in a 240-kH 
resistor using (11 .88), and this can be expressed as noise in 0.2 \lA of equivalent noise 
current, as shown in (11.89), This term is negligible in this example, as is usually the case. 
Combining all these terms we can express ( 1 1 .87) as 



i 2 / ^00 \ 

XJ = 2 ? (5 + + 0.2 + 9. 1 J X 10 b A 2 Mz 



= 2g 14.3 + 



500' 

w. 



X KT 6 A 2 /H/. 



(11.90) 



Equation 1 1 .90 shows that the equivalent input noise-current spectral density rises al high 
frequencies (as |/3| falls) as expected for a transistor. In a single transistor without feedback, 
the equivalent input noise current also rises with frequency, but because the transistor gain 
falls with frequency, the output noise spectrum of a transistor without feedback always fail a 
as frequency rises (see Section 11.4.1). However, in this case, the negative feedback holds 
the gain constant with frequency, and thus the output noise spectrum of this circuit will 
rise as frequency increases, until Ihc amplifier band edge is reached. This is illustrated 
in Fig. 1133, where the input noise-current spectrum, the amplifier frequency response 
squared, and the output noise-current spectrum (product of the first two) are shown. The 
current gain of the circuit is Aj — 11. 

The total output noise from the circuit ij tT is obtained by integrating the output noise 
spectral density, which is 



A / 



Ay 



A/ 



(11.91) 



Thus 



il, 



or 



R ;2 






IX 10“Vf 



(11.92) 



where (1 1 ,90) has been used and Aj is assumed constant up to B = 1 0 H Hz as specified 
earlier. The current gain is 
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and 
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(11.94) 
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Figure 1 1.33 Noise performance of the circuit of Fig. 11.32. (a) Equivalent input noise spectrum. 
( b ) Frequency response squared, (c) Output noise spectrum. 



Substitution of (11.94) in (11.92) gives 
<It = tflq X 10 “ fl 

= A;2r/ x 10 6 
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Using = 100 and B = 100 MHz = / n /3 gives 

= Aj X2qX 10 _f> (14.3if + 18.6B) 
C~ T = A? x 1.05 x 10“ 13 A 2 
The equivalent input noise current is 

Wt = = l-<)5 x 10 -15 A 2 



(11.95) 

(11.96) 

(11.97) 

(11.98) 
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and from this 



iiT — 32*4 nA rms (11.99) 

Thus the equivalent input noise current is 32.4 nA rms and (11*97) shows that the 
Irequency-dcpendent part of the equivalent input noise is dominant. For a 20-dB signal- 
i to-noise ratio, input signal current i s must be greater than 0,32 |iA rms* 

11.7 Noise Performance of Other Transistor Configurations 

Transistor configurations other than the common-emitter and common-source stages con- 
sidered so far are often used in intcgrated-circuit design. For example, the 741 operational 
amplifier has a differential input stage with emitter followers driving common-base stages. 
The noise performance of these types of configuration will now be considered. To avoid 
repetition, the discussion will be directed toward bipolar devices only. However, all the 
results carry over directly to FET circuits* 

1 1 .7. 1 Common- Base Stage Noise Performance 

The common-base stage is sometimes used as a low-input-impedance current amplifier 
and, as mentioned above, is used as a level shift in the 741 op amp input stage. The noise 
performance of this circuit is thus of some interest. 

A common-base stage is shown in Fig, 11.34a and the small-signal equivalent circuit 
is shown in Fig. 1 1 .34 ft together with the equivalent input noise generators derived for a 
common -emitter stage. Since these noise generators represent the noise performance of 
the transistor in any connection, Fig. J 1.34ft is a valid representation of common-base 
noise performance* In Fig, 11.34c the noise performance of the common-base stage is 
represented in the standard fashion with equivalent input noise generators vf s and if g . 
These can he related to the common-emitter input generators by alternately short circuiting 
and open circuiting the circuits of Fig. 11.34ft and 11.34c and equating output noise. It then 
follows that 



ife = ‘f (11.100) 

= v? (ii.ioi) 

Thus the equivalent input noise generators of common-emitter and common-base connec- 
tions are the same and the noise performance of the two configurations is identical, even 
though their input impedances differ greatly. 

Although the noise performances of common-emitter and common-base stages are 
nominally identical (for the same device parameters), there is one characteristic of the 
common-base stage that makes it generally unsuitable for use as a low-noise input stage. 
This is due to the fact that its current gain a = 1 , and thus any noise current at the output 
ol the common-base stage is referred directly back to the input without reduction. Thus a 
10-kfi load resistor that has an equivalent noise current of 5 fxA produces this amount of 
equivalent noise current at the input. In many circuits this would be the dominant source 
of input current noise. The equivalent input noise currents of following stages are also 
referred back unchanged to the input of the common-base stage* This problem can be 
overcome in discrete common-base circuits by use of a transformer that gives current gain 
at the output of the common-base stage. This option is not available in integrated- circuit 
design unless resort is made to external components* 
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Figure 11.34 (a) Common-base transistor configuration, {b) Common-base equivalent circuit with 
noise generators, (c) Common-base equivalent circuit with input noise generators. 



1 1.7.2 Emitter- Follower Noise Performance 

Consider the emitter follower shown in Fig. 1 1.35. The noise performance of Ibis circuit 
can be calculated using the results of previous sections. The circuit can be viewed as 
a series-feedback stage and the equivalent input noise generators of the transistor can 
be moved unchanged back to the input of the complete circuit. Thus, if noise in zi. is 
neglected, the emitter follower has the same equivalent input noise generators as the 
common-emitter and common-base stages. However, since the emitter follower has unity 
voltage gain, the equivalent input noise voltage of the following stage is transformed 
unchanged to the input, thus degrading the noise performance of the circuit. Noise due 
to z.l must also be included, but since the follower output is taken at the emitter, whieh is 
a low impedance point, the noise due to zl is greatly attenuated compared with its effect 
on a series-feedback stage. 
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Figure 11,35 Emitter-follower circuit. 



1 1.7,3 Differential-Pair Noise Performance 

The differential pair is the basic building block of linear integrated circuits and, as such, 
its noise performance is of considerable importance. A bipolar differential pair is shown in 
Fig. I i 36a, and the base ol each device is generally independently accessible, as shown. 
Thus this circuit cannot in general be represented as a two-port, and its noise performance 
cannot be represented in the usual fashion by two input noise generators. However, the 
techniques developed previously can be used to derive an equivalent noise representa- 
tion of the circuit that employs two noise generators at each input. This is illustrated in 
Fig. 1 1 36b, and a simpler version of this circuit, which employs only three noise genera- 
tors, is shown in Fig. 1 1 .36c. 

The noise representation of Fig. 11.36 b can be derived by considering noise due to 
each device separately. Consider first noise in Q i , which can be represented by input noise 
generators vf and if as shown in Fig. 1 1.37#, These noise generators are those for a sin- 
gle transistor as given by (1 1.50) and (11.57). Transistor Q 2 is initially assumed noiseless 
and the impedance seen looking in its emitter is zei- Note that zei will be a function of the 
impedance connected from the base of Q 2 to ground. As described in previous sections, the 
noise generators of Fig. 1 J .37a can be moved unchanged to the input of the circuit (inde- 
pendent of zei) shown in Fig. 1 1 31b. This representation can then be used to calculate 
the output noise produced by Q x in the differential pair for any impedances connected 
from the base of Qi and Q 2 to ground* 

Now consider jioise due to Q 2 , In similar fashion this can be represented by noise 
generators vf and if, as shown in Fig. 11.37c. In this case Q\ is assumed noiseless and 
Zei is the impedance seen looking in at the emitter of Q it If Q { and Q 2 are identical, the 
equivalent input noise generators of Ftg. 1L376 and 1 137c are identical. However, since 
they are produced by different transistors, the noise generators of Fig* U37b and 11 ,37c 
are independent. The total noise performance of the differential pair including noise due 
to both Q] and Q 2 can thus be represented as shown in Fig. 11.36&, and this representa- 
tion is valid for any source resistance connected to either input terminal. Noise generators 
vf and if are basically those due to each transistor alone. If noise due to R L or following 
stages is significant, it should be referred back symmetrically to the appropriate input. In 
practice, current source Iel will also contain noise, and this can be included in the repre- 
sentation* However, if the circuit is perfectly balanced, the current- source noise represents 
a common-mode signal and will produce no differential output. 
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Figure 1 1.36 (a) Differential - 
pair circuit, (b) Complete 
differential pair noise 
representation. 



The noise representation of Fig. 11.36/? can be simplified somewhat if the common- 
mode rejection of’ the circuit is high. In this case, one of the noise-voltage generators can 
be moved to the other side of the circuit, as shown in Fig. 1 1 ,36c. This can be justified if 
equal noise- voltage generators arc added in series with each input and these generators are 
chosen such that the noise voltage at the base of Q 2 is canceled. This leaves Iwo indepen- 
dent noise-voltage generators in series with the base of Q\, and these can be represented 
as a single noise-voltage generator of value 2 vj. Thus for the circuit of Fig. 1 L36c we can 
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Figure 1 1 .37 (a) ac schematic of a differential pair including 
noise due to Q[ only, (h) ac schematic of a differential pair with 
noise due to Q\ referred to the input, (c) ac schematic of a dif- 
ferential pair inciuding noise due to Qj only. 
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where vfj and are ihe equivalent input noise generators of the differential pair, 

The differential pair is often operated with the base of Qi grounded, and in this ease 
the noise-current generator at the base of Q 2 is short circuited. The noise performance of 
the circuit is then represented by the two noise generators connected to the base of Q\ 
in Fig. 1 1 36c. In this case the equivalent input noisc-currcnt generator of the differential 
pair is simply that due to one transistor alone, whereas the equivalent input noise-voltage 
generator has a mean-square value twice that of either transistor. Thus from a low source 
impedance, a differential pair has an equivalent input noise voltage 3 dB higher than a 
common-emitter stage with the same collector current as the devices in the pair. 
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Integra led-eircuit amplifiers designed for low-noise operation generally use a simple 
common -emitter or common-source differential -pair input stage with resistive loads. 
Since the input stage has both current and voltage gain, the noise of following stages is 
generally not significant, and the resistive loads make only a small noise contribution. 
The noise analysis of such circuits is quite straightforward using the techniques described 
in this chapter. However, circuits of this type (the 725 op amp is an example) are ineffi- 
cient in terms of optimizing important op amp parameters such as gain and bandwidth. 
For example, using active loads as in the 741 allows realization of very high gain in 
relatively few stages, and this is a significant advantage in circuit design. However, by 
their very' nature, active loads amplify their own internal noise and cause considerable 
degradation of circuit noise performance. An approximate noise analysis of the 741 will 
now be made to illustrate these points and show the compromises involved in the design 
of general-purpose circuits. 

A simplified schematic of the input stage of the 741 is shown in Fig. 1 1 38 a. Transistor 
may be considered to be diode connected as shown. Components Q - >, Q R 1 , and R 3 of 
the active load generate noise and contribute to the output noise at i 0 . Since transistors Q\ 
and C 4 present a high impedance to the active load, the noise due to Ihe active load can be 
calculated from the isolated portion of the circuit shown in Fig. 1 1 38 /j. Noise due to Q& 
and Rt, is represented by equivalent input noise generators and if 6 . Since the diode Qs 
and resistor R] present a relatively low impedance at the base of Qe* may be neglected. 
Using the results of Section 1 1.6.2 and neglecting flicker noise we have 



v.2 



1 



-4*r r M + - 



r 3 



The noise current due to diode Q 5 (using Section 1 1.2.1) is 



if ■ 2 ‘' 7 *- 



(11.104) 



(11.105) 



Since the diode small-signal impedance is r (i - kT/qlcs = I the diode noise can be 
transformed to a Thevenin equivalent voltage in series with the diode 



■'5 
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-4- = 4kT 
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1 



(11.106) 
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Figure 11.38 (a) Simplified 
schematic of the 741 op amp 
input stage. (£>) ac schematic 
(including noise) of the active 
load of the 741 op amp. 



There will also be a noise voltage in the series with Q$ due to its base resistance 



^ = 4kTr h , 



Finally, the noise due to 7?i is 
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Combining (11.106). (11.107), (11,108), and (l 1.1 04) into one noise-voltage generator \r A 
in series with the base of we obtain 



A — 4£T (rfd 4 4- Ri 4 + r /,5 4- R\ 

if \ 2g m6 2g m5 



(11.109) 



This noise generator can be evaluated as follows. The bias current in Q 5 and £) 6 is ap- 
proximately 12 |xA, giving l/2g, n s = 1/2 = 1,68 kll. Also R[ = = 1 kil and a 

typical value of /> for small devices at low currents is 500 il, Thus (11 .109) becomes 



-A- = 4*7X5160) 



This produces a noise output i 0f \ where 



( 11 . 110 ) 



( 11 . 111 ) 



Using (VI. 1 10) in (1 1 .1 1 1) gives 



A f K ' 3160 2 



(11,112) 



This can be referred back to the input of the complete circuit of Fig, 1 1,38# in the standard 
manner. Consider the contribution to the equivalent input noise voltage, A voltage applied 
at the input of the full circuit of Fig. 11.38# gives 



and thus 



;2 _ 5 m \ ,,2 



(11.113) 



Equating output noise current in (1 LI 12) and (1 1.113), wc obtain an equivalent input noise 
voltage due to i 2 A as 



3 1 60 2 



4 * 7 ’ X 2160 2 = 4 *r( 9640 ) 
3160 



( 11 . 1 14 ) 



Thus the active load causes a contribution of 9,64 HI to the equivalent input noise re- 
sistance of the 741 op amp. The remaining important contributions can he written down 
by inspecting Fig, 1 l,38o. The equivalent input noise voltages of Qy and Q 4 at their own 
emitters were shown in Section 1 1 .7.1 to be that of a common-emitter stage, and the results 
of Section 1 1.7.2 show that this noise can then he transformed unchanged to the input of 
Ihc complete circuit because emitter followers Q[ and £>2 have unity voltage gain. The 
equivalent input noise currents of £>3 and Q 4 at their own emitters have little influence be- 
cause the source impedance seen by these devices looking into the emitters of Q[ and Qi 
is fairly low. Thus these contributions arc neglected in this approximate analysis. Finally, 
the Tcsults of Section 1 1 .7.3 show that the equivalent input noise voltage squared of the 
differential input stage is just the sum of the values of each half of the circuit. This gives 
an input noise-voltage contribution due to Q 1 -Q 4 of 



-rf- = 

Aj \ 2 g m [ 



4 4 - 4 — 4 V h 1 4 r h2 4 v b 3 4 r h4 ] (11.115) 

2gml 2g m 3 j 
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Assuming a collector bias current of 12 jj, A for each device, and r b = 5Q0 O in (11.115), 
we calculate 



0 = 4*r(6320) (11.116) 

Combining (11.114) and (11.116) gives, for the total input noise voltage for the 741, 

v? 

~ = 4*7X16,000) (11.117) 

Thus the input noise voltage of the 741 is represented by an equivalent input noise 
resistance of 16 kll. This is a large value and is very close to the measured and computer- 
calculated result. Note that the active load is the main contributor to the noise. The mag- 
nitude of the noise voltage can be appreciated by noting that if a 741 is fed from a 1-kfl 
source resistance for example, the circuit adds 16 times as much noise power as is con- 
tributed by the source resistance itself. 

The calculations above concerned the equivalent input noise voltage of the 741. A 
similar calculation performed to determine the equivalent input noise current shows that 
this is dominated by the base current of the input device. The current gain of the input 
emitter followers is sufficient to ensure that following stage noise, including noise in the 
active loads, gives a negligible contribution to input current noise. Since the circuit is 
differential, the complete noise representation consists of the equivalent input noise volt- 
age calculated above plus two equivalent input noise-current generators as shown in Fig. 
1 1.39. This follows from the discussion of differential-pair noise performance in Section 
1 1 ,7.3. The equivalent input noisc-current generators are (neglecting flicker noise) 



A / 



— 2ql}} 



where I B is the base current of Q 1 or Q 2 in Fig. 1 1 ,38a. Substitution of typical data gives 



= 2q(0.2 X 10- 6 ) (11.118) 

In Chapter 6, a number of special op amp configurations were described, and the 
noise performance of these can now be considered. Two techniques were described for the 
reduction of the input bias current of an op amp, and these result in significantly different 
noise performance. First, the bias-current cancellation scheme of Fig, 6,52 functions by 
injecting input bias currents from Q t and Q s to cancel the base currents of Q x and Q 2 . 
However, the collector currents of Q b and Q B contain noise that is uncorrelated with the 
base-current noise ol Q\ and Q 2 and thus the total input noise current is increased by this 




Figure 1 1 ,39 Complete op amp noise 
representation. 
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arrangement and the noise performance is actually degraded The equivalent input noise 
voltage is essentially unaffected and is determined by the bias currents in Q\ and Qi since 
there is no active load on the input stage of this circuit. 

The other circuit described for the reduction of the input bias current uses super- jG 
input devices as in Fig. 6.53. This technique results in significantly reduced input noise 
current and thus improved current noise performance. The equivalent input noise voltage 
in this circuit depends on the bias currents of the input devices. 

Consider the case of the CMOS input stage shown in Fig. 1 1 .40. If the noise in each 
MOS transistoris represented as shownby it s equ ivalent inpul noise voltage generator, the 
equivalent input noise voltage of the circuit T can be calculated by equating the output 
current noise i* for the circuits in Fig. 11,40a and Fig. 11.40 /j giving 

v lqT = + v cq 2 + f “ ) + ^4) ( 11 . 119 ) 



where it has been assumed that = g m 2 and that Thus, the input transistors 

contribute to the input noise directly while the contribution of the loads is reduced by the 
square of the ratio of their transconductance to that of the input transistors. The significance 
of this in the design can be further appreciated by considering the input-referred 1// noise 
and the input-referred thermal noise separately. 

The dependence of the I// portion of the device equivalent input noise-voltage spec- 
trum on device geometry and bias conditions was considered earlier. Considerable discrep- 
ancy exists in the published data on 1// noise, indicating that it arises from a mechanism 
that is strongly affected by details of device fabrication. The most widely accepted model 
for 1// noise is that, for a given device, the gate-referred equivalent mean-square voltage 
noise is approximately independent of bias conditions in saturation and is inversely pro- 
portional to the gate capacitance of the device. The following analytical results are based 
on this model, but it should be emphasized that the actual dependence must be verified for 
each process technology and device type. Thus we let 



-r_ 

eq C ax WLf 



( 11 . 120 ) 



where the parameter Kf is the flicker-noise coefficient. Utilizing this assumption, and 
using (11.119), we obtain for the equivalent input 1// noise generator for the circuit of 
Fig. 11.40a 



..2 _ ^P 

l,// ~ mL lCox \K p p P Lj r f 



(IU21) 



where K n and K p are the flicker noise coefficients for the ra-ehanncl and ^-channel devices, 
respectively. Depending on processing details, these may be comparable or different by a 
factor of two or more. Note that the first term in (1 1 .121 ) is the equivalent input noise of 
the input transistors alone, and the term in parentheses is the increase in noise over and 
above this value due to the loads. The second term shows that the load contribution can 
be made small by simply making the channel lengths of the loads longer than those of the 
input transistors by a factor of about two or more. The input transistors can then he made 
wide enough to achieve the desired performance. It is interesting to note that changing the 
width of the channel in the loads does not effect the 1// noise performance. 

The thermal noise performance of the circuit of Fig. 1 1 ,40a can be calculated as fol- 
lows. As discussed in Section 1 1 .5.2, the input-referred thermal noise of a MOS transistor 
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is given by 

<1U22) 

Utilizing the same approach as for the flicker noise, we obtain for the equivalent input 
thermal noise of the circuit of Fig. 1 1 AOa 



= 4*r 



, 1+ S Af 

3 j2 t x r C„ x (WfLhl l j \ V j ' 



(11.123) 



where I D is the bias current in each device. Again, the first term represents the thermal 
noise from the input transistors and the term in parentheses represents the fractional in- 
crease in noise due to the loads. The term in parentheses will be small if the W/L ratios 
are chosen so that the transconductance of the input devices is much larger than that of 
the loads. If this condition is satisfied, then the input noise is simply determined by the 
transconductance of the input transistors. 
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In the noise analysis performed thus far, the circuits considered were generally as- 
sumed to have simple gain-frequency characteristics with abrupt band edges as shown 
in Fig. I I 33b. The calculation of local circuit noise then reduced to an integration of the 
noise spectral density across this band. In practice, many circuits do not have such ideal 
gain-l requeney characteristics, and the calculation of total circuit noise can be much more 
complex in those cases. However, if the equivalent input noise spectral density of a circuit 
is constant and independent of frequency (i.e. s if the noise is white), we can simplify the 
calculations using the concept of noise bandwidth described below. 

Consider an amplifier as shown in Fig. 11.41, and assume it is fed from a low source 
impedance so that the equivalent input noise voltage 17 detennines the noise performance. 
Assume initially that the spectral density v 2 /A f = f) = $io of the input noise voltage 
is flat as shown in Fig. 1 1 Ala. Further assume that the magnitude squared ol the voltage 
gain \ A v (jf)\ 2 of the circuit is as shown in Fig. \ \A2b. The output noise- voltage spectral 
density S n (J) = v^/A/ is the product of the input noise-voltage spectral density and the 
square of the voltage gain and is shown in Fig. 1 1.42c. The total output noise voltage 
is obtained by summing the contribution from S v (f) in each frequency increment A/ 
between zero and infinity to give 



& 



j. 

■ 



SJJ)df = \AAjffSnAf 



= S m \A,,( jf)\ 2 df 
.0 



(11.124) 




Figure 11.41 Circuit with equivalent in- 
put noise voltage generator. 
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Figure 11,42 Assumed pa- 
rameters for the circuit of 
Fig. 11.41. (a) Equivalent 
input noise- voltage spectral 
density, {b) Circuit transfer 
function squared, (c) Out- 
put noise- voltage spectral 
density. 



The evaluation of the integral of (1 1 . 1 24) is often difficult except for very simple trans- 
fer functions. However, if the problem is transformed into a normalized form, the integrals 
of common circuit functions can he evaluated and tabulated for use in noise calculations. 
For this purpose, consider a transfer function as shown in Fig. 1 1 ,43 with the same low- 
frequency value A v {) as the original circuit but with an abrupt band edge at a frequency 
Frequency fy is chosen to give the same total output noise voltage as the original circuit 
when the same input noise voltage is applied. Thus 

vlr = SioAlofy (11.125) 

If ( 1 1 . 1 24) and (1.1-125) are equated, we obtain 

In = 4— f \A v (jf)\ 2 df (11.126) 

A u0 

where fy is the equivalent noise bandwidth of the circuit. Although derived for the case 
of a voltage transfer function, this result can be used for any type of transfer function. 
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figure 1 1.43 Transfer function of a circuit giving 

- *■/ the same output noise as a circuit with a transfer 

v function as specified in Fig. 11.42/?. 

Note that the integration of (1 1 .126) can be performed numerically if measured data for 
the circuit transfer function is available. 

Once the noise bandwidth is evaluated using (1 1 .126) ; the total output noise of the 
circuit is readily calculated using (1 1.125). The advantage of the form of (11,1 26) is lhaL 
the circuit gain is normalized to its low-frequency value and thus the calculation of fy 
concerns only the frequency response of the circuit. This can be done in a general way 
so that whole classes of circuits are covered by one calculation. For example, consider an 
amplifier with a single-pole frequency response given by 

A r (jf)=— 4- (1 !. 127) 

[+j J> 

where f\ is the -3-dB frequency. The noise bandwidth of this circuit cun be calculated 
from (11,126) as 

*0C I/' 

/v = J —j = = 1.57/, (11.128) 

“ l+ (i) 

This gives the noise bandwidth of any single-pole circuit and shows lhai it is larger than the 
-3-dB bandwidth by a factor of 1 .57. Thus a circuit with the transfer function of (1 LI 27) 
produces noise ns if it had an abrupt band edge at a frequency L57_/i . 

As the steepness of the transfer function fall-off with frequency becomes greater, the 
noise bandwidth approaches the -3-dB bandwidth. For example, a two-pole transfer func- 
tion with complex poles at 45° to the negative real axis has a noise bandwidth only 11 
percent greater than the -3-dB bandwidth. 

■ EXAMPLE 

As an example of noise bandwidth calculations, suppose a 74 1 op amp is used in a feedback 
configuration with a low-frequency gain of A l0 — 100 and it is desired to calculate Lhe 
total output noise v 0 r from the circuit with a zero source impedance and neglecting lliekcr 
noise. If the unity-gain bandwidth of the op amp is 1.5 MHz, then the transfer function 
in a gain of 100 configuration will have a —3-dB frequency of 15 kHz with a single-pole 
response. From ( 1 1 . 1 28) the noise bandwidth is 

fy = 1.57 x 15 kHz = 23.5 kHz (1 1. 129) 

Assuming that the circuit is fed from a zero source impedance, and using the previously 
calculated value of 16 kil as the equivalent input noise resistance, we can calculate the 
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low-frequency input noise voltage spectral density of the 74 J as 

v? 

Sto = = 4^1(16,000) - 2.66 X 10 lf> V 2 /Hz (1U30) 

Using A v q = 100 together with substitution of (1 1 .129) and ( J 1.130) in (1 1.125) gives, 
for the total output noise voltage, 

v\ T = 2.66 x !0 -16 x 10 4 x 23.5 X 10 3 V 2 = 6.25 X 10“ s V 2 
■ and thus v 0 r = 250 jxV rms. 

The calculations of noise bandwidth considered above were based on the assumption 
of a Hat input noise spectrum. This is often true in practice and the concept of noise band- 
width is useful in those cases, but there are also many examples where the input noise 
spectrum varies with frequency. In these cases, the total output noise voltage is given by 



v oT — So(f)df 
0 



MffSiifW 



(1 1. 131) 

(11.132) 



where A v (jf) is the voltage gain of the circuit and S,-(/) is the input noise-voltage spectral 
density. If the circuit has a voltage gain A vS at the frequency of the applied input signal, 
then the total equivalent input noise voltage becomes 



v j r = 



A 2 



'5 JO 



\Mif>\ 2 Si{fW 



Ay(jf) 

Avs 



StifW 



(11.133) 

(11.134) 



Equation 11.134 shows that, in general, the total equivalent input noise voltage of a cir- 
cuit is obtained by integrating the product of the input noise-voltage spectrum and the 
normalized voltage gain function. 

One last topic that should be mentioned in this section is the problem that occurs in 
calculating the flicker noise in direct-coupled amplifiers. Consider an amplifier with an 
input noise spectral density as shown in Fig. J 1 ,44a and a voltage gain that extends down 
to dc and up to j\ = 10 kHz with an abrupt cutoff, as shown in Fig. 1 1 .44/?, Then, using 
(11.134), we can calculate the total equivalent input noise voltage as 



vf T 



SiifW 



0 

— in-16 



/ J 



= 10 _lt> [/ + 1000 In f]l' 



(11.135) 



Evaluating (11.135) produces a problem since vj T is infinite when a lower limit of zero is 
used on the integration. This suggests infinite power in the 1 If noise signal. In practice, 
measurements of 1// noise spectra show a continued Iff dependence to as low a fre- 
quency as is measured (cycles per day or less). This problem can be resolved only by noting 
that Iff noise eventually becomes indistinguishable from thermal drift and that the lower 
limit of the integration must be specifi ed by the period of observation. For example, taking a 
tower limit to the integration of f 2 = 1 cycle/day, we have f 2 = 1.16 x 10“ 5 Hz. Changing 
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(«) 



Figure 1 1 .44 (a) Input 
noise- voltage spectral 
density for n circuit, (b) 
Circuit transfer function 
squared. 




the limit in (11.135) we find 

9 

Vj T = 



Using f\ = 10 kHz and fi - 1 



i0“ 16 [/+ iooo in /j^ 

(•/, - h) + 1000 In b 

h\ 

16 X I0 _s Hz in (1 1 .136) gives 



10 



-16 



- 10 16 (10,000-b 20,600) 

= 3.06 x 10 12 V 2 



(11.136) 



and thus 



VfT = 1.75 |uV rms 

If the lower limit of integration is changed to 1 cyclc/year = 3.2x 1Q -S Hz, then (11.136) 
becomes 



vf r = 10“ 5ri (10 T 000 + 26,500) 
= 3.65 x 10“ 12 V 2 



and thus 



vrr = 1.9 fuV rms 

The noise voltage changes very slowly as /i is reduced further because of the In function 
in (11.136). 
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11.10 Noise Figure and Noise Temperature 



11.10.1 Noise Figure 

The most general method of specifying the noise performance of circuits is by specifying 
input noise generators as described above. However, a number of specialized methods 
of specifying noise performance have been developed that are convenient in particular 
situations. Two of these methods are now described. 

The noise figure ( F ) is a commonly used method of specifying the noise performance 
of a circuit or a device. Its disadvantage is that it is limited to situations where the source 
impedance is resistive, and this precludes its use in many applications where noise per- 
formance is important. However, it is widely used as a measure of noise performance in 
communication systems where the source impedance is often resistive. 

The definition of the noise figure of a circuit is 



input S/N ratio 
output S/N ratio 



(11.137) 



and F is usually expressed in decibels. The utility of the noise-figure concept is apparent 
from the definition, as it gives a direct measure of the signal-lo-noise (SIN) ratio degrada- 
tion that is caused by the circuit. For example, if the S/N ratio at the input to a circuit is 
50 dB, and the circuit noise figure is 5 dB, then the SIN ratio at the output of the circuit is 
45 dB. 

Consider a circuit as shown in Fig. 11.45. where S represents signal power and N 
represents noise power. The input noise power is always taken as the noise in the 
source resistance. The output noise power N 0 is the total output noise including the cir- 
cuit contribution and noise transmitted from the source resistance. From ( 1 1.1 37) the noise 
figure is 



f= *!Ll 

NiS 0 



(11,138) 



For an ideal noiseless amplifier f all output noise comes from the source resistance at 
the input, and thus if G is the circuit power gain, then the output signal S t> and the output 
noise N a are given by 



= GSi 
No = GNi 



(11.139) 

(11.140) 



Substituting (11 .139) and (11.140) in (11.138) gives F = 1 or 0 dB in this case. 
A useful alternative definition of F may be derived from (11. 138) as follows: 



F = 

‘ N t S 0 



No 

GN> 



Equation 1 1 .141 can be written as 
F = 



total output noise 



that part of the output noise due to the source resistance 



(11,141) 



(1 1.142) 




Figure 1 1 .45 Signal and noise power at 
the input and output of a circuit. 




800 Chapter 1 1 ■ Noise in Integrated Circuits 



Note that since F is specified by a power ratio, the value in decibels is given by I01og m 
(numerical ratio). 

The calculations of the previous sections have shown that the noise parameters of 
most circuits vary with frequency, and thus the bandwidth must be specified when the 
noise figure of a circuit is calculated. The noise figure is often specified for a small band- 
width A/ at a frequency / where A/ f , This is called the spot noise figure and applies 
to tuned amplifiers and also to broadband amplifiers that may be followed by frequency- 
sclcclivc circuits. For broadband amplifiers whose output is utilized over a wide band- 
width, an average noise figure is often specified. This requires calculation of the total 
output noise over the frequency band of interest using the methods described in previous 
sections. 

In many cases, the most convenient way to calculate noise figure is to return to the 
original equivalent circuit of the device with its basic noise generators to perform the 
calculation. However, some insight into the effect of circuit parameters on noise figure 
can be obtained by using the equivalent input noise generator representation of Fig. 11.46. 
In this figure, a circuit with input impedance Zi and voltage gain G = v 0 lv y is fed from a 
source resistance and drives a load The source resistance shows thermal noise if. 
and the noise of the circuit itself is represented by if and vf. assumed uncorrelated. The 
noise at the input terminals due to vf and if is 



VxA = Vi • 



+ /e* 



+ 0 



R$Zi 
Rs + zi 



and thus 



KrA = V > 



1 \Zi 4- R$\ 2 1 \R S 4- z.i 2 

The noise power in R L produced by vj and if is 



2 I'M 2 



' M 2 __ |d 2 

2 ^ _ L _ -2 I K S^i 
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4* if 



(11.143) 



(11.144) 



The noise power in Ri_ produced by source resistance noise generator if is 
The noise in the source resistance in a narrow bandwidth A / is 

(11.146) 

Rs 




Figure 1 1 .46 Equivalent input noise representation for the calculation of noise figure. 
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Substituting (11*146) in (1L145) givey 



1 I Ur T s V 



(11.147) 



Using the definition of noise figure in ( 1 1 .142) and substituting from (11. 147) and (11. 144), 
we find 



Noa + N 0 b 
Nob 

NoB 

\ + - 

4 kTR s A/ 



(11.148) 



(11.149) 



4*r- - a/ 



Equation 11.149 gives the circuit spot noise figure assuming negligible correlation be- 
tween vj and if. Note that F is independent of all circuit parameters (G, , Rfi) except the 
source resistance R s and the equivalent input noise generators. 

It is apparent from (1 1 .149) that F has a minimum as Rs varies. For very low values of 
Rs* the vf generator is dominant, whereas for large R$ the if generator is most important. 
By differentiating (1 1*149) with respect to Rs, we can calculate the value of Rs giving 



minimum F : 



AsCopt) 



(11.150) 



This result is true in general even if correlation is significant. A graph of F in decibels 
versus Rs is shown in Fig. 11.47. 

The existence of a minimum in F as R s is varied is one reason for the widespread use 
of transformers at the input of low-noisc tuned amplifiers. This technique allows the source 
impedance to be transformed to the value that simultaneously gives the lowest noise figure 
and causes minimal loss in the circuit 

For example, consider the noise figure of a bipolar transistor at low-to-moderate fre- 
quencies, where both flicker noise and high-frequency effects are neglected. From (11 .50) 
and (11.57), 

vf = 4M’(r & + AW 



if = 2 qI B A / = 2 q- 



Substitution of these values in (11.1 50) gives 



V 1 + tymn 



(11151) 



At this value of Rs, the noise figure is given by (11,149) as 



F opt. 1 T 



Jl + 2g m r b 



At a collector current of /c = 1 mA, and with fir = lOOandr^ = 50 11, (11.151) gives 
Rs ( 0 P o = 572 11 and F op t = 1.22. In decibels the value is 10 log 1.22 = 0.9 dB. Note 
that F opt decreases as fir increases and as r b and g m decrease. However, increasing fir 
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Figure 11.47 Variation in 
noise figure F with source 
resistance R s . 



and decreasing g m result in an increasing value of R S{ ^ (h and this may prove difficult to 
realize in practice. 

As another example, consider the MGSFET at low frequencies. Neglecting dicker 
noise, we can calculate the equivalent input generators from Section 1 1 ,5.2 as 



vj~4kT^ — Af (11.153) 

(11.154) 

Using these values in (11.149) and (11.150), we find that R s ^ (>P o ^ 00 and f" opT 0 dB, 
Thus the MOS transistor has excellent noise performance from a high source resistance. 
However, if the source resistance is low (kilohms or less) and transformers cannot he used, 
the noise figure for the MOS transistor may be worse than lor a bipolar transistor. For 
source resistances of the order of megohms or higher, the MOS transistor usually has sig- 
nificantly lower noise figure than a bipolar transistor. 



1 1 . T 0.2 Noise Temperature 



Noise temperature is an alternative noise representation and is closely related to noise 
figure. The noise temperature T n of a circuit is defined as the temperature at which Ihe 
source resistance must he held so that the noise output from the circuit due to R$ equals 
the noise output due to the circuit itself. If these conditions are applied to the circuit of 
Fig, l U46, the output noise N 0 a due to the circuit itself is unchanged but the output noise 
due to the source resistance becomes 



Substituting for N„r from (1U147) in (1 1. 155), we obtain 

Kb = Kb^- 



(11.155) 



(11.156) 



where T is the circuit temperature at which the noise performance is specified (usually 
taken as 290 D K). Substituting (11.156) in (1 1.148) gives 



Y = {F- 1) 



where F is specified as a ratio and is not in decibels. 



(11.157) 
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Thus noise temperature and noise figure are directly related. The main application 
of noise temperature provides a convenient expanded measure of noise performance near 
F = 1 for very-low-noise amplifiers. A noise figure of F = 2 (3 dB) corresponds to T n = 
290°K and F = 1,1 (0.4 dB) corresponds to T n = 29°K. 



PROBLEMS 



11*1 Calculate the noise-voltage spectral den- 
sity in V 2 /Hz at v 0 for the circuit in Fig* 1 1 .48, and 
thus calculate the total noise in a 100-kHz band- 
width. Neglect capacitive effects, flicker noise, and 
series resistance in the diode. 

11.2 If the diode in Fig. 11.48 shows flicker 
noise, calculate and plot the output noise voltage 
spectral density at v tJ in V^/Hz on log scales from 
/ = lHzto/ = 10 MHz. Flicker noise data: in 
(11.7) use a = b = ] > K\=3x 10 ]6 A. 



+ 10 V 



20 kQ 



o + 



° Figure 11.48 Diode cir- 
cuit for Problems 11*1 
" and 11.2. 



1 1.3 Repeat Problem 11.2 if a 1000-pF capaci- 
tor is connected across the diode. Compare your re- 
sult with a SPTCE simulation. 

1 1 .4 The ac schematic of an amplifier is shown 
in Fig* 11*49* The circuit is fed from a current 
source r-> and data are as follows: 

Rs = 1 kft R l = 10 kfl Ic = 1mA 
(4 = 50 r b = 0 t 0 = * 

Neglecting capacitive effects and flicker noise, cal- 
culate the total noise voltage spectral density at 
v,., in V^/Hz* Thus calculate the MDS at is if 
the circuit bandwidth is limited to a sharp cut- 
off at 2 MHz. Compare your result with a SPICE 
simulation* (This will require setting up a bias 
circuit.) 

Il.fi Calculate the total input- and output- 
referred noise voltages at 10 Hz, 100 kHz, and 
1 GHz for the common-source amplifier shown in 
Fig. 7.2£>. Assume that IF = 100 pm, L = 1 pm, 
I D = 100 pA, V, - 0.6 V. k’ = 194pA/V z t f fW = 
m)k,L d = O.Xj = 0, and K y = 3x 10“ 24 F-V 2 . 
Ignore gate-current noise in (1115) and (11.16). 



Let Rs = 100 kfl and R l = 10 kfl* Verify your 
result using SPICE* (Add dc sources for SPICE*} 

11.6 Calculate equivalent input noise voltage 
and current generators for the circuit of Fig. 1.1,49 
(omitting R s )> Using these results, calculate the to- 
Lal equivalent input noise current in a 2-MHz band- 
width for the circuit of Fig* 1 1 ,49 with R$ = 1 kfl 
and compare with the result of Problem 11.4. Ne- 
glect correlation between the noise generators. 




Figure 1 1 .49 Amplifier ac schematic for Problems 
11*4 and 11.6 

11.7 Four methods of achieving an input 
impedance greater than 100 kfl are shown in the 
ac schematics of Fig. 11*50. 

(a) Neglecting flicker noise and capacitive ef- 
fects, derive expressions for the equivalent input 
noise voltage and current generators of these cir- 
cuits. For circuit (i) this will be on the source side 
of the 100-kfl resistor. 

(b) Assuming that following stages limit the 
bandwidth to de-20 kHz with a sharp cutoff, cal- 
culate the magnitude of the total equivalent input 
noise voltage in each case. Then compare these 
circuits for use as low-noise amplifiers from low 
source impedances. 

11.8 Neglecting capacitive effects, calculate 
equivalent input noise voltage and current gener- 
ators for circuit (iv) of Fig. 1 1 .50, assuming that 
the spectral density of the flicker noise in the MOS 
transistor drain current equals that of the thermal 
noise at 100 kHz. Assuming that following stages 
limit the bandwidth to 0.001 kHz to 20 kHz with 
a sharp cutoff, calculate the magnitude of the total 
equivalent input noise voltage. Ignore gate-current 
noise in (11.15) and (IT 16)* (Assume C Si = ()*) 

11.9 A BiCMOS Darlington is shown in 
Fig, 11.51. Neglecting frequency effects, calculate 
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f c = 0.5 mA, j8 = 100, r b = 10011 

(i) 




/<■ = 0.5 mA r j(? = 100, r,, = 100 £2 

(ii) 



ioka> v 0 



I ( = 13^A, /J = 50,^ = 100 0 
(iii) 



K m = 1 mA/V 
(iv) 



Figure 11.50 Four ac schematics of circuits realizing an input resistance R f > 100 kfU 



the equivalent input noise voltage and current gen- 
erators for this circuit, assuming that the tic value 
of Vi is adjusted for I C \ = 1 mA, Device data is 
ju fl C rJJC = 60 p,A/V 2 , V r ^ 0.7 V, A ^ 0, 7 = 0, 
W = UK) |_tm, L = 1 p,m for the MOSEET and 
Is = 10 J(S A, = « 0 = 100. r* = 100 H 
for the bipolar transistor. Use SPICE to check your 
calculation. Then add = 150 fF, C^ b = 50 fF 
for Ihc MOSFET and C ^ = 50 fF, f T = 10 GHz 
for the bipolar transistor and use SPICE to deter- 
mine the frequency where the spectral density of 
the equivalent input noise voltage generator v 2 has 
doubled. Also use SPICE to determine the cquiva- 



5 V 




Figure 1 1.51 BiCMOS Darlington circuit for 
Problem 11,9. 



lent input noise current spectral density at that fre- 
quency. 

11.10 The ac schematic of a low-input- 
impcdancc common-base amplifier is shown in 
Fig. 11.52. 

(a) Calculate the equivalent noise voltage and 
current generators of this circuit at the emitter of 
Q\ using I C ] ~ Ic 2 = 1 mA. n,i = r b2 = D. j(3 s = 

= 100, fj] ™ fj 2 — 400 MHz. Neglect flicker 
noise but include capacitive effects in the transis- 
tors, Use SPICE to check your result . 

<b) If Rs = 5 kfl, and later stages limit the 
bandwidth to a sharp cutoff at 150 MHz, calculate 
the value of is giving an output signal-to-noisc ratio 
of lOdB. 

11.11 A super-/? input stage is shown in 
Fig. 11.53a. 

(a) Neglecting flicker noise and capacitive ef- 
fects, calculate the equivalent input noise voltage 
and current generators v 2 and r for tills stage. Data: 
Iek — 1 jrA; /?, = fiz = 5000; r b] = r ( , 2 = 

500 fl. 

(b) If the circuit is fed from source resistances 

— 100 Mfl as shown in Fig, 11.53/?, calculate 

the total equivalent input noise voltage at y v in a 
bandwidth of 1 kHz. 

11.12 Repeat Problem 1 1 .1 1 if the bipolar tran- 
sistors are replaced by MOS transistors with In = 
0.1 fA and = 0.5 mA/V. Assume C t , v = 0. 

11.13 If a 100-pF capacitor is connected 
across the diode in Fig. 1 1 .48, calculate the noise 
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Qa 






(EH 






Qz 



5 k-Q 



bandwidth of the circuit and thus calculate the to- 
tal output noise at v 0 . Neglect flicker noise and se- 
ries resistance in the diode. 

11.14 A differential input stage is shown in 
Fig. 11.54. 

(a) Neglecting flicker noise, calculate expres- 
sions for the equivalent input noise voltage and cur- 
rent generators at the base of Q ]m Use SPICE to 
check your result. 

<b) As sumi n g the circ uit has a dominant pole i n 
its frequency response at 30 MHz and R$ = 50 fl, 
calculate the total equivalent input and output noise 
voltages. Data: = 100;^ = 200 ft. 

11.15 Calculate the source resistance giving 
minimum noise figure and the corresponding noise 
figure in decibels for a bipolar transistor with 
parameters 

<a) / c = 2 mA ft = 50 r h = 100 ft 

(b) I c = 10 |jeA ft = 100 r b = 300 ft 



Figure 11.52 An ac schematic of a 
common-base amplifier for Problem 

11 . 10 . 

11.16 Repeal Problem 11,15 if the transistor 
has a flicker noise corner frequency of 1 kHz, Cal- 
culate spot noise figure at 500 Hz. 

11.17 Repeat Problem 11.15 if the transistor 
has a 1-kft emitter resistor. 

11.15 (a) Neglecting flicker noise and ca- 

pacitive effects, calculate the noise figure in 
decibels of the circuit of Fig. 1 1,54 with R s = 

50 n. 

(b) If R s were made equal to (i) 100 ft or (ii) 
200 kft, would the noise figure increase or de- 
crease? Explain, 

(c) If ft = 200 kO, and each device has a 
flicker noise comer frequency of 10 kHz, calculate 
the low frequency where the circuit spot noise fig- 
ure is 20 dB. 

11.19 (a) A shunt-feedback amplifier is 

shown in Fig. 1 1 .55. Using equivalent input noise 
generators for the device, calculate the spot noise 





Figure 1 1.53 Supcr-jS input stage for 
Problem 11,11, 
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+10 V 




Figure 1 1 .54 Differential -pair input 
stage for Problem Li. 14. 



figure of this circuit in decibels for R$ - 10 kO 
using the following data. 

i c = 0,5 mA = 50 r b = 100O 

Neglect flicker noise and capacitive effects, 

(b) If the device has f T = 500 MHz, calculate 
the frequency where the noise figure is 3 dB above 
its low-frequency value. 

11.20 (a) Neglecting capacitive effects, cal- 
culate the noise figure in decibels of the circuit of 
Fig. 11.52 with Rs = 5 kfl. Use data as in Prob- 
lem 11.10. 

(b) If the flicker noise corner frequency for each 
device is I kHz, calculate the low frequency where 
the spot noise figure is 3 dB above the value in (a). 

1 1.21 Neglecting flicker noise, calculate the to- 
tal equivalent input noise voltage for the MC1553 
shown in Figure 8.21a Use (3 = 100. r b « 10011 
and assume a sharp cutoff in Lhe frequency response 
at 50 MHz. Then calculate the average noise hgurc 
of lhe circuit with a source resistance of 5011 . 

1 1.22 Calculate the total equivalent input noise 
current for the shunt-shunt feedback circuit of Fig. 
8.48 in a bandwidth from 0.01 Hz to 100 kHz. Use 
the MOS transistor data inProbleui 1 1 ,5. Ignoregate- 
current noise in(11.15j andfll.16). 



1 1.23 RcpeaL Problem 1 1 .22 it the MOS tran- 
sistors in Fig. 8.48 arc replaced by bipolar transis- 
tors. Assume that = 200, r* = 300£l,/c = 

1 mA and the flicker noise comer frequency is f a - 
5 kHz. Neglect capacitive effects. 

1 1.24 The BiCMOS amplifier of Fig. 3.78 is to 
be used as a low-noise transimpedance amplifier, 
The input is fed from a current source with a shunt 
source capacitance of th = 1 pF Assuming that C\ 
and C*,! = 0.5 pF dominate the frequency response, 
calculate the equivalent input noise current spec- 
tral density of the circuit at low frequencies and at 
the — 3-dB frequency of the transfer function. Use 
data as in Problem 3. 17. Use SPICE to check your 
result, and also to investigate the effect of adding 
r b = 200 £1 to the bipolar model. 

1 1 .25 A MOS current source of the type shown 
in Fig. 4.4 is to be designed to achieve minimum 
output current noise. The two transistors must be 
identical and the total gate area of the two transis- 
tors combined must not exceed 10 pun 2 . Choose the 
W and L of the devices under two different assump- 
tions; 

(a) I / / noise dominates. 

(b) Thermal noise dominates. 



10 kil 




Figure 1 1.55 An ac schematic of a single- 
stage shunt- feedback amplifier for 
Problem 11.19. 
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Assume thal L d and X d are zero. The minimum 
allowed transistor length or width is 0.6 pm. Verify 
your design using SPICE. 

1 1 .26 Calculate the equivalent input noise volt- 
age at 100 Hz. 1 kHz, and 10 kHz for the CMOS 
op amp shown in Fig. 6.59. Use the MOS param- 
eters in Tabic 2.4. and assume that X d = 0.1 pm 
at the operating point for all transistors operating in 
the active region. For this problem, assume that the 
gate of Mi) is attached lu the positive power sup- 
ply, and that the WiL of My has been optimally 
chosen to cancel the righl-half-plane zero. The 
flickcr-noise coefficient for all transistors is K f = 
3 x 10 ' 24 F-V\ Ignore gate-current noise in (11. 15) 
and (11.16). Verify your result using SPICE. 

1 1.27 Use SPICE to verify the noise analysis of 
the 741 op amp given in Section 1T8, Then add 
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CHAPTER 



12 



Fully Differential Operational 
Amplifiers 



12.1 Introduction 

The analysis of integrated-circuit operational amplifiers (op amps) in Chapter 6 focused 
on op amps with single-ended outputs. The topic of this chapter is fully differential op 
amps, which have a differential input and produce a differential output. Fully differential 
op amps are widely used in modem integrated circuits because they have some advan- 
tages over their single-ended counterparts. They provide a larger output voltage swing 
and are less susceptible to common-mode noise. Also, even-order nonlinearities are not 
present in the differential output of a balanced circuit. (A balanced circuit is symmetric 
with perfectly matched elements on either side of an axis of symmetry.) A disadvantage 
of fully differential op amps is that they require two matched feedback networks and a 
common-mode feedback circuit to control the common-mode output voltage. 

In this chapter, the properties of fully differential amplifiers are presented first, fol- 
lowed by some common-mode feedback approaches. A number of fully differential CMOS 
op amps are covered. Some of the terminology used in this chapter was introduced for a 
simple fully differential amplifier (a differential pair with resistive loads) in Section 3.5. 
In most of the chapter, the circuits are assumed to be perfectly balanced. The effects of 
imbalance are considered in Section 12.7. The circuits in this chapter are CMOS; how- 
ever, most of the techniques and topologies described can be readily extended to bipolar 
technologies. 



12.2 Properties of Fully Differential Amplifiers 1 ’ 2 

A fully differential feedback amplifier is shown in Fig. 12.1a. It differs from the single- 
ended feedback amplifier in Fig. 12.1 b in the following two ways. The op amp has two 
outputs, and two identical resistive networks provide feedback. While many fully differ- 
ential op-amp topologies exist, the simple fully differential amplifier in Fig. 12.2 will be 
used for illustration purposes. It consists of a differential pair active loads M3 and 

M4, and tail current source M5. 

Fully differential op amps provide a larger output voltage swing than their single- 
ended counterparts, which is important when the power-supply voltage is small. The Larger 
output voltage swing provided by a fully differential op amp can be explained using the 
two feedback circuits in Fig. 1 2. 1. Assume that each op-amp output, V fJ \ f V v 2 , or V 0i can 
swing up to Kmax and down to Vmi n . For the single-ended-output circuit in Fig. 12.1i?, the 
peak-to-peak output voltage can be as large as V ma * — V mjn . In the fully differential circuit 
in Fig. 12.1a, if V 0 \ swings up to V mdX and V, t2 swings down to V mm , the peak differential 
output is l/ max “ V mjn . Therefore, the peak-to-peak differential output is 2{V' max — V min ). 
Thus, the output swing of a fully differential op amp is twice as large as that of a similar 
op amp with a single-ended output. 



808 
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This larger output swing can result in a higher signal-to-noise ratio. Ignoring the noise 
from the op amp and from the feedback resistor Rj, we see that thermal noise associ- 
ated with the R] input resistors is the only source of noise. In the single-ended circuit in 
Fig. \2Ah, the output noise power due to resistor R\ is 



= 11 + “I 4 kTR^BWx) 



( 12 . 1 ) 
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where BW ^ is the equivalent noise bandwidth of the closed-loop amplifier In the 
fully differential amplifier in Fig. 12.1, the differental output noise power due to the 
two R] resistors is 



-21 + 



Rs 

Ri 



) 4kTRi(BW N } 



( 12 . 2 ) 



because the output noise terms from the two R \ resistors are uncorrelated and hence their 
contributions add together to give the total output noise power. From (12,1) and (12*2), the 
output noise power in the fully differential circuit is twice that in the single-ended circuit. 
Since the peak output signal in the differential circuit is twice that in the single-ended 
circuit, the maximum output signal power is four times that in the single-ended circuit. 
The maximum output signal-to-noise ratio (SNR) for a maximum sinusoidal output signal 
with amplitude V S i S ( P eak) is given by 



SNR max - 



maximum output signal power 
output noise power 



V 2 

T sig(peak) 



2 



v 



2 

oN 



(12.3) 



This SNR is twice as large, or 3 dB larger, for the fully differential circuit when compared 
to the single-ended circuit if the same resistance i?j is used in both circuits and R { is the 
dominant noise source* 

Fully differential circuits are less susceptible than their single-ended counterparts to 
common-mode (CM) noise, such as noise on the power supplies that is generated by digital 
circuits that are integrated on the same substrate as the analog circuits. To explain the 
reduced sensitivity to CM noise, consider the circuit in Fig. 12.3. This circuit is the same 
as Fig. 12 ,\a with two capacitors Q p added* Each capacitor connects from an op-amp input 
to voltage source v n . Here C ip models parasitic capacitance from the substrate to each op- 
amp input, and v n models noise that exists on the power-supply voltage that connects to the 
substrate. The parasitic capacitors couple equal signals to the op-amp inputs, causing a CM 
disturbance at the op-amp input. If the op amp is perfectly balanced and has zero CM gain, 
this CM noise does not affect the CM output voltage* If the op-amp CM gain is nonzero 
but small, v n causes a small CM output voltage hut does not affect the differential output 
voltage if the circuit is perfectly balanced. This capacitive coupling to the op-amp inputs 
can cause a nonzero differential-mode (DM) output voltage if the circuit is not perfectly 
balanced. For example, mismatch between the Q p capacitors causes the coupled noise at 
the two op-amp inputs to be unequal and introduces a differential noise signal across the 
op-amp inputs* 



*1 *3 




Figure 12.3. The inverting 
amplifier of Fig. 12.1 a in- 
cluding parasitic capacitors 
Cfp and noise source v„ . 
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Even without the capacitive coupling to the substrate in Fig. 1 2.3, noise on the positive 
or negative power supply can couple to the op-amp outputs through the transistors in the 
op amp (see Section 6.2.6). If the circuit is balanced, such coupling is the same at each 
op-amp output. Therefore, power-supply noise in a balanced circuit alters the CM output 
but does nol affect the DM output. 

Even-order nonlinearilies are not present in the differential output of a balanced cir- 
cuit. The cancellation of even-order nonlinearilies can be explained using Fig. 12.1a. As- 
sume that the circuit is perfectly balanced but is not perfectly linear. First, consider the 
case when the inputs are V S ] = and = VV and lei the resulting output voltages be 
V f , i = V x and V o2 = V\, In this case, the differential input and output arc 

V*d = V* ~ Vb and V od = V x - V y (12.4) 

Next, consider the circuit with the inputs swapped; that is, V,i V b and V& = Then 
the output voltages will also be swapped (V ol = V y and V o2 = V x ) because the circuit is 
symmetric. In this second case, 

= V b - V u = ~(V a - V b ) and V od = V y - V x - ~(V X - V v ) 02.5) 

Equations 12.4 and 1 2.5 show that changing the polarity of Ihe differentia] input of a bal- 
anced circuit causes only a polarity change in the differential output voltage. Therefore, 
the differential inpuFoutput characteristic / () is an odd function; that is, if V, id = f(V td ), 
then — V 0li = f{—Vid). Hence, the differential transfer characteristic of a balanced ampli- 
fier exhibits only odd-order nonlinearilies, so only odd-order distortion can appear in the 
differential output when a differential input is applied. Even-order distortion may exist in 
each individual output V tA and V a2 , but such distortion in these output voltages is identical 
and cancels when they are subtracted to form V od . 

In a balanced, fully differential amplifier, the small-signal differential output voltage 
is proportional to the small-signal differential input voltage but is independent of the CM 
input voltage, as was shown in Section 3.5.4. Similarly, the small-signal CM output voltage 
is proportional to the small-signal CM input voltage but is independent of the differential 
input voltage. 



12.3 Small-Signal Models for Balanced Differential Amplifiers 

A balanced signal source driving a balanced, fully differential amplifier is shown in 
Fig. 12.4. A T-network small-signal model for the balanced signal source is shown in 







Figure 12.4. A block diagram of a fully differential signal source and amplifier driving a complex 
load. 
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Figure 12.5. A model for a 
differential signal source. 



Fig. 12.5. Equations that describe this model are found as follows. Applying KVL from 
V sl to ground, 



fji = 



v Li ^ K«t. ^(Rsc Rut].. , . v 
f +V If + T - )('.!+ '-2) 



Rearranging gives 



, L _ Kd , Rid h] ^2- t jr, Cl + h 2 

VV| - T + " cc + “2 2 + 



( 12 . 6 ) 



(12.7) 



Define 



(U (?2 

2 


(12.8) 


hi + h'2 
= 2 


(12.9) 


Then 




hi = hd ~l~ hr 


(12.10) 


i.s2 = — hd T hr 


(12.11) 


Substituting (12.8) and (12.9) in (12.7) gives 




v sl = ~Y + V 'T:.- + hd + Racist: 


(12.12) 



A similar analysis applied from to ground yields 

Vri = - V f+ <■ - ^r'*i + R . L (12. 1 3) 

The usual definitions apply for the DM and CM source voltages: v sd = y ?] — v \2 and 
v sc = (V;| + v, 2 )/2. Voltages v[ d and v'. c . are the DM and CM open-circuit source voltages, 
respectively. That is, if i s<i = i sc = 0, then = v[ d and v sc = v' c . Resistances R S£ t and 
R sc are the DM and CM resistances, respectively, associated with the signal source. Sub- 
tracting (12.13) from (12.12) and manipulating the result, we can wnte 



Rsd 






h % d 



, = 0 



(12.14) 



Adding (12,12) and (12.13), we find 
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Figure 12.6. Models for the input impedance 
of a fully differential amplifier: (a) a T- 
network model and (b) a 7r-nctwork model* 



These simple expressions result from the definitions of the CM and DM currents in (12*8) 
and (12.9), and the standard definitions for the CM and DM voltages. 

Two equivalent models for the inputs of the amplifier in Fig. 12,4 arc shown in Fig. 
12.6. These models are extensions of Fig. 3,6 1 and (3.197) and (3.198), which were 
derived to model the inputs for a differential pair with resistive loads. Two equivalent 
models for the output ports of the amplifier are shown in Fig. 12.7* The equations that 
describe the model in Fig. 12.7«, which uses voltage-controlled voltage sources, are 



Vo2 = 



Vid | . Rod ■ . D 

+ QanVic “> X^ l vd + Roch>c 



„ Vid , , Rod ■ 

&dtn ~ ~ l od 



Rf>f Ifi 



where 



&d>n 



Rod 



l w 

Vid 

t'r nd 
hid 



i,« =0 



n*=0 



(dem 



Roo — 



V or 



lift' 



i„ r - 0 



V:.. = 0 



(12.16) 

(12.17) 

(12*18) 

(12.19) 



and v id = - v i2f v lc = (v n + v ; - 2 )/2, v od = v ffl - v o2t v or = {v (A + v fl2 V2 t i od = (i n] - 

ioiVA and i oc — (i 0 \ + idi)^* Figure (2.7 b shows an alternative model that uses voltage- 
controlled current sources, and the corresponding equations are 



— bsd + ioc - GindVid + GmcVic + ~=T~ + 

*<od Roc 



i<>2 ~ i-od T ioc ~ GmdVid + Cj /nr Vj (: 



v od V(.c 

Rod Roc 



(12.20) 

( 12 . 21 ) 



where 



Gto/ - 



htd 

Vid 



^ = a 



( 12 . 22 ) 
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Figure 12.7. Models for the output ports of a fully differential amplifier: (a) a Theveoin-network 
model and (b) a Norton-nclwork model. 



G 



me 



lac 

Vic 



v w = 0 



(1123) 



The parameters for the models in Fig* 12*7 can be computed from the corresponding half- 
circuits* 

The DM and CM output-load impedances can be computed using 



Zu — (12.24) 

lid 

and 

Z U = ~ 02.25} 

*h: 

where i ld = (in - ia)!2, k c ~ (in + ^ 2 X 2 , and in and are defined in Fig. 12*4. A 
fully balanced output load can be modeled using a passive network of the form shown in 
Fig* 12.6a or Fig* 12.6 b, with and replaced by and Zl c , respectively. 

The DM and CM half-circuits for the amplifier, signal source, and output load in 
Fig. 12*4 are shown in Figs. 12*8 and 12.9. The DM load Zut and the CM load Zu can be 
found using (12.24) and (12.25) for the load network in Fig. 12.4, and the resulting load 
elements are 



Zia - Z L2 \\(2Z L [) 

Zlc = Zu 



(12.26) 

(12.27) 
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Figure 12.8. DM halt-circuits for a fully differential signal source and amplifier: (a) the input 
port, (b) the output port using a Thevenin equivalent, (c) the output port using a Norton 
equivalent. 



n 



Figure 1 2.9. CM half-circuits for a fully differential signal source and amplifier: ( a ) the input 
port, ( b ) the output port using a Thevenin equivalent, (c) the output port using a Norton 
equivalent. 
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Figure 12.10. A simple small-signal 
model for a balanced fully differen- 
tial op amp, assuming infinite input 
impedance and zero output impedance. 



The DM and CM loads are different for the following reason. The axis of symmetry in 
Fig. 12.4 passes through the middle of Z ^ For purely DM signals, points along the axis 
of symmetry are ac grounds (see Section 3.5.5). Therefore, the load for the DM half-circuit 
is half of Z 12 in parallel with Z^. However, points along the axis of symmetry are open 
circuits for purely CM signals (see Section 3.5.5). Therefore, does not affect the load 
in the CM half-circuit. 

These amplifier models can be used to model any balanced, fully differential amplifier, 
including an op amp. If the model is simplified to just the dependent sources (assuming 
infinite input impedance and zero output impedance), the equations that describe the model 
reduce to 



and 



v od - V^i - V o2 — UdmVid 



(12.28) 



Voc 



Vfll + v o2 
2 



= GcmVic 



(12.29) 



In an ideal, fully differential op amp, a cm = 0 and a& m -co If a cm = 0, then v oc = 0 
if Vic is finite. If a$ m -<*, then ^ 0 if is finite. A simple small-signal model 
for a balanced, fully differential op amp that is based on (12.28) and (12.29) is shown in 
Fig. 12.10. Because of its simplicity, this model will be used to illustrate some key points 
in the following sections. 



12.4 Common-Mode Feedback 



The fully differential feedback amplifier in Fig. 1 2Aa is redrawn in Fig. 1 2.1 1 a using the 
ideal op-amp model from Fig. 12.10. In Fig. 12,11a, the axis of symmetry is shown as a 
dashed line. The a cm controlled source is shown twice, once on each side of the axis of 
symmetry. The DM half-circuit is shown in Fig. 12.11 h. Here all nodes intersecting the 
axis of symmetry are connected to ac ground. Using this half-circuit and letting a <itn -» 
— the differential gain is 



VW = Vod = R3 
Vsd V,i - v s2 



(12.30) 



Thus, the DM output voltage is determined by the DM gain, which is accurately set by the 
DM feedback loop in Fig. 12.11 h. However, the CM output voltage is set by a different 
feedback loop. The CM half-circuit for Fig. 12.1a is shown in Fig. 12.1 1 c. If a cm = 0, the 
closed-loop CM gain v pc /v sc is zero, and the loop gain (or return ratio) for the CM feedback 
loop in Fig, 12.11c is zero. Therefore, the CM output voltage v oc is independent of the CM 
op-amp input voltage v ic and the CM source voltage v Jc . In practice, \a cm \ is nonzero but 
small in op amps that use an input differential pair with a tail current source because the 
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Axis of symmetry 



Figure 12.11. (Vi) The inverting feedback amplifier of Fig. 12. m. using the op-amp model in 
Fig. 12. If), (b) The DM half-circuit, (r) The CM half-circuit. 

tail current source provides local feedback for CM signals and makes the CM gain of the 
input stage small. If is small, the magnitude of the loop gain for relurn ratio) for the 
CM feedback loop in Fig. 12,11 tv is small, and this feedback loop exerts little control on 
the CM output voltage. As a result, a different feedback loop with high loop gain is used 
to control the CM output voltage, as described next. 



1 2.4. 1 Common-Mode Feedback at Low Frequencies 

For the op amp in Fig. 12.2, the ideal operating point biases M\-M$ in the active re- 
gion and sets the dc CM output voltage V oc to the value that maximizes the swing at the 
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op-amp outputs for which all transistors operate in the active region, However, as described 
in Section 4. 3. 5.1, V oc is very sensitive to mismatches and component variations, and 
the circuit is not practical from a bias stability standpoint. (Section 4. 3, 5.1 describes the 
circuit in Fig. 4.24#, which is Fig. 1 2,2 with the addition of two diode-connected transistors 
and two ideal current sources that set the dc drain currents.) Accurately setting Voc in 
Fig. 12.2 to a desired voltage is impossible in practice because I D5 is set independently of 
|/rx?l + \hrtl 

To set Voc to a desired dc voltage V CM that biases all transistors in the active region 
and maximizes the output voltage swing, either Vri AS or V GS s must be adjusLcd so that 
I&5 = Vm\ + l/ml when V SD i = V S[M = V DD - V C m, which makes Voc = Vow* We 
will locus on adjusting V^. Adjusting V GSS to force V oc = Vcm requires the use of 
feedback in practice. Circuitry is added to form a negative feedback loop that adjusts 
Vgss 1° sot Voc = Vcm- Figure 12.12 shows a block diagram of such a feedback loop, 
which will be referred to as the common-mode feedback (CMFB) loop. The added blocks 
will be called the CM-sense blocks. One CM-sensc block, the CM detector, calculates the 
CM output voltage, V oc = (V^ + V^ll. This voltage is subtracted from the desired CM 
output voltage, Vcm- The difference V f>t -. - Vcm is sealed by an amplifier with gain a (:ms . 
Then a dc voltage Vcs'bias is added, and the result is V nTJif , where 

Veins — ~ Vcm) 4- V^’BIAS (12.31) 

V cms drives a new op-amp input labeled CMC (for common-mode control). The CMC 
input is chosen so that changing V e:m(: changes V oc but does not affect V 0(I if the circuit is 
perfectly balanced. (The voltages V t:m s and are equal in Fig. 12.12. The label V cmi . 
will be used when referring to the CMC input of the op amp, while will be used to 
refer to the output of the CM-sense circuit.) For the op amp in Fig. 12,2, the CMC input 
is the gate of Mg> If the gain in this CMFB loop is high, the negative feedback forces 
Voc. ~ Vcm and V cmc to be approximately constant with V aac = Vcsbias- Transistor Ms 
supplies the tail cuncnt for the pair M\_ and M 2 . Bias voltage V ( wbias is added to provide 
the nominal dc component of V (:M(: that sets l/^l 4- |_/^ 4 | = I D s when V oc = Vcm- 

The magnitude of the small-signal gain from V vmi: to V oc is typically much larger than 
unity. For example, in the op amp in Fig. 12.2, this gain magnitude is high because it is 
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v n 



Vf 2 



+ 



V ..... 





to 



IV i 



V : 2 




to 



Figure 12.13. The simple op- amp 
model of Fig. 1 2,10 (a) including 
the CMC gain a i:mr and (b) rcplac 
ing the a L - m and a r „ u: controlled 
sources with an equivalent con- 
trol led source a\ , n . 



the gain oi common-source with a large load resistance at the op-amp output. (This 
gain is computed in the next example.) Often the magnitude of the gain from V {:tfiC to V oc 
is large enough to provide all the gain needed in the CMFB loop. Therefore, the CM-sense 
amplifier a cms can have low gain, and, as a result, a wide bandwidth. Because the CM- 
sense amplifier is in the CMFB loop, wide bandwidth in this amplifier simplifies the fre- 
quency compensation of the CMFB loop. If V oc = V C m in Fig. 12*12, V cfnc = VcxBiAS-In 
practice, the bias voltage V^vbias is usually generated in the CM-scnse-amplifier circuit. 
Hence, the CM-sense amplifier is designed so that when its differential input voltage is 
zero, its output voltage equals the nominal bias voltage required at the single-ended CMC 
input. For Ihe op amp in Fig. 12.2, this bias voltage is V GS s Practical CM-sense 

amplifiers that can generate such an output bias voltage will be shown in Section 1 2.5. 

The simple op-amp model in Fig. 12.10 is modified to include the CM control (CMC) 
input in Fig. 12.13a. Controlled source a cmc models the small-signal voltage gain from 
this new input to v ()C . That is. 



(12.32) 



lv ; , = U 



When this gain is included, the equation for the CM output voltage in (12.29) becomes 



t'en: &cmVic d” U'CfncVcrt 



(12.33) 



■ EXAMPLE 

Compute the three voltage gains in the model in Fig. 1 2,1 3a for the op amp in Fig. 1 2.2, 
Use the 0.8-p.m CMOS model data in Table 2.3 with \V ov \ = \V GS - Vj\ = 0.2 V and 
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■i (J Figure 12.14. (a) The DM half-circuit for 

| ~ Fig. 12.2, explicitly showing the output load 

“ capacitance. ( b ) The CM half-circuit for Fig. 12.2, 

explicitly showing the output load capacitance. 

Lcfl =0.8 pim for all devices. Take I D $ = 200 (llA, |V^| = 20 V, and V& n = 10 V. 
(These V A values follow from (1.163) and the data in Table 2.3 with L cff - 0.8 fim.) 
Ignore body effect. 

The DM half-circuit is shown in Fig. 12.14a. It is a common-source amplifier with an 
active load. The low-frequency DM gain is 



= -gml(r 0 i\\r 0 3) 



(12.34) 



Using (1.181) and /f>i - |/i#| in (12.34), 

<{m v ml \/i>i \Idi\ j V 0 



2 Vai\Vai\ 
Vovl V A\ + I V A2 



2 10 X 20 
02 10 4- 20 



= -66.7 



The CM half-circuit is shown in Fig, J 2.14 b. To form this half-circuit, the original 
circuit was transformed into a symmetric circuit by splitting Ms into two identical halves in 
parallel, each called Msh with (WfL) 5h = (WiLy2{W 5h = HV2, L 5 * = L 5 )and/^ = 
Id 5 / 2 . This half-circuit has two inputs, v IC and v rmr . First, we find the gain from v cmc to v oc 
with Vi c = 0. This circuit consists of common-source common-gate My, and active 
load M 3 . The low-frequency gain is 



me 






(12.35) 



where own) is the resistance looking into the drain of M \ , which is given by 

^i7(down) = r ol(l 4 g m ] r 0 sh) ^ 



(12.36) 
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Using the approximation in (12,36), (1-18 J), and f m = |/^| = in (12,35} t wc find 



{1,'JVn- 



_ _2 ffV^i (2lr>\ V A ^ h \| ,, \V A ^\ 



V<>v5i, [l hi VV„ v , Idsh \ \hi 



2 

Vm5J i 












= - 1 % 



Finally, we calculate the gain from v ic to vv with v cmc 0. In this circuit M\ is a 
common-source amplifier with a degeneration resistance that is the output resistance of 
M^tf The gain is 

Gem ~ ~ — j , “ (^u(downjJ|?"f?!?) ^ (^(downJI^fl/s) (12.37) 

^ Sfnl r o5h r o5h 

The approximation is accurate if g^r^ » 1. Using the approximation in (12,36), 
(1.181), and Io\ = |//J 3 1 = Idsh in (12.37), 






hm f Va\ / 2Ip] V A5h 
VA5h 1 L^l \ V nv[ h5h 












= -1.96 



(1138) 



In this example, \a cmc \ is much larger than \a t:m \ because the transconductance in (12.35) 
is much larger than the degenerated transconduclanee in (12.37), 

The CMFB loop uses negative feedback to make IV — Vcm* If Vcm changes by a 
small amount from its design value due to parameter variations in the circuit that generates 
Vcm, VV should change by an equal amount so that W tracks V CM . The ratio AVV/A Vcm 
is the closed-loop small-signal gain of the CMFB loop, which from Fig, 12,12 is 



‘'CMFB — A ,, -• 

Vt'm 1 ' &cms( &cm c) 

If — a cmc) ^ T A C MFB m 1 an d AW AVcm- 

The CM gain from v ic to v oc is affected by the CMFB loop. This gain can be calculated 
using the CMFB block diagram in Fig. 12.12 and the op-amp model in Fig. \2A3a. The 
op-amp CM gain when the CMFB is present, which we will call a'. m , is found with the 
DM input signal set to zero. Using (12,31), the small-signal CM-sense voltage is related 
to the small-signal CM output voltage by 

v ertm — A ems ^ ( 1 2. 40 ) 

Using this equation, (12.33), and iy, m = v cmc> we find 



&cms( @cmr) 



(1139) 



l ic I with CMFB 1 ^ a rmV &anc) 

Therefore, |^rm| T 



(12.41) 
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The CM gain for a balanced differential amplifier with CMFB can be found using 
cither the model in Fig. 12,13a or 12*136 with a ! cm given by (12,41), These models are 
equivalent because the effect of the controlled source a cmc that is part of the CMFB loop 
is included 



■ EXAMPLE 



Compute the CM gain from to v ac when the CMFB loop is active, a'. m , for the op amp 
in the last example. Assume that a cms = 1 . 

Substituting values from the last example in (12,4 !) with a i:rra = 1 gives 



a 



r 

cm 



Voc 



Vic 



I with CMFB 



-1.96 

1 + (1X196) 



- 0.01 



Comparing this result with (12,38), we see that the CMFB has reduced the CM gain by 
■ more than two orders of magnitude. 



12.4.2 Stability and Compensation Considerations in a CMFB Loop 

Since the CMFB loop is a negative feedback loop, stability is a key issue. For illustra- 
tion purposes, consider the op amp in Fig, 12.2 driving a load capacitance and using the 
CMFB scheme shown in Fig, 12.12. The gain in the CMFB loop is (-a cmc )a cmi .. The 
dominant pole p\ c in the CMFB loop is set by the load capacitance and the output re- 
sistance in the CM half-circuit in Fig, 12.146. Ignoring all nondominant poles and using 
(12.35), we find 






grti5/r(^o(down) 

1 + s(/? £>tdown )||r ( , 3 )C^ ( : 



(12.42) 



At high frequencies [co » \p lc \ = l/(J? fl(down) ||r u3 )CL C ], (12.42) reduces to 



Gone (» 






§m5h 

jwCu 



(12.43) 



This equation follows from the observation that the drain current from M 5h flows into the 
Load capacitor at high frequencies. From (12.43), \a cmc \ = 1 at the frequency 



^ U'C/tt 



§m5h 



(12.44) 



Nondominant poles exist in the CMFB loop, due to capacitance at the source of M\ 
in Fig, 12.146 and due to poles in the gain a ctn!! (s) of the CM-sense circuit. If the gain 
roll-off in (12.43) due to the dominant pole does not provide adequate phase margin for 
the CMFB loop, the unity-gain frequency for the CMFB loop gain can be decreased to in- 
crease the phase margin. From ( 1 2.44), increasing the CM load capacitance Q, t . decreases 
co Ut cm> However, adding capacitance to the op-amp outputs increases both the CM and 
DM load capacitances, as can be seen from (12.26) and (12.27). The CMFB loop gain 
may need a smaller unity-gain frequency than the DM loop gain because the CMFB loop 
may have more high frequency poles than the DM loop. For example, poles of a cms (s) 
of the CM-sense amplifier and the pole associated with the capacitance at the source of 
M] in Fig. 12.146 are poles in the CMFB loop. However, they are not poles in the DM 
feedback Loop since the source of M\ is an ac ground in the DM half-circuit. As a result, 
the load capacitance required in (12.43) to provide adequate phase margin for the CMFB 
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V tm 




Figure 12.15. The op amp of Fig. 12.2 
modified by replacing Af 5 with , 
with Vtf\ constant, and Afo with 

V&2 - 



loop may result in a larger DM load capacitance than desired, thereby overcompensating 
the DM feedback loop. While such overcompensation increases the phase margin of the 
DM feedback loop, it also decreases the unity-gain bandwidth of the DM loop gain and the 
3-dB bandwidth of the DM closcd-Loop gain, which is undesirable when high bandwidth 
is desired in the DM feedback circuit to amplify a wide-band DM signal. 

To overcome this problem, (1 2.44) shows that decreasing g ff6h = g m5 f 2 decreases the 
unity-gain frequeney of the gain a cmc in the CMFB loop and therefore increases the phase 
margin of the CMFB loop. Assuming that the tail bias current l D $ cannot be changed, this 
decrease could be achieved by decreasing (V17L) 5 . However, decreasing ( W/L) 5 increases 
which affects the CM input range of the op amp. Alternatively, a reduction in g m $ h 
can be realized by splitting M 5 into two parallel transistors, which are labeled Af 5i and 
M 52 in Fig. 12.15. Transistor M 5 \ has its gate connected to a bias voltage and carries a 
constant drain current. The gate of M 52 acts as the CMC input. To keep the bias currents 
in the op amp the same as in Fig. 1 2,2, we want 

^D5 1 + fn52 = Id5 (12,45) 

To keep the CM input range of the op amp unchanged, we need 

VV>v51 — y oi-52 = V uv5 (12.46) 

From (1.181), (12.45), and (12.46). 

gm52 = < gm5 = T7 (12,47) 

VavSl Vm>5 

as desired. For the circuit in Fig. 12.15, = g m &i2 replaces g m5h = ^/2 in (12.42), 

(12,43), and ( 1 2.44), A disadvantage of this approach is that reducing the iranseonductance 
in (12.42) reduces the magnitude of the CMC gain, \a cmc \, at dc. 



12.5 CMFB Circuits 

In this section, circuits that detect Lhe CM output voltage and generate a signal (a current 
or a voltage) that is a function of V oc ~ V C m are described. These circuits are part of the 
CMFB loop and will be referred to as CM-sense circuits. For simplicity, these circuits are 
described using the simple, fully differential amplifier shown in Fig, 1 2,2, 
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1 2.5. 1 CMFB Using Resistive Divider and Amplifier 

A straightforward way to detect the CM output voltage is to use two equal resistors, as 
shown in Fig. 12,16 a. 3,4 The voltage between the two resistors is 

W = (12.48) 

This voltage is subtracted from the desired CM output voltage, V C m , and scaled by 
the differencing CM-sense amplifier in Fig. 12.166 that consists of source-coupled pair 
diode-connected bads M 23 and M- 2 and tail-current source M 25 , The output of 
this amplifier, which drives the CMC input of the op amp, is 

Vcms = ~~ Vcm) + ^ C5RIAS (12.49) 

If V oc = V C Mi v cms = FcsBrAS- Therefore, for the circuit of Fig, 12.166, VV;<jbias = 
Vgs 23 ~ Vss when 23 = /ms/2. The value of [or, equivalently, I 023 and (WIL) 23 ] 
is chosen so that is equal to the design value of |//> 3 1 + |/zm| in Fig, 12.2 when 




<*> 







Figure 12.16. («) CMFB using 
a resistive divider to detect V ol . 
and d CM-sense amplifier. (6) A 
schematic for the CM-sensc 
amplifier that can he used with the 
op amp in Fig* 12.2. 
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Voc = V CM . Iti 02.49), is the small-signal voltage gain of the CM-sense amplifier 



&C}t IS 



t'ViK.r 

V £J f 



CMFB loop open 



i- flm'li 
2 gm23 



(12.50) 



Here, we have assumed that the CM gain of the CM-scnsc amplifier is much smaller in 
magnitude than its DM gain. The factor of 1/2 multiplies g m i\igm 23 in (12.50) because the 
output is taken from only one side of the differential amplifier. 



■ EXAMPLE 

Determine the value of Vcm that maximizes the output swing for the differential op amp 
in Fig. 12.2. Use the CMFB seheme in Fig. 12.16a, and design the CM-sense amplifier in 
Fig. 12.16/). Assume that the CM-sense resistors R rx arc very large and can he neglected 
when computing small-signal voltage gains for the op amp. Use the data and assumptions 
in the next-to-last example with V DD = = 2.5 V. Assume V ic = 0. Ignore the body 

effect. 

For the op amp in Fig. 12.2, if the magnitude of its DM gain is large and if the op 
amp operates in a DM negative feedback loop (for example, as shown in Fig, 12.1a), 
V id 0. Therefore, both op-amp inputs will be close to ground since V k - 0; that is, 
Vi] = Vic + V u] l2 ~ 0 and V l2 = V ic - V i(f /2 ~ 0, The output V (A reaches its lower limit 
when M t enters the triode region, which occurs when V s di = Vtu therefore, 

F„ U min; = “ V t \ + V n - ~V tt = -0.7 V 

(Body effect would increase V t \ and decrease VTi( m in)-) The upper output swing limit oc- 
curs when M 2 enters the triode region, and 

= V DD - \V w2 \ = 2.5 - 0.2 = 2.3 V 

To maximize the output swing, the dc CM output voltage Voc should be halfway between 
the swing limits: 

r j VUfjnax) T 2,3 + ( _ 0.7) 

Vor ^ = 2 = v 

Therefore, we choose Vcm = 0.8 V. The resulting peak differential output voltage is 

= ^fl3(rnax) — ^rt2(min) = — Vu(min) = 2.3 — ( — 0.7) = 3.0 V 

To design the CM-sense amplifier in Fig. 12.16/). we must choose a value for its low- 
frequency gain. In the CMFB loop, the loop gain is (~a cmc )a cfm . From the previous ex- 
ample, a, : , nc = -196. If we design for a cms = l,lhe CMFB loop gain is 196, and (12.39) 
gives A cm tB = 0,995. Therefore, V oc closely tracks changes in Vcm- With this choice of 
gain in the CM-sense amplifier in Fig. 12.1 6b, (12.50) gives 



2 Sun 2 j2k' n (W/L) 2 il m} 2 Jk^WfDv 

The dc output voltage of the CM-sense amplifier when V oc — Vcm should equal the 
dc voltage needed at the CMC op-amp input, which is 

-V S S + V G S5 = ~ V SS + V t 5 + Vov5 

This dc voltage is produccdby the CM-sense amplifier if and M 2 3 have equal overdrive 

voltages. Assuming that r„ -> matching V „ v5 and V m ^ requires that M 5 and M 23 have 
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equal drain-current-to-W7L ratios: 

Ids 

(W/L) 5 



(W/L) 23 



(12.52) 



In (12.51) and (12.52), there are three unknowns: I D2 $ f (W/Lhs, and (WILhi. Therefore, 
many possible solutions exist. [Note that (WfL)s can be determined from V ov s = 0.2 V 
(by assumption) and Ids = 200 p.A,] 

One simple solution is I D 23 = Ip 5 and (WfLhi - (WIL)s. Then iW/L ) 21 can be de- 
termined from (12,51). While this solution is simple, it requires as much dc current in 
the CM-sense amplifier as in the op amp* Equations 12.51 and 12.52 can be solved with 
Im?> < Ids > which reduces the power dissipation in the CM-sense amplifier. However, 
the magnitude of the pole associated with the A/5-M23 current mirror decreases as Ip 23 
decreases. To illustrate this point, we will ignore all capacitors except the gate-source ca- 
pacitors for and M 23 and assume T 23 is fixed. Then the magnitude of the nondominant 

pole associated with the current mirror is 






\P«d\ = 



£m23 



V 7 ,, 



.-23 



Cgs5 + Cgsz$ C gs s + (2J3)C ox W 22 L 2 , 



(12.53) 



since the small-signal resistance of diodc-conncctcd A /23 is lfg m 2 i (assuming that r 0 23 ^ 
Ugmii)- If 1 023 is scaled by a factor x (x < 1 ) and if Ms is unchanged, W 23 must also 
scale by the factor * to satisfy (12,52). With this scaling, the pole magnitude in (12.53) 
decreases because the numerator scales by the factor x, but the denominator scales by a 
factor greater than x due to the constant < 7^5 term in the denominator, This pole appears 
in the CMFB loop gain. Therefore, the phase margin of the CMFB loop decreases as this 
pole magnitude decreases due to a decrease in I D2 3 - 

Finally, we must verify that the CM input range of the CM-sense amplifier includes 
its CM input voltage, which is V C m = 0.8 V. The upper limit of the CM input voltage 
occurs when enters the triode region, when | Vpsisl = |V W 25 |; therefore, we want 



Vic < V dd “ |VTv25| ~ |Vgs2i| — Vdd ~~ IVT^sl m \V tp \ - \V OV 2\\ 

- 2,5 - 0.2 — 0,7 — 0.2 = 1.4 V 

The lower limit of the CM input voltage occurs when Mu (or A/ 22 ) enters the triode region 
(when Vc£j 2 i = V t2 i)\ hence. 



Vic > — V&s + Vgs23 _ \V^\ = — V 55 + (V rfi + VTvcs) “ |V)p| 

= -2.5 + (0.7 + 0.2) - 0.7 = -2.3 V 

The applied CM input voltage of 0.8 V falls between these limits; therefore, all transistors 
■ operate in the active region as assumed. 

In this CMFB approach, the inputs to the CM-sense amplifier are ideally constant, 
which simplifies its design. One disadvantage of this CM-scnse circuit is that the R Ci . re- 
sistors and the input capacitance of the CM-sense amplifier introduce a pole in the transfer 
function of the CM-sense circuit and therefore in the CMFB loop. A capacitor C cs can be 
connected in parallel with each sense resistor to introduce a left-half- plane zero in the CM- 
sense circuit to reduce the effect of the pole at high frequencies, (See Problem 12.18.) 

Another disadvantage of this CM-sense circuit is that the sense resisior R cx loads the 
op-amp output in the DM half-circuit, since the node between the resistors is a DM ac 
ground* This loading reduces the open-loop differential voltage gain unless R cs is much 
larger than the output resistance of the DM half-circuit. 
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Figure 12. 1 7. The CMFB scheme of Fig, 12. 16 with source followers added as buffers between 
the op-amp outputs and the R„ resistors. 

To avoid this resistive output loading, voltage buffers can be added between the op- 
amp outputs and the R cy resistors. Source followers are used as buffers in Fig. 12.17, One 
potential problem is that each source follower introduces a dc offset of 1 /^ between its 
input and output. To avoid a shift in the CM operating point caused by these offsets, voltage 
Vcm can be buffered by an identical source follower so that the op-amp output voltages 
and Vcm experience equal offsets. However, these offsets Limit the op-amp output swing 
since each source-follower transistor that connects to an op-amp output must remain in the 
active region over Lhc entire output voltage swing. 

The CMFB scheme in Fig. 12.16 can be modified to eliminate the M 23 -M 5 current 
mirror from the CMFB loop, as shown in Fig. 12.18. This modified CM-sense amplifier 
directly injects currents to conlrol the op-amp CM output . 5 Here, M 2 \ in Fig. 12.16b is split 
into two matched transistors, M 2 \a and M 2 ib, and the drain oT each transistor connects to 
an op-amp output. The current injected by M 2 \a and M 2 \b into either output is 

T ^26 yiT T / s 

icim ~ — 2 — oc ” V CM) 

Transistors M 3 -A /5 act as current sources. The CMFB loop will adjust l cms so that 

l-J/tfl + 1^04 1 + 2 I cms = I 

UV ot . = Vow* A/ 2 m, Afsifl, and M 2 2 give 2 I cmx = Therefore, / 26 should be chosen 
so that 

+ 1*04 1 + = fas 



when all devices are active. 

An advantage of this approach is that it avoids the pole associated with the M 5 - 
M 22 current mirror in Figs. 12.2 and 12.16. However, M 2 \a and M 2 \r add resistive and 
capacitive loading at the op-amp outputs. If an op amp uses cascoded devices, Af 2M and 
A/ 2] tf can connect to low-impedance cascade nodes to reduce the impact of this loading. 
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Figure 12.16. A CM-sense amplifier that injects currents into the op amp to control the op-amp 
CM output voltage. In the CM-sense circuit, {W!L) 2 \a = {WIL) 2 \b = Q.5(WfL)22< 



12.5.2 CMFB Using Two Differential Pairs 

A CMFB scheme that uses only transistors is shown in simplified form in Fig. 12.19. Here 
M21-M24 are matched. The source-coupled pairs M 2 y-M 22 and M23-M24 together sense the 
CM output voltage and generate an output that is proportional to the difference between 
V oc and Vcm > 5 ’ 6 ' 7 To show this, assume at first that the differential inputs to the two source- 
coupled pairs, which are - V C m and V o2 - Vcm, are small enough to allow the use 
of small-signal analysis. Also, assume that the CM gain of these source-coupled pairs is 
zero. Under these assumptions, the drain currents in M 2 2 and M 22l are 

, _ ^20 (^<?2 “ VcAf) /t'>cA\ 

id22 ^2 ~ 2 ' (12.54) 

t _ *20 (Vo] ~Vcm) , in 

Urn - ~~2~ ~ gmii 2 (1155) 

These currents are summed in diode-connected M 2 $ to give the CM sensor output current 



hms - hi 5 - ~hl2 — A/23 - ho + gm22 | ^ ^ — ~ ~ VcmJ 

= ha + gmiiiVoc — Vcm) (12.56) 



since g m22 - gm 23 * This last expression shows that the current through M 25 includes a dc 
term l 2 0 plus a term that is proportional to V oc - V CM . The current his is mirrored by 
in Fig. 12.2 to produce the tail current in the op amp, which controls the CM output 
voltage. 

The dc output of the CM-sense circuit should provide the dc voltage needed at the 
CMC input to give V oc = Vcm* If V oc = Vcm* the drain current in M 2 $ is 

Ims = \imi\ + \hi?>\ - ~y + -j- = ho 



(12.57) 
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Figure 12.19. A CMFB approach that uses two differential pairs. This circuit can be used with the 
op amp in Fig. 12.2. 



Choosing / 2 <j = |/ml + )4 hI and {W^/Zd^ - (VV7L)^ is one design option. Again, as lor 
the CM-sense amplifier in Fig. 12.16/?, a smaller value of ! 2 o can be used, but such current 
reduction causes the magnitude of the pole associated with the M 5 -M -25 current mirror to 
decrease. [Seethetextassocialcdwith(12,53).]Thisscheme does notresistively load the op- 
amp outputs, but the source-coupled pairs capacitively load the op-amp outputs. 

The above analysis of this CM-sense circuit assumed that M 2 \-M 2 ^ always operate 
in the active region and that voltages V o[ - V C m and V t ,2 ~ Vcm could be treated as 
small-signal inputs. Even if these voltages become large, the CMFB loop continues to 
operate as long as A/ 21 -A /24 remain on. However, the small-signal analysis is not valid if 
the transistors leave the active region. If the op-amp outputs become large enough to turn 
off any of M 21 -M 24 during a portion of the output swing, the CMFB loop will not operate 
properly during that part of the output swing. The requirement that remain on 

during the entire output swing imposes a limit on the output swing of the op amp. The 
input voltage range for which both transistors in a differential pair remain on is related to 
the gate overdrive voltage of those transistors, [See (3,161).] Therefore, to keep M 21-^24 
on for a large V a ] and V o2 * M 21 -AZ 24 require large overdrives. In contrast, the scheme that 
uses resistors to detect the CM output voltage does not impose such an output-swing limit 
since the CM-sense amplifier is driven by V oc , which is ideally constant, rather than V„i 
and V 0 2 * which include CM and DM components. 

Equation 1 2.56 implies that this CM-sense circuit is nearly perfect since it produces an 
output current that includes a constant term plus a term that is proportional to V oc - V C m> 
This result is based on a linear small-signal analysis. However, the inputs to the differential 
pairs in the CM-sense circuit can include large signals because the op-amp DM output 
voltage can be large. Next, a large signal analysis of this circuit is carried out. 

The drain current in M 2 5 is 

Arz.s = "4/22 ~~ 4*23 (12.58) 



The differential input of the A/ 21 -M 22 pair is V n2 - Vcm* Using (3.159) and (1.166) 
gives 



frf 22 



ho 

2 

hi) 



4 (rlvA" 2 - VcM - > \ w " v22 ~ ( ' v<a ~ Vcm)2 

k ~t (TL ( _ ^r + Vm ' “ Vc «) 7^22 ~ + (y - ' v ™> v *i 
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^20 

2 4 




2 



+ y oc ~ ^c,w 






(Vod/2 f 



r 

V 



(.Voc - VcuWod 

4V l-22 - <y«it 2) 2 



ho K 
2 4 




Vod 



+ v„ ~ Vcu 1/41^22 - {V od ! 2 f 



X 



1 | l( (Voc-VcM)Vod 

2 - (U.,/2) 3 



1 / (V w . ~ V C m)VW ) 
8 \4V 2 v22 - (^/2y / 



(12.59) 



where \V 0C - V C m\ \V 0 d\ was assumed in the first approximation above and Jl 4 x == 
1 4 a 72 - .v 2 /8 + * ■ ■, where a = [(V„ c . — V cm)V vdV[^V ^ JV 22 ~ iV od !2) 2 ], was used in the 
last line* 

The differential input of the M 2 3 ~M 2 a pail is V ol - Vcm- A similar analysis to thal 
above for this differential pair yields 



4/23 






2 



+ y oc - Vcm 




(YoM 



X 



1 / ( y or - VcM)Vad \ 1 / (V* - VcuWod ^ 

2 \ 4 ^,23 ‘ ( V o^) 2 ) 8 ^ 23 - W od flY } 



(1160) 



Substituting (12.59) and (12.60) in (12.58) with V <)x2 2 = V m , 23 and (W7L) 22 
gives 



/ 



r/w-p 



4/25 ~ ^20 + 



k' 



2 



W 

T 



I (Voc - Vcm)JwIm - (V tif j/ 2) 2 

f 23 



X 




V 



2 

od 



- (v^m 2 



1 j (Voc - VcAfWod \ 

2)*j 



0*74)23 



(12.61) 



If \V od !2\ \2V ov2 3l this equation reduces to (12.56). To interpret (12*61), first consider 
the case when V ac = Vcm* Then (12.61) shows that the CM-scnse output current is 
constant with I rftiy = / 2 o, Whereas I cm , is constant, (12.59) and (12*60) show that I d 22 and 
4/23 are not constant if V nd is nonzero and time-varying, and 4/22 and 4*23 are nonlinear 
functions of V ad (see the plot in Fig. 3.51). However, the variation in 4m due t0 nonzero 
V od is equal and opposite to the variation in 4/23 due to V od : therefore, these variations 
cancel when these currents arc summed to form / f W t . Next, consider the case when V oc 4 
Vcm* Voc may not equal V CM due to device mismatch, finite gain in the CMFB loop, 
or the presence of an ac component in V oc . Equation 12.61 shows that f t;ms has terms 
thal include V 2 od that affect I cms when V oc 4 V C m- Therefore, even if the transistors are 
perfectly matched, this CM sensor docs not behave like an ideal CM sensor as described 
by ( 1 2.49)* The lerms that include V^ if stem from the (square-law) nonlinearity associated 
with the M 2] -M 22 mid M 23 --M 24 differential pairs that convert V 0[ - V CM and V o2 ~ V Ch/t 
into currents. The dependence of I Cim on V\ d can cause a shift in the dc CM output 
voltage. Moreover, if V od is not constant, this dependence can produce an ac component 



12.5.3 CMFB Using Transistors in the Triode Region 

Another CMFB scheme is shown in Fig. 1 2.20. s The simple op amp of Fig. 12.2 is re- 
drawn here, with M 5 replaced by Transistors are part of the CMFB 
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Vdd 




Figure 12.20. A CMFB approach that uses transistors , My>, M 34 , and M 35 biased in the triode 
region. 



loop. Here, M$], M 32 , M m , and M35 operate in the triode region, while M3 Q , Af 33 , and 
operate in the active region. The desired CM output voltage V C m is connected to 
the gates of M 34 and M 35 . To simplify the description of this circuit, assume that M 3 q- 
A/35 are matched and ignore body effect. Before this CMFB approach is mathematically 
analyzed, its operation will be explained intuitively. At first, assume that the op-amp out- 
puts in Fig. 12.20 have only a CM component; that is, V oi = V o2 = Vac * Then the gate 
voltages of and M 32 equal V oc , Since |/ D3 | = |/£x| = fj, the drain current in A/ 30 
must equal 2I\ to satisfy KCL. Transistors M30-M35 form a degenerated current mirror 
and give = ^33 = 21] when V oc = V CM because M 3 ^-M 35 are matched. Therefore, 
Vm — V C m is a possible operating point for this circuit. Negative feedback forces the 
circuit to this operating point, as described below. So far, we have assumed that only CM 
signals are present. Differential signals do not affect the operation of this feedback loop, 
as shown by the following analysis. 

Since A/ 3 1 and A/32 are matched and operate in the triode region, the sum of their drain 
currents I t ms is [using ( 1 . 152 )] 

hms = ld3\ + ^32 = + VSS ~ “ ~^2^j 

+ K ^{V 0 2 + Vss “■ v <32 )^32 ~~ — ^ j 

= 2 k'„ [v tK + - V. - jv djJ1 (12.62) 

since V^i — Vd.m^ V^i - V {32 = V ln , and (W/L)^ = (IV/Z^)32* This equation shows 
that / (ms . is dependent on the CM output voltage and independent of the differential output 
voltage because changes in the drain currents in and A/32 due to nonzero V 0ii are 
equal in magnitude and opposite in sign. Therefore, these changes cancel when the drain 
currents are summed iu ( 12 . 62 ). 
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Applying KVL around the lower transistors gives 

Vds3] ~ ~ ^30 f 12.63) 

Assuming that we have V^q = V^, and (12.63) Tcduecs lo 

Vdsl I ^ Vdx35 (12.64J 

Since M 35 operates in the triode region with 1 035 — /|. rearranging (1,152) gives 

h 



V^-35 “ 



Kt I x)_ |^ CjWr + ^ ss - 



(12,65) 



Using (12.64) and (12.65) in (12.62) with (W/L) 3 , = (W/L ) :?5 gives 



Icm.s 



2 k' n ("7” ) X + V SS ~ V ln - -f 5 - 

\ L } 35 \ L 



it(W\ ( x/ .. ,, ^35 

I — Vcm + Vss * tn ~ — - — 



= 2 /, 



n \ L /35 



Voc + V,.v - V tn ~ 
Vcm + ^5 - v,„ - 



VrfrfS 

2 

K/i'35 



= 2/i 



Vc« + VS5 - V,„ - X 



V, 



CM 



V 



SS 






VX 35 



+ 2/i 



v w - V> 



CM 



ttt 



Vcm + Kv.s - V ff , - 



Vjs35 



- 2/j + 2/j 



W - V^Af 



U CA/ + Vss — V, 



V<ii35 



(12.66) 



in 



This last expression shows that the op-amp tail current I ams consists of a constant term 21 \ 

plus a term that depends on V oc V^y*. If X 3 I - |/^ 4 | = I] ,lhcn KCL requires that I nm — 

2/j . Using this value in (12.66) gives V oc = Vcm, os desired. In practice, mismatches can 
cause V or to deviate from Vcm- For example, if the drain currents in M 3 and M 4 are larger 
than /| , then (12.66) shows that V oc must be larger than Vcm to force I cnti! to be largerthan 

2/i. 

To see that the CMFB loop here is a negative feedback loop, assume that V„ c increases. 
Then the gate-source voltages on A /31 and M 32 increase, which in turn increases I cmi! . In- 
creasing l Cfta causes U ^3 = X 44 to increase since M 3 and M 4 have fixed gate-source 
voltages. This increase in causes V oc to fall and counteract the assumed in- 

crease in V w .. In steady state, this CMFB loop forces V oc *=* Vcm- 

One limitation of this scheme is that the CMFB loop will not function properly when- 
ever the output voltage swing is large enough to turn off cither M 31 or M 32 . Therefore, 
neither op-amp output is allowed lo swing within a threshold voltage of - Vss- Thus, the 
op-amp output swing is limited by this CMFB scheme. Another limitation is that the mag- 
nitude of the small-signal gain in the CMFB loop is smaller here than in the previous ap- 
proaches because the transeonduetancc of M 31 or M 32 in the triode region is smaller than 
it is in the active region. (See Problem 12.19.) Reducing the CMFB loop gain reduces the 
control that the CMFB loop exerts on the CM output voltage. Also, the bandwidth of the 
CMFB loop is lower here than in other eases due to the low Lranscoriductance of M 31 and 
M 3 2 - Bandwidth requirements for the CMFB loop arc considered in Section 1 2.8. 



12,5.4 Switched-CapacitorCMFB 

To overcome the op-amp output swing limitations imposed by the last two CMFB ap- 
proaches and to avoid resistive output loading of the op amp, capacitors can be used Lo 
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detect the CM output voltage. If the CM-sense resistors R c s in Fig, 12.16 are replaced with 
capacitors, the resistive output loading is eliminated, but these capacitors are open circuits 
at dc. To avoid a dc bias problem, switched capacitors can be used as the CM detector. 9 A 
switched-capacitor (SC) CMFB scheme that is often used in switched-capacitor amplifiers 
and filters (see Section 6.1.7) is shown in Fig, 12.21. Here the network that consists of 
switches Si~S& and capacitors C] and C 2 sense the CM output voltage and subtract it from 
the desired CM output voltage V €M . Voltage V C5B1AS is a dc bias voltage. As in Fig. 6.8, 
assume that each switch is on when its control signal is high and is off when its control 
signal is low. The switches are controlled by two non overlapping clocks, 0 i and 02 (that 
is, 0i and 0 2 are never high at the same time). In this section, we will assume that these 
switches are ideal. In practice, switches S \ are implemented with MOS transistors. As 
in the previous section, we use the simple op amp in Fig. 12.2 as the op amp in Fig. 1 2.21 , 

The SC CMFB circuit is a linear, balanced, discrete-time circuit. Therefore, all points 
on the axis of symmetry (shown as a dashed line in Fig. 12.21) operate at ac ground for 
differential signals. The op-amp CMC input is along the axis of symmetry, so V cmc has a 
CM component but zero DM component. Therefore, the switched-capacitor circuit is a good 
CM sensor. To show that voltage V C mc depends on the difference between the actual and 
desired CM output voltages, consider the CM half-circuit shown in Fig. 1 2.22a. Capacitor 
C 2 is not switched and connects from V cmc to V oc . Since V ctnc is the gate voltage of M 5 in 
Fig. 1 2.2, there is voltage gain from V cmr to V 0Cf whichis modeled by controlled source a cmc . 
Comparing this half-circuit to Fig. 6. 10a, we see that C 2 connected across the gain stage and 
switched-capacitor C[ form a switched-capacitor integrator. This integrator is in a negative 
feedback loop since its output V oc is connected back to a switch that connects to C { . 

When 0] is high, C\ charges to Vcm ~ Vcs-bias- When 02 is high, C\ connects be- 
tween V oc and V cmc * In steady state, V oc is constant because the applied voltages Vcm and 
^csbias are both dc voltages and because the switched-capacitor integrator operates in a 
negative feedback loop. After V oc becomes constant, C[ does not transfer charge onto C 2 
when 02 is high. This condition is satisfied if the charge on C) when 0i is high is the same 
when 02 ^ high, or 

2(0 1) = C](Vcm - VVjBEAs) = 0(02) = C\(Voc ~ Vcmc) (12.67) 
This equation reduces to 

Vcm ~ V oc = Vcsbias - V cmc (12.68) 
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W 

Figure 12.22. (a) A CM half-circuit for Fig. 12.21 . ( b ) Replica bias circuit for generating VV.vbias 
for the differential op amp in Fig, 12.2. 

If Vcsbias equals the nominal bias voltage required at the CIVIC input and if \a cme \ 2 >> K 
V C mc is about constant with V cmi , ~ V C s bias- Then (12.68) reduces to 

V*c “ Vcm (12.69) 

as desired. For the op amp in Fig. 12.2, bias voltage V^vrias could be generated by passing 
a current equal to \I D $\ -f |//? 4 | through a diode-connected copy of A /5 connected to - 1/^, as 
shown in Fig, 12.22&. The copies of A / 3 and A /4 have the same source and gale connections 
as in the op amp and duplicate the currents \I D3 | and |/ D4 | that flow in Fig. 1 2.2. The voltage 
Vex bias i s the gate voltage of the copy of M 5 . Since this bias circuit uses copies or replicas 
of the transistors in the op amp lo generate V CSBIAS , this technique is referred to as replica 
biasing. 

An advantage of this CMFB approach is that the op-amp oulput voltage swing is not 
limited by this CM-sense circuit because it consists only of passive elements (capacitors) 
and switches. (If a switch is constructed of ^-channel and p-channel transistors in parallel 
driven by clock <f> and its inverse, respectively, it can pass any signal that falls between 
the power-supply voltages if V DD + V S s > V ^ + |I%|. U> ) In practice, an MOS transistor 
is not an ideal switch. It must have a W/L that is large enough to give a sufficiently low 
drain-source resistance when it is on. However, when each Iransistor turns off, charge from 
its channel and charge associated with its gate overlap capacitance transfer onto its drain 
and source nodes. Therefore, the MOS transistors acting as switches will transfer charge 
onto Ci , Let A Q represent the net charge transferred onto Ci each clock period. Including 
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the effect of this charge, (12.67) becomes 

C\ iVcM - VcSRlA.s) = C\(V oc - Vcmc) + Ag (12.70) 

or 

VcM “ V oc - V^TiBIAS ™ Vcmc + (12.71) 

C| 

Comparing (12,7!) with (12.68) shows that AQ/C\ introduces an offset in V oc , making 
V <K differ from Vcm when F^bias = V cmc . If Vcm was chosen to maximize the op-amp 
output swing, a shift in V oc will reduce the op-amp output swing. The magnitude of the 
charge transferred by each switch transistor increases with its width W [since the gate- 
channel and overlap capacitances are proportional to W as shown in (1.187) and (2.45)], 
so a trade-off exists between low switch on-resistance and small charge transfer. From 
(12.71), increasing C\ reduces the ellccL of the transferred charge on V 0C1 but increasing 
C] increases the capacitive loading at the op-amp outputs when tf> 2 is high. 



12.6 Fully Differential Op Amps 

Some fully differential op amps are presented in this section. The singled-ended counter- 
part of each op amp was covered in previous chapters (low-frequency operation in Chapter 
6 and compensation in Chapter 9). The two-stage op amp will be covered first, followed 
by single-stage op amps. 



12.6.1 A Fully Differential Two-Stage Op Amp 

A fully differential two-stage op amp is shown in Fig. 12.23. Compared to its single- 
ended counterpart in Fig, 6,16, two differences are the addition of M 9 -M [0? which is a 
copy of the common-source stage to generate the second output, and the removal 

of the gate-to-drain connection on A/3 to give a symmetric input stage. The input stage is 
a complementary version of the differential stage in Fig. 12.2. The common-mode con- 
trol (CMC) input is the gate of tail current source Mj. If the voltage at the gate of 
changes, the magnitudes of the drain currents in Mj-M^ change by equal amounts. There- 
fore, V^-3 and V^-4 change by equal amounts. These voltage changes are amplified by the 







Figure 12.23. A fully 
differential two- stage 
CMOS op amp. 
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Figure 12.24. (a) The 

DM half-circuit and (£>) 
the CM half-circuit for 
the op amp in Fig. 12.23 



common-source stages and to cause equal changes in output voltages V 0] 

and V t/ 2 , which changes V (H .. Therefore, the CM output voltage can be controlled by a 
CMFB loop that connects to the gate of M 5 . 

In Fig. 12.23, two Miller compensation capacitors C are connected across the sym- 
metric second stages. These capacitors compensate both the DM and CM half-circuits, 
which are shown in Fig. 12.24. Although not shown, any of the approaches described in 
Chapter 9 for eliminating the righl-half-plane zero associated with feedforward through 
the compensation capacitor could be used here. 

The DM half-circuit in Fig. I2.24« is a cascade of two common-source ampliliers 
with active loads. The low-frequency DM gain is 

rWo — — -~gna(t\i2\\t\A)£trr( t (rv6\\ r vj) (12.72) 

The Miller-compensated second stage ean be modeled by the eireuit in Fig. 9.21 with 
= r o 2 \r<A* g»> = r 2 ^ f'ltfi Ki, C x = C| rf , and C 2 = C 2rf , (The capacitance C u 
at the input of the second stage and load capacitance C 2 d of the second stage are not shown 
explicitly in Fig. 1 2.24a ♦) Therefore, the poles p\ d and p^d of the DM half-circuit are given 
by (9.32) and (9.33). Assume that the op amp is operating in a feedback loop, the feedback 
factor f dm for Ihe DM feedback bop is frequency-independent, and the right-half-plane 
zero has been eliminated. Then to achieve 45° phase margin, the magnitude of the DM 
loop gain should be unity at the frequency |. Since \gain\xfrequency is constant from 
P\d to P 2 A due to ihe one-pole roll-off there, we can write 

= 1 ‘ \P2d 



\ti-dm\yfdmP\d 



(12.73) 
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Substituting (12.72), (9.32), and (9.33) in (12.73) gives 



8ft i2 

c 



fdn 



Stfi 6 

Cld 



(12.74) 



assuming that the DM load capacitance and the compensation capacitor C are much 
larger than the internal node capacitance C]^. If the other values arc known, the compen- 
sation capacitor is determined by (12.74). 

The CM half-circuit is shown in Fig. 12.246. The first stages of the CM and DM half- 
circuits are different, but the second stages are identical. To focus on the CMFB loop, we 
will assume vu- = 0* (Nonzero v, ( . will be considered later.) In the CM half-circuit, the 
first stage consists of common-source M^h with common-gate M 2 and active load A/ 4 , As 
in Fig. 12.146, M 5/t is one half of M 5 , with (WfL) 5h = (W!L) 5 I2 and I D5h = I D5 J2, The 
first stage is followed by the common-source second stage, The low-frequency 

CMC gain is 

<Wo = - gm5hi(r<>2gm2r 0 5h)\\rv4]gm6(ro6\\roi) (12.75) 

Vcmc 

Capacitance associated with the source of cascode M\ introduces a pole p x in the CMC 
gain. If Ijp^I is much larger than the magnitude of the nondominant pole \p 2c \ in (9.33) from 
the Miller-compensated second stage, pole p x can be ignored, and the gain a cmc can be 
approximated as having two poles that are given by (9,32) and (9.33). These poles can be 
diff erent than the poles in the DM gain for two reasons. First the output load capacitances 
in the DM and CM half-circuits can be different, and second the output resistances of the 
first stages in the half-circuits can be different. The zero due to feedforward is the same as 
for DM gain and can he eliminated as described in Chapter 9. To simplify the following 
analysis, we will assume that all poles and zeros in the CMFB loop other than the two poles 
associated with the Miller compensation can be ignored. To achieve 45° phase margin, the 
magnitude of the CMFB loop gain should fall to unity at \p 2 c\* Therefore, 

\^cmr{i^4:mxi)Plc\ ~ 1 * I.P 2 c| (12.76) 

where a cms[] is the low-frequency gain through the CM-sensc circuit 



MernsO 



V,.„ 



V f , 



m = 0, CMFB loop open 



(12.77) 



*>=0, CMFB loop open 



Substituting (12.75), (9.32), and (9.33) in (12.76) and using 



8m5h 

C 



K'msO 



8m6 

cZ 



r 0 2gm2ra5h gives 

(12.78) 



assuming that the CM load capacitance C 2 c and the compensation capacitor C are much 
larger than the internal node capacitance C\ c . The compensation capacitor required for the 
CMFB loop can be found from (12.78). 

Ideally, the compensation capacitor values calculated in (12.74) and (12.78) would he 
equal, and the CMFB and DM loops would each have a phase margin of 45°. In practice, 
these values are rarely equal. If the value of C is chosen to be the larger of the values given 
by (12.74) and (12,78), one feedback loop will have a phase margin of 45°, and the other 
loop will have a phase margin larger than 45 D and will be overcompensated, A drawback 
of overcompensation is that the unity-gain frequency of the loop gain and the closed-loop 
bandwidth are smaller than they would be if the loop were optimally compensated. If 
the larger C is required to compensate the DM feedback loop, using that compensation 
capacitor will overeompensate the CMFB loop. Since the CMFB ideally operates on only 
dc signals, reducing its bandwidth may be acceptable, (See Section 12.8 for more on this 
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topic.) If the larger C is required to compensate the CMFB feedback loop, using that com- 
pensation capacitor will overcompensate the DM loop. However, reducing the bandwidth 
of the DM feedback loop by overcompensation is usually undesirable because this loop 
operates on the DM input signal, which may have a wide bandwidth. 

An alternative to using the larger C value that optimally compensates the CMFB loop 
but overcompensates the DM loop is the following. The value of C that gives a 4 5° phase 
margin in the DM loop from (12.74) can be used if g ftl ^ is scaled down to satisfy (12.78). 
This approach gives a 45° phase margin for both feedback loops without sacrificing band- 
width in the DM loop. Scaling of = g m5 /2 could be achieved by reducing (IV7L) 5 . but 
such scaling would reduce the CM input range of the op amp because decreasing (W/L) 5 
increases jV^I. Another solution is to split into two parallel transistors, one that has 
its gate connected to a bias voltage and the other with its gate connected to CMC, as de- 
scribed in Section 12.4.2 and Fig. 12.15. A drawback of this approach is that reducing 
g m sij reduces as can be seen i n (12.75). 

Ignoring limitations imposed by the CM-sense circuit, we see that each op-amp output 
in Fig. 12.23 can swing until a transistor in the second stage enters the triode region. The 
maximum value of V 0 \ is Vdd ~ 1^-1, and its minimum value is — -4 V irv §- Therefore, 

the peak differential output voltage is 

Tf^(pcrtk') = kTuUnAx) — = ^wl( m axj — ^olftnin) ~ ^DD ~ |kT>i/7| — ( — ^SS ^ 

= Vdd + V S s- V^-\Vo*j\ U2.79) 

The CM input range of the op amp is limited in Ihe positive direction by the tail current 
source, which transitions from active to triode when |V^| - |V m . 5 |; therefore, we want 

V?c < Vdd ~ | I ~~ M (12.80) 

The lower limit of the CM input range occurs when input transistor M\ (or M 2 ) enters the 
triode region, so 

Vtc > —Vss + Vasti + Vi\ (12.81) 

■ EXAMPLE 

Modify the single-ended two-stage op amp from the examples in Section 6.3.5 and Section 
9.4.3 into a fully differential op amp. It will be used in the feedback circuit shown in 
Fig. 12.25, which represents the connections in a switched-capacitor circuit when one 
clock is high (assuming the switches are ideal). The capacitor values are C s = 2 pF, C F — 
5 pF, and Cl — 2 pF. Design for 1-V peak output swing and phase margins of 45° or 
greater in the DM and CMFB loops. Use V DD — — 1.65 V. and design for a CM 

output voltage of 0 V. 




Figure 12.25- A fully differential op amp with capacitive load and feedback. 
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op amp j CM sense 

Figure 12.26. A fully differential two-stage CMOS op amp using the CMFB scheme from 
Fig. 12.19- 

First, wc will design the devices to satisfy the bias and low-frequency requirements. 
Then we will compensate the amplifier, Using the device sizes and bias currents from the 
example in Section 6.3.5, we have 

(W/Lh = (WfL) 2 = 77 (W/Lh - (W/L) 4 = 4 (W/L) 5 = 25 

(W7L ) 6 = (WfL ) 9 - 16 (W/Lh = (W/L)i 0 = 50 

with n = 1 jam, |/^i| = \I D2 \ = 100 pA, and I m = 400 jaA. In that example, these 
values gave a calculated dc gain of = -7500 and a simulated gainof ad m o = -6200. 

For CMFB, we will use two differential pairs as shown in Fig. 1 2.26. Since the input 
stage in Fig. 12.23 is the complement of the op amp in Fig. 12.2, the CMFB circuit in 
Fig. 12.26 is the complement of the circuit in Fig. 12.19 to allow control of the op-amp 
tail current 1 D5 through a current mirror formed by M$ and M 2 5 - Also, the CM-sense 
output V cms is taken from the drains of M 2 \ and M 2 a, which makes the gain a cmx negative. 
This inversion is needed here to give negative feedback in the CMFB loop because the 
CMC gain a cmc is positive at low frequencies in this two-stage op amp. We choose M 2 $ 
to be matched to A/ 5 , so they form a unity-gain current mirror. Since the desired tail 
current is |//>s| = 200 |xA, we want 

\1dis\ = Id26 = Id21 = 200 /X A 

Therefore, each transistor M 2 \-M 2 4 nominally carries 100 jjlA of drain current. These tran- 
sistors must remain active over the entire range of the op-amp output swing. For a differ- 
ential output voltage of 1 V peak, each op-amp output (V 0 i or V o2 ) must swing ±0,5 V + 
From (3.161), the transistors in a differential pair remain active as long as the magnitude 
of the differential input voltage is less than ^2V ov . Therefore, we want 

j2V m - 0.5 V 
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or V av = 0.35 V for A/21-A/24* From (1.157). we get 

(W\ = (W\ = (W\ = (W\ 2 f m] _ 2(100) 

UAl \ L h \ L L U/24 k n( y ov 2l) 2 (194)(0.35) 2 

The only remaining device sizes to be determined are for matched transistors My, 
and A/27. Each device acts as a current source carrying 200 ja A. For those transistors 
to act as current sources, they should always be active. Focusing on M 2 ^ wc want 
Vm26 < ^rf. T 26(miii)* To determine Vdsi^-nmh consider an extreme case when A/ 2 1 just turns 
off as V ol swings down to its Lowest value. In this case, Af 22 carries 200 p,A, and 



V^22(max) — ^(22 + 



2-Ift22(max) _ w , 

WmZte ~ ,22 



2 ( 200 ) 

194(8.4) 



V t22 + 0.5 V 



The gate voltage of M22 is Vcm ~ O' Therefore, the minimum source-body voltage for 
A/ 2 ?, which is the minimum drain-source voltage of A/^, is 

Ksfr22(min) = Kyj26(min) = ^22(imn) ~~ ( - Kss) = V CM ~ V^22(ma.v) + V$S 

= 0 - (0.5 + Vtn) + 1.65 = 1.15 - V t22 (1182) 

Since V.hii is not zero, the threshold voltage of A/ 22 is given by (L 140) as 



V,22 = Vfn 0 + 7 



JVsbll + 2<t>f 




(12.83) 



Using the data in Table 2.4, (1.141), and (2.28), we calculate = 0.33 V and y - 
0.28 V 1/2 [assuming V&22 is small and using /V A + N$; as the effective substrate dop- 
ing in (1.141)]. Solving (12.82) and (12.83) gives V, 22 = 0.67 V, V s 22iim = -1.17 V, 
and 



VWunin) = = 1-15 - V, 22 = 1.15 - 0.67 - 0.48 V 

if we chose V (>v2 {> = 0.38 V (to allow for a -0. 1 V shift in Vcm)-- then 

(W\ 2 I D26 2(200) _ 

\L) 2b KiVrito) 2 (194X0.38)2 

Also, ( WiL)zj — 14 since M 2 e and M 2 7 are matched. 

In the example in Section 9.4.3, a compensation capacitor of 3.2 pF provided a 45° 
phase margin for a feedback factor of unity and a 5-pF load. The DM half-circuits for 
this example with the independent voltage sources V s \ and V s2 set to zero arc shown in 
Fig. 12.27a. Here, we have assumed that Q, is much larger than the input capacitance of 
the CM-sense devices A/ 2] The two feedback networks connect between the two half- 
circuits in this negative feedback circuit. The feedback factor is less than one because it is 
set by the capacitive divider formed by Ct and Cj. Also, the feedback networks affect the 
capacitive loading at the outputs. The upper DM half-circuit in Fig. 12.27a is redrawn in 
Fig. 12.27& with the feedback loop broken. Here, capacitor C- U u t is the capacitance looking 
into the gate of M\ in the DM half-circuit, which is the same as the capacitance looking 
into the gate of M 2 . Looking into the gate of Af 2; we see C, i2 and overlap capacitance C^ 2 
increased by the Miller effect as in (7.5); therefore, 

^idh = T 6^2(1 — ^ T C t}t W 2 ([ — ddm]) 

= | ^ 443 ~2 j( 77 ^ m X D - S2 l ^ m ) + (°' 35 ^] t77 I ^ X 1 + 137 ) = 3.9 pF 
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Cp 





Figure 12.27. (a) The DM half-circuits for Figs. 12.2 5 and 12.26. (b) The upper DM half-circuit 
in (a) with the feedback loop broken. 



Here, we used 1 M-m - 2L d = 0.82 |jLm and a dmi = ~ gnair^Wo*) = -137 for 
the low-frequency gain of the first stage. These values follow from the example in Section 
6.3.5. The total capacitive load from the output to ground in the DM half-circuit is 



Cf(C s + Cidh) = 5(2 + 3.9) 

Cf + Cs + C idh 5 + 2 + 3.9 



4.7 pF 



(12.84) 



Here, we have assumed that Cl is much larger than the junction capacitance and other 
parasitic capacitances at the op-amp output. The DM feedback factor is 



fd* 



v fh !2 



v ^/2 



C F 



loop broken 



Cf + C$ + Cm 



5 + 2 + 3.9 



= 0.459 (12.85) 
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Substituting (12.84), (12,85), and values for g u , 2 — g U s\ and g m $ from the example in 
Section C )A3 into ( 1 2.74), we have 



C = = -t^(4.7 pF)(0.459) = 1.39 pF 

gnrf s I -on 



( 12 . 86 ) 



This compensation capacitor gives a 45° phase margin in the DM half-circuit (ignoring 
the right-half-plane zero). 




CM half-circuit 
for CM sense 
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The CM half-circuits are shown in Fig. 12.28a with the source voltages and V& 
set to zero. Only the upper CM half-circuit is shown in detail, The capacitive feedback 
networks connect between the two CM half-circuits. A simplified drawing of the upper 
CM half-circuit is shown in Fig. 12.286. The key simplification here is that capacitor Cp, 
which was connected to the input of the lower CM half-circuit (which is the gate of M \ ) in 
Fig. 12.28a, now connects to the gate of M 2 . This change does not affect the CM analysis 
because the elements and signals in the two CM half-circuits are identical. 

In the CM half-circuit in Fig. 12.286, there are two feedback loops. One loop is the 
CMFB loop that includes the CM-sense block. We will refeT to this loop as loop This 
loop is a negative feedback loop, since there are three inverting stages in the loop: actively 
loaded common-source stages M ^ and and the inverting CM-sense circuit. The mag- 

nitude of the low-frequericy gain in this loop is large because each common-source stage 
provides significant voltage gain. The other feedback loop goes through the op amp from 
to Voc and then back from v oc to the input Vf C through the capacitive divider formed by 
Cp and Cs, and it will be called loop #2. Here, loop #2 is a positive feedback loop be- 
cause it contains two inverting gain stages. This feedback loop is stable, however, because 
the loop gain in loop #2, which is the product of the forward gain a[. m and the feedback 
factor through the capacitive divider, has a magnitude that is less than one at all frequen- 
cies, The forward gain a' cm in this loop, which is a'„ n v oc Iv ic with the CMFB (loop #\) 
active, has a magnitude that is less than unity due to the presence of the CMFB loop (loop 
#1 ), which works to force v oc ~ 0. (See Problem 12.27.) To explain this low gain, first 
consider the CM half-circuit with loop #1 disabled. In this case, if v U: is nonzero, I d2 
changes, which changes V gx6 and produces a nonzero v oc . When the CMFB loop #1 is 
enabled, this loop senses any nonzero v oc and adjusts V t:tnc to produce a change in Ij 5 that 
counteracts the change in I ( f 2 to give v oc *** 0. 

The magnitude responses of the loop gains for these two loops arc plotted in 
Fig. 1 2.29, ignoring any zeros and poles other than the dominant and nondominant poles, 
P\c and associated with the Miller-compensated gain stage in Fig. 12.286. Here, loop 
# 1 is assumed to be compensated so that its unity-gain frequency is equal to \p 2c \> which 
gives a 45 D phase margin. Since loop #2 is stable, we need only focus on the stability and 
compensation of the high-gain CMFB loop (loop #1). 

This CMFB loop is shown in Fig. 12.28c. Here, the lumped load capacitance C 2c 
includes the output loading due to C L and the capacitive feedback network, including the 
capacitance C ic h looking into the gate of M 2 in Fig. 12.286. This capacitance is smaller 
than Cfdfr because M 2 has a large source degeneration resistance (r il5h ) that provides local 
CM feedback. This feedback increases the impedance (decreases the capacitance) looking 
into the gate of M 2 . Alsu, this feedback reduces the magnitude of the voltage gain from the 
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|T| (dB) 




Figure 12.29. Plots of the loop gains i’orihe l wo feedback loops in Ihe CM half-circuit in Fig. J 2.28/). 



gate to the drain of M 2 , which decreases the Miller input capacitance due to C^a- There- 
fore. assuming C ich « C 5 , we find 

0(Cv + Ctrl)) 



Cic = C L 



C-t + Cs + Cm j 






Here, we also assumed that Cl is much larger than the input capacitance of Ihc CM-sense 
half-circuit. To use (12.78) to calculate the compensation capacitor that gives a 45° phase 
margin in the CMFB loop, wc must find the dc small-signal gain through the CM-sense 
circuit. In Fig. 12.26, l ( . ms flows through diode-connected M 25 ; therefore. 






£/ji25 



(1187) 



if r o 25 » Vg m 25* A small-signal version of (12.56) is i cmjt = g Sf aiVa<: - 21 IV- L'sing 

this expression and ( 1 2.87). the gain a cms at low frequency is 



t-flU'O | 



V,w 




|r'rfTJ( 


hwl 

1 


CMFB loop open 








2 ( 100 ) 




= VaylJ = 


0.35 


Htri25 


2|/d2s| 


2 ( 200 ) 




\V m k\ 


0.5 



CMFB luop i>pi?n 



= 0*7 1 



( 12 . 88 ) 



Solving ( 1 2.78) for a 45° phase margin in the CMFB loop, using (12*88) and the value 
of g m(> from the example in Section 9*4*3. gives 

Cjfm5/2). , 

<- ~ _ P-2C.- 



gm6 
2(200 juA) I 

= 

1.55 mA/V 






(0.71)(3.43 pF) - 0.63 pF 



(12.89) 
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From (12.86) and (12.89), a larger compensation capacitor is required to compensate the 
DM loop than the CMFB loop. Therefore, using C = 1 39 pF will give phase margins of 45° 
for the DM feedback loop and greater than 45° for the CMFB loop, which is acceptable. 

To verify this design, SPICE simulations of this op amp were carried out with C = 

1 . 39 pF in series with R z = 758 XI, which was found to eliminate the right- half-plane zero 
in the example in Section 9.4.3. The SPICE models are based on the data in Table 2.4. The 
phase margins of the DM and CMFB loops were simulated using techniques developed for 
fully differential circuits. 11 The DM feedback loop has a simulated phase margin of 43° 
and unity-gain frequency of 53 MHz. The CMFB loop has a simulated phase margin of 
62° and unity-gain frequency of 24 MHz. Thus, the CMFB loop is overcompensated. 
Changing the compensation capacitor to 0.63 pF, which is the value calculated from 
(1 2.89) to give a 45° phase margin in the CMFB loop, we find the simulated phase margin 
of the CMFB loop changes to 41°, but the DM phase margin drops to an unacceptably 
tow 29 D . These simulation results verify that the formulas in this section give a reasonable 
■ estimate for the compensation capacitor. 

In the previous example, the op-amp output swing is limited by the linear input range 
of the CMFB circuit. The output swing could be increased by using either a switched- 
capacitor or resistive-divider CM detector. 

An alternative CMFB approach for the op amp in Fig. 12.23 is to connect the gate of 
to a dc bias voltage and to use the gates of as the CMC input. In this case, the 

first gain stage of the CM half-circuit in Fig. 12.28e consists of common-source A/ 4 with 
a cascoded active load. Also, the pole associated with the capacitance at the source of Mi 
is not in the signal path of the CMFB loop. 



12.6.2 Fully Differential Telescopic Cascode Op Amp 

A fully differential cascode op amp is shown in Fig. 12,30, Compared to its single-ended 
complementary counterpart, which is the first stage in Fig, 6.25 * l lie main difference is that 
diode connections are removed from transistors Mi and Mia* Also, the gates of cascode 
transistors are connected to bias voltages here. The op-amp outputs are taken 







Figure 12.30. A fully differential CMOS 
telescopic -cascode op amp. 
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from the drains of M\ a and Mia- The resulting circuit is symmetric with each output loaded 
by a cascoded current source. An advantage of the topology in Fig. 1 2.30 is that the DM 
signal path consists only of ^-channel transistors. That is, only the n-channel transistors 
conducL time-varying currents. The ^-channel transistors conduct constant currents. Such 
a configuration maximizes the op-amp speed because n-channel transistors have higher 
mobility and fj than their p-channel counterparts (if the channel lengths and overdrive 
voltages are the same). One CMFB approach is to set the currents through by 

connecting their gates to a dc bias voltage (set by a diode-connected transistor that is the 
input of a current mirror) and use the gate of M$ as the CMC input. In this case, the 
magnitude of the low-frequency CMC gain can be large since M\-M^ and M\ A - 

M-ia provide two levels of NMOS cascoding, and M 34 -M 44 provide one level of PMOS 
cascoding. This cascoding increases the output resistance, but the two levels of NMOS 
eascoding introduce high-frequency poles in a cmc (s). 

An alternative CMFB approach is to set the current through Ms by connecting its 
gate to a dc bias voltage and use the gates of M 3 and M 4 as the CMC input. This ap- 
proach has one level of cascoding in the CMC gain path, which introduces one high- 
frequency pole in Here, however, the amplifying devices in the CMFB loop are 

/^-channel M 3 and Af 4f which have lower mobility and fj than n-ehanncl Ms if they have 
the same channel lengths and overdrive voltages. 

The DM and CMFB feedback loops are compensated by the load capacitances at the 
op-amp outputs. The phase margin of the CMFB loop can be changed without changing the 
load capacitance, by splitting the transislor(s) that connect to the CMC input into parallel 
transistors, as described in Section 12.4.2 and shown in Fig. 12.15. 

12.6.3 Fully Differential Folded-Cascode Op Amp 

A fully differential folded-cascode op amp is shown in Fig. 12.31. Compared to its single- 
ended counterpart shown in Fig. 6.28, the main difference is that the diode connections on 
and M 3a have been eliminated. The resulting circuit is symmetric, and the outputs are 
taken from the drains of M\ A and A/ 24 . 



^'no 




Figure 12.31. A fully differential CMOS foldcd-caseodc op amp. 
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To satisfy KCL, the sum of the currents flowing through M 3 , A/ 4 , and A /5 must equal 
the sum of the drain currents flowing through M n and M ]2 . To satisfy KCL with all 
transistors active and to accurately set V tK , CMFB is used. The CMC input could be 
taken as the gate of M$, the gates of A/ 3 -M 4 , or the gates of M\ ] -M ]2 , which is shown in 
Fig. 12.31. With this last option, the CMFB loop contains less nodes than the other two 
cases, and the gain a cmc is provided by common-source u-channet transistor M \ \ (or A/ J2 ), 
which has a larger g m than ^-channel A / 3 (or M 4 ) if (lA7L) n - (W/Lh because > k' p 
and I D \\ > |//J 3 1. 

The DM and CMFB feedback loops arc compensated by the capacitances at the op- 
amp outputs. 

The f’olded-caseode op amp with active cascodes that is shown in Fig. 6,30 can also 
be converted to a fully differential op amp . 12 As for the foldcd-easeode op amp, there are 
three choices for the CMC input. 

12.6.4 A Differential Op Amp with Two Differential Input Stages 

The fully differential op amps presented above have two input terminals that accept one 
differential input. Those op amps can be used in the amplifier, integrator, and differentiator 
shown in Fig. 12.32. To implement a fully differential non-inverting gain stage with a very 



*3 




R 






Figure 12.32. Fully differential (a) 
inverting gain stage, (b) integrator, and 
(c) differentiator. 
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Figure 12.33. (a) An op amp 

with two pairs of inputs, (b) 
A noninverting fully differ- 
ential feedback amplifier. 



large input impedance, ail op amp with four input terminals is needed. Two inputs connect 
to Ihe feedback networks and the other two inputs connect to the differential signal source, 
as shown in Fig, 12.33, Assuming the magnitudes of the op amp gains from v^] and 
to vv/ are large, negative feedback forces v^i = 0 and ^ 0. The two pairs of inputs 
are produced by two source-coupled pairs, as shown for a two-stage op amp in Fig. 12.34. 
The two source-coupled pairs, M \ -M 2 and M] x-M?x, share a pair of current-source loads. 
Assuming the input pairs arc matched, the differential small-signal voltage gain is the 
same from either input; therefore, 

Vfld = Ctdm{yid\ F Viiil) (12.90) 

The CM input range for the op amp must be large enough to include the full range 
of the input signals, V S ] and because they connect directly to op-amp inputs. In this 



1/ 

* Df> 




Figure 12.34. A simplified schematic of a two-stage op amp with two pairs of inputs, 
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op amp, the CMFB loop could adjust either 1 { or l 2 by controlling the gate voltages of the 
transistors that generate those currents. 

12.6.5 Neutralization 

In a fully differential op amp, a technique referred to as capacitive neutralization can be 
used to reduce the component of the op- amp input capacitance due to the Miller effect (see 
Chapter 7). Reducing the input capacitance increases the input impedance, which is de- 
sirable. Neutralization is illustrated in Fig. 12.35a. The gate-to-drain overlap capacitances 
are shown explicitly for M\ and M 2 . First* ignore the neutralization capacitors C v . Then 
the DM capacitance looking into either op-amp input (with respect to ground) is 

Cidh = Cgii +■ C* rf |(l — i) (12.91) 



Vdd 




(a) 




Figure 12.35. (a) An example of capacitive neutralization, (fr) Using transistors M 2 \ and M 22 in 
cutoff to implement the neutralization capacitors. 
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where a dm ] is the low-frequency DM gain from the gate to drain of M \ : 



1 



i 

(v w /2) 



(12.92) 



Because the op amp is balanced, the low-frequency voltage gain across each capacitor C„ 
is -a dm i- Therefore, when C fi is included, the capacitance in (12.91) becomes 

Qdh = Q.vl + Qrf](l — ttdm]} + C?(l + (12.93) 

If C n = Cgd i, (12.93) reduces to 

Cufk - Cj*i f 2C^\ (12.94) 

which is less than the value in ( 1 2.9 1 ) if [c^ m i| > 1 . The Miller effect on is canceled 
here when C n = C^i because the gain across C )S is exactly the opposite of the gain across 
C S d] . To set C H = C^], matched transistors Mi\ and M 22 can be used to implement the 
Cn capacitors as shown in Fig. 12.35&. 1 ” 14 These transistors operate in the cutoff region 
because V^oi < V t \ and Vqq 2 < Va since M\ and M 2 operate in the active region. The 
capacitance C n is the sum of the gate-to-drain and gate-to-source overlap capacitances. 
Setting C }} = C g d 1 gives 

Cgdi = C ol W { = C n = C& 21 + C gi2 i = 20'ojWn (12.95) 

where C 0 \ is the overlap capacitance per unit width. Therefore, if IV 21 = Wj/2, C n = 
Cg ( \ i- Precise matching of C n and C^\ is not crucial here. For example, if C n is slightly 
larger than 1 , the capacitance C- u ^ will be slightly less than the value in (12.94). A 
drawback of this technique is that junction capacitances associated with M 21 and Mi 2 in- 
crease the capacitances at the nodes where their sources and drains arc connected, reducing 
the magnitude of the non-dominant pole associated with those nodes. 
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In practice, every fully differential circuit is somewhat imbalanced, due to mismatches 
introduced by imperfect fabrication. When mismatches are included, the models and 
analysis of fully differential circuits become more complicated because the mismatches 
introduce interaction between the CM and DM signals. The DM-to-CM and CM-to-DM 
cross-gain terms, as delincd in Section 3.5.4, are 



A ( f }n cm 



Vid 






A 



cm-- dm 



Vott 



Vi, t - 0 



(12.96) 

(12.97) 



These cross gains are zero if a circuit is perfectly balanced and nonzero otherwise, as 
shown in Section 3.5.4. In a feedback circuit such as the inverting amplifier in Fig. 1 232a, 
imbalance in the op amp or in the feedback network generates nonzero cross-gain terms. 



■ EXAMPLE 

Compute the small-signal gains for the inverting amplifier shown in Fig. 12.32 a. For 
simplicity, assume the op amp is balanced, has infinite input impedance, zero output 
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impedance, a itm ™ and a[. m = -0. 1. (This a[ m is the CM gain, including the effect 
of the CMFB loop.) The resistors across the op amp are matched with R 3 = R$ = 5 kfl, 
but the resistors that connect to the signal source are mismatched with R\ = 1,01 kfl and 
/?2 = 0.99 kfl. Therefore, the only imbalance in this circuit stems from the mismatch 
between R\ and R 2 . 

We will analyze this circuit using coupled half-circuits, which were introduced in 
Section 3, 5.6.9. The two coupled half-circuits are shown in Fig. 12.36. The circuits are 
coupled by the nonzero resistor mismatch 

&R= R 1 -R 2 = 0.02 kfl 



The resistance R in the figure is the average value of the mismatched resistors 



R\ + 7?2 
= “2 



1 kfl 



Letting a dm -<*- in the DM half-circuit gives 



= (Vsd _ . A/f 

2 if l 2 lRc 2 



Analysis of the CM half-circuit gives 



Vm = - 



R 3 

R 



v. 



ind 
2 2 



1 



1 + 



R + R 3 

X~a r cm )R_ 



(12.98) 



(12.99) 



From these equations and the coupled half- circuits, exact input-output relationships could 
be found. However, for small mismatches, the approximate method described in Section 
3. 5. 6.9 simplifies the analysis and provides sufficient accuracy for hand calculations. The 
key simplification in the approximate analysis is that the currents i Rd and are estimated 
from their respective half-circuits, ignoring mismatch effects. If the mismatch is ignored 
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Figure 1 2.36. Coupled (a) DM and (b) CM half-circuits for the gain stage in Fig. 12.32a with a 
balanced op amp and mismatch in. the feedback network. 
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in Fig. 12.36fi (i.e., ifA/? = 0) ? then 

y-y = | (12.100) 

since Vfrf/2 = 0 (because a<j m — » -■=»)* Ignoring resistor mismatch in Fig. 12.36fr, we find 

1 



*ffc ~ fffc — 



1 + * 
rt + i? 3 | i? 



1 + 



7? + i? 



( 12 . 101 ) 



3 



Lt-OtfJ 



Using (12.101) in (12.98) gives 



2 



v.«f 

2 Vit ' 



A R { t , ^3 

2(R + R 3 ) R 



1 



] + 



R + /?-, 



( 12 . 102 ) 






Substituting (12.100) into (12.99) gives 



Ri ( A R\ 



1 



+ 






(12.103) 



From (12.102), 



&dm — 



Vy<l 

Vsd 



V., = 0 



^ _*3 = _5 = 

R 1 



A cm ciw 



Vorf 



_ A/? / 

/T (tf + AY) 1 + , 

v,„-o 3 1 + 



1 



R + /? 3 

( — 



5 

T 



0,02 

(TTsj 




1 


1 + 


'1+5' 


Lo.i(i)J 



= 0.018 



From (12.103), 



Voc 




1 


V.n: 


R 1 

Yxit “ 0 1 + 


R + R 3 




_(— &cm)R _ 




1 

1 + 5" 
. 0 . 1 ( 1 ). 



= -0.082 






_ Voc 


_ RiAR 


1 


5 0,02 


cm 

Vyd 


\ R 4/? , 

1 vv — 0 1 + 


R + R% 


| i 4(1) 




_(~ a £Tl\)R_ 





1 + 



1+5 

omY). 



= 0.00041 



The resistor mismatch causes nonzero cross-gain terms in the closed-loop amplifier. Exact 
■ analysis of this circuit gives essentially the same gain values as above, 

A model for an op amp with mismatch (but assuming infinite input impedance and 
zero output impedance, for simplicity) is shown in Fig. 12.37. The equations corresponding 
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Vr2 



'o2 






j'1 



V/2 
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1 




Figure 12.37. A simple s trial 1- 
signal model of a fully dif- 
ferential amplifier including 
cross-gain terms, assuming 
infinite input impedance and 
zero output impedance. 



to this model are 



Vffd ^dtn^'id "f" "f" &cmc dm^'eme (12.104) 

v oc = Gemote + a dm-cm v id 4- &cmc v cm c (12.105) 

The cross-gain terms and a ctfll .-j m are zero when the op amp is perfectly 

balanced. If the CM-sense circuit is not perfectly balanced, its output v cmSi which ideally 
is proportional to the CM output, contains a component that depends on the DM output: 

= @cm&'Voc ~b &dm-cmsVod (12.106) 

Also, v cmc = v cms when the CMFB loop is closed. 

To illustrate the effect of feedback on the open-loop op-amp gains, consider the invert- 
ing amplifier in Fig. 12.32a with a balanced feedback network (tf i = R 2 and /? 3 = fl 4 ) 
but with imbalances in the op amp. The circuit could be analyzed exactly to find the 
closed-loop gains, but the analysis is difficult. Therefore, we will use the approximate, 
coupled half-circuit analysis that was used in the last example. The coupled DM and CM 
half-circuits are shown in Fig. 12.38. The imbalances in the op amp are modeled by the 
adm-cnt> and a cmi . dm controlled sources in Fig. 12.38, based on (12.104) and 
(12.105). To simplify the analysis, we will assume that the CM-sense circuit is balanced 
(i.e., adm-emy — 0). Under this assumption, (12.106) reduces to 

= VV/ny = U'cms'Voc (12,107) 

Substituting (12.107) in (12.104) and (12.105) gives 

Vod ~ &dmVid T "f &cmc dm^cmn^'oc 



(12.108) 

(12.109) 
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DM: * 3 




CM: * 3 




Figure 12.38. Coupled (a) DM and (b) CM half-circuits for the gain stage in Fig. J .2.320 wilh an 
unbalanced op amp and a balanced feedback network. 



To carry out the approximate analysis, each half-circuit is first analyzed wilh the cou- 
pling between the half-circuits eliminated. Then the results of these analyses are used 
to find the closed-loop cross gains. The coupling in the DM half-circuit is eliminated 
by setting a csn -. iIm = 0 and a c „, c - dni = 0. With these changes, analysis of Fig, 1 2,38a 
gives 



fly + 1 Vsd 

R\ t + R] + a dm 
)R I 



(12.110) 



Similarly, the coupling in the CM half-circuit is eliminated by selling a dm cnf = 0. With 
this coupling eliminated, analysis of Fig. 12.38/? gives 



where 



R? 1 V.Tf 

«i ] + .*i + R 'i_a‘ cm 



i , \ 



{ 12 . 111 ) 



( 12 . 112 ) 
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Assuming v i(f = v ui , v ir ~ v ic , and v ac — v w , (12,110) and (12.111) can be used in 
(12 JOS) to give 



IV = 



^1 + 
(~^dm)R\ 



a crn-(im ^3 + R] v 

(—adm)R] (~a f cm )R\ 

R\ T R-3 R[ 4 R 3 



(12,113) 



where 






(12,114) 



This gain has two components. The first term is a cm which is ihe CM-to-DM gain of 
the op amp. The second term is the product of three gains: 1 ) a[ :rtl , which is the gain from 
vj r to vv including the effect of the CMFB loop, 2) a rm -, which is the CM-scnse gain from 
v„c to and 3) a C mc-dmi which is the gain from v cmr to v 0i i (due to mismatch 

in the op amp). Therefore, the second term in ( 1 2J 14) is the gain through an indirect path 
from Vi C to v od . 

Again assuming vu 5=3 v** , Vj C = and vV ~ v„ r , ( 1 2 J 1 0) and (12 J 1 1 ) can be used 
in (12. 109) to give 



R[ H- R$ 

R i + ft 



-Vcr 4 



*dm—cm 



l + (-Oft x + 



where 



Mm-™ 



R i 4- ft 



l 4 ( — ^Cfnr^cms) 



ft 

ft + ft 

I_ ( — @d m)Rl 

R\ + ’ft 



(12.115) 



(12.116) 



Equations 12.113 and 12.115 relate the DM and CM source and output voltages for the 
feedback amplifier. The open-loop-gain and cross-gain terms in (12.108) and (12J09) 
have been modified by the feedback. To allow simplification of these gain terms, define 



dm 


( &dtn)R\ 
R | 4 ft 


(12,117) 


cm 


ft 4 ft 


(12.118) 


cmfb 


~ —&anc&t:ms 


(12.119) 



which are the loop gains around the DM, CM, and CMFB loops, respectively. Using 
( 1 2.1 1 7)— (12. 119). the closed-loop gain terms in (12.1 13) can be written as 



A, i* i — 



(12J20) 



where |7)/J 1 has been used, and 



Arm— Am 



cm ~ dm \ft 4 7?! / 

(l 4 fdm){ 1 + Tat j) 



(12.121) 
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As \ T dm \ increases, \A cm -^ m \ decreases. Therefore, \Td m \ » 1 is desired to reduce the mag- 
nitude of the closed-loop CM-to-DM cross gain. The (1 4- T cm ) term has little effect here 
since (12,112) usually gives |aj. m | <$£ 1; therefore, (1 + T cm ) *= 1. 

Using (12.116)-(12.119), the closed-loop gain terms in (12.115) can be written as 



v 



oc 



where (1 4- T cm ) 



Acm = 

Vcn 

I =0 
1 has been used, and 



__ R\ + /?3 



1 + T, 



cm 



R 1 + /?3 



Ajfri— cm 



V S d 



Ri 



=o 



a t im-cm R\ + ^3 

1 + T Cm 1 + Tdm 



&dm—cm 



Ri 



R[ + R 2 



(l + T cm fhj (l + + T cp 



( 12 . 122 ) 



(12.123) 



As \Tdm\ or \l'cmfb\ increases, decreases. Therefore, the DM and CMFB loops 

work to reduce the closed-loop DM-to-CM cross gain. Again, the (1 + T cm ) term has little 
effect here since |1 + T cm \ « 1. 

The analysis in this section shows how the closed-loop cross-gain terms for the feed- 
back amplifier in Fig, 12.32a are affected by imbalances in the op amp and feedback 
network. In practice, the imbalances are usually caused by random mismatches between 
components, and the effect of such mismatches on circuit performance is often evaluated 
through SPICE simulations. 



12.8 Bandwidth of the CMFB Loop 

Ideally, a fully differential circuit processes a DM input signal and produces a purely DM 
output signal. The closed-loop bandwidth required for the DM gain is set by the bandwidth 
of the DM signal. For example, consider the differential gain stage in Fig. 12.32a. To 
avoid filtering the signal, the closed-loop bandwidth of the DM gain must be larger than 
the highest frequency in the applied DM input signal. Since the closed-loop bandwidth 
is approximately equal to the unity-gain frequency of the DM loop gain (or return ratio), 
this unity-gain frequency should be about equal to the required closed-loop bandwidth. 
However, the unity-gain frequency required for the CMFB loop is not so easily determined. 
Consider a fully differential feedback circuit that is linear and perfectly balanced. If no ac 
CM signals are present in the circuit, the ac CM output voltage will be zero and the CM 
output voltage is constant. In such a case, the bandwidth of the CMFB loop is unimportant 
since it only operates on dc signals. 

In practice, there are many sources of ac CM signals. For example, an ac CM signal 
can be present in the signal source, or CM noise can be introduced by coupling from a 
noisy power supply. Furthermore, even when the signal source is purely differential, an 
ac CM signal can be created by circuit imbalance that causes DM-to-CM conversion. 
Regardless of the source of an ac CM signal, the CMFB works to suppress the ac CM 
output signal and to give a CM output voltage that is about constant. Suppression of the ac 
CM output component is important for two reasons. First, if the CM output varies, the DM 
output swing must be reduced to allow for the CM output swing. Second, if two feedback 
amplifiers are cascaded, any ac CM output voltage from the first amplifier is a CM input 
voltage for the second amplifier, and any imbalance in the second amplifier will convert 
some of its CM input voltage into a DM output voltage. 
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Figure 12.39, A model for the CMFB 
loop with injected noise v„. 



To see how the CMFB suppresses the ac CM output signal, consider the small-signal 
block diagram in Fig. 12.39. Here, v n is a CM disturbance (for example, an ac signal on 
the power supply). The signal v cm > which is the small-signal component of the applied 
dc voltage Vcm, is zero. Also, a„ is the voltage gain from the CM disturbance to the CM 
output voltage when the CMFB loop is disabled. That is, 



a n = 



I no CMFB 



VW 

Vfi 



(12.124) 



Iv™, =1) 



When the CMFB is active, the small-signal gain from v n to rv becomes 



A, = 



with CMFB 



I “h &cmc) 



( 12 . 125 ) 



The CMFB gives |A m | \a„\ at frequencies where |flcm*( — ^ 1- Therefore, 
@cmc )| ^> 1 is desired at frequencies where a significant ac CM output voltage 
would be generated without CMFB. One possible objective is to satisfy this condition 
over the bandwidth of DM input signal, or equivalently to make the unity-gain frequen- 
cies of the DM and CMFB loops about equal 15 While desirable, this goal can be difficult 
to achieve in practice because the CMFB loop often includes more transistors and has 
more nondominant poles than the DM loop. In any case, suppression of spurious CM 
signals is an important consideration in determining the required bandwidth of the CMFB 
loop in practical fully differential amplifiers. 



PROBLEMS 

12,1 What are the swing limits for each out- 
put of the differential amplifier in Fig. 12.27. Use 
\V ov = 0,2 V for all transistors and V tn = — V tp — 
0.6 V. Assume V Dn = V. v . s = 2.5 V, V it . = 0 and 
y = 0, Also, assume that the common-mode feed- 
back circuit docs not limit the output swing. What 
value of Vac gives the largest symmetric differen- 



tial output swing? What is the peak value of V (X i in 
this case? 

12.2 Repeat 12. 1 for the two-stage op amp in 
Fig. 12.23. Assume that switched-capacitor CMFB 
is used, which does not limit the output swing. Use 
the data in Problem 12.1, 
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12.3 A balanced fully differential circuit dis- 
plays* only odd-order nonlinearity. Use SPICE to 
verify this fact for the op amp in the example in 
Section 12.6.1. 

(a) Either use SPICE to find the distortion in 
the output waveform for a low-frequency differen- 
tial sinusoidal input, or use SPICE to plot the dc 
transfer characteristic V ^ versus Vu and verify 
that the characteristic is odd. 

(b) Repeat ( a) with a 1 % mismatch between IV i 
and W 2 . Observe that even-order nonlinearity now 
exists. 

12.4 For the op amp in Fig. 12.2, use the de- 
vice data and operating point from the first example 
in Section 12,4.1. Assume all transistors operate in 
the active region, 

(a) Find the element values in the two models 
for the output ports in Fig. 12.7. 

<b) Find the element values in the two models 
for the input ports in Fig, 12,6, (The elements are 
capacitors.) Use C ss = 180 fF and C g d = 20 fF. 

12.5 For the op amp in Fig. 12,2, use the data 
from Problem 12,4 except use /as = 100 p,A and 
\V m \ - 0.1 V for all transistors. Assume all tran- 
sistors operate in the active region with Q, T = 

1 80 fF and C g£ t = 20 fF. 

(a) Find the element values in the two models 
for the output ports in Fig. 12.7. 

(b) Find the element values in the two models 
for the input ports in Fig. 12.6. (The elements are 
capacitors.) 

(c) Calculate the common-mode control 
gain a crtw . 

12.6 Co) For the op amp in Problem 12.5, 

calculate Assume that the CMFB scheme in 
Fig, 12.17 is used and that L Recall that 

Km = VoctVir. when the CMFB loop is active. 

(t>) Use SPICE to plot |a' m | from 100 Hz to 
100 MHz. 

12.7 Repeat Problem 12.5c when the gates of 
Mi, and M,\ are the CMC input, and the gate of 
connects to a bias voltage. 

12.8 The op amp in Problem 12.5 is con- 
nected in feedback as shown in Fig. 12.32a. The 
CMFB is as described in Problem 12.6. Compute 
the low-frequency closed-loop gains A^m = v^/v i4 / 
and A cm = v a Jv sc if R] = R 2 = R 3 = #4 = 

100 Mn. 

12.9 Calculate the DM output slew rate 
dV od !dt for the op amp in Fig, 12.2, Assume 
Id 5 = 200 jxA and a 5-pF capacitor is connected 
from each op-amp output to ground. 



12.10 Calculate the CM output slew rate 
dV oc /dt for the op amp in Fig, 12,2. Assume 
Ip 5 = 200 p,A and a 5-pF capacitor is connected 
from each op-amp output to ground. 

12.11 Compute the output slew rate dV od fdt 
for the op amp in the example in Section 12.6.1. 
Use the bias currents from the example and C = 
1,39 pF. 

12.12 For this problem, use the op amp in 
Fig. 12.23 and the CMFB scheme in Fig. 12.17. 
Use the complement of the amplifier in Fig. 12.166 
as the CM-sense amplifier, modified to give a neg- 
ative dc gain. Assume the source followers in 
Fig. 12.17 have a low-frequency gain of 0.95 
and /? Ci = 15 kft. Use the transistor and op- amp 
operating-point data given in the example in Sec- 
tion 12 . 6 . 1 . 

(a) Design the CM-sense amplifier so that the 
total low -frequency gain a ctTU -y = v oc /v cms = 
-0,71, which is the same value as in the example in 
Section 12.6,1, 

(b) With this CMFB circuit, what are the swing 
limits for each op-amp output voltage {V ol and 
V fl2 )? Assume that the biasing current source in 
each source follower in Fig, 12.17 is implemented 
with a NMOS transistor, and the current-source 
and source-follower transistors operate with = 
0.8 V and V ov = 0.2 V. For simplicity, assume 

is constant and take y = 0 . 

<c) What value of Vcm gives the largest sym- 
metric output swing? 

(d) Verify that this CMFB circuit works cor- 
rectly by running a SPICE simulation. Use the 
value of Vcm from part (c). 

12.13 Compute the op-amp CM and DM load 
capacitances for the output loading in Fig. 12.40a 
and 12.406. Assume the inverting voltage buffers 
in Fig. 12.406 are ideal. 

12.14 (a) For the amplifier in Fig, 12.166, es- 
timate the pole associated with the RC time con- 
stant at the V t ,„ s output node. Assume \Imy> = 
0.4 mA, V OV 23 = 0.2 V, and Vo c — Vcm - Ignore 
all capacitances except in parallel with a fixed 
capacitance of 90 fF, Take L e ff = 0.8 |am. Use the 
data in Table 2.3. 

<b) Repeat (a) except use \Ims\ - OH mA. 

(c) Compare the results in (a) and (b). Explain 
the difference, 

1 2. 1 5 A differential amplifier with local CMFB 

is shown in Fig, 12.41, Use \V ov \ = 0.2 V for all 
transistors, V m = -V n , = 0.6 V, /as = 200 |xA, 
V An - 10 V, \V Ap \ = 20 V, and y = 0. Assume 
Vm - = 2.5 V and V, = 0. 
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Figure 12.42. A differential amplifier 
without a Util current source. 



(a) What is the dc common-mode output volt- 
age of this amplifier? 

(b) Compute the low-frequency gains and 
a LIJ! . Compare these gains with the gains calculated 
in the first example in Section 12.4.1. 

12.16 A differential amplifier that does not use 
a tail current source is shown in Fig. 12.42. 

(a) Compute the low-frequency gains and 
a cm . For all transistors, drain currents are 100 p,A 
and \ V 0 y\ = 0.2 V. Also, V An = 10 V, and \V Ap \ = 
20 V. 

(b) Compare these gains with the gains calcu- 
lated in the firsl example in Section 12.4.1 . 

12.17 (a) For the op amp in Fig. 12.2, as- 



How should the 200 jjlA current be split between 
Afsi and A/^? Assume V^, = = 0.25 V. 

12.18 For the CM-dclcclor in Fig. 12.42, find 

= assuming the CM-scnsc 

amplifier is ideal with unity gain. Then find a t . raj (.v) 
when a capacitor CA is connected in parallel with 
each resistor R t:x . What is the effect of the C i: , ca- 
pacitors? 

12.19 A NMOS transistor is operating in the tri- 
ode region. Find a formula for its transconductance 
g, n = dlJdV^. Compare it with g m in the active re- 
gion at the same dc drain current. Which is larger? 

12.20 For the fully differential circuit in 
Fig. 12.32rt> assume the op amp is ideal with Rf = 

x — fl Fin H ri-iF 



w 
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Figure 12.44. Circuit fur Problem 12.23. 



VC:(0« V»d(.t\ and V f)( .(f)? What are V n {t). V i 2 (t), 
ViAn, and V iL (t)l 

12.22 The op amp in Problem 12.4 is used with 
ihc CMFB scheme shown in Fig + 1217. The cir- 
euil is perfectly balanced except that the CM-sense 
resistors arc mismatched with the upper resistor 
tf rv i — 10.1 k-H anti the lower resistor R cs2 = 
9.9 kfl. Assume Ihc source followers and the CM- 
sense amplifier arc ideal with gains of unity. 

(a) Compute the gains and ctdm-cms in- 
(12.106). 

(b) Compute Ihc low-frequency up-amp gains 
v t> Av v,, r ./vv ; - ; v„hv,.,., and v £J<: /v f ;, with the CMFB 
active. 

(c) Use SPICE to simulate ihesc gains. 

12.23 A fully differential op amp with CMFB 
is shown in Fig. 1 2.44. For M \ ,M\c\ and M 2 c\ 
use W/L = (64 jam)/(0.8 jam). For M 3 -M 4 * M^,- 
M 27 and M] \ , W/L - (96 jamV(1 .4 jam). For M 2 \ - 
M 2 4 , W/L = (6 jam)/(0.8 jam). For M, 4? M 2 ^ and 
M^. W/L = (16 |jliti)/(: 0-8 jam). For W/L = 
(1.4 jam)/(0.8 jam). Take V c .\- f = -0.65 V, 

(a) Choose IT values for M \ 2 and Afsi so that 
\Id\V - 20 |i,A. Use L = 0.8 jam for \ and/. = 
1.4 jam for M\ 2 . 

(b) Use SPICE to find the low-frequency op- 

amp gains v f)J /v Wt v,*7vy ( .., and v t Jv il( with 

the CMFB active. 



<c) Calculate the output slew rate dV od !dt if a 
4-pF capacitor is connected from each op-amp out- 
put to ground. 

(d) What is the differential oulpul voltage 
swing of this op amp? Assume V; r — F^, and 
ignore body effect for this calculation. 

(e) Repeat (b) when the input transistors are 
mismatched with W\ = 63 jam and W 2 = 65 jam. 
(Note: With mismatch, the op-amp offset voltage is 
not zero.) 

(f) Repeat (b) when Ihe load transistors are 
mismatched with W? = 95 |am and = 97 jam. 

12.24 The feedback circuit in Fig. 12.45 is a 
switched-capacitor circuit during one clock phase. 
Assume the op amp is the folded-cascode op amp 
in Fig. 12.31. 

(a) Calculate the DM and CM output load ca- 
pacitances, considering only the capacitances in the 
Fig. 12.45. 

(b) If the op-amp bias currents are \lw\ = 
|/jm| = 100 jaA and |/^ 5 | — !n\\ = In 11 = 
200 jjlA, calculate the DM output slew raLe 
dV s> Adt. 

(c) If all transistors have \V„ v = 0,15 V and 

Vnn = = 2 V, what is the maximum peak 
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Figure 12.46. A fully differential current-mirror op amp, 



differential output swing? Assume V Sii3 and Vsba 
arc chosen to give maximum swing. 

12.25 In the switohed-capaciLorCMFB scheme 
in Fig, 12.21, C, - 0. 1 pF and C 2 = 0.5 pF. 

(a) With Wswas = -1 V, Voc = Vcm = 
0.5 V. If Vt.-s'HiAS changes to — 1.1 V, what is the new 
value of Vqc ? Assume \a rtlir | ^ 1 . 

(b) Ignoring all capacitors except C\ and C?, 
what are the CM and DM output load capacitors 
when the 4>\ switches are on and the & switches 
are off? 

(c) Repeat (b) when the cj > 2 switches are on and 
the <t>] switches are off. 

12.26 A current-mirror op amp is shown in 
Fig. 12.46. Assume all NMOS transistors are 
matched and all FMOS transistors are matched. Use 
| IV! - 0.2 V for all transistors, V Sn = V tp = 
0.6 V, = 200 pA, Va* = 10 V, \V Ap \ = 20 V, 
and y = 0. Assume V^d = Vus - 1-65 V and 
V ie = 0. 

(a) Calculate the model parameters in 
Fig. 12.7a. Assume the gates of M 5 , M 7 , and M y 
connect 10 bias voltages. 



(b) If the CMC input is the gate of M 5 and the 
gates of A /7 and My connect to a bias voltage, com- 
pute o C!tJL . 

(c) If the CMC input connects to the gates of 
Mj and M 9 and the gate of M s connects to a bias 
voltage, compute a CffK . 

(d) What are the output swing limits for each 
output? What value of Voc gives the maximum 
symmetric output swing? 

12.27 Find the low-frequency value of a' cm for 
the two-stage op amp in the example in Section 
12,6,1, Use the data in that example. Recall that 
Km ~ when the CMFB loop is active. 

1 2.28 Assume that the CMFB circuit in the ex- 
ample in Section 12,6.1 is changed so that the 
CM-sense amplifier has a low-ifequency gain 

= 2.5. Determine the compensation ca- 
pacitor C needed in the op amp to assure that the 
CMC and DM feedback loops in the example have 
a phase margin of 45° or larger 

12.29 Neutralization capacitors C n are to be 
added to cancel the Miller effect on C^i and C*,n 
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in the two-stage op amp in the example in Section 

12.6, J. 

Ca) Show how the C n capacitors should he con- 
nected in the op amp. What value of C« should be 
used? 

(b> 1 f these capacitors are constructed from 
MOS transistors operating in the cutoff region, 
what type of transistor and what device dimensions 
should be used? 

12.30 Modify the CMFB schematic in 
Fig. 12.26 to inject currents at the drains of M\ 
and M 2 * in a manner similar to that shown in 
Fig. 12.1R Give a set of bias current values on 
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Abrupt junction. 4 
Active cascode, 21 1 
Aelive-eascode op amp. 450 
Active-device parameter summary, 73 
Active level shift, 444, 454, 471, 474, 

484 

Active load, 278, 425, 453. 454, 456, 457, 
463, 532 

common-emitter amplifier, 279, 282. 
284 

common-mode rejection ratio, 293 
common-source amplifier, 279, 282. 
284 

complementary, 279 
current- mirror. 287 
depletion, 282 
diode-connected, 284 
enhancement, 286 
noise, 788 
offset voltage, 332 
Advanced bipolar intcgrated-circuit 
fabrication, 92. 106 
AU-Azpn output stage, 376 
Amplifier: 
current. 562 

fully differential. 808, 813 
operational, see Operational amplifier 
thermocouple, 472 
transconductancc, 563 
transresistance, 561 
voltage, 559 

wideband, 512, 525, 575, 618 
Amplifier stages: 

Class A, 352, 576 
Class AB, 364, 456, 688 
Class B, 363 
multiple-transistor, 202 
single-transistor, 174 
Analog multiplier. 708, 712 
Anneal, 87 

Avalanche breakdown. 7, 22, 49, 121 
Avalanche noise, 755 
Average power, 348 

Balanced circuit, 808 
Balanced differential amplifier, 81 1 



Balanced modulator, 716 
Band-gap reference, 317, 323 
curvature-compensated. 320 
Bandwidth of feedback amplifiers, 624 
Base-charging capacitance, 28 
Base-diffused resistors, 1L6 
Base diffusion, 90 
Base-emitter voltage temperature 
coefficient. 13. 317 
Base resistance, 32, 98 
Base transport factor, 1 3 
Base width, 9 
Beta, see Current gain 
Bias-current cancellation. 477 
Bias reference circuit: 
band-gap, 3L7, 323 
bootstrap, 309 
current routing. 331 
low-current, 299 

proportional to absolute temperature, 
322 

self-biased. 309 
start-up circuit. 310, 312 
supply-insensitive, 306 
temperature-insensitive, 317 
threshold-referenced, 309 
Vbe -referenced. 308, 314 
voltage routing, 331 
VY-referenced, 314, 316 
BiCMOS, 150 

amplifier, 251, 618. 806 
cascode, 210 

Darlington. 205, 206. 804 
operational amplifier. 479 
output stage, 380, 401 
technology, 150 
Bilateral amplifier, 173 
Bipolar transistor: 

advanced technology, 92, 106 
base-charging capacitance, 28 
base resistance, 32, 98 
base transit time. 28 
breakdown voltage, 20. 88 
in CMOS technology, 142, 148 
collceior-base resistance, 30 
collector series resistance, 32, 100 
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Bipolar transistor (continued) 
cuiTcnt-mirror matching, 327 
cutoff region, 46 
diffusion profile, 91 
fabrication, 88, 92 
forward-active region, 45 
frequency response, 34 
heterojunction, 152 
input resistance, 29 
inverse-active region, 19, 45 
large-signal models, 9 
lateral, 143 
noise, 757, 768 
output characteristics, 16 
output resistance. 29 
parameter summary (functional), 73 
parameter summary (numerical), 106, 
108, 312, 114 

parasitic capacitance, 31, 102, 104, 
105 

reverse-active region, see inverse- 
active region 

saturation current, 11, 97, 318 
saturation region, 16 
self-aligned structure, 94 
small-signal model, 26 
SPICE model parameters, 163 
transconductance, 27 
Bird's beak, 139, 259, 430 
Blackman's impedance formula, 608 
Body effect in MOS transistors, 53, 137 
Boltzmann approximation, 9 
Bootstrap bias technique, 309 
Breakdown, 6 

in bipolar transistors, 20 
in MOSFETs, 48 
in superbeta transistors, 125 
Breakdown voltage: 
base-emitter, 23 
collector-base, 20, 89 
collector-emitter, 22 
drain-substrate, 49 
junction-diode, 7 
MOS transistor, 48 
superbeta transistors, 1 25 
Zener diode, 7 
Built-in potential. 2 
Buried layer, 89 
Burst noise, 754 



Capacitance: 

base-charging, 28 
base-collector, 31. 102 
base-emitter, 31, 105 
channel-substrate, 140 
collector-substrate, 31, 104 
depletion region, 5, 31, 54, 103, 140. 
529 

drain -body, 54 
gate-body, 55 
gate- drain, 51 
gate-source, 51, 140 
gate-substrate, see gate-body 
overlap, 55, 140 
sidewall, 141 
source-body, 54 
Capacitive neutralization, 849 
Capacitors: 

in bipolar integrated circuits, 120 
lateral 147 

in MOS integrated circuits, 145 
MOS transistors, 147 
poly-poly, 146 
vertical 147 
Capture range, 722. 729 
Cascode configuration, 206, 208, 442, 
444, 446, 525 
active. 211, 450 

Cascode current mirror, 263, 688 
bipolar, 263 
MOS, 266 

Cascode frequency response, 525 
Channel -length modulation, 43 
Class A output stage* 352, 576 
Class AB input stage, 688 
Class AB output stage, 364, 456 
Class B output stage, 363 
Clipping, 347, 364 
Closed-loop gain, 405, 554, 601 
Clubhcad, 117 

CMFB, see Common-mode feedback 
CMOS operational amplifier: 
fully differential, 835 
with single-ended output, 425, 442, 
444, 446, 450 
CMOS output stage, 382 
CMOS technology, 46, 127 
Collector- base capacitance, 102 
Collector-base resistance. 30 
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Collector-series resistance, 32, 100 
Common-base configuration, 183, 188, 
190,514, 525 

Common-base frequency response, 514 
Common-base stage noise performance, 
783 

Common centroid geometry, 440-442, 
476, 477 

Common-coUector-common-collector 
configuration, 202 
C ommon-c ol lecto r-common-emi Iter 
configuration, 202 

Common-collector configuration, 191, 

503 

Common-drain configuration, 195, 509, 
591 

Common-emitter-common-base 
configuration, see Caseode 
configuration 

Common-emitter configuration, 175, 490, 
494 

Common-emitter frequency response, 
490, 494 

Common-emitter output stage, 576 
Common-gate configuration, 186, 188, 
190, 515. 525 

Common-gate frequency response, 515 
Common-mode feedback, 228, 288, 459, 
816 

circuits, 823 

using a resistive divider, 824 
using switched capacitors, 832 
using transistors in the fiiode region. 
830 

using two differential pairs, 828 
Common-mode feedback loop, 818 
bandwidth. 856 

stability and compensation, 822 
Common-mode gain, 223, 813 
Common-mode half-circuit, 228, 241. 

815 

Common-mode input range, 838 
Common-mode input resistance, 229 
Common-mode rejection ratio, 224, 229, 
230, 421,431,470 
of active-load stage, 293 
frequency response, 501 
Common-mode-to-differential-mode gain, 
223 



Common-source amplifier, 179, 490, 497 
Common-sourcc-common-gate 
configuration, see Caseode 
configuration 

Common-source frequency response, 490, 
497 

Compensation: 
of amplifiers, 633 
capacitor, 537, 597, 637, 681 
by feedback zero, 676 
methods. 637 

of MOS amplifiers, 644, 652 
nested Miller method, 656 
of 741 op amp, 639 
theory, 633 

Complementary load, 279 
Complementary output stage, 362 
Composite pnp, 379 
Conductivity, 80 
Copper, 154 

Correlation, 759, 768. 801 
Critical field, 7, 60 

Crossover distortion, 363, 364, 371 , 378, 
387 

Crossunder, 118 

Crowding, 32, 99 

Current amplifier, 562 

Current crowding, 32, 99 

Current density, 429 

Current- feedback pair, 586, 676, 779 

Current gain: 

dependence on operating conditions, 

23, 110 
forced, 17 
forward, 12 
inverse, 19 
npn transistor, 105 
pnp transistor, 110 
short-circuit, 178 
small-signal, 29 
small-signal high-frequency, 35 
temperature coefficient, 24 
Current mirror, 253, 688 
with beta helper, 260 
caseode, 263, 266 
current routing, 331 
with degeneration, 262, 263 
gain error, 254 
general properties. 253 
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Current mirror (continued) 
high-swing cascode, 270 
input voltage, 254 
load, 287 
matching, 327 

minimum output voltage, 255 
output resistance, 254, 256, 259, 262, 
264, 266, 268, 275, 277 
simple, 255, 257 
Sooch easeode, 271, 272 
voltage routing, 33 1 
Wilson, 274, 277, 595, 610 
Current routing, 331 
Current source, 299, 300, 302, 303, 304, 
306, 307 

peaking, 303, 304 
Widlar, 299, 302, 306 
Cutoff, 46 

Darlington configuration, 202, 205, 400, 
467, 597, 804 

dc analysis of 741 op amp, 457 
Deadband, 363, 364, 365, 371, 378 
Depletion-mode load, 282 
Depiction region; 

capacitance, 5, 32, 54, 103, 529 
collector-base, 14, 89 
of pn junction, 1 

Design considerations for bipolar 
monolithic op amps, 472 
Deviation from ideality in real op amps, 
419 
Die, 91 

Dielectric isolation, 123 
Differential amplifier, 221, 408 
perfectly balanced, 224 
unbalanced, 238 

Differential-mode gain, 223, 813 
Differential-mode half-circuit, 226, 241, 
815 

Differential-mode input resistance, 229 
Differential-mode-to-common-mode gain, 
223, 850 
Differential pair: 

bipolar transistor, 215 

with current- mirror load, 287, 532 

MOS, 218 

noise performance, 785 
Differential signal source, 812 



Differential-to-single-cnded conversion, 
293,454,471,474 
Differentiator, 410 
Diffused-layer sheet resistance, 83 
Diffused resistors, 1 1 5 
Diffusion constant, 1 1 
Diffusion current, 10 
Diffusion of impurities, 80 
Diffusion profile of a bipolar transistor, 
91,92, 95,96 
Diode; 

junction, 122 
Zener, see Zener diode 
Diode-connected load, 284 
Diode-connected MOS transistor, 257 
Distortion, 360, 399 

in the source follower, 358 
reduction by negative feedback, 555 
Dominant pole, 493, 495 , 498, 5 1 6, 52 1 , 
525 

Doping, 79 

Double-diffused npn transistors, 95 
Double-diffused pnp transistors, 1 26 
Drift: 

emitter- coupled pair, 234 
operational amplifier, 474 
source-coupled pair, 238 
Driver stage, 346, 354, 365, 369, 370, 
372, 373, 374, 377, 392 

Early effect, 15, 21, 264 
Early voltage, 15, 30, 44, 52, 257, 260 
Ebers-Moll equations, 19 
Economics of IC fabrication, 154 
Effective channel length, 43, 137 
Effective channel width, 139 
Efficiency: 

Class A, 350, 352, 353 
Class B, 362, 365,369, 378 
Electromigration, 154 
Emitter-coupled multivibrator, 732, 740 
Emitter-coupled pair, 215, 70S, 785 
emitter degeneration, effect of, 217 
frequency response, 493 
input offset current, 231 , 235 
input offset voltage, 231, 232 
offset voltage drift, 234 
small-signal analysis, 224, 238 
transfer characteristics, 215 
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Emitter degeneration, 197. 217, 262, 

587 

Emitter-diffused resistors, 117 
Emitter follower, 191 
drive requirements, 354 
frequency response, 503 
noise performance, 784 
output stage, 344, 576 
power output and efficiency, 347 
small-signal properties, 192, 355 
terminal impedances, 505 
transfer characteristics, 344 
Emitter injection efficiency, 13 
Emitter resistance. 32 
Enhancement load, 286 
Epitaxial growth, 85 
Epitaxial resistor, 119 
Equivalent circuit of an op amp, 424 
Equivalent input noise generators, 768 
Equivalent input noise resistance, 770 
Equivalent input shot noise current, 771 
Etching, 84 

Fabrication of integrated circuits, 78 
Feedback, 405, 553 
bandwidth, 624 

common-mode, 228, 288, 459, 816 
configurations, 557 
effect on distortion, 555 
effect on gain sensitivity, 555 
effect on noise, 776 
effect on terminal impedances, 559, 
561,562, 563,607 
ideal analysis, 553 
latchup, 148 
loading, effect of, 563 
local, 228, 265 
loop gain, 387, 405, 554 
practical configurations, 563 
return rado, 599, 612 
series-series, 562, 569 
series-shunt, 557, 579 
shunt-series, 561, 583 
shunt-shunt, 560, 563 
single-stage, 587 
tabic of relationships, 588 
Feedback-zero compensation, 676 
Feedforward, 393, 646-650, 660 
Field-effect transistor, see MOS transistor 



Field region, 128 

First-order phase-locked loop, 723 
Flicker noise, 753 
Flicker noise corner frequency, 757 
Folded-cascode op amp, 446, 654 
Forward- active region, 9, 26, 45, 112, 176 
Free-running frequency, 721, 741 
Frequency response: 
bipolar transistor, 34, 57 
cascode, 525 
common-base, 514 
common-drain, 509 
common-emitter, 494 
common-emitter cascode, 525 
common-gate, 515 
common-mode, 499 
common-source, 497 
common-source cascode, 525 
ofCMRR, 501 
of current mirror, 256, 258 
differential-mode, 493, 496 
of differential pair with current-mirror 
load, 291,532 
emitter follower, 503 
MOS amplifier, 644, 652 
MOS transistor, 55 
multistage amplifier, 513 
741 op amp, 537 
single-stage, 488 
source follower, 509 
Full-power bandwidth, 690 
Fully differential amplifiers, 808 
cross gains, 856 

Fully differential op amps, 808, 835 
folded cascode, 846 
telescopic cascode, 845 
two-stage, 835 

Gain-bandwidth product, 625 
Gain margin, 630 

Gaussian distribution, 234, 246, 750 
Generation, 79 
Gilbert multiplier, 710 
g-parameters, 583 
Graded junction, 5 
Guard ring, 150 

Half-circuit: 

of balanced amplifier, 226, 228, 815 
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Half-circuit (continued) 
coupled, 238 
independent, 238 
of unbalanced amplifier, 241 , 242 
Harmonic distortion, 360, 399 
Heterojunction, 152 

High-frequency equivalent circuit of the 
741 op amp, 537 
High-level injection, 36 t 110 
High-voltage integrated-circuit 
fabrication, 88 
Homojunction, 152 
Hot carriers, 49 
//-parameter, 579 
Hybrid-77- model, 30, 52 

Ideal feedback analysis, 553 
Impact ionization, 71, 210 
Impurity concentration, 79 
Instability in amplifiers, 626, 665 
Instantaneous power, 348-354, 367-369 
Integrated circuit: 

advanced bipolar fabrication, 92, 106 

biasing, 253 

capacitors, 120, 145 

cost considerations, 154, 157 

current mirrors, 253 

device models, 1 

economics, 154 

fabrication, 78 

fabrication yield, 154 

frequency response, 488 

mixed-signal, 222 

noise, 748 

op amps, 404, 80S, 835 
output stages, 344 
packaging, 159 
passive components, 115, 144 
phase-locked loop, 720 
resistors, 115, 119, 144 
Integrator: 

continuous-time, 410 
switched- capacitor, 416 
Interconnect delay, 153 
Internal amplifier, 411 
Intrinsic carrier concentration, 2, 79 
Inverse-active region of bipolar 
transistors, 19, 45 
Inversion, 40 
Inverting amplifier, 406 



Ion implantation, 85, 87 
Isolation diffusion, 90 

Junction breakdown, 6, 49 
Junction diodes, 122 

KCL, 185 
Kirk effect, 26, 36 
KVL, 185 

Large-signal model: 
bipolar transistor, 8 
MOS transistor, 45 
Latchup in CMOS, 148, 344 
Lateral bipolar transistor, 143 
Lateral pnp transistor, 108, 371, 379, 456 
Layout, 439, 476 
Leakage current, 7, 18, 19 
collector-base, 20 

Level shifting, 195, 197, 444, 454, 471, 
474, 484 

Lifetime of minority carriers, 1 2 
Line regulation, 595 
Load line, 347-354, 367, 368 
Load regulation, 595 
Local feedback, 587 
Local oxidation, 87 
Lock range, 723, 727, 742 
Logarithmic amplifier, 409 
Loop gain, 387, 405, 554 
Low-current biasing, 299 
Low-drift op amps, 474 
l-ow-level injection, 9, 110 
Low-permittivity dielectric, 154 

Matching in transistor current mirrors, 
327 

Miller capacitance, 490, 495, 498, 639, 
844 

Miller effect, 114, 488, 489, 495, 498, 
849 

Minimum detectable signal, 766 
Minority-carrier lifetime, 12 
Mismatch effects in differential 
amplifiers, 231 
Moat, 93 
Moat etch, 123 
Mobility, 80 

Mobility degradation, 65 
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Model selection for I C analysis. 1 7 1 
Modulator, 712 
MOS transistor: 
active region, 45 
bird's beak, 139,259. 430 
body effect. 53. 137 
breakdown voltage, 48 
channel-length modulation. 43 
complementary MOS (CMOS). 39, 46, 

127 

critical field, 60 
current density. 429 
current-mirror matching, 329 
cutoff region, 46 
deplelion-modc, 41, 142,282 
diode-connected, 257 
effective channel length, 43, 137 
effective channel width, 139 
enhancement-mode, 39, 127 
fabrication, 127 
field-effect transistor, 41 
field region, 128 
frequency response, 55 
hot carriers, 49 
impact ionization, 71 
input resistance, 52 
inversion, 40 
junction breakdown, 49 
large-signal model, 45 
mobility, 42 

mobilily degradation, 65, 134 

moderate inversion, 69 

/i-ehannel, 38, 131, 142 

noise, 758, 773 

ohmic region, 44 

operational amplifier, 425 

output resistance, 52 

output stages, 382 

overdrive, 47, 182, 439 

oxide breakdown, 49 

parameter summary (functional), 74 

parameter summary (numerical), 132. 

133, 134, 135 
parasitic elements, 54 
p-ehaimel. 39, 141 
punchthrough, 49 
saturation region, 44, 45 
short-channel effects, 58 
silicon gate. 129 
small-signal model, 49 



source-coupled pairs, 218 
source follower, 195 
SPICE model parameters, 1 63 
strong inversion, 65 
substrate current, 7 1 
subthreshold conduction, see weak 
inversion 

threshold temperature dependence, 47 
threshold voltage. 40, 129. 132 
transconductance. 50, 63 
transfer characteristic, 38 
triode region, 44 
weak inversion. 65, 181 
velocity saturation, 59 
MulUcollector lateral pup, 456 
Multiplication factor, 8 
Multiplier circuits, 708 
Multistage amplifier frequency response, 
513 

Negative feedback, see Feedback 
Neutralization, 849 
NMOS, 38 
Noise: 

in active loads, 788 
amplitude distribution, 750 
avalanche. 755 
bandwidth, 794 

in bias-current cancellation circuits, 
791 

in bipolar transistors, 757, 768 
burst, 754 

in capacitors and inductors, 759 
circuit calculations, 760 
common-base stage, 783 
differential pair, 785 
in diodes, 756 

in dircet-eoupicd amplifiers, 797 
emitter follower, 784 
equivalent input noise. 766 
I//, 753 

feedback, effect of. 776 
figure. 799 
dicker. 753 
generalor, 750 
models, 756 
MOS amplifier, 792 
MOS transistor, 758, 773 
operational amplifier, 788 
popcorn, 754 
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Noise (continued) 
in resistors, 759 
in 741 op amp, 788 
shot, 748 

spectral density, 749, 760 
in supcrbcta circuits, 792 
temperature, 802 
thermal, 752 
white, 749 
in Zener diodes, 755 
Nondominant pole, 493, 495, 498, 533 
of 741 op amp, 540 
Noninverting amplifier, 408 
Nonlinear analog operations, 409, 702 
Nonlinear function synthesis, 743 
Nonlinearity, 346, 355, 356, 360, 371, 
378,396, 398,713 
Nonoverlapping clock signals, 412 
charge transfer phase, 412 
input sample phase, 412 
Normal distribution, see Gaussian 
distribution 

Nyquist criterion, 626, 666 
Nyquist diagram, 627 

Offset current, 420, 470 

emitter-coupled pair, 231, 235 
741 op amp, 470 
Offset trimming, 475 
Offset voltage, 421 

differential pair with active load, 332 
emitter-coupled pair, 231, 232 
emitter-coupled pair with active load, 
332 

741 op amp, 470 
source-coupled pair, 236 
source-coupled pair with active load, 
334 

Open-circuit time constants, 533 
see also Zero-value time constant 
analysis 

Open-loop gain, 405 
Operational amplifier: 
aclive-cascode, 450 
applications, 405 
BiCMOS, 479 
bipolar, 453 
with cascodes, 442 
CMOS, 425 



common-mode input range, 421, 432 
common-mode rejection ratio, 421, 
431,470 

compensation, 424, 633, 675, 676 
design considerations, 472 
deviations from ideality, 419 
differential amplifier, 408 
effect of overdrive voltages, 439 
equivalent circuit, 424 
folded-cascode, 446, 654 
frequency response, 424, 537 
fully differential op amps, 808, 835 
input bias current, 419 
input resistance, 424, 426 
internal amplifier, 41 1 
inverting amplifier, 406 
layout considerations, 439, 476 
low-drift, 474 
low-input-current, 476 
MOS, 425, 442, 444, 446, 450 
with MOS input transistors, 479 
noise, 788 

noninverting amplifier, 408 
offset current, 420, 470 
offset drift, 421, 473, 474 
offset voltage, 421, 428, 470 
open-circuit voltage gain, 426 
output buffer, 411 
output resistance, 424, 426 
output swing, 428 

power-supply rejection ratio, 422, 434, 
436 

precision, 472 
random offset voltage, 430 
rectifier circuits, 702 
settling time, 415 
725 op amp, 475 
741 op amp analysis, 454 
with single-ended outputs, 404 
slew rate, 424, 680-690 
small-signal characteristics, 426, 462. 
469 

supply capacitance, 436 
systematic offset voltage, 428 
telescopic-cascodc, 444, 652 
Oscillation, 628, 665, 679 
Output buffer, 411 

Output resistance of current mirror, 254, 
256, 259. 262, 264, 266, 268, 275, 
277 
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Output stage, 344 
all -npn t 376 
BiCMOS, 380, 401 
Class A, 352, 576 
Class AB, 364, 382, 456 
Class B. 363 
CMOS, 382 

common-drain, 356. 383 
common-drain-com mon-source, 391, 
393 

common -emitter, 576 
common-source, with error amplifiers, 
384 

complementary, 362 
Darlington, 400 
emitter follower, 344 
overload protection, 380 
parallel common-source, 394 
push-pull, 362 

quasi-complementary, 379, 380, 384, 
387, 391 

709 op amp, 370 
741 op amp, 372, 460, 468 
short-circuit protection, 380 
source follower, 356, 383 
Overdrive, 47 
Overload protection, 380 
Oxidation, 84 
Oxide breakdown. 49 

Packaging considerations, 159 
Parasitic elements: 

bipolar transistor, 31, 98 
MOS transistor, 54. 140 
Passive components: 

in bipolar integrated circuits, 

115 

in MOS technology, 144 
Permittivity, 3 

Phase detector, 712, 716, 731, 739 
Phase-loeked loop: 
basic concepts, 720 
capture range, 722, 729 
first-order loop, 723 
560B analysis, 735 
integrated circuit. 720, 731 
lock range, 72 1 , 728, 742 
loop bandwidth, 723, 727, 742 
root locus, 724, 726 
second-order loop, 725 



Phase margin, 630, 639, 650 
Photolithography, 84 
Photoresist, 84 
Pinch-off in MOSFETs, 43 
Pinch resistors, 118, 119 
PMOS, 39 

/7H junction depletion region, 1 
Poles and zeros of the 741 op amp, 641 
Pole splitting, 639, 643 
Poly silicon, 87, 94, 129 
Popcorn noise, 754 
Power conversion efficiency, 350 
Power dissipation, effect of packaging, 
159 

Power hyperbola, 351 
Power output: 

Class A, 347 
Class B, 365 

Practical Class B output stages, 369 
Precision op amps, 472 
Precision rectifiers, 702 
Predeposition. 81, 85 
Probability distribution, 246 
Protection of output stages, 380 
Pulse response, 542 
Punchthrough, 49, 125 
Push-pull output stage, 362 

Quasi-complementary output stages, 379, 
380,384, 387,391 

Reciprocity condition, 19 
Recombination, 9, 11, 79 
Rectifiers, 702 
References, 299 

Regulated cascode, see Active cascode 
Regulator, 593 

Reliability of integrated circuits, 1 62 
Replica biasing, 834 
Resistivity, 80 
Resistor: 

base-diffused, 1 16 
base-pinch, 118 
diffused, 144 
emitter-diffused, 117 
epitaxial, 119 
MOS device, 145 
in MOS technology, 144 
polysilicon, 144 
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Resistor (continued) 
well, 144 
Return ratio, 599 
simulation of, 621 

Reverse-active region, see Inverse-active 
region of bipolar transistors 
Reverse injection, 12 
Rise time, 542 
Root locus, 664 

for dominant-pole compensation, 675 
for feedback-zero compensation, 676 
for three-pole transfer function, 664 
Root locus rules, 667 



Saturation current of bipolar transistor, 
11, 97, 318 
Saturation region: 

of bipolar transistor, 16, 176 
of MOSFET, 44, 45 
Scattering-limited velocity, 59, 133 
Second-harmonic distortion, 360, 399 
Second-order effects in op-amp analysis, 
470 

Second-order phase-locked loop, 725 
Self-aligned structure, 94 
Self-biasing, 309 

Sensitivity to power-supply voltage, 306 
Series-series feedback, 562, 569 
Series-series triple, 572, 575, 583 
Series-shunt feedback, 557, 579 
Sheet resistance, 83 

Short-channel effects in MOS transistors, 
58 

Short-circuit current gain, 178 
Short-circuit protection, 380 
Short-circuit time constants, 533 
Shot noise, 748 

Shunt-series feedback, 561, 583 
Shunt-shunt feedback, 560, 563 
Signal-to-noise ratio, 810 
Silicide, 95, 144 
Silicon dioxide, 84, 87 
Silicon nitride, 87 
Single-stage feedback, 587 
Single-stage frequency response, 488 
Slew rate, 680, 705 

effect on sinusoidal signals, 690 
improvement, 685, 686 
Small-signal analysis of 741 op amp, 

462 



Small-signal model: 
bipolar transistor, 26 
MOS transistor, 49 
operational amplifier, 469 
Source-coupled pair, 21 8 
frequency response, 496 
input offset voltage, 236 
offset voltage drift, 238 
small-signal analysis, 224, 238 
transfer characteristics, 218 
Source degeneration, 200, 263 
Source follower, 195, 509, 591 
distortion, 358 
frequency response, 509 
output stage, 356 
small-signal properties, 195 
super, 213, 609 
transfer characteristics, 356 
Space-charge region, see Depletion region 
Spectral density of noise, 749, 760 
SPICE parameter summary, 163 
Square-law characteristic of MOSFETs, 
43 

Square-law circuit, 743, 747 
Square-root circuit, 743 
Start-up circuit, 310, 312 
Step coverage, 152 
Stress migration, 154 
Substitutional impurities, 80 
Substrate contact, 150 
Substrate current in MOSFETs, 71 
Substrate pnp transistors, 1 1 1 
Subthreshold conduction, 134 
see also MOS transistor: weak 
inversion 

Summing node, 418, 553 
Summing-point constraints, 407, 

408 

Superbeta transistors, 124, 479, 

792 

Super source follower, 213, 609 
Supply-insensitive biasing, 306 
Sustaining voltage, 21 
Switchcd-capacitor amplifier, 41 1 
parasitic -insensitive, 415 
Switchcd-capacitor common-mode 
feedback, 832 

Switchcd-capacitor filter, 416 
Switchcd-capacitor integrator, 416 
Symmetry: 
mirror, 439 
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Symmetry (continued) 
translational* 440 

Tail current source, 215, 218 
Telescopic-cascodc op amp, 444, 652 
Temperature coefficient: 

of band-gap reference, 321* 325 
of base-emitter voltage, 13, 313, 317 
of bias reference circuits, 313, 321 
of bipolar transistor current gain, 24 
effective, 32 1 

of integrated-circuit resistors, 1 20 
of threshold voltage* 47 
of Zener diodes, 121* 122 
Temperature-insensitive biasing, 317 
Thermal nuise* 752 
Thermal resistance, 160 
Thermocouple amplifier* 472 
Thin-fiim resistors* 127 
Third-harmonic distortion, 361* 399 
Threshold-referenced bias circuit, 309 
Threshold voltage of MOS transistors* 40, 
129* 132 

Threshold voltage temperature 
dependence, 47 
Time constant, 36 
open circuit* 533 
short circuit, 533 
zero value, 5 1 7 
Time response, 542 
T model, 183. 186 
Transconductancc amplifier, 563 
Transfer characteristic; 

Class B stage, 363 
common-emitter amplifier* 175 
emitter-coupled pair, 215 
emitter-coupled pair with emitter 
degeneration* 217 
emitter follower* 344 
source-coupled pair, 218 
source follower, 356 
Transition frequency // . 34* 55, 64 
Transit time, 28 
Transresistance amplifier, 561 
Trimming, 475 
Tunneling, 8* 121 



Two-porl representation, 172* 563, 583 

Unbalanced fully differential circuits, 850 
Uniform-base transistor, 9 
Unilateral amplifier, 173 
Unit devices* 256, 259* 430 
Unity-gain feedback configuration, 634 

Vac multiplier, 485 
V HE ' -referenced bias circuit, 308, 334 
VCO* 720, 732, 740 
Velocity saturation* 59 
Virtual ground, 408 
Voltage amplifier* 559 
Voltage-controlled oscillator* 720, 732* 
740 

Voltage gain, 176* 426 
open-circuit* 178, 181 
Voltage regulator, 593 
analysis, 595 
Voltage routing, 331 
Vj -referenced bias circuit. 314 

Wafer, 79 
Well, 47, 128 
Well contact, 150 
White noise* 749 

Wideband amplifier, 512* 525, 575, 618, 
676, 779 

Widlar current source* 299, 302, 306, 458 
Wilson current mirror* 274, 277, 459, 

595, 610 

Yield considerations* 154 
y-parameters* 564 

Zener diode. 8* 23, 121 . 593, 595* 735, 
744* 155 
noise, 755 

temperature coefficient, 121, 122 
Zener-referenced bias circuit, 595* 735 
Zem-value time constant analysis, 517 
^-parameters, 569 
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THE CLASSIC APPROACH TO 
CUTTING-EDGE 
ANALYSIS AND DESIGN 



In this Fourth Edition of ANALYSIS AND DESIGN 
OF ANALOG INTEGRATED CIRCUITS, Paul Gray 
and Robert Meyer have teamed up with two 
new coauthors— Paul Hurst and Stephen 
Lewis— to provide a current, comprehensive, 
and in-depth treatment of analog integrated 
circuit analysis and design. The authors com- 
bine bipolar, CMOS, and BiCMOS analog inte- 
grated-circuit design into a unified presentation 
that stresses their commonalties and highlights 
their differences. Readers will gain valuable 
Insights into the relative strengths and weak- 
nesses of these important technologies. 

The Fourth Edition features new and expanded 
coverage of several key technologies and tech- 
niques, including increased emphasis on CMOS 
circuits in Chapters 3 - 7; a new chapter cover- 
ing fully differential amplifiers and common- 
mode feedback; new material on feedback 
circuit analysis using return ratio in addition to 
the two-port feedback analysis; and new cov- 
erage of two-stage MOS op-amp compensa- 
tion, single-stage op amps, and nested Miller 
compensation. 

FEATURES 

Coverage of cutting-edge topics. The new 
edition features more advanced CMOS device 
electronics, including short-channel effects, 
weak inversion and impact ionization. 

State-of-the-art 1C processes. The text shows 
how modern Integrated circuits are fabricated, 
including recent issues like heterojunction bipo- 
lar transistors, copper interconnect, and low 
permittivity dielectric materials. 

Unified treatment of bipolar Gnd CMOS cir- 
cuits . This format takes readers through each 
step in designing real-world amplifiers in silicon. 

Open-ended design problems. A number of 
open-ended design problems, included in the 
problem sets, exposes the reader to real-world 
situations where a range of circuit solutions may 
be found to satisfy a given performance specifi- 
cation. 

Extensive use of SPICE. SPICE is an integral 
part of many examples in the problem sets. 
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